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I. INTRODUCTION 

As new mobile devices continue to be miniaturized, antenna 

sizes continue to be reduced. To maintain a compact antenna 

design, achieving a wider bandwidth and higher efficiency has 

become a serious challenge for engineers. The most widely used 

antenna in mobile devices is the planar inverted-F antenna 

(PIFA), which adds a shorting line to the monopole antenna. 

The shorting line and the feed line form the feed structure used 

to adjust the coupling between the feed and the radiating ele-

ment. However, PIFA makes it difficult to achieve the desired 

impedance bandwidth with limited dimensions [1]. In previous 

studies, a wideband technology called a planar inverted-E (PIE) 

feed structure was proposed. This technology uses PIFA by add-

ing a shunt capacitor to the conventional feed structure, forming 

a parallel resonance feed structure. Using this technology, im-

pedance bandwidth can be increased to 2–3 times without 

changing the occupying space of the antenna [2–7]. PIE tech-

nology can greatly increase the bandwidth of antennas. However, 

investigators have only conducted studies on impedance band-

width extension and have not dealt with the issue of radiation 

efficiency in detail. Although the impedance bandwidth has 

been increased by 2–3 times, it was observed that its efficiency 

characteristics were aggravated in some cases within the extend-

ed impedance bandwidth [8].  

In this paper, we investigate the cause of the deterioration of 

efficiency in a circuit that uses a parallel feeding structure, such 

as a PIE antenna developed to obtain a wide impedance band- 
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Abstract 
 

Parallel resonance feed structures can be used to implement wideband impedance characteristics. However, at some frequencies, parasitic 

resonance is generated in the feed structure. Radiation efficiency nullification occurs at the frequency of the parasitic resonance. This fre-

quency moves with the size of the feed structure. In this paper, two antennas with different parallel resonance feed structures are presented. 

By simply modifying the feed structure, the frequency of the parasitic resonance is shifted. The impedance bandwidth and the efficiencies 

of the two antennas confirm that antenna performance is significantly enhanced when a parasitic resonance is moved away from the antenna 

operating band. This research provides a simple and feasible method for the design of practical high-performance wideband antennas. 
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width, and propose a solution to this problem. Through several 

studies on the efficiency of PIE antennas, it has been observed 

that efficiency was reduced to null at a specific frequency, and 

the frequency was controlled by the dimension of the specific 

point of the PIE feeding structure. We analyzed the "effi-

ciency null," where the efficiency decreases to zero when using 

the PIE feed structure and proposed a method to improve 

the average efficiency of the antenna by controlling the 

efficiency null through the modification of the feed structure. 

Two PIE feeding structures were presented to compare the 

radiation efficiency changes according to the changes in the 

feeding structure shape. The ground plane, feed point, and 

radiating element of the two antennas are nearly the same. The 

difference lies in the size of the parallel resonance feed structure. 

By modifying the size of this feed structure, the frequency of the 

efficiency null can be controlled. Then, significant efficiency 

enhancement to the antenna operating band can be achieved, 

and the impedance bandwidth can also be improved. Simulation 

and experimental results verify the effect of the modified antenna 

performance improvement. 

II. ANTENNA DESIGN 

The geometries of the two antennas are shown in Fig. 1. 

PCBs are manufactured using Frame Retardant 4 substrate 

(𝜀  = 4.4, tanδ = 0.02). Each antenna consists of the ground 

plane, a feed structure, and a radiating element. The size of the 

ground plane is 100 mm × 50 mm with a clearance of 20 mm 

× 50 mm for setup. The feed structure is a parallel resonator 

that includes a feed line, a shorting line, and a shunt capacitor 

line. The left-loop circuit in the feed structure includes the 

shorting line and the shunt capacitor line. Because of the dis-

tributed inductance and its lumped capacitance, the left-loop 

circuit is considered an LC-resonance circuit. The resonance 

frequency of this circuit is usually controlled near the operating 

frequency of the radiating element to achieve impedance band-

width enhancement [9–11]. Therefore, the size and value of the 

shunt capacitor of this loop remain the same in antenna 1 and 

antenna 2. The left-loop circuit measures 5.5 mm × 0.3 mm, 

where C1 = C2 = 8 pF. The right-loop circuit in the feed struc-

ture includes the shunt capacitor line and the feed line. It 

measures 5.5 mm × 3.2 mm for antenna 1, whereas it measures 

1 mm × 3.2 mm for antenna 2. 

III. OPERATING MECHANISM 

A diagrammatic sketch of the feed structure is shown in Fig. 

2. When the current flows from the feed, it flows in the right-

loop circuit, producing loop current I1. Next, it couples to the 

connected left-loop circuit to induce loop current I2. Energy is 

mainly delivered to the radiating element through the shorting 

line, as in conventional PIFA. Thus, in the PIFA, using PIE 

technology, RF energy is delivered from the feed to the circuits 

of I1 and I2, successively, and then to the radiating element. The 

overlapping part of the two loop circuits is recorded as D, de-

termining the coupling between I1 and I2. 
To prove this effect, the equivalent circuit of the feed struc-

ture is introduced, as shown in Fig. 3. The port represents the 

feed point [12]. Z elements are lumped elements representing 

the impedance on a circuit line. Za is determined by the right-

loop circuit of the feed structure but excludes D. Zb is deter-

mined by the left-loop circuit of the feed structure but excludes 

D. Zc is determined by the distributed inductance and lumped 

capacitance of overlapping line D. Therefore, the voltage value 

on D can adjust the mutual coupling strength between I1 and I2 

 
Fig. 1. Geometries of the two mentioned antennas. 

 
Fig. 2. Diagrammatic sketch of the feed structure and loop currents.

 

 
Fig. 3. Equivalent circuit of a parallel resonance feed structure.
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[13]. 

The distributed inductance and lumped capacitance on D can 

cause series LC resonance at specific frequencies. This is called 

"parasitic resonance." At the frequency of parasitic resonance, Zc 

is zero, and the induced voltage on D is shorted to zero. Thus, 

I2 is not efficiently generated, and energy cannot be delivered to 

the radiating element. Therefore, an efficiency null is generated, 

accompanied by a narrowed bandwidth. 

IV. SIMULATED AND MEASURED RESULTS 

The simulated reflection coefficients and radiation efficiencies 

of the two considered antennas are shown in Fig. 4. The effi-

ciency null of antenna 1 is generated at 1 GHz, and that of an-

tenna 2 is shifted to 1.3 GHz. Because the efficiency null of 

antenna 1 is generated close to the antenna operating band, its 

efficiency is sharply reduced near 1 GHz. This causes the 3:1 

voltage standing wave ratio (VSWR) bandwidth of antenna 1 to 

be reduced. The bandwidths of antennas 1 and 2 are 160 MHz 

and 240 MHz, respectively—a major difference. Fig. 5 shows 

the total efficiencies of the two antennas, including the reflec-

tion losses. The measured results are in good agreement with 

the simulation results. The efficiencies of the two antennas at 

0.8–0.9 GHz are roughly the same, but for 0.9–1 GHz, the 

efficiency of antenna 2 is significantly higher than that of an-

tenna 1. At 990 MHz, the efficiency values of the two antennas 

are 32% and 66%, respectively. 

In the design of the feed structure of antenna 2, the height of 

the right-loop circuit is reduced. This subsequently leads to the 

distributed inductance generated on D being reduced. Because 

the shunt capacitor has not changed, the parasitic resonant fre-

quency shifts. 

V. CONCLUSION 

The parallel resonance feed structure technology for PIFA 

was discussed in this paper. When the overlapping part of the 

two loop circuits of the feed structure resonated to the point of 

almost being shorted, the coupling between the feed and the 

feed structure turned to zero, causing an efficiency null at a par-

asitic resonance frequency. For the proposed antenna, the size of 

the feed structure was modified to increase the LC resonance 

frequency of the overlapping line. Because the parasitic reso-

nance frequency was far from the antenna operating band, the 

efficiency and impedance bandwidth were enhanced. This re-

search is of great significance to the design and application of 

high-performance compact antennas. 
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I. INTRODUCTION 

Airborne radar modeling and simulation (M&S) methods 

have been developed and used for decades, especially in military 

research. One reason for this is that obtaining real field data is 

difficult and not economically efficient [1–3]. For the wide ap-

plication of M&S techniques, sophisticated and accurate simu-

lation data are required, which might include echo signals from 

not only a target but also radar clutter.  

There are many types of radar clutter, such as surface or vol-

ume clutter from objects such as forests, vegetation, lakes, and 

weather particles. Among these, weather clutter is usually dis-

tributed over a wide area, and its properties are strongly depend-

ent on weather conditions or types of weather particles, such as 

rain, snow, and hail. At a higher radar frequency, the echo signal 

is strongly affected by weather conditions, which may be attenu-

ated or delayed in the time domain [3–5]. Therefore, estimating 

the effect of various weather conditions on the echo signal is 

important for radar M&S techniques. 

In general, weather conditions are continuously monitored by 

many ground-based weather radars throughout the world. One 

example of a ground-based weather radar is NEXRAD, which 

is operated by the National Weather Service (NWS) and the 

National Oceanic and Atmospheric Administration. The oper-

ating frequency of the ground-based radar is the S-band. The 

measured data are available to the public [6–9] and are catego-

rized into three levels.  

The Level I data are raw time series I and Q data. The Level 

II data consist of some processed data from Level I data, such as 

reflectivity (ZH,V) and mean radial velocity. The Level III data 

are more processed data, such as hydrometeor classification, in-

stantaneous precipitation, and tornadic vortex signature [6, 8]. 
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An airborne radar simulator for an X-band radar echo signal was implemented and numerically verified. The simulator can consider 

weather conditions over a large area and can use measured S-band data as input. A scheme is presented for the conversion of the S-band 
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was also numerically verified. Finally, a scheme for extracting the reflectivity from the echo signal was formulated and was verified by 

comparing it with the input data. 
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Among these three-level datasets, Level II data can be used for 

the generation of echo signals. 

The X-band frequency has become popular of late for air-

borne radars, but the available measured weather data in this 

band are very limited. In addition, to estimate the minute dy-

namics of the target or clutter, micro-Doppler techniques have 

been studied [10]. Therefore, to simulate an X-band radar echo 

signal, weather data are numerically generated by a numerical 

weather prediction code or converted from the available S-band 

data [11, 12]. 

A computational scheme is proposed to generate an echo 

signal on the basis of the measured S-band data. First, the data 

transformation from the S-band to the X-band is addressed in 

Section II. Then the signal calculation scheme is explained. In 

Section III, a method of extracting reflectivity from the generated 

signal is proposed, and its numerical verification is presented. 

II. TIME DOMAIN SIGNAL GENERATION 

1. Weather Data Preparation 

Ground-based radar data are collected in spherical coordi-

nates centered at the radar, and their range resolution is 250 m. 

The operating frequency of the radar is the S-band (2.8 GHz), 

and its polarization is horizontal polarization (h-pol). Data from 

the radar located in Gunsan, Korea, were used in this study. The 

data were collected at 00:05 on 08/11/2020. We adopted the 

Level II data in the measured dataset, which included the h-pol 

reflectivity (ZH ), differential reflectivity (ZDR = ZH ZV) , 

radial wind velocity, and wind spectral width, as summarized in 

Table 1 [13, 14]. The subscripts H and V indicate the h-pol and 

vertical polarization (v-pol), respectively. The v-pol reflectivity is 

calculated as ZV = ZH ZDR. 

We generated an X-band airborne radar echo signal on the 

basis of the measured S-band data. Therefore, data conversion 

from the S-band to the X-band was required. As reflectivity is 

generated by many small weather particles, such as rain droplets, 

it may be dependent on the radar frequency. However, on the 

basis of known experiments and simulations [12, 15], the ratio 

of the reflectivity for the S-band to that for the X-band is 

almost unity. It can thus be directly adopted for X-band simula-

tion without conversion. To partially consider the shape of the 

weather particles, we considered the canting angle effect, which 

could improve the accuracy of the other required quantities, 

such as the phase shift. 

Radial wind velocity is the kinetic quantity of the weather 

particles, which might be independent of the radar frequency 

[13]. Hence, reflectivity and radial wind velocity can be directly 

used for X-band simulation. As the wind spectral width (σv) is 

related to the dynamic of the weather clutter, it is also inde-

pendent of the frequency. However, it determines the spread of 

the Doppler spectrum (σf) of the echo signal [16], which is de-

pendent on the radar frequency: 
 

          𝜎 = , (1)
 

where λ is the wavelength of the radar signal. 

 

2. Three-Dimensional Clutter Model and Simulation Scenario 

Fig. 1 shows the simulation geometry and antenna coordi-

nates that were used. The entire weather area was modeled by a 

large box that was discretized into many smaller sub-boxes. 

Each box represented a different weather clutter at a specific 

point, and the properties were assumed to be uniform over a 

sub-box. The measured data were assigned to the center of the 

sub-boxes. 

The airborne radar beam scans in the horizontal (azimuth) 

direction, with a fixed elevation angle and a v-pol wave. Four 

pulses were transmitted to measure the weather conditions at 

each azimuth direction. The range resolution of the NWS data 

was 250 m, but the size of the small box was set at 125 m to 

improve the final signal accuracy and to simulate a large weather 

area covering dozens of kilometers. In one horizontal scan, the 

boxes inside the half-power beam width (HPBW) of the radar 

antenna were selected to generate the return signal. 

The return impulse’s location in the time domain could be 

precisely calculated using the distance between the radar and the 

sub-box centers, which would be slightly perturbed due to the 

weather particles. The amplitude of the impulse was calculated 

using the radar equation based on the given reflectivity. For the 

Table 1. Weather parameters for simulation 

Parameter Symbol Unit

Reflectivity (H) ZH dBz

Differential reflectivity ZDR dBz

Reflectivity (V) ZV dBz

Radial wind velocity vRadial
kt

Wind spectral width σv
kt

 
Fig. 1. Simulation scenario and three-dimensional weather clutter 

model.
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simulations in this study, the radar was located at (0, 0, 3) km in 

Cartesian coordinates. The center point of the clutter box was 

(20, 0, 3) km, and its dimensions were 30 km × 0.5 km × 0.5 km. 

Fig. 2 shows the mean, maximum, and minimum values of 

the measured data of the sub-boxes in the identical range bin for 

θ = 90° and ϕ = 0°. The vertical line shows the maximum and 

minimum values in a range bin. The data were spread within a 

wide range. 

 

3. Signal Amplitude and Attenuation 

The amplitude of the impulse from each box could be inde-

pendently calculated with the assigned properties of the box 

using the radar equation, as follows: 
 

        𝑃 = ( ) , (2)
 

where Pt, P , and G are the transmitted power, received power, 

and antenna gain, respectively; R is the range from the radar to 

each box center; 𝜎 is the range from the radar to the radar 

cross-section (RCS) of the box (expressed as 𝜂𝑑𝑉); 𝑑𝑉 is the 

volume of the sub-box; and η is the RCS per unit volume, 

which is directly related to reflectivity [13], as follows: 

        𝜂 = | | , , (3)
 

where K is a complex dielectric constant [17]. Therefore, the 

signal amplitude could be formulated as follows: 
 

        𝐴 = ( ) 𝜂𝑑𝑉. (4)
 

Due to the randomness of the weather clutter, the return signal 

was also random. A Gaussian distribution was assumed over the 

pulses, and the mean and variance were assumed to be 0 and 

Aamp
2 , respectively. To verify the signal amplitude of the radar 

echo signal, we compared the received power calculated using 

Eq. (2) with that calculated using the well-known Probert-Jones 

(PJ) equation [13, 14]. For a simple comparison, we assumed a 

homogeneous clutter with constant reflectivity (Z = 30 dBz). 

The PJ equation approximates the antenna beam as an elliptical 

Gaussian pattern, and the received power is calculated over the 

entire angle range (0–2π), not only over the HPBW [13, 14]. 

Hence, a power beam width of 9 dB was assumed for the calcu-

lation using Eq. (2), for comparison with the calculation using 

the PJ equation in Fig. 3. 

The power ratio of Eq. (4) to the PJ equation is shown in Fig. 

3. It approaches 1 as the range profile increases. In the short 

range, some discrepancies can be observed due to the difference 

between the volume of the box for Eq. (2) and the volume of the 

cylinder for the PJ equation in a range bin. However, the dis-

 
(a) 

 
(b) 

 
(c) 

Fig. 2. Mean, maximum, and minimum values of the weather data 

in each range resolution bin. (a) Reflectivity, ZV (dBz). (b) 

Wind radial velocity, 𝑣Radial (m/s). (c) Wind spectral width, 

σv (m/s). 

 
Fig. 3. Comparison of the power ratios of the proposed scheme and 

of the PJ equation.

R
ef

le
ct

iv
ity

0 5 10 15 20 25 30 35
Range [km]

-10

-5

0

5

10

15

0 5 10 15 20 25 30 35
Range [km]

-10

-5

0

5

10

15

Sp
ec

tru
m

 W
id

th

R
x 

po
w

er
 [W

]

Po
w

er
 R

at
io

 [W
/W

]



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 4, JUL. 2022 

406 
   

  

crepancies quickly decreased over the range profile.  

Due to the particles inside the weather clutter, the signal is 

attenuated as it propagates through the clutter. For long-range 

propagation, the attenuation effect may be significant, especially 

in the X-band [18, 19]. The weather clutter was highly inhomo-

geneous, so the attenuation was strongly dependent on the sig-

nal path inside the clutter. Estimating the exact path length over 

many small boxes is very time consuming. Therefore, we approx-

imated the exact path length as the size of a box, dL = 125 m, 

which resulted in a very small attenuation error for a sub-box.  

The specific attenuation (𝛾 ) of a sub-box recommended by 

the ITU Radiocommunication Sector (ITU-R) is as follows: 
 

        𝛾 = 𝜅𝑟  dB/km, (5)
 

where r is the rain rate in mm/hr and κ and α are constants 

equal to 0.008853 and 1.2636, respectively, for the X-band and 

v-pol. The rain rate can be estimated on the basis of the reflec-

tivity and weather clutter type shown in Table 2, which are given 

by the NWS and a previous study [20]. Thus, the attenuation 

for the round trip was approximated as follows: 
 

        2 𝛾 𝑑𝑅 2𝑑𝐿 ∑ 𝛾 , (6)
 

where 𝑅  and 𝑅  are the start and end ranges of the clutter, 

respectively. Finally, the value obtained from Eq. (6) was multi-

plied by the value obtained from Eq. (4) for each impulse. 

 

4. Time Delay (Phase Shift) 

The weather particles also decrease the signal velocity, which 

results in time delay and phase shift in the time and frequency 

domains, respectively, as shown in Fig. 4. We analytically calcu-

lated the phase shift and then converted it to the time delay. The 

frequency shift can be calculated as follows [21]: 
 

      𝛥𝑘 = 𝜆𝑁 𝛼 𝛬 ( )𝛤(𝛽 1) rad/m, (7)
 

where 𝑁 , 𝛼 , and 𝛽  are constants based on the type of clutter 

[22]; Γ(∙) is the Gamma function; and Λ is a slope parameter 

related to reflectivity 𝑍 , as follows:  
 𝑍 = 4𝜆𝜋 |𝐾| 𝑁 𝛬 ( ) ⋅ 𝛤(2𝛽 1)(𝐴𝛼 𝐵𝛼 2𝐶𝛼 𝛼 )  dBz, (8)
 

where 𝛼 , 𝛽 , 𝛼 , and 𝛽  are constants dependent on the 

clutter type [17, 22] and A, B, and C are related to the canting 

angle effect and describe the hydrometeor’s orientation [21, 22]. 

The canting angle effect is more important for the X-band than 

for the S-band due to the shorter wavelength. Using Eq. (8), Λ 

can be estimated by considering the frequency property of the 

radar, and then 𝛥𝑘 can be computed using Eq. (7). The overall 

phase shift can be approximated as follows:  
 

       2 𝛥𝑘𝑑𝑅 2𝑑𝐿 ∑ 𝛥𝑘 . (9)
 

The phase shift (9) is directly converted to the time delay, as 

follows: 
 

       2 𝛥𝑘𝑑𝑅 2𝑑𝐿 ∑ 𝛥𝑘 . (10)
 

where 𝑓  is the carrier frequency [23, 24]. Fig. 5 compares the 

 
(a) 

 
(b) 

Fig. 5. Comparison of time delay and attenuation calculated using the 

proposed approximate and exact methods for the LOS direc-

tion, θ = 90° and ϕ = 11.6°. (a) Time delay. (b) Attenuation.

Table 2. Relation between reflectivity and rain rate 

Surface precipitation type Z-r relation 

NWS  

Rain Z = 75r2 (Z ≤ 40 dB) 

Z = 200r1.6 (Z > 40 dB)

Snow Z = 75r2 

Hail Z = 300r1.4 

Kunsan  

Rain (k1) Z = 69.91r1.69

Rain (k2) Z = 89.77r1.79

 

 
Fig. 4. Time shift description converted from phase shift.
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exact and approximated estimations of the time delay and atten-

uation, which are cumulatively calculated values along the line-

of-sight (LOS) for θ = 90° and ϕ = 11.6°. 

 

5. Time Domain Signal 

The echo impulse responses from many sub-boxes in an 

identical range bin (𝛥𝑟) are coherently integrated. Fig. 6 shows 

the generated time domain signal for the input data in Fig. 2. It 

shows the magnitude of the one-dimensional (1D) signal with 

and without an attenuation effect for rain clutter. As expected, 

the amplitude of the signal is proportional to the reflectivity in 

Fig. 2(a). 

Due to the dynamics of the platform and clutter particles, 

successive pulses are slightly distorted and can be modeled using 

the Doppler frequency shift. The power spectrum density of the 

Doppler frequency can usually be assumed to be a Gaussian 

probability density function (PDF) [16], given by: 
  

       𝑆(𝑓) = 𝑒𝑥𝑝 ( )
. 

(11)
 

where 𝜎  is calculated using Eq. (1) and 𝑓  is the mean Doppler 

frequency of the clutter related to the radial wind velocity. Eq. 

(11) is converted to the correlation between the pulses in the 

time domain, which is also written in terms of the Gaussian 

function with the assumption of 𝑓 = 0, as follows:  
 

      𝜌(𝑛) = 𝑒𝑥𝑝 2(𝜋𝜎 𝑛𝑇 ) , (12)
 

where n and 𝑇  are the indices of the pulse and the pulse repe-

tition interval, respectively. The correlating Gaussian random 

variable can be generated through the Cholesky decomposition 

method and the mean Doppler frequency in Fig. 2(b), and the 

platform velocity is consecutively applied to the signal, as de-

scribed in other studies [16, 25]. 

The accuracy of the Doppler shift can be examined on the 

basis of the range-Doppler (RD) maps. To generate a fine RD 

map, 256 pulses were transmitted and processed for the situation 

in Fig. 6, with an attenuation effect. Fig. 7 shows a simulated 

RD map with a 180 m/s flight velocity toward the positive x-

axis. In the calculation for Fig. 7(a), only the flight Doppler 

effect was included (the wind effect was not included). From the 

RD map, the peak Doppler shift is around 444 Hz, which can 

be converted to 179.4 m/s. This agrees well with the 180 m/s 

flight velocity. In Fig. 7(b), the wind effect is included. The radi-

al velocity of the wind in each sub-box is also applied with the 

flight velocity to the signal, which decreases the peak frequency 

if the wind direction is identical to that of the flight. Hence, the 

Doppler frequency is decreased, as shown in Fig. 7(b). Beyond 

12 km, the mean wind velocity decreases, and beyond 20 km, it 

increases. Thus, the Doppler frequency decreased beyond 12 km 

and increased again beyond 20 km. Over the 20–25 km region, 

the Doppler frequency was distributed over 50–500 Hz on the 

RD map, which is attributed to the variance of the wind radial 

velocity in Fig. 2(b) for each sub-box at 20–25 km (-1 to 6 m/s). 

This velocity could be converted to -388 to 64 Hz and was 

added to the flight Doppler frequency of 444 Hz. Then, it 

 
(a) 

 
(b) 

Fig. 7. Range-Doppler map of a two-dimensional signal showing 

(a) the flight Doppler effect and (b) the flight and clutter 

Doppler effects with a 180 m/s flight velocity and the clutter 

velocity shown in Fig. 2(b). 

 
Fig. 6. Magnitude of one-dimensional time domain signals with 

and without an attenuation effect. 
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became 56–508 Hz, which is very similar to the estimated varia-

tion in the RD map (50–500 Hz).  

III. REFLECTIVITY ESTIMATION 

To simulate the weather map, reflectivity ZV should be ex-

tracted from the generated two-dimensional (2D) signal. Then 

the weather map was constructed from the rain rate using the 

colors in Table 3. The amplitude of the 1D signal at a time point 

might be random because it is affected by the reflectivity of 

many sub-boxes inside the identical range bin. Due to the 

central limit theorem, the amplitude can be approximated using 

a Gaussian PDF. Hence, an estimator of reflectivity was devel-

oped on the basis of the Gaussian PDF assumption. The signal 

amplitude in a range bin is the summation of Eq. (4) over the 

sub-boxes, as follows:  
 

   ( ) ∑ 𝜎 = ( ) ∑ | | 𝑑𝑉, (13)
 

where 𝑁  is the number of sub-boxes in a range bin. The con-

stants 𝑃 , λ, π, K, and 𝑑𝑉 can be simply removed by dividing 

them out from the received signal. 

The antenna gain 𝐺  and the range between the radar and 

each box 𝑅  are different for each box. Only the boxes inside 

HPBW were considered, and all were in the far-field region. 

Thus, the gain and distance could be approximated by the mean 

gain and distance (𝑅 ) of all the sub-boxes and were removed. 

After this algebraic manipulation, Eq. (13) was reduced to the 

following:  
 

          𝑋 = ∑ 𝑍 , (14)
 

where X is a Gaussian random variable. The reflectivity was 

inhomogeneous and could be assumed to be independent of the 

sub-boxes due to the large box dimension (125 m). Therefore, 

the following could be obtained [26]: 
 

         𝑋 = ∑ 𝑍 . (15)
 

Finally, by taking the expectation, E ⋅ , the estimator of re-

flectivity can be formulated as E X2 . To compute the reflectivity 

for a box, we divided E X2  with the box number estimated 

using the assumption that the volume was an elliptical cylinder 

[13, 14]. 

Fig. 8 shows the estimated reflectivity from the generated 2D 

signal with and without an attenuation effect for the simulation 

case in Fig. 6. The estimation result was compared with the 

mean input reflectivity in each range bin. The two results were 

in excellent agreement, but if the attenuation effect were included, 

the discrepancy would become larger with increasing range. 

Fig. 9 shows the weather maps extracted from the 2D signal 

 
Fig. 8. 𝑍  and 𝑍  estimation with signals in Fig. 6 and the as-

sumption of rain clutter. 

 

 
(a) 

 
(b) 

Fig. 9. Weather map generated by seven azimuth boresight angle 

sweeps from -11° to 11° using input data (a) and the esti-

mated Z-parameter (b). 

Table 3. Weather map color definition with rain rate 

Level Rain rate (mm/hr) Color

Level 0 ≤1  Black

Level 1 1–4 Green

Level 2 4–12 Yellow

Level 3 12–50 Red

Level 4 >50 Magenta
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and the input data, which also agree well. The weather map 

from the input data was calculated from the mean reflectivity 

inside the identical range bin. For this simulation, seven azimuth 

angles, from -11° to 11°, were scanned. The attenuation effect 

decreased the reflectivity from around 20 km, and the reflectivity 

was reduced by 10 dB compared with that for the S-band at 35 

km. These results agree well with the previous simulation results 

[15]. 

For a final verification, we compared the estimated rain rate 

with the instantaneous rain rate in the Level III data. The Level 

III data were processed by the data provider through the dual 

polarization measurement, and the azimuth resolution was 

different from that of the Level II data: the instantaneous rain 

rate was given every 1°. Hence, three instantaneous rain rates 

along the azimuth range were averaged for comparison with the 

estimation results. 

For the aforementioned comparison, rain clutter was assumed. 

Three rain rates were computed from the reflectivity estimated 

using the NWS equation, and were denoted as "Estimated." 

Two equations were used to fit the Kunsan region data [20], and 

the results were denoted as "Estimated-k1" and "Estimated-k2," 

respectively, in Fig. 10. The explicit equations are given in Table 

2. The Z-r empirical relation is generally developed on the basis 

of the ZH parameter; thus, the rain rate estimated using 𝑍  is 

also shown in Fig. 10. The two estimated reflectivities are shown 

in Fig. 8. 𝑍  was around 1.2 dB; thus, the two estimated rain rates 

were very similar, but the h-pol estimation was slightly more 

accurate. The Z-r empirical relation processed on the basis of 

the Gunsan data could provide more accurate results, while the 

NWS one, which was developed with US region data, was less 

accurate. Accordingly, the generated 2D signal can be used for a 

radar simulation, considering the weather conditions. 

IV. CONCLUSION 

A calculation scheme was proposed for the generation of a 

2D time domain radar echo signal from a large-volume weather 

clutter in the X-band. Measured Level II data were utilized. As 

the dataset was measured in the S-band, the data were converted 

to X-band data. The entire weather area was modeled by a large 

box discretized into many small boxes. Weather data were as-

signed to each box center.  

Reflectivity was used to compute the specific phase shift and 

attenuation of the radar signal, as recommended by ITU-R and 

a known analytical formulation. As the canting angle effect was 

partially considered, several types of weather clutter could be 

simulated, such as rain, snow, fog, and hail. The received power 

and Doppler frequency shift were validated by comparing them 

with those obtained using known formulations, such as the PJ 

equation and RD map. 

An estimator of reflectivity that could be used to extract the 

reflectivity from the received signal was proposed, and it was 

verified by comparing the estimated value and the input data. In 

addition, a weather map was generated on the basis of the esti-

mated reflectivity, which had excellent agreement with the 

result based on the input data. The rain rates were calculated 

and compared with the instantaneous rain rate among the Level 

III data. The rain rates were computed using three Z-r empirical 

relations. Their comparison showed that the generated 2D signal 

could provide accurate results. 
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Systems. 
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I. INTRODUCTION 

Synthetic aperture radar (SAR) [1] has been a very useful ap-

plication to detect any interesting objects in any weather condi-

tions. Unlike optical sensors, SAR can obtain images from a 

desired area, regardless of day, night, or weather conditions. It 

has been used mainly in the field of surveillance and reconnais-

sance for military purposes. Until recently, there were limitations 

in manually detecting and recognizing targets of interest (TOIs) 

due to data acquired in large quantities. To prevent this difficulty, 

progression in automatic target detection (ATD) technology [2] 

has been actively pursued. Therefore, automatic detection of 

TOIs is a very important process in SAR.  

There have been many approaches [3–9] to detecting TOIs. 

The most popular approach is the constant false alarm rate 

(CFAR)-based algorithms, which use sliding windows. All the 

CFAR-based approaches are focused on the brightness and 

contrast of objects. The CFAR, via extended fractal (EF) fea-

tures, has introduced another feature, such as the size of objects 

[10]. However, there are two critical problems with CFAR-

based algorithms. First, one cannot distinguish between targets 

and clutter. Second, too many false alarms (FAs) are generated 

due to bright clutter. Therefore, CFAR-based algorithms require 

a discriminating procedure to reduce clutter. Several discrimination 
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techniques have been proposed to remove clutter [11–13]. The 

MIT Lincoln Laboratory introduced a prescreened stage to 

eliminate natural clutter and pass man-made objects [12]. Fifteen 

features are used in the discrimination algorithm. A rank-based 

feature selection scheme has been proposed to obtain a high-

discrimination performance [13]. Recently, research has pro-

gressed [14–16] to improve conventional CFAR. In ATD, the 

trade-off between the FA rate and the target detection probability 

is not an issue that is easily solved. 

The advent of deep learning technology makes it easy to detect 

targets automatically [17–20]. SAR target recognition based on 

convolutional neural networks (CNN) [17] is applied to MSTAR 

public datasets. ATD based on CNN has been researched in 

ship detection [18]. Another ship detection study was conducted 

with YOLOv2 (you only look once version 2) [19]. The detec-

tion of ocean internal waves has been analyzed and researched 

using faster regions with CNN (Faster R-CNN) [20]. However, 

these methods have been very limited in the use of different 

deep learning networks and in the difficult procedures of target 

detection. 

A deep learning-based compact weighted binary classification 

(DL-CWBC) is proposed to separate and classify targets and 

clutter in SAR images. The proposed algorithm uses the ResNet-

101 network of Microsoft Research [21]. For pre-processing, the 

conventional CFAR detects targets and clutter. The obtained 

clutter can be used directly as one class of a binary classifier. 

Nevertheless, targets should be obtained from ground truth 

because conventional CFAR cannot perfectly detect targets. 

Targets and clutter were trained as a binary classifier with 

ResNet-101. One of the biggest advantages of using the deep 

learning network for target detection is that there is no need for 

complicated clutter removal techniques. ResNet-101 automati-

cally removes clutter, which generates many FAs. Through the 

well-learned ResNet-101 with sufficient data sets, the perfor-

mance of deep learning is better than that of various CFAR-

based algorithms. These are the two key ingredients of the pro-

posed algorithm: one is a new, defined cross-entropy error func-

tion, which controls the trade-off between the FA rate and target 

detection, and the other is an extreme distinction decision. The 

proposed approach is to obtain the optimal goal of not missing 

targets and to obtain the optimal FA rate. The proposed approach 

has a detection rate similar to that of conventional CFAR algo-

rithms. The main contribution of the DL-CWBC is dramatically 

improving the removal rate of the clutter when compared with 

the conventional CFAR with the discrimination algorithm. In 

addition, the DL-CWBC does not miss any targets from the 

ground truth. 

The outline is organized as follows: a traditional CFAR-

based algorithm is introduced in Section II, a ResNet-101 deep 

learning network is described in Section III, Section IV provides 

a description of a DL-CWBC technique to discriminate targets 

and clutter in SAR images, Section V demonstrates the perfor-

mance of the proposed technique, and finally, the paper is con-

cluded in Section VI. 

II. A CONVENTIONAL CFAR-BASED DETECTION  

ALGORITHM 

Traditional target detection algorithms for SAR images are 

usually based on CFAR. However, the algorithms should have a 

discrimination procedure to obtain the desired results. Therefore, 

the algorithms should have a two-stage process. One is a 

CFAR-based algorithm for detecting targets and clutter. The 

other is a discrimination technique for reducing clutter. First, a 

conventional CFAR algorithm is needed to detect all targets 

and clutter, including FAs. A conventional CFAR algorithm is 

shown in Fig. 1. In a SAR image, a rectangular sliding window 

inspects each pixel and detects pixels with bright intensity. In 

the central figure, the bright pixels are marked with a zoomed 

square box. The detailed structure of the CFAR window is 

shown in the figure on the right. The value of the detection 

feature in the CFAR is computed by: 
 𝐶 𝑚, 𝑛 = , ,, , (1)
 

where 𝐼 𝑚, 𝑛  is the bright intensity of a pixel 𝑚, 𝑛 , and �̂� 𝑚, 𝑛  and 𝜎 𝑚, 𝑛  are the mean and standard deviation 

of the clutter window surrounding a pixel 𝑚, 𝑛 . 

There are three main steps to clustering bright pixels and de-

tecting TOIs. The procedure for clustering bright pixels is 

shown in Fig. 2. First, the detected bright pixels are labeled. 

Second, a morphological operation enables close pixels to merge 

into one region. Finally, several regions formed in this way are 

clustered. This is the simple clustering and detecting procedure 

of TOIs in the conventional CFAR algorithm. 

In addition, CFAR-based algorithms could include many 

other complicated procedures to detect targets. These might 

require other procedures to remove clutter. The discrimination 

 
Fig. 1. A conventional CFAR algorithm. 
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algorithm might be needed to consider many features to eliminate 

clutter, such as standard deviation, fractal dimension, weighted 

fill rank ratio, etc. A discriminator using these features can decide 

whether it is a target or clutter. The details of this implementa-

tion are beyond the scope of this paper. 

III. RESNET-101 DEEP LEARNING NETWORK 

In this section, a deep learning network is presented. Fig. 3 

shows the detailed layers of the ResNet-101 network. The 

numbers in the rectangular box indicate the dimensions and 

number of filters. In the first block, 7 × 7 indicates the height 

and width of a filter, 64 is the number of filters, and stride is 2. 

In the second block, 3 × 3 maxpooling is represented and stride 

is 2. The following blocks have similar structures: the total 

number of layers is 101. A detailed description is provided by 

He [21]. This paper uses a ResNet-101 network to classify tar-

gets and clutter, which are detected by CFAR and manually 

pre-categorized. Here, the ResNet-101 network uses a simple 

two-class classifier. The well-learned  ResNet-101 network 

should have much better performance than the CFAR-based 

algorithms with a complicated discriminator using dozens of 

features. 

IV. A DEEP LEARNING-BASED COMPACT WEIGHTED 

BINARY CLASSIFICATION TECHNIQUE 

In this paper, the main purpose of DL-CWBC is to reduce 

the FA rate and maximize the probability of target detection. 

The two unique features of a DL-CWBC are to control the 

trade-off between the FA rate and target detection and to use 

the extreme distinction decision. The DL-CWBC procedure is 

described in Fig. 4. There are three major stages in this paper. 

In the pre-processing stage, targets and clutter should be detected 

through the traditional CFAR algorithm. However, conven-

tional CFAR cannot automatically distinguish between targets 

and clutter. Therefore, we manually separated them to use as a 

training set in the ResNet-101 network. The CFAR could not 

completely detect the targets. Therefore, the proposed approach 

should rely on ground truth to obtain all targets. For the training, 

targets and clutter were collected as the chips of the two classes. 

The well-learned ResNet-101 performed much better than the 

conventional CFAR. However, the conventional loss function 

could not completely resolve the problem of the trade-off 

between detection probability and the FA rate. In the second 

stage, the targets and clutter are trained with the ResNet-101 

network. The cross-entropy error function is used to discrimi-

nate whether it is a target or clutter in an SAR image chip. The 

conventional cross-entropy error function is given by: 
 𝐸 𝑤 = −𝑡 𝑙𝑛 𝑦 𝑋, 𝑤 − 1 − 𝑡 𝑙𝑛 1 − 𝑦 𝑋, 𝑤 , (2)
 

where 𝑡 = 1 is clutter and 𝑡 = 0 is a target, 𝑦 𝑋, 𝑤  has the 

output value between 0 and 1. 𝑋 is the input image, and 𝑤 

is the weighting vector from the deep learning network. 

The last stage is the testing stage with the well-trained ResNet-

 
Fig. 2. The clustering and detecting procedure of TOIs in the con-

ventional CFAR algorithm. 

 

 
Fig. 3. ResNet-101 network. 

 
Fig. 4. Procedure of the DL-CWBC technique. 
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101 network. In this paper, we proposed two unique features: a 

modified cross-entropy error function and an extreme distinc-

tion decision. In the traditional approach, the target and clutter 

are equally weighted for the error function. By training two 

classes of target and clutter, the false alarm rate that occurs in 

the traditional CFAR is largely eliminated. The main focus of 

this paper is not to miss any targets for detection. Therefore, we 

modified the cross-entropy error function to detect the targets 

perfectly. The modified cross-entropy error function is given by: 
 𝐸 𝑤 = −𝜆𝑡 𝑙𝑛 𝑦 𝑋, 𝑤 − 1 − 𝑡 𝑙𝑛 1 − 𝑦 𝑋, 𝑤 , (3)
 

where 0 ≤ 𝜆 ≤ 1. 𝜆 is the weighting coefficient of the error 

function, which helps to reduce the FA rate and detect almost 

all TOIs without missing any. The reason why 𝜆 is less than 1 

is to put more weight on the target side. However, using the 

weighted coefficient does not perfectly detect the targets. Now, 

an extreme distinction decision is declared for perfect target 

detection. The key idea of the extreme distinction decision is 

that it is considered a target if the probability of being a target is 

greater than 0. Finally, an extreme distinction decision is de-

scribed as follows: 
 

If 1 − 𝑦 𝑋, 𝑤 > 0, it is considered as a target. (4)
 

We might manually find an optimal 𝜆. However, an optimal 

value of 𝜆 is determined by the ResNet-101 network. The pro-

posed algorithm based on "simplicity" provides rigorous control 

of the trade-off between the false alarm rate and the probability 

of target detection. 

V. EXPERIMENT RESULTS 

The DL-CWBC algorithm with or without extreme distinc-

tion decisions was developed, experimented with, and validated 

by a ResNet-101 network. First, the conventional CFAR algo-

rithm detects targets and clutter simultaneously without dis-

crimination. After the conventional CFAR, the targets and 

clutter are manually classified into two classes. Targets and 

clutter were trained through ResNet-101. The numbers of targets 

and clutter in training and testing sets are shown in Table 1. 

The number of targets and clutter in a training set are 3,441 and 

79,136, respectively. The number of targets and clutter in a 

testing set is 788 and 11,604, respectively. 

Table 2 shows the comparison between the performance of 

the traditional CFAR, that of CFAR with a discrimination 

algorithm, and that of the DL-CWBC algorithms. The CFAR 

detects 12,392 targets and clutter. The probability of the detec-

tion rate was 99.1%. However, there are many FAs. The CFAR 

could not distinguish whether it was a target or clutter. The 

detected clutter was not automatically removed. Through various 

discrimination algorithms, the FA rate can be partially improved. 

The feature selection of discriminating algorithms is not auto-

matic. The number of features of clutter shown in SAR images 

should be defined properly. This may require a more complicated 

procedure. From the devised features from MIT Lincoln Labora-

tory [12], we found an optimal set of five dominant features: 

standard deviation, fractal dimension, mass, rotational inertia, 

and maximum CFAR. The probability of target detection was 

99.3%. However, the probability of clutter removal was 57.4%. 

The conventional CFAR with a discrimination algorithm could 

obtain a high probability of target detection. Nevertheless, it still 

has many FAs. The proposed algorithm uses a deep learning 

network, which can automatically select and learn various features. 

The deep learning approach removes complicated discriminating 

procedures. In comparison, the equally weighted DL-CWBC 

of the target and clutter is shown with equal weight (𝜆 = 1). 

Without the extreme distinction decision, the probability of 

target detection is 97.6% and that of clutter removal is 99.8%. 

However, 19 targets were missed. To improve the performance 

of target detection, an extreme distinction decision was used. 

The result for the number of missing targets improved from 19 

to 5. The removal rate of FA decreased to 1.6%. However, the 

FAs had pretty much been removed when compared with the 

CFAR. The main focus is not to miss any target through detec-

tion. The default value of 𝜆 is not enough, and an optimal value 

needs to be found. 

Table 1. Number of training and test datasets 

Data Targets Clutter

Training set 3,441 79,136

Testing set 788 11,604

Total 4,229 90,740

 
Table 2. Comparison between the traditional CFAR and DL-CWBC 

Binary  

classification

Deci-

sion
CFAR MIT 

DL-CWBC (𝜆 = 1)

Without 

extreme 

distinction 

decision

With extreme 

distinction 

decision 

Target True

12,392 

783 769 783

False 5 19 5

Clutter True 6,665 11,580 11,396

False 4,939 24 208

Detection rate 

(TOIs) (%)
 99.1 99.3 97.6 99.4 

Removal rate 

(FA) (%)
 NA 57.4 99.8 98.2 
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There are still five missing targets. The 𝜆 could be also used 

as a hyper-parameter for the ResNet-101 network. There are so 

many values between 𝜆 = 0 to 1. Therefore, ResNet-101 is 

trained to detect all the targets at a step size of 𝜆 = 0.05. Never-

theless, Table 3 shows the performance of the DL-CWBC al-

gorithm in two specific cases, 𝜆 = 0.5 and 0.1. In 𝜆 = 0.5, 

the probability of target detection and clutter removal is not 

much different from the equally weighted case. Missing targets 

are still 5 even with extreme distinction decision. However, 

there are missing targets at 𝜆 = 0.1. The probability of the re-

moval rate of FA is degraded from 98.2% to 94.5%. Fig. 5 

shows the results for the number of undetected targets and clutter 

versus the weighting coefficient of the modified cross-entropy 

error function. 
At the top of Fig. 5, the plot of the number of undetected 

targets versus the value of 𝜆 are shown. The solid and dashed 

lines indicate the number of undetected targets versus 𝜆, with 

or without the extreme distinction decision, respectively. Without 

an extreme distinction decision, there are dozens of undetected 

targets. After applying the extreme distinction decision, the 

overall number of undetected targets decreased. The optimal 

value of 𝜆 is found to be 0.1. The bottom of Fig. 5 shows the 

plot of the number of not-removed clutter versus the value of 𝜆. 

The solid and dashed lines represent decisions with or without 

extreme distinctions, respectively. The results are automatically 

attributed to the above results from target detection. The big 

arrows in the figures indicate the trade-off between undetected 

targets and unremoved clutter. As undetected targets decrease in 

the top figure, unremoved clutter increases at the bottom. 

VI. CONCLUSION 

A DL-CWBC algorithm was developed, analyzed, and tested 

with through a ResNet-101 deep learning network with a modified 

cross-entropy error function. The extraordinary achievement of 

the proposed algorithm is due to its simplicity: not using a com-

plicated discriminator combined with so many features of bright 

pixels. The key ingredient is to control the trade-off between 

the FA rate and target detection. Approximately 95% of the 

clutter among the detected objects was removed from the CFAR 

without any knowledge of clutter features. In addition, all the 

targets from the ground truth were perfectly detected with the 

extreme distinction decision. The proposed DL-CWBC algo-

rithm proved to be simple and efficient for perfectly detecting 

targets and efficiently removing clutter. 
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I. INTRODUCTION 

The sixth-generation (6G) of wireless communication aims 

to achieve ultra-high data rates (up to 1 Tbps), ultra-low latency, 

high energy efficiency, ubiquitous global network coverage, and 

intelligent connectivity all over the world [1]. The millimeter-

wave frequencies, especially in the D-band, are promising can-

didates for 6G applications. Similar to other frequencies, the D-

band on-chip transceivers will also be integrated with printed 

circuit boards (PCBs). Since millimeter-wave equipment, such 

as vector network analyzers (VNAs) and upconversion mixers, 

typically employs hollow metallic waveguides (WGs), the WG-

PCB transition is required. Another potential application of the 

transition is the testing of PCB-based millimeter-wave passive 

circuits, circuits, such as antennas, filters, and power dividers. 

In the open literature, various WG-microstrip line (MSL) tran-

sitions have been reported [2–6]. In [2], a vertical WG-

differential MSL (DMSL) transition was reported, in which 

bandwidth was enhanced using a short-end parasitic patch. In 

[3], Chebyshev-based vertical impedance transformers were 

designed in the WG section and connected to a DMSL, which 

does not require a backside cavity, as in [2]. In [4], a wide-band 

transition was designed by combining an E-plane probe and an 

MSL transition that covered the whole W-band. The authors in 

[5] designed Chebyshev-based impedance transformers in a 

rectangular WG (RWG) connected to a tapered MSL by  

extending a substrate into the RWG. Hugler et al. [6] presented 

a WG-DMSL inline transition on a multilayer substrate with a 
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-10 dB impedance bandwidth (IBW) of 30 GHz. The report-

ed works [2–5] require modified WG parts that increase the 

overall size and fabrication cost. In [6], the use of a multilayer 

substrate with WG parts made the proposed design expensive. 

The substrate integrated waveguide (SIW) technology has 

also been investigated for WG-PCB transitions [7–11]. SIW-

based transitions are generally divided into two categories. In 

the first category, tapered structures are designed to couple ener-

gy from the WGs that achieve wide bandwidth at the cost of 

large size and expensive fabrication [7–11]. In [7], a tapered 

SIW line with an extended dielectric substrate was utilized that 

produced a -10 dB IBW of 40 GHz (75–115 GHz). In [8], a 

W-band linearly flared antipodal slot line was inserted into the 

WG for coupling energy to an SIW line designed on a multi-

layer liquid crystal polymer (LCP) substrate. A fin-line coupling 

structure was reported in [9] for designing a WG-SIW transi-

tion that obtains a -10 dB IBW of 40 GHz (110–150 GHz). 

The second type uses slots to directly couple the energy from 

the WG, which is compact but has a relatively narrow band-

width. A two-layer configuration was used in [10] and [11] for 

W-band applications. In [10], the upper layer has a slot-

embedded patch to couple energy from the WG. A rectangular 

coupling slot was utilized to couple energy from the upper to 

the lower SIW, and a -10 dB IBW of 18.8 GHz (85.7–

104.5 GHz) was obtained. In [11], a magneto-electric (ME) 

dipole was placed under the WG on the top substrate, while a 

bowtie slot coupled energy from the top to the bottom SIW. 

The measured -10 dB IBWs were 16.9 GHz (68.4–85.3 GHz) 

and 20.7 GHz (68.6–89.3 GHz) for the 5-mil and 10-mil 

RO3003 substrates, respectively. 

In this work, we designed a WG-SIW transition based on the 

second type by using only a single layer substrate. The WG cou-

ples energy to a SIW cavity through a rectangular slot. The de-

signed cavity has three vias at the back of the cavity, which are 

arranged in the form of a triangle. The investigation of the pro-

posed cavity based on the eigen-mode simulations reveals that 

the TE320 mode is excited at 126 GHz and 142 GHz. The 

TE320 mode is also shown to be excited at 126 GHz for the iso-

lated rectangular cavity (which does not have the triangular vias 

arrangement at the backside). However, the same mode at 142 

GHz arises only in the proposed isolated cavity. For actual tran-

sition implementation, two initial designs, namely Trans-I and 

Trans-II, are compared, which differ only by the use of match-

ing vias. The E-field comparison inside these transitions shows 

that the matching vias assist in maintaining TE320 mode distri-

bution at 142.8 GHz, which is the transmission null point for 

Trans-I. Although the transmission null has been moved to 

156.6 GHz, the -10 dB IBW occupies only 6 GHz (126–132 

GHz). This is indeed a narrow band in the D-band. Therefore, a 

parasitic rectangular patch is embedded at an optimized location 

inside the coupling slot to broaden the -10 dB IBW. The -10 

dB IBW was improved from 6 GHz to 27.4 GHz (127.2–156.4 

GHz) using the parasitic patch. The performance of a back-to-

back transition is experimentally shown to yield a broad -10 dB 

IBW of 26.5 GHz (135–161.5 GHz). It is worth mentioning 

that there are two earlier studies [12, 13] concerning the use of 

single-layer substrate transitions. In [12], a thick metal cladding 

was used in the design, which increased the complexity, loss, and 

cost of the transition. Furthermore, a conventional cavity was 

used to support TE120 and TE320 modes in the frequency of op-

eration, while our proposed cavity supports TE320 modes at two 

different frequencies [12]. A wide-band transition with a simu-

lated -10 dB IBW of 30.3 GHz (47.2–77.5 GHz) was report-

ed in [13]. The design utilized a conventional rectangular SIW 

cavity on a 0.508 mm-thick substrate, but the explanation of the 

cavity modes was not given [13]. 

In the proposed work, a comparable -10 dB IBW was achieved 

using a novel modified cavity that is shown to support the TE320 

at more than one frequency. The new features of the proposed 

cavity compared to the conventional cavity are discussed based 

on the TE-mode analysis by the eigen-mode simulations as well 

as calculations. The role of matching vias based on the effect on 

the TE mode is also discussed. The details of the SIW transi-

tion with a parametric study and measurement results are de-

tailed in Sections II and III, respectively. 

II. SIW TRANSITION DESIGN 

Fig. 1 depicts the geometry of the SIW-based transition that 

is realized on a 0.254-mm thick Rogers Duroid 5880 substrate 

with a relative permittivity εr = 2.2. The SIW cavity is formed 

by shorting the top and bottom metal of the PCB through sev-

eral vias. Each via has a diameter d and a center-to-center dis-

tance of p. The coupling SIW cavity has length and width of 

l and w, respectively. A slot of dimensions a × b is etched from 

the bottom metal such that the length and width are the same 

as that of a standard WR6 WG. A small inner patch of length lp 

and width wp is placed inside the slot, with a gap of g from the 

nearest bottom metal. 

 

 

Fig. 1. Top view of the D-band SIW-based transition. 



ALTAF et al.: A D-BAND WAVEGUIDE-SIW TRANSITION FOR 6G APPLICATIONS 

421 

  
 

A via at the backside of the cavity has spacing s from the 

edge of the slot. The positions of the backside vias were opti-

mized using HFSS software. A SIW line with edge-to-edge 

width of c is used at the output of the SIW transition to couple 

the energy. 

Fig. 2 shows the geometries of four transitions (Trans-I, 

Trans-II, Trans-III, and Trans-IV) to elaborate the final design. 

A comparison of the simulated transmission and reflection coef-

ficients of the first three is depicted in Fig. 3. Trans-I is a simple 

cavity without matching vias and an inner patch. The simulated 

results from Fig. 3 show a -10 dB IBW of 8.6 GHz (124.81–

33.4 GHz) and a 3 dB BW of 29.7 (112.3–142 GHz). By 

inserting a pair of matching vias, the inband null is shifted from 

148.2 GHz to 156.6 GHz, and the transition is termed Trans-

II. However, impedance matching is poor above 132 GHz, as 

observed for the -10 dB criterion. A rectangular parasitic patch 

of optimized dimensions is added to Trans-II and termed 

Trans-III. As a result, the simulated -10 dB IBW to 27.4 

GHz (127.2–156.4 GHz) and 3 dB BW of 30.4 GHz (125.1–

155.5 GHz) were achieved. 

It is well known that the SIW cavities support TEmn0-modes. 

The working of the proposed transition can be elaborated by 

addressing the TEmn0-modes involved in the operation; there-

fore, we performed an eigen-mode analysis of the isolated con-

ventional and proposed SIW cavities. The geometries of these 

designs are depicted in Fig. 4. The rectangular cavity was de-

signed by removing the triangular vias from the proposed cavity. 

The simulated results of the resonance frequencies along with 

the E-field distributions of Mode-1, Mode-2, Mode-3, and 

Mode-4 are plotted in Fig. 5. The E-field of these modes in 

ascending order of frequencies resembles those of the TE320, 

TE230, TE410, and TE330, respectively. The resonance frequencies 

of these TE modes can be calculated using Eq. (1): 
 

       𝑓 = √ ( ) + ( ) , (1)
 

where m, n denotes the indices of the excited mode, c is the 

speed of the light, and εr is the relative dielectric constant of the 

substrate. leff and weff are given by 
 

       𝑙 = 𝑙 − . , (2)

       𝑤 = 𝑤 − . , (3)
 

where d represents the diameter of a via and p denotes the peri-

odicity of the via array. The calculated resonance frequency 

 
Fig. 2. Geometries of Trans-I, Trans-II, Trans-III, and Trans-IV 

transitions (P2 represents the output port). 

 

 
Fig. 3. Simulated S-parameters of Trans-1 to Trans-III. 

(a) (b) 

Fig. 4. Geometries of the cavities used in eigen-mode simulations: 

(a) conventional and (b) proposed. l = 2.7 mm and w = 3.12 

mm. 

 

(a)             (b)            (c)             (d) 

Fig. 5. E-field distribution of various TE modes inside an isolated 

rectangular SIW cavity. (a) Mode-1 at 126 GHz (TE320), (b) 

Mode-2 at 134 GHz (TE230), (c) Mode-3 at 137 GHz 

(TE410), and (d) Mode-4 at 154 GHz (TE330).
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values of Mode-1, Mode-2, Mode-3, and Mode-4 were 126.8 

GHz, 134.2 GHz, 139.2 GHz, and 153.6 GHz, respectively. 

The maximum difference between the simulated and calculated 

values was 1.6%. Next, we performed the eigen-mode analysis 

of the proposed cavity and the resonance frequencies along with 

the E-field distribution for the first four modes are plotted in 

Fig. 6. By comparing the individual distributions in Fig. 6 to 

those in Fig. 5, we observed that at 126 GHz, the field distribu-

tion resembled Mode-1 of the isolated rectangular cavity, alt-

hough not exact and, therefore, we termed it quasi-TE320 mode. 

Mode-2 in both cavities looked alike, whereas Mode-3 in the 

proposed cavity was slightly different from that of the isolated 

rectangular cavity. The main difference appeared in Mode-4, as 

the proposed cavity design excites a quasi-TE320 mode at 142 

GHz as well. The resonance frequency of Mode-4 can be accu-

rately calculated assuming the length of the proposed cavity la = 

l  - 2 × p + 1.5 × d given in (2). Based on this comparison, we 

conclude that unlike the conventional cavity, the proposed cavi-

ty supports another quasi-TE320 mode while the other first three 

modes (Mode-1, Mode-2, and Mode-3) look similar. 

To explain the purpose of the matching vias, we plotted the 

E-field distribution inside Trans-I and Trans-II at the resonance 

and null points as shown in Figs. 7 and 8, respectively. As shown 

in Fig. 7, the TE320 mode was excited at 126.8 GHz. The second 

resonance point (140.8 GHz) occurred close to the null point 

(142.8 GHz) of Trans-I; therefore, the field distribution inside 

the cavity showed resemblance. For Trans-II, the lower reso-

nance point occurred at 127.8 GHz, and the field distribution 

verified the excitation of TE320 mode. By comparing Fig. 7(c) 

with that of Fig. 8(b), we observed that the use of matching vias 

induced TE320 mode in Trans-II; therefore, the power flowed 

inside the connected SIW line. The null forming point was 

shifted to 156.8 GHz, which had the same E-field distribution 

as in Fig. 7(c). The field distributions in Figs. 7 and 8 also in-

form an interesting conclusion; that is, only TE320 modes are 

utilized in the proposed design. 

Next, we demonstrated the performance comparison between 

MSL and SIW, which were separately connected with the WG-

SIW transition to couple the energy. This transition to MSL is 

termed Tran-IV. It is worth mentioning that the dimensions of 

the SIW cavity are the same in both designs for a fair compari-

son. The comparative simulated results are displayed in Fig. 9. 

Trans-IV obtained a -10 dB IBW of 28.4 GHz (126.2–154.6 

GHz), which is a little wider than Trans-III. However, Trans-III 

was chosen for fabrication due to its lower loss. 

We also performed a parametric study concerning the effect 

of variations in gap g on the simulated S-parameters, as depicted 

in Fig. 10. We observed that the lower resonance shifted toward 

the higher frequency side, and impedance matching improved 

with a decrease in the value of g. The best result was obtained 

for g = 0.08 mm, which was the minimum limit of precise fabri-

cation. 
The simulated effects of changing the x-directed position of 

the matching via (Mx) on the reflection and transmission coeffi-

cients are depicted in Fig. 11. The figure shows that increasing 

the value of the Mx brings the upper resonance point closer to 

the lower one, and it also improves impedance matching. The 

final selected value of Mx was 1.1 mm due to the low values of 

the reflection coefficient at this value. 

 (a)            (b)           (c)            (d) 

Fig. 6. E-field distribution of various TE modes inside an isolated 

proposed SIW cavity. (a) Mode-1 at 126 GHz (quasi-TE320), 

(b) Mode-2 at 136.8 GHz (TE230), (c) Mode-3 at 137 GHz 

(quasi-TE410), and (d) Mode-4 at 142 GHz (quasi-TE320). 

 

(a)                 (b)                (c) 

Fig. 7. E-field distribution inside Trans-I at various frequencies: (a) 

126.8 GHz, (b) 140.8 GHz, and (c) 142.8 GHz. 

 

 
(a)                 (b)                (c) 

Fig. 8. E-field distribution inside Trans-II at various frequencies: 

(a) 127.8 GHz, (b) 142.8 GHz, and (c) 156.8 GHz.

 
Fig. 9. Comparative results of simulated S-parameters of Trans-III 

and Trans-IV.
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Fig. 10. Simulated effects of varying gap g on the simulated S-

parameters. 

 

 
Fig. 11. Simulated effect of changing the via position along the x-

axis (Mx) on the S-parameters. 

 

Fig. 12, by contrast, exhibits the simulated effect of varying 

the size of the inner parasitic patch lp on the reflection and 

transmission coefficients. By increasing lp, the capacitance between 

the edges of the patch and bottom metal, as well as with the top 

metal, increases; hence, it results in minimizing the values of the 

reflection coefficients. The optimized values of the design pa-

rameters are given in Table 1. 

III. EXPERIMENTAL VALIDATION 

A photograph of the top and the bottom view of the fabricat-

ed back-to-back SIW transition is shown in Fig. 13. The total 

length of the back-to-back transition was LT = 2l + 23.5 mm. 

The S-parameter measurement setup consisted of PNA-X 

N5244B VNA with D-band VNA extenders, connecting WGs, 

and device under test (DUT), as shown in Fig. 14. SOLT cali-

bration was performed up to the connecting WGs before meas-

uring the DUT. A pair of circular fixtures was used to hold the 

 
Fig. 12. Simulated effect of changing length of the parasitic patch 

(lp) on the S-parameters. 

Table 1. Geometric parameters of the proposed transition (unit: mm)

Parameter Value

a 1.651

b 0.826

c 1.5

d 0.2

p 0.45

g 0.08

l 2.7

s 0.387

w 3.12

wp 0.3

lp 0.651

 

 
(a)                    (b)  

Fig. 13. Photograph of a fabricated PCB for the back-to-back tran-

sition: (a) top view and (b) bottom view. 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 4, JUL. 2022 

424 
   

  

PCB against the D-band WGs. A comparison of the simulated 

and measured S-parameters is depicted in Fig. 15. From the 

results, the back-to-back transition achieved a -10 dB IBW of 

26.5 GHz (135–161.5 GHz) and a 3 dB BW of 28 GHz 

(133.8–161.8 GHz) in measurement compared to the simulated 

values of 26.8 GHz (127.2–154 GHz) and 28.5 GHz (126.7–

155.2 GHz), respectively. To address the shift in the measure-

ments, we modeled the frequency-dependent behavior of the 

dielectric constant using the Debye model using HFSS, as in 

one of the earlier studies [14], and the comparison of the results 

is plotted in Fig. 16. We observed that both results have reason-

able agreement. 
 

 
Fig. 15. Comparison of the simulated and measured S-parameters 

for the back-to-back transition. 

 

 
Fig. 16. Comparison of the simulated (Debye model) and measured 

S-parameters for the back-to-back transition. 

A comparison of the proposed transition with earlier works is 

shown in Table 2. In [9], a fin-line transition was proposed on a 

single substrate that obtains a -10 dB IBW of 40 GHz band-

width in the D-band. However, the transition requires a large 

area and extra waveguide parts to measure the performance, 

which increases the overall cost. In [10] and [11], two W-band 

designs were presented using a double-layer PCB with respec-

tive -10 dB IBWs of 18.8 GHz and 20.7 GHz. The cost and 

complexity of a multi-layered design are higher than the proposed 

design. In [12], a rectangular SIW cavity with extra metal clad-

ding was used to obtain a -10 dB IBW of 18 GHz, which is 

also not cost-effective. In [13], a wide-band single-layered based 

SIW transition was designed to offer a simulated -10 dB IBW 

of 30.3 GHz, but the measurement was done only for 18.2 

GHz (48.8–67 GHz). Our work differs from [13] in terms of 

cavity used, detailed explanation of the modes used in the design, 

and measurement of the complete band, as in the simulation. 

IV. COMPARISON  

In this work, a WG-SIW transition is designed at the D-

band for 6G communication. The TE320 mode of the SIW 

cavity was utilized in the design. By inserting a pair of vias in 

Trans-I, a TE320 mode-like distribution was generated at 142.8 

GHz, which is the null-point frequency in the case of Trans-I. 

Finally, a parasitic patch was placed inside a coupling slot to 

improve impedance matching. The proposed transition was 

tested in a back-to-back configuration, and a -10 dB IBW of 

Table 2. Comparison between the proposed and earlier transitions

Study PCB layers
Trans. 

design 

–10 dB IBW 

(GHz)

Cost/ 

complexity

Cheng Hao  

and Wang [9]

Single Fin-line 40  

(110–150)

High 

Zhang et al. 

[10]

Double Slot 18.8  

(85.7–104.5)

High 

Dong et al. [11] Double ME-

dipolea 

20.7  

(68.6–89.3)

High 

Hansen et al. 

[12] 

Single with 

metal  

cladding

Slot ≈18  

(82–100) 

High 

Mohamed and 

Sebak [13] 

Single Slot Simulated: 30.3 

(47.2–77.5) 

Measured: 18.2 

(48.8−67)

Low 

Proposed Single Slot 26.5  

(135–161.5)

Low 

a10 mil design.

 
Fig. 14. Measurement setup for the back-to-back transition.
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26.5 GHz was achieved. In our future work, the proposed tran-

sition will be integrated with a D-band antenna for testing. The 

modeling of the frequency-dependent behavior of εr will also be 

considered for a closer prediction of the measurement results. 
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I. INTRODUCTION 

Recently, the demand for military or civilian drones and sur-

veillance radars has been increasing. In radar transceivers, several 

forms of waves are used to determine object distance and veloci-

ty information, of which continuous wave (CW) and frequency 

modulated continuous wave (FMCW) are typically used [1–3]. 

If CW is used, the speed of the object can be determined but 

not the distance. When using FMCW, both the distance and 

speed of the object can be determined, but when there are mul-

tiple targets, a ghost target is created.  

To solve this problem, FMCW and CW can be used together 

to verify the distance and speed information of multiple targets 

without a ghost target [2]. For CW, the Doppler frequency is 

added to the carrier frequency and received by the receiver, 

whereas for FMCW, the additional beat frequency, as well as 

the Doppler frequency, is received; therefore, for each case, the 

sampling rate required by the analog-to-digital converter (ADC) 

is different. If the sampling rate is high, it is advantageous that 

the switch size is large and the capacitor size is small. However, 

if the sampling rate is low, it is advantageous that the size of the 

capacitor is large, and the size of the switch is small, considering 

the charge injection and clock feed-through. Therefore, this 

work proposes a design that uses different sample-and-hold 

circuits when using FMCW and CW. 

In ADC, the sample-and-hold circuit, and the capacitive 

digital-to-analog converter (CDAC) are mainly used together. 
That is, the CDAC acts as a capacitor for the sample and hold  

circuits. However, in the case of CDAC, the small design of unit 

capacitors will have a negative impact on performance because 
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matching characteristics have a very large impact on linearity. 

Eq. (1) represents the resistance of the switch when the 

switch is designed as NMOS, as shown in Fig. 1, and Eq. (2) 

shows the error in the output of the sample-and-hold consider-

ing the charge injection. 
 

       𝑅 = ( / )( ), (1)

       𝛥𝑉 = ( )
. (2)

 

Eq. (1) and Eq. (2) show that there is a trade-off relationship 

between 𝑅  and charge injection, depending on the size of 

the switch [4]. Fig. 2 shows the spurious free dynamic range 

(SFDR) according to the input frequency and size of the CMOS 

switch. The sampling rate is based on Nyquist sampling. If the 

sampling rate is high, the larger switch provides a higher signal-

to-noise distortion ratio (SNDR), and if the sampling rate is low, 

the smaller switch provides a higher SNDR. 

Therefore, in this work, when using FMCW, the switch’s 

clock was bootstrapped, and the sampling capacitor was used 

separately. When using CW, a small switch was used, and CDAC 

was designed to act as a capacitor for the sample-and-hold circuits.  

Further, the DC offset of ADC, which causes errors in dis-

tance or speed, is eliminated primarily by signal processing in 

DSPs; however, in this work, we designed circuits that calibrate 

offset in analog-integrated circuits. In general, offset calibration 

in the comparator includes auto-zeroing [5], which is a method 

of sampling offset charge, or a method of compensating 𝑉  

mismatch by changing the body voltage on both sides of the 

input MOSFET through a charge pump and phase detector [6].  

However, in the case of auto-zeroing, the successive approxi-

mation register (SAR) ADC requires a preamp with a high gain, 

which slows the ADC’s operating speed. The disadvantage of 

changing body voltage is that if the offset is too large, too much 

change in body voltage can lead to leakage from the body to the 

source or body to drain, and the addition of a switch used in 

offset calibration mode slows the capacitor down. To overcome 

these shortcomings, this paper calibrates offset using a method 

of changing 𝑉 . 

The remainder of this paper is organized as follows: Section 

II describes the structure of the proposed ADC and the descrip-

tion of each block, Section III describes the simulation results, 

and Section IV concludes this paper. 

II. ARCHITECTURE AND CIRCUIT DESCRIPTION 

Fig. 3 shows the block diagram of the SAR ADC. First, in 

the offset calibration phase, the SAR control logic does not 

work, and the offset of the comparator is calibrated. As shown 

in Eq. (3), the offset can be reduced if the input MOSFET is 

large [7]. 
 𝑉 ≃ 𝛥𝑉 ℎ , + ℎ , ,, +

𝛥𝑉 ℎ , + ℎ , ,, . (3)
 

However, there are two disadvantages to designing an input 

MOSFET large. First, the kickback noise caused by the clock 

of the comparator increases. Second, the CDAC produces a 

gain error equal to 𝐶 /(𝐶 + 𝐶 ). In particular, the size of the 

sampling capacitor used in the FMCW mode was smaller in 

this work, which is more fatal. Therefore, the size of the input 

MOSFET is designed to be calibrated instead of the small size  
Fig. 1. Sample-and-hold using NMOS as a switch. 

 

 
Fig. 2. SFDR by input frequency and switch size. 

 
Fig. 3. Block diagram of the proposed SAR ADC.
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of the input MOSFET designed to be calibrated. 

In the A/D conversion phase, the offset calibration logic does 

not work, and the differential input signal enters two paths, and 

the magnitude of the output voltage at paths 1 and 2 determines 

the output of the comparator. In the FMCW mode, the input 

enters path 1, and the input switch in path 2 is designed to 

always be open. At this point, the sampled input in path 1 is 

output, and at path 2, the voltage that is feedback through the 

comparator, control logic, and CDAC is output. Conversely, in 

the CW mode, the input enters path 2, the input switch in path 

1 is always open, and the output of path 1 is always designed to 

be common-mode voltage (𝑉 ). In path 2, the sampled input 

and the voltage from the CDAC are added to the output. In 

both paths 1 and 2, input is sampled using the bottom plate 

sampling technique, in CDAC in path 2, 𝑉  based switching 

is used to reduce area and energy consumption, and a bridge 

capacitor is used. Further, in path 1, the switch uses a bootstrap 

circuit to sample fast inputs, and in path 2, a transmission gate 

switch with a simpler structure and less power consumption 

than the bootstrap circuit is used because it does not sample fast 

inputs. 
Fig. 4 shows a schematic of the bootstrap circuit. In the 

track-and-hold circuit, the sampling speed is determined by the 

value of the 𝑅  of the MOSFET and the value of the sam-

pling capacitor. If only a simple NMOS is used as a switch, it 

causes nonlinearity that changes 𝑉  according to 𝑉 . However, 

the use of bootstraps can prevent 𝑅 ’s value from changing as 𝑉  changes by fixing the value of 𝑉  [8]. However, as shown 

in Eq. (4), the change in 𝑉  caused by the body effect follows 

the change in 𝑉 . 
 

       𝑉 = 𝑉 + 𝛾( 2∅ + 𝑉 − 2∅ ). (4)
 

The change in 𝑉  causes a change in Ron and a change in 

charge injection [9]. To prevent the 𝑉  from changing due to 

the body effect, the body is connected to the 𝑉  during the 

sampling phase. In the hold phase, the body is connected to the 

ground to prevent leakage from the body to the output. 

Fig. 5 is a schematic of the comparator designed with four 

inputs based on a double tail current comparator [10]. The 

double-tail current comparator is more advantageous than the 

commonly used strong-arm latch in terms of current consump-

tion, delay, and offset compared to the commonly used strong-

arm latch. 

Fig. 6 shows a circuit diagram of the CDAC. 𝑉 -based 

switching technique is used to reduce the area and switch energy 

consumption, and the total area is greatly reduced using bridge 

capacitors [11]. The size of the bridge capacitor is equal to that 

of the unit capacitor. 

Fig. 7 shows a block diagram of the offset calibration. We 

propose a method for offset calibration by controlling the refer-

ence voltage according to the output result of the comparator in 

the offset calibration phase. If offset is present, the action is to 

bring the values of 𝑉 ,  close to 𝑉 ,  +  𝑉 , as shown 

in Fig. 8. 

 
Fig. 4. Schematic of the bootstrap circuit. 

 
Fig. 5. Schematic of the comparator. 

 

 
Fig. 6. CDAC with a split capacitor. 
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Fig. 7. Block diagram of offset calibration. 

 

 
Fig. 8. Flowchart of offset calibration. 

 

Fig. 9(a) shows a circuit diagram of the offset control logic, 

and Fig. 9(b) shows a circuit diagram of the reference voltage 

with the switch. If offset is present, the offset is compensated by 

increasing 𝑉 , , or 𝑉 ,  according to the output of the 

comparator. Fig. 10 shows 𝑉 ,  following 𝑉 ,  when the 

offset is modeled at 10 mV using an ideal source of voltage 

without a mismatch. 

Before and after calibration, a Monte Carlo simulation was 

carried out to check the offset of the capacitor. As shown in Fig. 

11, the offset of the comparator before calibration was -46 mV 

and 50 mV in the worst case. By contrast, after calibration, the 

offset was -4 mV and 4 mV in the worst case. Table 1 compares 

offsets before and after calibration. 

 

 
Fig. 10. Calibrated offset using 𝑉  change. 

 

 
Fig. 11. Monte Carlo simulation results. 

 

Table 1. Offset statics without and with calibration (unit: mV) 

Calibration

Before After

Mean of absolute offset 14.78 1.54

Min offset -46 -4

Max offset 50 4

 
(a) 

 
(b) 

Fig. 9. (a) Offset control logic and (b) reference voltage with switch.
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III. SIMULATION RESULT 

Fig. 12 shows the results of the fast Fourier transform (FFT) 

simulation of the designed ADC. This result is a pre-simulation 

result, but a capacitance of 5 fF was applied to the intermediate 

node of each block in consideration of the value of parasitic 

capacitance that may occur during the layout. Fig. 12(a) is 

obtained when the input enters path 1, and the input frequency 

is determined to be close to 10 MHz, considering coherent 

sampling. Fig. 12(b) shows that the input enters path 2, and the 

input frequency is similarly determined to be around 50 kHz, 

considering coherent sampling. Simulation results show that if 

the input enters path 1, it obtains an SFDR of 64.62 dB, an 

SNDR of 57.35 dB, and an effective number of bits (ENOB) of 

9.23 bits. Power consumption is 0.3481 mW, and figure-of-

merit (FOM) is 28.9 fJ/Conv-Step. If the input enters path 2, it 

obtains an SFDR of 60.53 dB, an SNDR of 55.76 dB, and an 

ENOB of 8.97 bits. Power consumption is 1.72 μW and FOM 

is 34.2 fJ/Conv-Step. Tables 2 and 3 compare performance with 

other works [12–17]. As shown in the tables, the ADC pro-

posed in this work uses two different input paths according to 

the input frequencies, so it does not degrade the SNDR or 

SFDR compared to ADCs with different sampling rates. 

 

 
(a) 

 
(b) 

Fig. 12. Simulated frequency spectrum on (a) path 1 and (b) path 2. 

Table 2. Comparison of SAR ADC with a comparable sampling 

rate when using path 1 

This work 

(path 1)a 

Kim et al. 

[12] 

Liu et al. 

[13]

Chung et al. 

[14]

Technology (nm) 65 65 130 130

Supply voltage (V) 1.2 0.6 1.2 1.2

Resolution (bit) 10 12 10 12

Sampling rate (S/s) 20M 10M 50M 40M

SNDR (dB) 57.35 64.3 52.8 62.5

SFDR (dB) 64.62 83.8 - 73

ENOB (dB) 9.23 10.4 8.48 10.08

Power (mW) 0.3481 0.083 0.92 1.32

FOM (fJ/Conv-Step) 28.9 6.2 52 30.4

aPre-simulation result. 

 

Table 3. Comparison of SAR ADC with comparable sampling 

rates when using path 2 

This work 

(path 2)a 

Sadollahi 

et al. [15] 

Xie et al. 

[16]

Tang et al. 

[17]

Technology (nm) 65 180 130 65

Supply voltage (V) 1.2 0.75 3.3 0.9

Resolution (bit) 10 11 10 10

Sampling rate (S/s) 100k 10k 100k 1k

SNDR (dB) 55.76 60.5 60.4 56.5

SFDR (dB) 60.53 72 69.2 75.3

ENOB (dB) 8.97 9.76 9.75 9.1

Power (mW) 1.72 0.25 8.25 0.0058

FOM (fJ/Conv-Step) 34.2 28.8 95.8 10.94

aPre-simulation result. 

IV. CONCLUSION 

This paper shows the design results in the TSMC 65 nm 

process and uses a supply voltage of 1.2 V. We designed a suita-

ble SAR ADC for multimode radar transceivers. In both modes, 

inputs are designed to fit in different paths, both with a resolu-

tion of 10 bits. The ADC was designed to operate at sampling 

rates of 20 MS/s and 100 kS/s, respectively, and when Nyquist 

sampling was performed, path 1 obtained an SFDR of 64.62 dB, 

an SNDR of 57.35 dB, and an ENOB of 9.23 bits. Power con-

sumption was 0.3481 mW, and FOM was 28.9 fJ/Conv-Step. 

In the case of path 2, SFDR was 60.53 dB, SNDR was 55.76 

dB, ENOB was 8.97 bits, power consumption was 1.72 μW 

and FOM was 34.2 fJ/Conv-Step. The design also configured a 

circuit for offset calibration of the comparator to reduce the 

offset from -46 mV/+50 mV to -4/+4 mV in the worst case. 
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I. INTRODUCTION 

Bandwidth deficiency is a major challenge because of the ex-

ponential rise in data usage and transmission on wireless devices 

and multimedia applications [1]. Frequencies ranging from 300 

MHz to 3 GHz (ultra-high-frequency band) are widely used in 

television, cellular global positioning system, Zigbee/Bluetooth, 

radio, and satellite communications. The wide spectrum in the 

3–300 GHz range remains unoccupied, referred to as the milli-

meter-wave band [2], which supports the promising demand for 

services based on the spectrum. This unoccupied spectrum fas-

cinates researchers’ attention worldwide, resulting in explorations 

of the millimeter-wave frequency band to overcome the global 

bandwidth shortage [1]. A millimeter-wave communication 

system is capable of accommodating a larger bandwidth, which 

can be directly translated into a higher data transfer rate of up to 

multiple gigabits per second [2–4]. The usage of the 24.25–86 

GHz millimeter-wave band has been considered a 5G spectrum. 

Hence, the millimeter-wave communication technique is recog-

nized as a feasible technology that can be used as the backbone 

to satisfy and support the demand for services based on the 

spectrum for next-generation 5G applications. 

Filters are one of the most significant devices that play a vital 

role in wireless communications. The major problem with filter 

designs is that the passband insertion loss is inversely related to 

the filter bandwidth. To realize the design of a compact, sharp 

filter with a low passband insertion loss useful for narrowband 

applications becomes challenging at high frequencies.  
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Many techniques are used to realize bandpass filters at higher 

5G frequencies to satisfy the present scenario demands. For 

example, metal cavity-type bandpass filters are used for millime-

ter-wave bandpass filters [5], and with the advantage of easy 

integration to a printed circuit board, substrate integrated wave-

guide filters have been expanding their application [6]. However, 

the former type is too large, and the latter is insufficient in terms 

of electrical performance. A bandpass filters at 28 GHz fre-

quency are designed, taking advantage of hybrid architecture 

planar/non-radiative dielectric waveguide technology, although 

the size of the filter is large [7]. Bandpass filter using a quartz 

crystal waveguide in a 28-GHz band was proposed in [8], 

taking advantage of temperature stability and power durability, 

but the size is also large. Waveguide topology has been used to 

design a dual bandpass filter at 26 GHz and 28 GHz, taking 

advantage of specifying bandwidths accurately for each passband 

and its inner band frequency selection provided by the chained 

response method; however, the problem remains the large size 

for millimeter-wave communications [9]. Bandpass filters are 

designed using a broadside coupled meander line resonator with 

a defective ground structure, taking advantage of small size using 

on-chip technology, although with a high fabrication cost [10]. 

Some of the filter structures that apply coupled transmission 

lines act as coupled resonators. Researchers are taking advantage 

of coupled resonator theory to design new models of coupled 

transmission lines [11]. Metamaterial structures can exhibit 

novel electromagnetic properties at microwave and millimeter-

wave frequencies that cannot be obtained using conventional 

materials. By employing metamaterial units, it is possible to 

achieve extensive miniaturization in filters based on coupled 

resonators [12]. 

Based on this background, we designed a novel, compact, and 

simple dual bandpass filter using a dual split ring resonator as a 

metamaterial structure coupled to the microstrip transmission 

line on Rogers RT/Duroid 4003C substrate material at milli-

meter-wave frequencies useful for higher 5G upper microwave 

flexible use services. 

II. DESIGN METHODOLOGY 

A dual-split rings resonator was designed, and dimensions 

were optimized to obtain better performance of the bandpass 

filter by following the metamaterial structure homogeneity con-

dition of a unit cell size less than one-fourth of the guided 

wavelength (Fig. 1). The dimensions of the dual-split ring reso-

nator are shown in Table 1.  

The feed lines were designed to match the 50-Ω microstrip 

transmission lines. The feed lines had a width of 0.825 mm. 

The dual-split rings resonator filter was designed on Rogers 

RT/Duroid 4003C substrate material with a relative permittivity 

of 3.55 and a thickness of 0.813 mm. The length and width of 

the dual-split ring resonator filter were 14 mm and 10.75 mm, 

respectively. The proposed dual-split ring resonator filter layout 

is shown in Fig. 2. Two dual-split ring resonators were coupled 

along the transmission line and resonated at two resonant fre-

quencies (also called eigenfrequencies). The strength of coupling 

is expressed using the coupling coefficient, which can be calcu-

lated from the following formula [11]: 
 

         𝐾 = , (1)
 

where 𝑓  and 𝑓  are the coupled resonance resonant frequencies. 

The resonant frequencies can be observed in electromagnetic 

simulations. The resonant frequencies can be calculated by ana-

lyzing half of the coupled resonator structure with the perfect 

electric or magnetic wall introduced in the symmetry plane. 

 
Fig. 2. Layout of the dual-split ring resonator dual bandpass filter.

 
Fig. 1. Dual-split ring resonator. 

 
Table 1. Dimensions of dual-split ring resonators 

Parameter Value (mm)

a 1.175

b 1.8

c 0.2

d 0.2

e 0.2
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Depending on the type of coupling, the eigenfrequency 𝑓  can 

be lower or higher than 𝑓 . Let us assume that the electric type 

of coupling results in 𝑓  >  𝑓  and that the magnetic type of 

coupling produces a reverse relation between eigenfrequencies. 

For this study, we assume that 𝑓  >  𝑓 . Then, formula (1) can 

be written without an absolute value sign. 

After a simple transformation, Eq. (1) becomes 
 

           𝐾 = = 𝑔 , 
(2)

 

where 𝑔 means the function, which is the same for any cou-

pled resonator. Thus, one can state that the coupling coefficient 

depends on the ratio between resonant frequencies. 

Both dual-slit ring resonators had maximum electric field 

density at the sides with open gaps at resonance. Given that the 

fringe field exhibits an exponentially decaying character outside 

the region, the electric fringe field is stronger near the side with 

the maximum electric field distribution. Electric coupling can be 

obtained if the open sides of the two coupled resonators are 

placed proximately. The coupling between resonators is proximity 

coupling, which occurs through fringe fields. The nature and 

expansion of the fringe fields determine the nature and strength 

of the coupling. 

III. EQUIVALENT CIRCUIT 

The lumped element equivalent circuit of the proposed dual 

split ring resonator dual bandpass filter is shown in Fig. 3.  

The T-circuit of L1/2, L2/2, and 2C1 and 2C2 represents the 

transmission line on each side. L3C3, L4C4, L5C5, L6C6 resona-

tors represent equivalent dual split rings resonators. The cou-

pling of transmission lines and resonators is represented using 

C7 and C8 and Inductance is represented using L7 and L8. Open 

slit gaps are represented using C9, C10, C11, and C12. The cou-

pling gaps are represented using C13, C14. Mutual inductance 

between coupling gaps is represented using L13 and L14. Induct-

ance and mutual inductance due to a T-shaped patch between 

open slits of proximately coupled resonators are represented 

using L15, L16, M15, and M16.  

The equivalent lumped element values of the proposed dual 

split rings resonator dual bandpass filter were L1 = L2 = 0.0004 

nH, C1 = C2 = 0.0375 pF, L3 = L4 = L5 = L6 = 0.8 nH, C3 = 

C4 = C5 = C6 = 0.02115 pF, C7 = C8 = 0.029 pF, L7 = L8 = 

0.85 nH, C9 = C10 = C11 = C12 = 0.02115 pF, L13 = L14 = 1.9 

nH, C13 = C14 = 0.008 pF, L15 = L16 = 0.65 nH, and M15 = M16 

= 0.707 nH. 

IV. SIMULATION AND EQUIVALENT CIRCUIT RESULTS 

AND ANALYSIS 

The proposed dual-split ring resonator dual bandpass filter 

was simulated using the HFSS simulator (ANSYS Inc., Can-

onsburg, PA, USA) and the finite element method. The 

equivalent circuit of the proposed dual-split ring resonator dual 

bandpass filter was simulated using an AWR design environ-

ment (Cadence Design Systems Inc., San Jose, CA, USA). The 

comparison of S-parameters S11, S21, S22, S12 for HFSS simula-

tion and lumped element equivalent circuits are shown in Figs. 

4 and 5. The proposed design resonated in the frequency range 

from 23.6 to 25.6 GHz and 27.9 to 28.25 GHz using an HFSS 

simulation. The frequency of the lumped equivalent circuit 

 
Fig. 3. Equivalent circuit for dual-split ring resonator dual band-

pass filter. 

 
Fig. 4. Comparison of S11 and S22 for simulation and equivalent circuit. 

 

 
Fig. 5. Comparison of S21 and S12 for simulation and equivalent circuit.
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ranged from 23.8–24.35 GHz and 27.7–28.2 GHz. The center 

frequencies were 24.6 GHz and 28 GHz, respectively, for the 

HFSS simulation and 24.075 GHz and 27.95 GHz for equiva-

lent circuits. The fractional bandwidth of the proposed design 

was 8.1% and 1.1% for both bands, respectively, using the 

HFSS simulation and 2.28% and 1.78% using the AWR simu-

lation. The insertion loss was less than 1 dB in both bands for 

the HFSS simulation and less than 0.5 dB in the AWR simula-

tion for lumped element equivalent circuits.  

The proposed dual-split ring resonator dual bandpass filter 

was fabricated and measured to validate its performance using 

the network analyzer N5222A. The fabricated prototypes of the 

proposed dual-split ring resonator dual bandpass filter are 

shown in Figs. 6–8. The comparison of S-parameters S11, S21, 

S22, S12 for HFSS simulation and measurement are shown in 

Figs. 9 and 10. The proposed design resonated in the frequency 

range of 23.6–25.6 GHz and 27.9–28.25 GHz using HFSS 

simulation. The frequency range for the measurement results 

 
Fig. 6. Top view of fabricated prototype for dual-split ring resonator 

dual bandpass filter. 

 

 
Fig. 7. Bottom view of fabricated prototype for dual-split ring res-

onator dual bandpass filter. 

 
Fig. 9. Comparison of S11 and S22 for simulation and measurement. 

 

 
Fig. 10. Comparison of S21 and S12 for simulation and measurement.

 
Fig. 8. Top view of fabricated prototype along with aluminum 

mounting box for dual-split ring resonator dual bandpass 

filter. 
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was 23.8–25.98 GHz and 28.05–28.7 GHz. The center fre-

quencies were between 24.6 GHz and 28 GHz, for the HFSS 

simulation, and 24.79 GHz and 28.37 GHz with the measure-

ment. The fractional bandwidth of the proposed design was 8.1% 

and 1.1% for first band and second band respectively, using 

HFSS simulation. The fractional bandwidth of the proposed 

design was 8.8% and 2.2% for first band and second band, 

respectively, with the measurement. The insertion loss was less 

than 1 dB in both bands for the HFSS simulation and less than 

4.2 dB for the measurement results.  

Due to the use of proximity coupling for microstrip dual-split 

ring resonator dual bandpass filters, insertion loss with less than 

4.2 dB was observed even at higher frequencies. The main design 

occupies the area of 2.6 mm × 1.8 mm, which is 0.4λg × 0.27λg, 

where λg is the guided wavelength at a center frequency of the 

first band. The overall circuit size of the filter was 14 mm × 

10.75 mm. From the comparison in Table 2 [6–11, 13, 14], we 

can conclude that the proposed design is compact, and dual 

bands can be observed using microstrip technology, which is 

compact and economically feasible. 

V. CONCLUSION 

A novel, simple, and compact dual bandpass filter was de-

signed using dual-slit ring metamaterial resonator structures by 

proximately coupling along the microstrip transmission line. 

The proposed filter centered at two resonant frequencies, 24.79 

GHz and 28.37 GHz, is useful for terrestrial wireless operations, 

fixed-satellite service earth stations, and mobile communications. 

A minimum insertion loss of 4.2 dB was obtained in the overall 

passband for both bands, even at a higher 5G band, using Mi-

crostrip Technology. Thus, our proposed dual split ring resona-

tor dual bandpass filter had good performance characteristics.  

Future studies can fabricate the prototype of this filter using 

additive manufacturing, which can improve the design freedom 

and productivity of compact designs required at the millimeter-

wave frequencies, offering more time and cost savings. 
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I. INTRODUCTION 

Wireless implanted medical devices (IMDs) have been used 

commonly in biomedical applications. They can assist in 

monitoring a patient’s temperature and blood pressure; as well 

as detecting interior bodily problems, such as rapid heartbeat, 

brain hemorrhage and transmitting signals to external monitor-

ing or control equipment. The medical implant communication 

service (MICS) band at 401–406 MHz; and the wireless medical 

telemetry service (WMTS) band at 1,395–1,400 and 1,427–

1,432 MHz have been accepted worldwide for transmitting 

data for implantable medical devices, due to these advantageous 

properties of the bands: good conductivity in the human body, a 

higher data rate, and a large communication range [1]. 

Currently, the integrated battery in IMDs has several draw-

backs, such as limited lifetime, large size, and the incremental 

possibility of tissue inflammation [2]. To overcome this re-

striction, the wireless powering technique is used to minimize 

size and ensure energy-supplying continuity for the implanted 

receiver system [3, 4]. Furthermore, the industrial, scientific, and 

medical (ISM) band at 2.45 GHz has been chosen in recent 

studies for its wireless power transfer (WPT) capabilities [5, 6]. 

At a high frequency, losses in the human tissue increase, whereas 

at a lower frequency, the losses reduced easily transmit signals,  

JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 4, 440~446, JUL. 2022 

https://doi.org/10.26866/jees.2022.4.r.107

ISSN 2671-7263 (Online) ∙ ISSN 2671-7255 (Print)

 

A Miniaturized Implantable Antenna for Wireless  

Power Transfer and Communication in  

Biomedical Applications 
Lam Vu Tung ∙ Chulhun Seo*  

 

 
   

Abstract 
 

A miniaturized, triple-band, implantable antenna for biomedical applications is presented in this paper. The proposed antenna with 
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but it requires a large antenna size. Additionally, there are 

challenges related to gain and bandwidth in the design of im-

plantable antennas. To make reasonable solution, the MICS and 

WMTS bands are used for data transmission with an optimized 

bandwidth, while the ISM band is used to transfer power with 

high gain characteristics. Moreover, an implantable antenna of a 

small size can reduce the risk of infection and increase durability. 

Recently, the planar inverted–F antenna (PIFA) [7–9], the 

meander-line (ML) antenna [10], and the loop antenna [11] 

have been widely used for implantable devices. Because they 

operate at multiple bands, using the shorting pin, ground slot, 

or shunt capacitor can easily adjust to the desired resonant 

frequencies [12]. 

In this paper, a miniaturized implantable antenna is designed 

based on the new structure of an ML antenna combined with a 

shorting pin and the ground slot to operate at the MICS (402 

MHz), WMTS (1.4 GHz), and ISM (2.45 GHz). The position 

of the shorting pin and feeding at the ML conductive are ana-

lyzed to ensure that the antenna can operate exactly at the triple 

bands. The proposed antenna is compact in size: 8.1 mm × 

8.1 mm × 0.64 mm. It also simultaneously operates in two 

modes: data transmission at the MICS and WMTS bands for 

communication, and wireless power transfer at the ISM band, 

making it suitable for biomedical applications. The antenna is 

simulated and measured within the homogenous muscle tissue. 

Finally, the SAR value is simulated to verify the safety of the 

antenna in the human body. 

II. DESIGN OF IMPLANTED ANTENNA 

1. Simulation Setup 

The proposed antenna is simulated in a homogeneous muscle 

phantom, a single-layer tissue box with a dimensions of 100 mm 

× 100 mm × 50 mm. The properties of the muscle tissue are 

reported in [13], where the dielectric (𝜀 ) and conductivity (𝜎) 

are dependent on the frequency: 𝜀 = 57.1  and 𝜎 = 0.79 

(S/m) at 402 MHz, 𝜀 = 54.1 and 𝜎 = 1.14 (S/m) at 1.4 

GHz, and 𝜀 = 52.7 and 𝜎 = 1.74 (S/m) at 2.45 GHz. The 

implantation depth of the antenna is 5 mm below the surface 

of the muscle, as shown in Fig. 1(a). The ANSYS High-

Frequency Structure Simulator (HFSS) is used to analyze the 

full-wave electromagnetic simulation of the antenna, and the 

specific absorption rate (SAR) value is calculated based on the 

human model. 

 

2. Antenna Structure and Analysis Parameters 

Fig. 1(b) shows the configuration of the proposed implanted 

antenna. The antenna consists of a substrate, superstrate, an ML 

conductive material, a shorting pin, and a ground plane. The 

Taconic RF-10 substrate (𝜀 = 10 and tan𝛿 = 0.0035) is used 

for both the superstrate and the substrate with the same thick-

ness of 0.64 mm and the dimensions of 8.1 mm × 8.1 mm. The 

superstrate acts as a separation layer between the ML conduc-

tive and the surrounding environment, reducing the amount of 

heat that reaches the muscle tissue. Additionally, the insulating 

material with a higher dielectric constant can produce a higher 

maximum power transfer efficiency value and increase the radi-

ating electric field, as investigated in [14]. The ML conductive 

at the top of the substrate is connected to the ground plane at 

the bottom by a shorting pin with a diameter of 0.3 mm, and 

the geometry of the ML conductive is shown in Fig. 1(c). The 

antenna is excited by using a 50-Ω coaxial feeding port. Back-

ward radiation from the implanted antenna harms the human 

body, and the ground plane reduces the effect of radiation on 

tissues. The final optimized dimensions of the proposed antenna 

are presented in Table 1. 

Fig. 2(a) shows the effect of the antenna’s reflection coeffi-

cient when utilizing the shorting pin and ground slot. The con-

ventional ML antenna without both the shorting pin and the 

ground slot resonates at a single band of 1.9 GHz. The lower 

frequency band is shifted to 402 MHz by an insertion shorting 

pin, which is the prolongation of the current path from the ML 

conductive to the ground plane, increasing the electrical length 

of the antenna. The ML conductive is shorted at the end. 

Therefore, at this frequency, the ML conductive has the same 

current distribution as shown in Fig. 3(a). With the shorting pin,  

(a)                            (b) 

 
(c)                           (d) 

Fig. 1. Configuration of the implanted antenna: (a) perspective 

view, (b) side view, (c) geometry of ML conductive, and (d) 

ground plane. 
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Table 1. Parameter values of the antenna (unit: mm) 

Symbol Value Symbol Value

L1 8.1 L10 3.2

L2 7.9 L11 3.6

L3 1.75 L12 2.15

L4 1.1 L13 1.1

L5 5.75 L14 2.35

L6 4.7 L15 2.4

L7 0.65 L16 2.65

L8 2.15 L17 5.4

L9 1.25 W 0.4

 

 
(a)                       (b) 

 
(c)                       (d) 

Fig. 2. Reflection coefficient of the antenna: (a) effect of the shorting 

pin (SP) and ground slot (GS), (b) change in the position of 

the SP, (c) change in the position of feeding, and (d) change 

the width of the ML conductive. 

 

 
Fig. 3. Distribution current at the resonant frequency on the ML 

conductive: (a) 402 MHz, (b) 1.4 GHz, and (c) 2.45 GHz. 

the antenna concurrently operates at the MICS and ISM bands. 

To generate one more resonant frequency, the impedance charac-

teristic at the WMTS band can be compensated for by the 

ground slot. With the long distance between a slot with a short-

ing pin and a feeding as shown in Fig. 1(d), the ground slot can 

yield good impedance at 1.4 GHz and does not significantly 

affect other resonant frequencies. 

The impedance characteristics are also affected by the position 

of the shorting pin. As mentioned before, the shorting pin directly 

influences the current path. Hence, all resonant frequencies are 

varied when the shorting pin on the ML conductive is moved, 

as shown in Fig. 2(b). Meanwhile, the high-frequency behavior 

at the ISM band has been greatly affected by the feeding posi-

tion. It can be observed that the feeding at position (1) in Fig. 2(c) 

can improve the reflection coefficient of the MICS and WMTS 

bands. However, it changes the current path between the short-

ing pin and the feeding at the ML conductive, which vanishes 

the resonant frequency of the ISM band. As a result, the imped-

ance at all frequency bands is satisfied at position (2). Fig. 2(d) 

presents the difference of the reflection coefficient with the vari-

ation of the parameter W. It can be seen that the resonant fre-

quencies are not affected much by changing the width of the 

ML conductive. 

Fig. 3 shows the current distributions at desired resonant fre-

quencies. The ML conductive is divided into two parts at the 

feeding position. The current distribution at the ISM band con-

centrates between the feeding and the shorting pin of the ML 

conductive, whereas the current distributions at the MICS and 

WMTS bands are along the ML conductive without the shorting 

pin. The current with the same direction in the ML conductive 

is shown in Fig. 3(a) at 402 MHz. According to [9], it operates 

in the quarter-wavelength mode. In contrast, the currents at 1.4 

GHz and 2.45 GHz (Fig. 3(b) and 3(c)) are inversely directed at 

several positions in the ML conductive, in a full-wavelength 

mode. 

III. FABRICATION, MEASUREMENT, AND DISCUSSION 

The fabricated prototypes are shown in Fig. 4(a), and the sub-

strate and superstrate are glued together. Moreover, the meas-

urement setup for the proposed antenna is shown in Fig. 4(b). 

The measurement is implemented with the vector network 

analyzer (VNA Protek A333). The antenna is placed under 

5 mm in pork muscle with the size of 100 mm × 100 mm × 

50 mm, and connected to the feeding port. The dielectric prop-

erty of the pork muscle for measurement is similar to human 

tissue. The comparison of reflection coefficients between the 

simulation and measurement results is presented in Fig. 5. It can 

be seen that the proposed antenna exhibits resonant frequencies 

at 402 MHz, 1.4 GHz, and 2.45 GHz with impedance band-
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widths at -10 dB of 10.1% (390.3–431.2 MHz), 15.7% (1.38–

1.6 GHz), and 9.58% (2.37–2.6 GHz). These bandwidths are 

wide enough for the MICS (401–406 MHz), WMTS (1,395–

1,400 MHz, 1,427–1,432 MHz), and the ISM band (2,400–

2,500 MHz). The difference between the measurement and 

simulation results due to fabrication tolerance is negligible. The 

far-field radiation patterns are measured in a microwave chamber, 

as shown in Fig.4(c). Fig. 6 shows a comparison of the simulated 

and measured radiation pattern results on the XOZ and YOZ 

planes at the triple desired frequencies. The peak gains are -35.7 

dBi, -25.1 dBi, and -19.5 dBi at 402 MHz, 1.4 GHz, and 

2.45 GHz, respectively. At 402 MHz (MICS) and 1.4 GHz 

(WMTS), the radiation patterns are nearly omnidirectional, 

which is an advantage in communication. Meanwhile, directional 

radiation at 2.45 GHz (ISM) could be achieved with a high 

gain, improving the performance of wireless power transfer. A 

slight difference between the measured and simulated results is 

recorded due to the unstable position of the antenna in the muscle 

tissue. 
The SAR value verifies electromagnetic field absorption in 

the human body. The greater the SAR value, could cause burns 

inside the human tissue. The SAR value of the proposed antenna 

is calculated in various implantation scenarios, such as in the 

head model and the human torso as illustrated in Fig. 7. With 

an input power of 1 W (30 dBm), the peak SAR values are 

473.2 W/kg and 591.8 W/kg over the head model and the  

 

 
Fig. 7. Average SAR distribution of 1-g for the different implantable 

scenarios: (a) head model and (b) human torso. 

 
(a)                     (b) 

 
(c) 

Fig. 4. Fabricated and measured implanted antenna: (a) antenna 

fabricated prototypes, (b) setup for the reflection coefficient 

measurement, and (c) setup for the radiation pattern measure-

ment. 

 

 
Fig. 5. Reflection coefficient of the implanted antenna. 

 

 
(a) 

 
(b) 

 
(c) 

Fig. 6. Comparison of simulated and measured radiation patterns: 

(a) 402 MHz, (b) 1.4 GHz, and (c) 2.45 GHz. 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 4, JUL. 2022 

444 
   

  

human torso, respectively. At a frequency range from 100 kHz 

to 300 GHz, the SAR is limited to 1.6 W/kg over 1-g of human 

tissue [15]. Therefore, after reducing the antenna input power to 

keep SAR within the safety limit, the threshold power for the 

implanted antenna is 3.45 mW for the head and 2.81 mW for 

the torso. The detailed SAR values and corresponding allowable 

maximum input power at the triple band are shown in Table 2. 

On the other hand, Table 3 shows a summarized comparison of 

the proposed antenna with related studies in terms of antenna 

type, dimensions, operating frequency, bandwidth, and peak 

gain [7, 9–11, 16–18]. The proposed antenna can be seen to 

have advantages in compactness and uniform bandwidth at 

triple frequencies, but the gain remains limited by its small size. 

IV. CONCLUSION 

In this paper, a triple-band ML antenna is proposed for 

implantable biomedical applications. The antenna is composed 

of an ML conductive with a shorting pin and a ground slot, and 

operates at the MICS band (401–406 MHz), WMTS band 

(1,395–1,400 MHz, 1,427–1,432 MHz), and ISM band (2.4–

2.5 GHz) with impedance bandwidths of 10.1%, 15.5%, and 

9.58% and peak gain of -35.7 dBi, -25.1 dBi, and -19.5 dBi at 

402 MHz, 1.4 GHz, and 2.45 GHz, respectively. The miniatur-

ized implantable antenna with dimensions of 8.1 mm × 8.1 mm 

(volume of 41.9 mm3), simultaneously operates in two modes: 

power transmission and data telemetry. The proposed antenna is 

fabricated and measured to verify the simulation results. 

Table 3. Comparison of the implantable antenna with related works 

Study Type Size Volume (mm3) Freq. (GHz) BW (%) Peak gain (dBi) Depth (mm)

Le Trong et al. [7] PIFA π × 112 197 0.402 

1.43 

2.40

13.7 

6.6 

12.2

–33 

–21.9 

–19.6 

4 

Shah et al. [9] PIFA 7 × 6.5 17.15 0.402 

1.6 

2.45

36.8 

10.7 

8.9

–34.1 

–22.6 

–18.2 

3 

Shah and Yoo [10] ML 5.6 × 6 6.72 0.915 

1.9

9.83 

27.9

–26.8 

–18.8 

5 

Wang et al. [11] Loop 12 × 12 91.44 0.402 

0.902

137 –32 

–34 

5 

Gani and Yoo [16] PIFA 14 × 7.5 52.5 0.402 

0.915 

2.45

15.9 

9.95 

4.29

–40.8 

–32.9 

–22.4 

3 

Bao et al. [17] PIFA 15 × 11 104.3 0.4 

0.915 

2.45

11.7 

9.44 

19.8

–29.7 

–24.9 

–23.2 

42.5 

Zada and Yoo [18] PIFA 7 × 6 21 0.915 

1.8 

2.45

8.7 

8.2 

7.3

–26.4 

–23 

–20.5 

4.5 

This work ML 8.1 × 8.1 41.9 0.402 

1.4 

2.45

10.1 

15.5 

9.6

–35.7 

–25.1 

–19.5 

5 

Table 2. Simulated average SAR value for 1-g of tissue 

Human body 

tissue 

Frequency 

(GHz) 

1-g average  

SAR (W/kg) 

Max input 

power (mW)

Head 0.402 311.6 5.12

 1.4 392.2 4.18

 2.45 473.2 3.45

Torso 0.402 390.2 4.21

 1.4 483.6 3.38

 2.45 591.8 2.81
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I. INTRODUCTION 

Radars have been widely used for remote detection of objects 

for military and commercial applications since its introduction 

in the 1930s. Conventional radars are based on "linear" detec-

tion—i.e., the radar uses the same transmit and receive frequen-

cies and receives the transmitted pulse reflected from targets to 

determine their presence, distance, and speed. However, there is 

a limitation in linear radars in that it is difficult to detect an 

object with a relatively small scattering cross section, such as 

small electronic devices [1]. To overcome this limitation, "non-

linear" detection was proposed in the 1970s, which allows for 

the detection of the nonlinear responses of semiconductor 

junctions included in electronic devices [2]. For objects with 

nonlinear characteristics, an incident radar signal can excite 

nonlinear responses, which may refer to the harmonics or inter-

modulation of the incident signal produced by the nonlinear 

interaction in semiconductor devices [3–5]. If the reception is 

performed in the frequency band of the nonlinear response, it is 

possible to eliminate the linear responses and only receive non-

linear responses, thus being able to detect small electronic 

targets in the presence of linear targets with larger cross sections, 

which is difficult with linear radar techniques. 

Hence, nonlinear radars require a different analysis and signal 

processing from conventional linear radars in order to detect 

electronic targets, since nonlinear interaction and scattering 

must be considered in the process. The radar cross section (RCS) 

of nonlinear targets is determined by the amount of nonlinear 

response backscattered to the radar, which is nonlinearly de-

pendent on the incident power and electronics inside the target. 
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Therefore, for a given nonlinear radar system, predicting and 

analyzing the "nonlinear RCS" of targets of interest would be 

important. 

Recently, research on nonlinear radars based on harmonic and 

intermodulation detection using continuous wave (CW) and 

stepped frequency CW signals has been conducted [6–10]. The 

distinct capabilities of nonlinear radars allow them to be utilized 

over a wide range of applications. For military and security pur-

poses, nonlinear radars can detect and identify concealed threat 

electronic devices as well as electronic devices beyond walls. In 

addition, nonlinear radars can be applied to search-and-rescue 

by detecting electronic devices possessed by personnel buried 

under ground due to natural disasters, such as avalanches and 

landslides. For medical purposes, vital signs can be sensed using 

harmonic tags [11]. 

In this paper, we present an experimental analysis of the non-

linear RCS of various electronic devices that we consider targets 

of interest. The nonlinear radar system considered here is a 

harmonic radar designed to detect the second harmonic re-

sponses of targets. We used an experimental apparatus that 

represents a harmonic radar system for detecting electronic targets 

at a short range (up to several meters) to measure the nonlinear 

RCS of various electronics devices. 

This paper is organized as follows. We first define the "appar-

ent RCS" and derive its mathematical representation from the 

conventional radar equation. We then define the nonlinear RCS 

and its relation to the apparent RCS, which allows the nonlinear 

radar equation to be derived. By applying the derived equations 

to the measured target responses, we calculate and analyze the 

nonlinear RCS of the targets. 

II. ANALYSIS OF NONLINEAR RADAR EQUATION 

To analyze the nonlinear RCS of a target, it is essential to use 

a proper radar equation accustomed to nonlinear radars. In the 

case of nonlinear detection (harmonic-based), unlike the con-

ventional linear radar equation, the radar cross section must be 

calculated based on the nonlinear response. Hence, it is neces-

sary to express the radar equation, including the nth harmonic 

response of the target. Fig. 1 shows a simple schematic of non-

linear detection from the transmitter (Tx) to the receiver (Rx) 

for a nonlinear target at a distance of R. First, we start with the 

traditional linear radar equation format: 

 

 
Fig. 1. Schematic of a radar system targeting nonlinear objects. 

 

        𝑃 = , (1)
 

where for harmonic detection, 𝜎 is the RCS as seen by the 

radar, 𝑃  is the transmit power at the fundamental frequency, 𝐺  is the gain of the transmitting antenna at the fundamental 

frequency, 𝐺  is the gain of the receiving antenna at the har-

monic frequency, and 𝜆 is the wavelength of the harmonic 

frequency. Eq. (1) can be re-expressed by separating the trans-

mit, scattering, and receive parts of the process as 
 

     𝑃 = ⋅ 𝜎 ⋅ ⋅ 𝐺 . 
(2)

 

The first term in Eq. (2) describes the transmitted power 

density incident at the target, while the second term is the ap-

parent RCS, 𝜎′, as seen by the radar. Note that 𝜎′ = 𝜎. The 

third term describes the power spread of the target response 

traveling back toward the Rx antenna. Finally, the last term 

contains the effective area of the Rx antenna. The total received 

power 𝑃  is the product of the aforementioned terms. 

Here, the radar equation is analyzed by treating the target as 

an effective antenna with an effective area [12–14]. By applying 

the process of nonlinear interaction at the target to Eq. (2), we 

can derive the nonlinear radar equation in a few steps as follows: 

the transmitted power density incident at the target can be ex-

pressed as the first term of Eq. (2). Assuming that the target has 

an effective area of 𝐴 , the power received by the target, 𝑃 , 

can be expressed as 
 

           𝑃 = ⋅ 𝐴 . (3)
 

The power excited from the nonlinear interaction in the target, 𝑃 , can be expressed in the form of a power series (assuming 

memoryless): 
 

           𝑃 = ∑ 𝑎 ⋅ 𝑃 , (4)
 

where 𝑎  is a scaling coefficient of the nth harmonic produced 

by the nonlinear characteristic of the target. The power at the 

nth harmonic, 𝑃 , can be extracted from the series in Eq. (4) 

and expressed as 
 

        𝑃 = 𝑎 ⋅ 𝑃 . (5)
 

Therefore, when the effective transmission gain of the target 

at the nth harmonic frequency is given as 𝐺 , the scattered 

power from the target can be expressed as 
 

         𝑃 = 𝐺 ⋅ 𝑃 . (6)
 

As 𝑃  travels back the distance of R toward the Rx antenna, 

the incident received power density, 𝑆 , can be expressed as 
 

         𝑆 = . (7)
 



OH et al.: MEASUREMENT OF NONLINEAR RCS OF ELECTRONIC TARGETS FOR NONLINEAR DETECTION 

449 

  
 

By rearranging the terms in Eq. (7) using Eqs. (3)–(6) to be in 

line with Eq. (2), it can be rearranged as 
 

      𝑆 = 𝐺 𝑎 𝐴 . (8)
 

The second term in Eq. (8) corresponds to the apparent RCS, 𝜎 , which corresponds to the nth harmonic response scattered 

from the target. The parameters related to the nonlinear charac-

teristics of the target are grouped together and defined as the 

nonlinear RCS, 𝜎 , which is then related to 𝜎  as 
 

       𝜎 = ⋅ 𝜎 . (9)
 

The nonlinear RCS, 𝜎 , describes the physical and nonlinear 

characteristics of the target and can be expressed as 
 

        𝜎 = 𝑎 𝐺 𝐴 . (10)

 

As with the linear RCS, 𝜎  has the unit of m2. Unlike the 

linear RCS, its value depends on the transmit power, gain, and 

distance that determine the incident power level at the target. 

On the contrary, the nonlinear RCS, 𝜎 , describes the physical 

and nonlinear characteristics of the target at the nth harmonic. 

Therefore, the unit of 𝜎  depends on the harmonic order and 

is expressed as m2/(Wn-1/m2n-2), as indicated by Eq. (9). The 

total received power, 𝑃 , can then be obtained via the product 

of 𝑆  and the effective area of the Rx antenna as 
 

       𝑃 = ⋅ 𝜎 ⋅ ⋅ 𝐺 . (11)
 

By substituting Eq. (9) into Eq. (10), 𝑃  can be expressed 

using 𝜎  as 
 

        𝑃 = ⋅
, (12)

 

which is referred to as the nonlinear radar equation [7]. 

Therefore, the nonlinear RCS of targets from the measure-

ment can be directly obtained by using Eq. (12). Alternatively, 

we can first obtain 𝜎  using Eq. (11) from the received power 

and then determine the nonlinear RCS using Eq. (9). In the 

case of n = 2 (second harmonic), 𝜎  can be obtained as 
 

         𝜎 = ⋅ 𝜎 , (13)
 

which has a unit of m4/W.    

III. NONLINEAR RADAR MEASUREMENT AND ANALYSIS 

A measurement environment was established in an anechoic 

chamber, as illustrated in Figs. 2 and 3. In the setup, an Agilent 

E4436B signal generator was used to generate the transmit signal, 

and a Cree CMPA2735075F1 amplifier was used for amplifica-

tion. A transmit power of 18.2 W (42.6 dBm) was used. The 

Tx antenna has a gain of 16.7 dBi at a fundamental frequency of 

3.1 GHz, and the Rx antenna has a gain of 16 dBi at the second 

harmonic frequency of 6.2 GHz. The received signal was measured 

using an Agilent E4407B spectrum analyzer. Note that in 

general, the amplitude of the harmonic response is significantly 

lower than that of the fundamental response. Therefore, for 

successful harmonic detection, sufficient transmit power, gain of 

Tx/Rx antenna, and suppression of background/self-generated 

harmonics are required. 

In the absence of targets, a background signal level of –64.21 

dBm at 6.2 GHz was measured. As shown in Fig. 3, each target 

measurement was carried out with the target located 2.5 m from 

the Tx/Rx antennas. Each target was oriented in such a manner 

that the incident electromagnetic waves are normally incident 

on the largest area of the target. Table 1 shows the types and 

physical cross sections of the nonlinear targets used in the 

measurement as well as the received power level of the harmonic 

response from each target. The results show that the received 

signal levels are well above the background level, indicating 

successful detection of nonlinear responses from targets. 

Based on the measured received power, Eqs. (11)–(13) were 

applied to obtain the nonlinear RCS, which is also indicated in 

Table 1. In addition, the received power and nonlinear RCS of 

the measured targets are plotted as a function of their size in 

Fig. 4. It shows that the measured nonlinear RCS values are on 

 
Fig. 2. Nonlinear radar measurement environment setup with various 

nonlinear targets. 

 

 

Fig. 3. Measurement environment in a chamber where the target is 

at a distance of 2.5 m from the antennas. 
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the order of 10–5 m4/W, which falls within the general range of 

nonlinear RCS (second harmonic) of 10–8–10–5 m4/W as sug-

gested in the literature [2]. Furthermore, it can be seen that the 

value of 𝜎  and received power is roughly proportional to the 

physical size of the target. Such a relation can be attributed to 

two possible reasons. As shown in Eq. (10), nonlinear RCS 𝜎  

consists of 𝐺 , the effective gain at the nth harmonic frequency, 

and 𝐴 , the effective area of the target. The increase in the 

physical size of the target generally follows the size of the elec-

tronic boards within the target, which in turn increases 𝐺  

and 𝐴  of the target. Also, the increase in the electronic board 

size should also be roughly proportional to the number of semi-

conductor devices attached, which may result in a high level of 

excited harmonic response (i.e., an increase in the values of 𝑎 ). 

IV. CONCLUSION 

In this paper, we carried out measurements of the second 

harmonic-based nonlinear RCS of various electronic devices by 

using an experimental apparatus that represents a harmonic radar 

system. For analysis, the nonlinear radar equation was derived. 

In this process, apparent and nonlinear RCS were defined, 

which were then used to determine the measured nonlinear 

RCS of targets. The measured nonlinear RCS values were 

shown to fall within the expected range. Such an analysis of 

nonlinear RCS can be useful in predicting the performance of a 

nonlinear radar when designing and modeling the system. 
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I. INTRODUCTION 

Recently, the demand for and research on a mmWave wireless 

communication system that uses low-latency, high-quality data 

is increasing. 

In the mmWave frequency band, a wide bandwidth can be 

used and is advantageous for large data transmission. However, 

the signal attenuation is very large compared to the low-

frequency band. Therefore, it is necessary to use beamforming 

technology. The signal sensitivity between the transmitter and 

receiver can be maximally improved through beam steering. 

The Butler matrix is an array antenna beamforming network, 

and it can steer the beam only with a switch without using a 

variable phase shifter. This is a well-known structure, and it is 

easy to design, since it can be implemented on a common print-

ed circuit board [1, 2]. For example, in the case of a 4 × 4 Butler 

matrix, the beam can be steered in a total of four directions. In 

this structure, four hybrid couplers, two crossovers, and two de-

lay lines are required. When the Butler matrix is designed as one 

layer, the length of the system increases because the aforemen-

tioned components must be connected in series. 

Fig. 1 shows a conventional Butler matrix structure. The 

length of the system is visibly large because hybrid couplers, 

crossovers, and delay lines are all connected in series, including 

the array antenna. Additionally, it is difficult to reduce the size 

by removing or integrating components. 

In this paper, we propose a new topology that can reduce the 

size of the Butler matrix without removing or modifying com- 
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Fig. 1. Conventional 4 × 4 Butler matrix. 

 

ponents, such as couplers, shifts, and crossovers. To realize the 

proposed topology, a Butler matrix was implemented with a 

multi-layer substrate using low-temperature co-fired ceramics 

(LTCC). To verify the proposed structure, a 4 × 4 Butler matrix 

operating at 28 GHz was fabricated and measured. 

II. CONCEPT AND DESIGN 

Fig. 2 shows the topology of the proposed folded multi-layer 

Butler matrix. As shown in Fig. 2, three layers are used and two 

hybrid couplers are located on Layer 1. Layer 2 has delay lines 

and a crossover. Signals can pass to other layers through via 

holes. The last two hybrid couplers and the crossover of the But-

ler matrix are on Layer 3. The array antenna may be designed by 

being located in Layer 3, where the last-stage hybrid coupler 

exists. However, in this paper, the array antenna was placed on 

Layer 2 to maintain its vertical symmetry. If the array antenna is 

asymmetrical, the radiation pattern is also formed asymmetrically. 

By using the proposed topology, the length of the Butler matrix 

can be greatly reduced. 

To design the Butler matrix, passive circuits, such as hybrid 

couplers, crossovers, delay lines, and the array antenna, must be 

individually designed. Fig. 3 shows the hybrid coupler structure 

and simulation results. The height of the substrate is 0.5 mm, 

and the thickness of the stripline is 0.01 mm. The substrate used 

in this work is Dupont, and the permittivity is about 7.5 at a 

frequency of 28 GHz. It was designed by a well-known hybrid 

coupler design theory, and it can be seen that the phase difference 

between port2 and port3 is about 90°. 

Fig. 4 shows the crossover structure used in this work and the  

 
(a) 

 
(b) 

 
(c) 

Fig. 3. Hybrid coupler design: (a) physical dimensions, (b) simulation 

results, and (c) phase difference between port3 and port4. 

 

 
(a) 

 
(b) 

Fig. 4. Crossover design: (a) physical dimensions and (b) simulation 

results. 
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Fig. 2. Proposed folded Butler matrix topology. 
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simulation results. Since the LTCC structure is used in this 

work, the crossover can be designed in multi-layers. In other 

words, it is easy to transmit a signal to another layer through a 

via hole. By using via holes, the port1 signal goes to port4 and 

the port2 signal goes to port3. Since the length of the transmis-

sion line between port1 and port4 and the same between port2 

and port3 are different, a delay line is added to compensate for 

this difference. As shown in Fig. 4(b), the insertion loss is about 

0.3 dB at 28 GHz, and it can be seen that it is well matched. 

Using the proposed topology and layer-to-layer transition by 

via holes, any type of planar Butler matrix can be miniaturized. 

Furthermore, Fig. 5 shows a conventional example and the pro-

posed structure. The hybrid couplers in the first stage are placed 

on the first (lower) layer. Next, the delay line and crossover 

structure are designed on the second layer. In this case, a via hole 

is used to connect the first layer with the second. Additionally, 

there is no need to redesign structures, such as hybrid couplers 

and delay line crossovers. In this way, the size can be minimized 

by locating the elements on different layers. 

Next, in this paper, a monopole antenna for the Butler matrix 

was designed for proof of concept. As mentioned in the previous 

section, the monopole antenna was placed in the middle layer 

for vertical symmetry (on the z-axis). However, it is still an 

asymmetric structure on the x-axis. Fig. 6 shows a typical mono-

pole antenna, a slant monopole antenna, and the corresponding 

radiation pattern. As shown in Fig. 6(a), a conventional mono-

pole antenna is asymmetric on the x-axis, and when substrates 

with a high dielectric constant exist around it, the radiation pat-

tern is tilted. 

To solve this problem, the monopole antenna and ground are 

designed in an oblique direction, as shown in Fig. 6(b). It can be 

seen that the radiation pattern is correctly formed in the forward 

direction—that is, the proposed monopole antenna has both 

vertical and horizontal symmetrical radiation patterns. The radia-

tion pattern of the single antenna must be formed correctly so 

that the beam can be properly steered with the array antenna 

later. Since the ground acts as a reflector, the direction of the 

radiation pattern can be adjusted. The detailed radiation pattern 

is in [3]. 
Moreover, Fig. 7 shows the physical dimensions and S-

parameter simulation results of the proposed slant monopole 

antenna structure. At the target frequency of 28 GHz, it can be 

seen that 𝑆  has a value of about –30 dB. 

Fig. 8 shows the radiation pattern of the proposed slant mono-

pole antenna. The gain of a single antenna is about 4.7 dBi at 

28 GHz. Considering the frequency and antenna size, this is an 

appropriate gain value compared to other works [4, 5]. Fig. 9 

shows the radiation pattern of the proposed array antenna dur-

ing beam steering. The distance between the antennas was set 

to 5 mm. Then, the simulation was performed by adjusting the 

phase difference used in the general Butler matrix. It was con-

firmed that the beam could be steered in the desired direction. 

 
Fig. 5. Example of a conventional Butler matrix structure and the 

proposed Butler matrix structure.

 
(a) 

 
(b) 

Fig. 6. Monopole antenna structures and beam pattern: (a) normal 

model and (b) slant model. 

 
Fig. 7. Simulation result of the monopole antenna.
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Fig. 8. Radiation pattern of the slant monopole antenna. 

 

 
Fig. 9. Radiation pattern of the proposed array monopole antenna. 

 
Next, the phase difference between the output ports was con-

firmed by simulating the Butler matrix without the array an-

tenna. The Butler matrix should be simulated without the array 

antenna to accurately obtain the phase difference between the 

output ports. Fig. 10 shows the simulation structure and the phase 

difference between the output ports. According to the typical 

Butler matrix theory, it can be seen that the phase difference 

among 𝑆 , 𝑆 , 𝑆 , and 𝑆  is about 45°. Similarly, the 

phase difference between 𝑆 , 𝑆 , 𝑆 , and 𝑆  is about 135°. 

It should be noted here that since this structure is symmetrical, 

the phase difference between the remaining ports is omitted. 

Since the length of the antenna’s feeding line of Layer 2 is 

different, the Butler matrix needs to be slightly modified, as 

shown in Fig. 11. In other words, the output reference plane of 

the Butler matrix needs to be moved and redesigned. The output 

 
(a) 

 
(b) 

Fig. 10. Simulation results of the Butler matrix without the array 

antenna: (a) phase difference (port1 to port5, port6, port7, 

and port8) and (b) phase difference (port2 to port5, port6, 

port7, and port8). 

 

 

Fig. 11. Modified Butler matrix for the antenna feeding line’s 

length compensation.
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reference plane can be adjusted by simply changing the length 

of the last delay line of the Butler matrix. In fact, only the delay 

line structure of the last stage needs to be modified. 

Fig. 12 shows a total layout view of the proposed Butler 

matrix. Since the Butler matrix made of LTCC is too small to 

be directly linked to the 2.92 mm connector, a test board for the 

connector attachment was designed. The test board was designed 

using a Rogers TMM10 substrate with a height of 0.508 mm 

and a dielectric constant of 9.2. 

III. MEASUREMENT 

To prove the proposed structure, the simulated structure was 

fabricated and measured. Fig. 13 shows the fabricated Butler 

matrix and the measurement setup. In this work, a 2.92 mm 

end launch connector (model 1092-01A-9; Southwest Micro-

wave Inc., Tempe, AZ, USA) was used. 

Fig. 14 shows the measurement results of the radiation 

pattern. The maximum array gain of the antenna is 5 dB. The 

average 3 dB beam angle is 24.8° (To elaborate, 26° at the port1 

beam, 23° at the port2 beam, 26° at the port3 beam, and 24° at 

the port4 beam). When measuring the Butler matrix, unused 

ports were connected to a 50 Ω termination. The beam can be 

steered in desired directions. In addition, the measured and 

simulation results are almost identical. A small discrepancy seems 

to be caused by a manufacturing error, material composition, 

measurement error, simulation error, and so on. When measuring 

the gain, the loss of the test board and connectors was not ex-

cluded. Fig. 15 shows the measured results of cross-pol perfor-

mance. The quantitative comparisons of similar studies are 

summarized in Table 1 for the convenience of our readers [6–8]. 

 

 
Fig. 14. Measured radiation patterns of the fabricated Butler matrix. 

 
(a) 

 
(b) 

Fig. 12. Total layout of the proposed Butler matrix: (a) layer-by-

layer view and (b) connectors and the test board. 

 
Fig. 13. Fabricated Butler matrix and measurement setup. 
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Fig. 15. Measured results of cross-pol performance. 

 
Table 1. Comparison table 

Study 
Frequency 

(GHz) 

Size  

(mm) 
Type 

Feed  

network

Dey et al. [6] 28 86.7 × 50.8 SIW 4 × 4

Yang et al. [7] 30 110 × 42.5 SIW 4 × 4

Ansari et al. [8] 28 56 × 46 Microstrip 4 × 6

This work 28 14 × 20 LTCC 4 × 4

SIW = substrate integrated waveguide. 
 

IV. CONCLUSION 

In this paper, a compact 4 × 4 Butler matrix operating at 28 

GHz is introduced. The proposed topology can greatly reduce 

the length of the Butler matrix with multi-layers using the 

LTCC technique. In this work, design parameters and substrate 

information are provided so that anyone can perform the same 

simulation. The proposed compact topology is suitable for 5G 

mmWave applications. This was verified through fabrication  

 

 

 

 

 

 

 

 

 

and measurement. As a future work, we will design a miniatur-

ized 8 × 8 Butler matrix, and develop a structure that can min-

imize transition loss between layers. 
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Abstract 
 

The deployment of the millimeter (mmWave) frequency spectrum by fifth-generation (5G) device-to-device (D2D) wireless networks is 

anticipated to meet the growing demands for increased capacity. The antenna is regarded of as an important determinant that guarantees 

the maximum performance of wireless communication. This paper presents a low-profile magneto-electric (ME) dipole antenna for 5G 

mmWave D2D communication. A single-element quasi-loop radiator was designed to excite horizontal polarization, and a coaxial probe 

was used to produce vertical polarization. Subsequently, the structure of the radiator was transformed into a two-element quasi-loop an-

tenna to achieve an omnidirectional radiation pattern with relatively enhanced gain. A coaxially fed T-junction microstrip element was 

implemented to equally distribute the signal between the two quasi-loop radiators and attain proper impedance matching. Furthermore, a 

pair of shorting pins was introduced into the two-element design to maintain the circularly polarized (CP) radiation. The finest values of 

the axial ratio and |S11| were derived by rigorously optimizing all the geometry parameters. Both single-element and two-element quasi-

loop antennas were fabricated and characterized experimentally on the air substrate. The advantage of avoiding a physical substrate is to 

realize a wide bandwidth, circumvent dielectric losses, and ascertain the maximum gain. The measured and simulated results agree thor-

oughly with each other. Stable in-band CP radiation were accomplished, thus confirming an appropriate field vector combination from 

the coaxial probe and the radiator. The finalized antenna engaged an area of ~7.6λ  for operation at 23.9–30.0 GHz with an axial ratio 

<3 dB, radiation efficiency ~80%, and gain >5 dBic. 
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I. INTRODUCTION 

The demand for superior capacity systems has significantly 

escalated with the rapid increase in portable data traffic and 

smartphone consumers [1]. In the approaching era of future 

technology, present-day and envisaged services—for instance, 

three-dimensional holography, short-range connectivity, tele-

presence, hypermedia sharing, and the like—will require data 

rates that are unattainable with fourth-generation (4G) technology 

[2, 3]. Fifth-generation (5G) wireless gadgets are anticipated to 

seamlessly support these facilities by adopting the mmWave 

frequency spectrum [4, 5]. 

Device-to-device (D2D) communication is presently regarded 

as an essential technology of the 5G in view of the fact that it 

facilitates consumers’ communication with each other exclusive of 

the conventional base station [6–8]. Moreover, D2D communi-

cation requires low transmit power, which eventually enables a 

full duplex operation. Correspondingly, D2D communication 

offers better total throughput, spectrum reuse capability, and a 

greater density of users to connect with low latency. Meanwhile, 

a few challenges, including security, mode selection, device dis-

covery, interference administration, resource management, and 

power control, are faced by D2D communication technology. 

Typical D2D communication scenarios in a 5G network are 

illustrated in Fig. 1. 

The antenna is respected as a vital module that ensures the 

high-quality operation of D2D communication [9, 10]. In the 

preceding few decades, printed radiating elements have obtained 

substantial consideration among several categories of antennas 

on account of their ability to receive or broadcast electromagnetic 

waves with, among others, an easy manufacturing procedure 

[11–13]. Several introductory surveys on the fundamental re-

quirements of long-distance 5G mmWave communication sub-

stantiate that antenna arrays offering a high gain and directional 

beam are required [14, 15]. Alternatively, antennas offering a 

low gain are appropriate for D2D communication [16, 17]. 

However, some efforts are required to assure the benefits of D2D 

communication: (1) improving the bandwidth for a high data 

rate and large system capacity as D2D communication can employ 

licensed as well as unlicensed frequency spectrums; (2) realizing 

omnidirectional circularly polarized (CP) radiation for D2D 

communication because, in complex wireless channels, they can 

circumvent any polarization mismatch complications, produce 

considerable radiation coverage, and facilitate diverse communi-

cation links between multiple users; and (3) reducing the size 

and simplifying the fabrication procedure for compact D2D 

communication devices. 

Research demonstrates that wideband antennas can be realized 

with complementary structures [18], magneto-electric (ME) 

dipoles [19], slotted radiators [20], lumped LC resonators [21], 

parasitic elements [22], and a reactive impedance surface [23]. 

However, most of these methods exhibit spurious coupling, low 

gain, design complexity, or a large footprint. Certain vital pa-

rameters of antenna systems, such as gain, can be enhanced by 

integrating several connected radiating elements. However, the 

constraint related to engaging a larger area is associated with 

antenna arrays. 

Moreover, omnidirectional antennas can equally broadcast and 

receive electromagnetic waves in all directions [24]. Furthermore, 

they provide greater reliability, particularly in situations where 

cellular sites are congested—for instance, at stadiums and malls. 

However, very few omnidirectional antennas have been published 

in the mmWave bands, owing to the difficulties that a developer 

will experience as being relative to creating directional antennas. 

For example, the antenna's ground must be appropriately situated; 

otherwise, the generated electromagnetic radiation may be re-

flected, degrading the desired omnidirectional pattern. In fact, 

printed dipoles are a good illustration of this, as the presence of 

a ground plane enables the dipoles to automatically generate 

directional radiation. Consequently, this antenna is extensively 

employed as a driving element in Yagi-Uda antennas and arrays 

that produce more focused beams. Since additional feed networks 

typically incorporate grounds, omnidirectional antenna arrays 

are significantly more complicated to build. Hence, most planned 

omnidirectional antennas have a complicated system, a large 

footprint, and poor gain. 

In the receiving antenna, however, omnidirectionality causes 

phase inaccuracy and multipath wave reflections. As a result, CP 

antennas are commonly used to broadcast signals on both verti-

cal and horizontal planes, while achieving a complete revolution 

in a single wavelength. Additionally, CP antennas have achieved 

significant consideration in several wireless communication sys-

 
Fig. 1. Typical D2D communication scenarios in a 5G network: 

consumers can communicate with one another via direct 

D2D links and can function as relays for mobile networks.
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tems, owing to their attractive characteristics such as multipath 

interference suppression, stable communication links, and im-

munity toward polarization mismatch [25]. As a result, omnidi-

rectional gain patterns on CP antennas are beneficial for short-

range communication [26–29]. CP antennas can be categorized 

into four distinct types corresponding to their working principles: 

complementary dipole [30], traveling wave [31], lens [32], and 

turnstile structures (for instance, the helical [33], spiral [34], 

hybrid helical-spiral [35], or loop [36]). However, the majority 

of these practices illustrate complicated configurations or high 

profiles. Furthermore, due to the substantially lower wavelengths 

at mmWave frequencies, the majority of these techniques are 

not viable for 5G networks. 

This paper initially presents a novel design of a single-element 

quasi-loop ME dipole radiator to generate CP radiation. Later, 

the single-element structure of the radiator was extended to a 

two-element quasi-loop antenna comprising a pair of shorting 

pins and a T-junction microstrip element to realize an omnidi-

rectional radiation pattern and relatively higher gain (>5 dBic) 

values. Wide bandwidth (6.1 GHz), stable CP radiation (axial 

ratio <3 dB), and the desired resonant frequency characteristics 

were derived by rigorously optimizing all geometry parameters. 

The finalized antenna occupied an overall area of ~7.6𝜆  only. 

The computational models of antennas were implemented in 

CST Microwave Studio Suite. 

The novelty and importance of the proposed work are stated 

as follows. (1) The radiating element has a novel design that 

contributes to improving the overall performance of the antenna. 

(2) The proposed antenna offers better performance in terms of 

its simple design, low cost, compact size, and wide bandwidth 

compared with the ME dipole antennas described in recent 

publications. (3) Typically, there is no standard method for de-

termining the number and position of the shorting pins to 

achieve enhanced performance from the antenna. Hence, the 

rigorous analysis carried out in this study would be beneficial for 

the electromagnetic community in understanding the behavior 

of an antenna loaded with shorting pins. (4) Manufacturing 

miniature sheet metal microstrip antennas with the air substrate 

for 5G applications encounters severe challenges, especially dur-

ing the cutting of the metal sheet, because their wavelengths are 

much smaller at mmWave frequencies. Hence, the quasi-loop 

antenna was designed in such a manner that it could be cut 

easily using a traditional computer numerical control (CNC) 

machining technique. (5) The ability of a dielectric substrate to 

keep the conducting plates from coming into contact with each 

other is critical. Since the proposed antenna is compact and in-

corporates shorting pins, it can support copper sheets and be 

easily integrated with the rest of the mmWave 5G front end. (6) 

The proposed antenna was characterized experimentally in an 

anechoic chamber by realizing it as a prototype that demon-

strated an accurate simulation and measurement result agree-

ment, thereby validating their novelty. 

The remainder of this paper is organized in the following 

manner: Section II describes the design methodology and geo-

metrical configuration of an ME dipole antenna. Sections III 

and IV communicate their operating principle and parametric 

investigation, respectively. Section V presents the experimental 

validation of the proposed antenna. Section VI compares the 

proposed quasi-loop antenna with contemporary designs. Finally, 

Section VII offers the conclusion we arrive to after conducting 

this research. 

II. ANTENNA DESIGN AND CONFIGURATION 

The design perception was instigated from the theory revealed 

in [24], which states that a cardioid-shaped radiation pattern 

can be produced in the ϕ = 0° direction with orthogonally posi-

tioned electric and magnetic dipoles and in-phase excitation. 

Correspondingly, cardioid-shaped radiation patterns in both ϕ = 0° and ϕ = 180° directions can be generated by employing 

electric and magnetic dipoles located in parallel and 90° out-of-

phase excitation [37]. As a result, the omnidirectional CP design 

goal is to create an electric dipole (vertical electric current) and a 

magnetic dipole (adjacent in-phase loop current) in a compact 

structure. 

Microstrip antennas can be designed in a variety of shapes, 

including rectangles, squares, circular rings, triangles, disc sectors, 

circles, ring sectors, and so on. Circular-shaped microstrip an-

tennas have several advantages, including their design flexibility, 

maximum bandwidth in GHz, acceptable lossy properties, in-

creased gain, and desired electric and magnetic field strength 

patterns [38]. According to [39], adding slots to a circular micro-

strip can improve the desired properties of an antenna. Similarly, 

to improve the performance of circular patches, researchers have 

developed antennas in a taper shape [40] as well as the slot 

technique [41]. Additionally, rings and patches were made with 

several of these shapes [42]. Therefore, in the present study, it 

was decided to build a circular-shaped microstrip antenna with a 

radius (𝑟) estimated using the resonant frequency (𝑓) expression 

mentioned below [43, 44]: 
 𝑓 = √ √ , 

(1)𝑢 = ⁄ , 
(2)𝑣 = ⁄ + − 1 𝑔, 
(3)𝑡 = 0.37 + 0.63𝜀 , (4)𝑝 = . ⁄ . ⁄. ⁄ , 
(5)
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𝑔 = 4 + 2.6 + 2.9 , 
(6)ℎ = .

, 
(7)

 

where 𝑐 stands for the light speed in free space, 𝑘  represents 

the 𝑚  zero of the derivatives of the 𝑛-order Bessel function, 𝜀  signifies the relative dielectric constant, and ℎ indicates the 

height of the substrate. 

In 1981, a high-quality microwave resonator known as a split-

ring resonator, which comprised a conducting tube with a tiny 

slit along its length, was described for the first time. This reso-

nator’s features included uniform field distributions, design flex-

ibility, high isolation between electric and magnetic fields, and 

simple and inexpensive fabrication [45]. Hence, its design was 

soon adapted for electron spin resonance investigations and was 

termed a loop-gap resonator [46]. Since then, several researchers 

have continued to develop these resonators for wireless applica-

tions and the term "loop-gap resonator" has largely prevailed 

[47–50]. Loop-gap resonators are very efficient because of the 

existence of the microwave magnetic field suitably within the 

loop, which, thus, can be employed to numerous coupling mech-

anisms—for instance, microstrip lines and loop antennas [51]. 

Consequently, in the current experiment, a loop gap was intro-

duced into the circular-shaped microstrip antenna design. 

In [52], a low-profile center-fed circular-shaped microstrip 

patch loaded with two annular rings was reported. This antenna 

was efficient in realizing a wide bandwidth monopole-like ra-

diation pattern and a gain of ~6 dBi. Hence, in the present 

investigation, two annular rings were employed with the outer 

ring comprising a loop gap. Furthermore, copper (Cu) was cho-

sen as the radiating material because of its strong electrical con-

ductivity, and air (𝜀 = 1) was selected as the substrate to ac-

complish a wide bandwidth, circumvent dielectric losses, and 

ascertain the maximum gain value. Additionally, to minimize 

manufacturing difficulties and maintain the mechanical stability 

of the air-substrate antenna, both annular rings were connected, 

as illustrated in Fig. 2 (Case 1). A bandwidth that covers a fre-

quency of 24 GHz was realized by the geometry of Case 1; 

however, the axial ratio values were poor, as shown in Fig. 2(a). 

In [53], CP radiation with an axial-ratio bandwidth of 72 

MHz were generated using a circular polarizer with two semi-

circular split rings. Subsequently, in the current design, three 

more distinct cases were investigated for the design of the radia-

tor with wideband CP characteristics, as shown in Fig. 2 (Cases 

2–4). All instances achieved a bandwidth that covered the 24 

GHz frequency, although Case 3's axial ratio values were found 

to be unsatisfactory, as demonstrated in Fig. 2(a). Considering 

the left- or right-hand (L/RH) CP gain curves illustrated in Fig. 

2(b) and the variance in the E-field magnitude shown in Fig. 

2(c), it can be concluded that the radiator's strength becomes 

important with more quasi-loops in the radiator and vice versa. 

Moreover, in the θ = +90° and -90° directions, the phase varia-

tions of 169°, 180°, and 4° were noticed for Cases 1–3, respec-

tively, as illustrated in Fig. 2(d). These differences were higher 

than those attained with the Case 4 representation, 2°. Hence, 

the quasi-loop radiator displayed as Case 4 was chosen as the 

finest layout among the four evolution cases and considered for 

additional analyses. 
Even though a bandwidth of 6.10 GHz with an axial ratio <3 

dB was accomplished by the Case 4 outline, the unidirectional 

radiation pattern and the low gain of 3.83 dBic were counted as 

vital problems to be worked out. Therefore, a two-element qua-

si-loop antenna was designed. A pair of shorting pins was intro-

duced in the two-element ME dipole to maintain CP radiation. 

Furthermore, a T-junction microstrip element was considered 

to distribute the signal equally between the two quasi-loop radi-

ators and attain proper impedance matching. The width (𝑤) 

and length (𝑙) of the feed network were approximated using 

these equations [54]: 
 

         𝑤 = , 
(8)

          𝑙 = 0.4ℎ .. ⁄ .⁄ . . (9)
 

Furthermore, the impedances of the three microstrip lines 

 
(a)                          (b) 

 
(c)                           (d) 

Fig. 2. Simulated results for the antenna evolution Cases 1–4: (a) |𝑆 | and axial ratio, (b) azimuth plane radiation patterns at 

24 GHz, (c) E-field magnitudes, and (d) E-field phases. 
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attached to a single junction were verified from the subsequent 

calculation [55]: 
 

         = + + 𝑗𝐵, (10)
 

where 𝑍  symbolizes the input line characteristic impedance, 𝑍  and 𝑍  correspond to the output line characteristic imped-

ances, and 𝐵 denotes the reactance produced at the T-junction. 

The geometrical configurations of both single-element and 

two-element quasi-loop antennas are depicted in Fig. 3. Their 

parameter values are listed in Table 1. The thickness of Cu 

(quasi-loop radiator and ground) and air (substrate) was selected 

as 1 mm. 

III. OPERATING PRINCIPLE 

Fundamentally, CP radiation represent two orthogonal com-

ponents (𝐸  and 𝐸 ) with a phase difference of 90° [56]. In 

the proposed design, the horizontal currents on the quasi-loop 

radiator and the ground plane generated the magnetic dipole for 

primary involvements to the 𝐸  in the far field, whereas the 

vertical currents on the coaxial probe and the shorting pins pro-

duced the electric dipole for fundamental participations to the 𝐸  in the far field. Subsequently, the magnetic and electric di-

poles were positioned parallel to one another. 

Fig. 4 shows the simulated time-varying surface current dis-

tribution of the single-element quasi-loop antenna at 24 GHz. 

It is clearly noticeable from these plots that the current was 

principally formed in the -y direction at 0°. However, the current 

direction changed to the -x direction at 90°. Moreover, the 

current dominated in the +y direction at 180°, whereas the cur-

rent direction deviated to the +x direction at 270°. Hence, it was 

concluded that the traveling wave CP quasi-loop current was 

formed at the radiator. 

IV. PARAMETRIC INVESTIGATION 

To develop an optimum design, the quasi-loop antenna radii, 

widths, length, air substrate thickness, and the height of Cu 

were analyzed, as shown in Fig. 5(a)–5(e), Fig. 5(f )–5(i), Fig. 5(j), 

Fig. 5(k), and Fig. 5(l), respectively. These parameters predomi-

nantly ascertained the resonant frequency and CP performance 

of the radiation. Three distinct values (mm) for all parameters 

were investigated: 𝑟 = 0.5, 1.0, 1.5; 𝑟  = 2.0, 2.5, 3.0; 𝑟 = 

2.5, 3.0, 3.5; 𝑟 = 3.5, 4.0, 4.5; 𝑟 = 5.0, 5.5, 6.0; 𝑤 = 0.1, 

0.5, 1.0; 𝑤 = 1.5, 2.0, 2.5; 𝑤 = 0, 0.2, 0.5; 𝑤 = 1.5, 2.0, 

2.5; 𝑙 = 0.0, 5.0, 2.5; and air = Cu = 0.5, 1, 1.5. Note that 

the finest results are outlined in red-colored curves for easy 

identification. Appropriate impedance matching in the antici-

pated 5G mmWave spectrum with wideband characteristics 

was accomplished for the majority of cases, excluding 𝑤 = 1.5, 𝑙 = 0.0, and 2.5 and air = Cu = 0.5. However, the axial 

ratio values were beyond the 3 dB range for 𝑟 = 0.5, 𝑟  = 

3.0, 𝑟 = 3.5, 𝑟 = 3.5, 𝑟 = 6.0, 𝑤 = 0.1, 𝑤 = 1.5 and 

2.5, 𝑤 = 0 and 0.5, 𝑤 = 1.5 and 2.5, 𝑙 = 0.0 and 2.5, air = 0.5 and 1.5, and Cu = 0.5. A few cases demonstrated a 

wider bandwidth compared to the finalized parameter values, 

but their radiation characteristics were relatively poor. A similar 

investigation was conducted with and without (w/o) shorting 

pins in the two-element quasi-loop antenna. Their results are 

illustrated in Fig. 6(m), which confirms the importance of shorting 

 
(a)                   (b) 

Fig. 3. Geometrical configuration of (a) single-element and (b) 

two-element quasi-loop ME dipole antennas. 

 

Table 1. Parameter values of the quasi-loop magneto-electric di-

pole antennas (unit: mm) 

Parameter Value 𝑟  1.0 𝑟  2.5 𝑟  3.0 𝑟  4.0 𝑟  5.5 𝑤  0.5 𝑤  2.0 𝑤  0.2 𝑤  2.0 𝑙  5.0 

 
Fig. 4. Simulated surface current distribution of the single-element 

quasi-loop ME dipole antenna at 24 GHz.
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pins in yielding CP radiation. 

In summary, the quasi-loop parameters affect the axial ratio 

bandwidth only. However, the dimensions of the T-junction 

element are crucial since even minor variations cause the antenna 

to perform poorly in terms of the resonant frequency and axial 

ratio bandwidth. Furthermore, the substrate height and the metal 

thickness are related to the impedance bandwidth, whereas the 

shorting pins are responsible for achieving an appropriate axial 

ratio bandwidth. 

 

(a)                               (b)                                   (c) 

(d)                               (e)                                   (f) 

(g)                               (h)                                   (i) 

(j)                               (k)                                   (l) 

(m) 

Fig. 5. Parametric simulation study of |𝑆 | and the axial ratio for the design of optimum quasi-loop ME dipole antennas. Radii of (a) 𝑟 , 

(b) 𝑟 , (c) 𝑟 , (d) 𝑟 , (e) 𝑟 . Widths of (f) 𝑤 , (g) 𝑤 , (h) 𝑤 , (i) 𝑤 . Length of (j) 𝑙 . (k) Air substrate thickness. (l) Height of 

Cu. (m) Shorting pins. 
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(a)                            (b) 

Fig. 6. (a) Antenna measurement set-up, (b) simulated and measured |𝑆 | and axial ratio of the two-element quasi-loop ME dipole 

antenna. 

 

V. EXPERIMENTAL VALIDATION 

To validate the simulation results, a two-element quasi-loop 

arrangement on the air substrate was fabricated by Hitronik Pvt. 

Ltd. and characterized experimentally in an anechoic chamber. 

The HPC4312-12 connector constructed by A-Info Inc. was 

used for quasi-loop antenna feeding. The Microwave Network 

Analyzer (N5245A PNA-X) manufactured by Agilent (Keysight) 

Technologies, was utilized to compute the impedance band-

width. Horn antenna part no. JXTXLB-180400 (18–40 GHz 

frequency range; 10 dBi gain; linear polarization; 10 W power 

handling; 2.0:1 VSWR) produced by ChengDu Ainfo Inc. was 

employed as the source assembly, whereas the fabricated quasi-

loop antenna was respected as the reception structure. The horn 

antenna and the quasi-loop ME dipole were connected to an 

immovable stand and rotary mechanism, respectively. With an 

appropriate alignment, both antennas were placed at a distance 

from the far field. Consequently, on the signal generator, the 

transmitter’s signal power level was established. The data from 

the horn antenna was recorded and employed to clarify the CP 

radiation of the quasi-loop antenna. Following this step, the 

power losses (received and cable) were examined to acquire the 

definite power received. Finally, the definite- and maximum-

received powers were stabilized. An outstanding agreement 

between the measured and simulation results was witnessed. 

The antenna measurement set-up is shown in Fig. 6(a). The 

measured and simulated axial ratio and impedance bandwidth 

of the two-element quasi-loop configuration are described in 

Fig. 6(b). The two-element quasi-loop antenna functioned at 

23.9–30.0 GHz. Additionally, a wide axial ratio bandwidth was 

noticed on the broadside (ϕ = θ = 0°) direction. 

The measured and simulated L/RH CP gain of the two-

element quasi-loop layout at 28 GHz in the ϕ = 0° and 90° 

planes is illustrated in Fig. 7. A stable response in the omnidirec-

tional CP operating band was established. 

Fig. 8 proves that the measured and simulated efficiencies 

(radiation and total) >75% and the gain and directivity ≳5 dBic 

were realized by the two-element quasi-loop design. A relatively  

 

                   (a)                   (b) 

Fig. 7. Simulated and measured L/RH CP gain of the two-element 

quasi-loop ME dipole antenna in the (a) ϕ = 0° and (b) ϕ = 90° at 28 GHz. 

 

 

              (a)                            (b) 

Fig. 8. Simulated and measured results of the two-element quasi-

loop ME dipole antenna: (a) efficiencies (radiation and total) 

and (b) gain and directivity. 

 

high gain was achieved when the two-element quasi-loop ME 

dipole antenna was employed. 

VI. COMPARISON AND DISCUSSION 

Table 2 presents a comparison of the performance of the 

proposed configuration with that of the contemporary designs. 

Compact antennas were realized by employing complementary 

structures [18], slotted radiators [20], parasitic elements [22], a 

reactive impedance surface [23], a complementary dipole [30], a 

lens [32], spirals [34], and a loop [36], respectively. However, 

the relatively smaller bandwidth—i.e., ≲3 GHz—was achieved 

by all these arrangements. The ME dipole described in [19] 

accomplished a bandwidth >14 GHz, but it occupied a large 

area of ~12𝜆  along with a complex design. Likewise, the 

lumped LC resonators [21] and the traveling-wave [31], helical 

[33], and hybrid helical-spiral [35] structures left a considerable 

footprint. In contrast with the recent ME dipole antennas pre-

sented in [57–60], the proposed antenna outperforms in terms 

of its simple design, low cost, compact size, and large bandwidth. 
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VII. CONCLUSION 

In this paper, a low-profile quasi-loop ME dipole antenna 

was reported to realize a wide bandwidth and stable mmWave 

CP radiation. The vertical currents on the coaxial probe and the 

shorting pins generated the electric dipole, whereas the horizontal 

currents on the quasi-loop radiator and the ground plane pro-

duced the magnetic dipole. The quasi-loop parameters have an 

impact on the axial ratio's bandwidth. Even slight variations in 

the T-junction element's size have an adverse effect on the axial 

ratio bandwidth and resonant frequency of the antenna. The 

shorting pins impacted the impedance bandwidth while the 

substrate height and metal thickness controlled the axial ratio 

bandwidth. The quasi-loop antenna was designed in a manner 

that made it simple to cut with a typical CNC machining tech-

nique. The proposed antenna features shorting pins that can 

hold copper sheets, making it straightforward to interface with 

the rest of the mmWave 5G front end. Future research should 

focus on low-cost air susbtrate antenna designs with small foot-

prints, high gain, and beam steering capabilities.  
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I. INTRODUCTION 

The arbitrary termination impedance (ATI) bandpass filter 

(BPF) plays an important role in modern communication sys-

tems. Fig. 1(a) shows the conventional radio frequency (RF) 

transmitter of a wireless system [1]. The ATI BPF can directly 

match the output impedance of the power transistor or the input 

impedance of the antenna to reduce the overall circuit size, inser-

tion loss, cost, and complexity of the network as can be seen in 

Fig. 1(b). An unequal termination impedance power divider 

with a bandpass filtering response and a very low impedance 

transforming ratio (r) were proposed in [2]. The analysis was 

based on the characteristics of couple transmission lines (TLs).  

 
(a) 

 
(b) 

Fig. 1. RF transmitters of a wireless system with (a) conventional 

matching networks and BPF and (b) ATI BPF. 
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Abstract 
 

This paper presents a quasi-elliptic filter (QEF) with arbitrary termination impedances (ATI). The proposed QEF is designed by adding 

cross-coupling between the first and last resonators of an ATI bandpass filter (BPF) with the Chebyshev response. The proposed QEFs 
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larly, the maximum |S21| and minimum |S11| of the SIW QEF with complex-to-real ATI are 1.2 dB and 18 dB, respectively. 

Key Words: Arbitrary Termination Impedance, Quasi-Elliptic Filter, Substrate-Integrated Waveguide. 

 

 

Manuscript received October 14, 2021 ; Revised March 16, 2022 ; Accepted May 4, 2022. (ID No. 20211014-122J)  
1Division of Electronic and Information Engineering, Jeonbuk National University, Jeonju, Korea. 
2Department of Frequency Spectrum Management, Ministry of Posts and Telecommunication of Cambodia, Phnom Penh, Cambodia. 
3Institute of Digital Research and Innovation, Cambodia Academy of Digital Technology, Phnom Penh, Cambodia. 
4BK21-FOUR JIANT-IT Human Resource Development Center, Jeonbuk National University, Jeonju, Korea. 
*Corresponding Author: Yongchae Jeong (e-mail: ycjeong@jbnu.ac.kr)  
 

 

This is an Open-Access article distributed under the terms of the Creative Commons Attribution Non-Commercial License (http://creativecommons.org/licenses/by-nc/4.0) which permits 

unrestricted non-commercial use, distribution, and reproduction in any medium, provided the original work is properly cited. 

ⓒ Copyright The Korean Institute of Electromagnetic Engineering and Science. 



PECH et al.: SUBSTRATE INTEGRATED WAVEGUIDE QUASI-ELLIPTIC FILTER WITH ARBITRARY TERMINATION IMPEDANCES 

473 

  
 

Similarly, an arbitrary real-to-real termination impedance 

parallel-coupled TL BPF was presented in [3]. The BPF con-

sisted of the multi-stage parallel-coupled TLs with different 

even- and odd-mode impedances. Recently, ATI BPF matching 

networks using λ/4 stepped impedance resonators were proposed 

in [4]. The structure consisted of open-ended parallel-coupled 

TLs and T-type TLs that were cascaded alternately. However, 

the aforementioned BPFs can be designed with Butterworth or 

Chebyshev responses which do not consider transmission zeros 

(TZs) for high out-of-band signal suppression. Moreover, those 

BPFs were analyzed and realized by using couple TLs, which 

may be difficult to fabricate when the center frequency (𝑓 ) is 

increased to a higher operation band. 

Substrate-integrated waveguide (SIW) filters with either real 

or complex termination impedance (CTI) are important circuits 

widely used in microwave applications, with a relatively high 

quality factor and low insertion loss (IL). As demand increases 

for a broader channel bandwidth and high out-of-band signal 

suppression, the demand for a quasi-elliptic filter (QEF) with 

finite TZs also grows. An equal termination impedance QEF 

with a broadband post-loaded electric coupling structure on a 

single-layer SIW was proposed in [5]. Further, an SIW QEF 

with controllable mixed electric and magnetic couplings using a 

three-layer printed circuit board (PCB) was proposed in [6]. 

Compact frequency-selective cascading SIW cavities with a 

quasi-elliptic response were also proposed based on the dual-

mode filter theories found in [7]. Most recently, an SIW cavity 

QEF with slot coupling and non-adjacent cross-coupling was 

presented in [8]. In their designs, the slots etched on the top 

metal plane of the SIW cavity were used to produce electrical 

coupling, and cross-coupling was realized by the microstrip TL 

on the SIW cavity.  

However, slots etched on the SIW cavity may increase the IL 

of the filter due to an increase in radiation loss. On the other 

hand, the SIW QEFs presented in [5‒8] were designed with 

equal termination impedances of 50 Ω to 50 Ω. In [6-8], the 

circuits were implemented on a multi-layer PCB, which was a 

very difficult design process and had a high fabrication price. 

Recently, a synthesis approach for the design of a Chebyshev 

BPF with complex frequency variant loads was proposed in [9]. 

The proposed approach was based on the power wave renormal-

ization theory and legitimate assumptions.   

In this paper, a new SIW QEF with arbitrary real and/or 

complex termination impedances is introduced. The proposed 

SIW QEF can be designed easily by adding a parallel J-inverter 

between the first and last resonators, which is represented as 

cross-coupling. Furthermore, the location of the pair TZs is con-

trollable for a good frequency-selective response. The proposed 

unequal real-to-real and complex-to-real termination impedance 

SIW QEFs are designed on a single-layer PCB that provides 

simpler design processes and a cheaper fabrication price. 

II. DESIGN EQUATIONS AND PROCEDURES 

Fig. 2(a) shows an equivalent circuit with shun LC resonators 

and admittance inverters of the proposed ATI QEF, in which 

the ATIs are 𝑍 = 𝑅 ± 𝑗𝑋  and 𝑍 = 𝑅 ± 𝑗𝑋 . Fig. 2(b) 

presents the modified equivalent circuit of Fig. 2(a), which is 

based on the conventional ATI BPF presented in [10]. This QEF 

can be designed for ATIs with even coupled resonators. As 

mentioned in [10], matching the reactive parts of the termina-

tion impedances requires detuning the first and last resonators. 

In terms of capacitive or inductive compensations, the detuning 

frequency of the CTI using series reactive components is more 

beneficial than the addition of shunt reactive components. For 

fourth-order QEF, the first (𝑓 ) and last (𝑓 ) resonance fre-

quencies are detuned from the 𝑓  on the basis of termination 

impedances and can be defined as follows: 
 

     𝑓 , = 𝑓 1 + , FBW, , , + , FBW, , , , 
(1)

 

where 𝑅 ,  and 𝑋 ,  are the real and imaginary components of 

the source and load impedances, respectively. FBW is the frac-

tional bandwidth of the passband, while 𝑔  (i = 0, 1, 4, 5) is 

the element value of the low-pass prototype. The intermediate 

resonators are not changed by the CTI. 𝐶 = 1/𝜔 𝐿  

The capacitance of the parallel resonator can be calculated 

with 𝐶 = 1/𝜔 𝐿  by choosing an arbitrary value for the in-

ductor (𝐿 ) of the shunt parallel resonator. The slope parameters 

of the first, intermediate, and last resonators can be calculated 

(a) 

(b) 

Fig. 2. (a) ATI QEF with shunt inductor-capacitor (LC) resonators 

and admittance inverters and (b) the modified equivalent 

circuit of (a).
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using the following equations: 
 

       𝑏 = 𝜔 𝐶 , 𝑏 = 𝑏 = 𝜔 𝐶 , 𝑏 = 𝜔 𝐶 , (2)
 

where 𝜔  and 𝜔  are the detuned angular frequencies (which 

can be found from Eq. (1)) and 𝜔  is an angular center frequency. 

Once the detuned frequencies and slope parameters have 

been determined, the J-inverters of the coupled-resonator can 

be defined as follows: 
 𝐽 = FBW , 𝐽 , = FBW , 𝐽 = FBW

, 

i = 1, 2, 3, (3)
 

The transfer function and design examples of the conventional 

QEF were presented in [11]. A similar approach can be used to 

determine the frequency location of the pair TZs: 
 

      Ω = , (4)
 

where Ω  and 𝜔  are the frequency variable normalized 

to 𝜔  and the angular frequency of TZ at the higher side, re-

spectively. 

The quasi-elliptic response can be achieved through the addi-

tion of a parallel 𝐽  between the first and fourth resonators. 

The pair TZs are located at the frequency 𝑓 = 𝑓 ± 𝑎. Fur-

thermore, 𝐽  is the function of 𝛺  (or 𝑓 ) and can be 

determined through Eq. (5): 
 

       𝐽 = . (5)
 

The filter will be mismatched once 𝐽  is added. To maintain 

the required return loss (RL) at the operating band, the values of 𝐽  and 𝐽  must be slightly modified. Fig. 3 presents the cor-

rection factor values used to calculate the new 𝐽  and 𝐽  

based on the location of TZs. The correction factors can be ob-

tained using computer synthesis according to the required RL. 

The new J-inverters can be determined using the following 

equations: 

 

 
Fig. 3. Correction factors (αij) according to the location of TZs. 

 𝐽 = 𝐽 𝛺 𝛼 + 1𝑔 𝑔 1 ,
𝐽 = 𝐽 𝛺 𝛼 + 1𝑔 𝑔 1 , 

(6)
 

where the correction factors are 𝛼  for 𝐽  and 𝛼  for 𝐽 . 

These correction factors are critical to determining the location 

of TZs near the 𝑓 . If the TZs are located slightly far from 𝑓  

or a > 1, 𝐽  exerts only a small effect on the RL of the filter 

and results in very small cross-coupling. The external quality 

factors and coupling coefficients of the resonators are defined as 

follows [8]: 
 𝑄 = 𝑏𝑅 𝐽 , 𝑄 = 𝑏𝑅 𝐽 , , 

(7a)𝐾 , = 𝐽 ,𝑏 𝑏 , 𝐾 = 𝐽𝑏 𝑏 , 
(7b)

 

where 𝑄  and 𝑄  are the external quality factors of the first 

and fourth resonators, respectively. Then, 𝐾 ,  is an inline 

coupling coefficient, while 𝐾  is cross-coupling coefficient of 

the resonators. To demonstrate the analysis, the QEFs are de-

signed with the CTI and the different locations of TZs. The 

lossless elements of the J-inverter and the LC resonators are 

used in the simulation. The circuit model is simulated with the 

Advanced Design System (ADS) software. Fig. 4 provides the 

S-parameters of the QEFs (FBW = 5% and |S11| = 20 dB), 

according to the location of the TZs. The QEFs were designed 

with source termination of 𝑍  = 15 + j19 Ω and the load ter-

mination impedance of 𝑍  = 50 Ω. The required RL can be 

obtained by using the proper correction factors. 

III. DESIGN OF SIW QEF WITH CTI 

The SIW QEFs with ATI are designed using positive and 

negative couplings with via-hole windows. The proposed SIW 

QEF was designed with 𝑓  of 10 GHz, FBW of 5 %, and |S11| 

 
Fig. 4. S-parameters of the CTI filter with Chebyshev and quasi-

elliptic responses.
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of 20 dB. The frequency locations of TZ are 8.6 GHz and 11.4 

GHz (a = 1.4). For an unequal real-to-real case, the ATIs are 

ZS = 20 Ω and ZL = 50 Ω. Further, L1= L2 = L3 = L4 = 2 nH 

was selected, while C1 = C2 = C3 = C4 = 0.1266 pF is calculated 

from Eq. (2). Using Eq. (3), J-inverters can be determined as J01 

= 0.004616, J12 = 0.000362, J23 = 0.000278, J34 = 0.000362, and 

J45 = 0.00292. During the final step, J14 = ‒0.000088 is calculated 

using Eq. (5). 

For a complex-to-real case, the ATIs are ZS = 17 - j40 Ω 

and ZL = 50 Ω. Further, fS1 is calculated from Eq. (1) and de-

tuned to 10.65 GHz. Then, L1= L2 = L3 = L4 = 2 nH was se-

lected, while C1 = 0.1116 pF and C2 = C3 = C4 = 0.1266 pF. 

Similarly, J01 = 0.004852, J12 = 0.000351, J23 = 0.000278, J34 = 

0.000362, J45 = 0.00292, and J14 = -0.00000761 are calculat-

ed. Because a > 1, the modifications of J12 and J34 for maintain-

ing |S11| = 20 dB are not required. 

In praxis, shunt LC resonators can be constructed in various 

forms, such as a TL resonator, waveguide resonator, or SIW 

resonator [12, 13]. The external quality factor of the source (𝑄 ) 

and the load (𝑄 ) can be extracted from the electromagnetic 

(EM) simulation. In addition, 𝑄  and 𝑄  can be calculated 

using Eq. (8). 
 

       𝑄 _ , _ = ,± , 
(8)

 

where 𝛥𝑓±  is a 3-dB bandwidth.  

The coupling coefficients between resonators can also be 

extracted from the EM simulation using Eq. (9) for synchro-

nously tuned coupled resonators. 
       𝐾 = ± 𝑓 𝑓𝑓 + 𝑓 , (9)
 

where 𝑓  and 𝑓  denote the higher and lower resonant fre-

quencies, respectively. A quality factor of around 500 can be 

obtained from an eigen-mode simulation.  
Fig. 5 illustrates the inline coupling coefficient (𝐾 , ) of two 

rectangular SIW cavities. The 𝐾 ,  is increased as the width 

of the iris window (𝑊 ) expands. Similarly, Fig. 6 shows the  

leakage or cross-coupling coefficient (𝐾 ) according to the via-

hole wall spacing (l1) between the first and fourth resonators. 𝐾  has been shown to increase rapidly as l1 grows. 

IV. SIMULATION AND MEASUREMENT RESULTS 

The SIW QEFs with unequal real-to-real and complex-to-

real ATIs were designed and implemented on RT/Duriod 5880 

substrate with εr = 2.2 and h = 0.787 mm. 

The layouts with dimensions of the proposed unequal real-

to-real ATI SIW QEFs, as well as a photograph, are provided 

in Fig. 7. The measurement results are consistent with those 

obtained by the simulation. Fig. 8(a) depicts the measured 

matching impedance point of the proposed real-to-real ATI 

SIW QEF on a Smith chart. The measured real source termi-

 
(a) 

 
(b) 

Fig. 7. Proposed unequal real-to-real SIW QEFs: (a) layout with 

dimension and (b) fabricated circuit. 

 
Fig. 5. Coupling coefficient according to the width of the iris window 

(W1). 

 
Fig. 6. Magnetic coupling coefficient of two rectangular SIW cavities 

according to the gap (l1). 
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nation impedance is well matched to that obtained by the EM 

simulation. Similarly, the S-parameters within frequency range 

of 2‒18 GHz are likewise presented in Fig. 8(b); a measured 3 dB 

bandwidth range between 9.75 and 10.25 GHz (FBW = 5%) is 

obtained. The measured minimum |S11| is 17.4 dB and maxi-

mum |S21| is 0.93 dB in the passband. The spurious response is 

produced at approximately 14.5 GHz (1.45𝑓 ). The stopband 

attenuation better than 35 dB at the lower side of the passband 

is between 2 GHz and 9 GHz and at the higher side of the 

passband is between 11 GHz and 14.3 GHz. Similarly, a 

minimum attenuation better than 18.5 dB is obtained between 

14.4 GHz and 18 GHz. 

The layouts with dimensions of the proposed complex-to-

real ATI SIW QEFs, as well as a photograph, are provided in 

Fig. 9. Further, Fig. 10(a) depicts the measured matching im-

pedance point of the proposed complex-to-real ATI SIW QEF 

on a Smith chart. The measured complex source termination 

impedance is well matched to that obtained by the EM simula-

tion. The S-parameters within the frequency range of 2‒18 GHz 

are likewise presented in Fig. 10(b); a measured 3 dB bandwidth 

range between 9.74 and 10.25 GHz (FBW = 5.1%) is obtained. 

The measured minimum |S11| is 18 dB and maximum |S21| is 

1.2 dB in the passband. The spurious response is produced at 

 
(a) 

 
(b) 

Fig. 8. Comparison between the EM simulation and measurement 

results of the unequal real-to-real ATI SIW QEF: (a) 

matching impedance point on the Smith-chart and (b) 

magnitude of S-parameters. 

 
(a) 

 
(b) 

Fig. 9. Proposed complex-to-real SIW QEFs: (a) layout with di-

mension and (b) fabricated circuit. 

 

 
(a) 

 
(b) 

Fig. 10. Comparison between the EM simulation and measure-

ment results of the complex-to-real ATI SIW QEF: (a) 

matching impedance point on the Smith-chart and (b) S-

parameters.
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approximately 14.5 GHz (1.45𝑓 ). The stopband attenuation 

better than 40 dB occurs at the lower side of the passband be-

tween 2 GHz and 9 GHz and at the higher side of the pass-

band, between 11 GHz and 14 GHz. Similarly, a minimum 

attenuation better than 16 dB is obtained between 14.1 GHz 

and 18 GHz.  
The performances of the proposed SIW QEF with ATIs are 

compared with state-of-the-art BPFs and SIW QEFs in Table 

1. The proposed SIW QEFs are designed on a single-layer PCB 

with unequal real-to-real and complex-to-real ATIs, which are 

inexpensive and uncomplicated to fabricate. In view of the con-

ductor and dielectric losses, which are related to the operating 

frequency and FBW, the proposed SIW QEF provides a smaller 

IL in the passband than conventional SIW QEFs. 

V. CONCLUSION 

A new design for an SIW QEF with ATI is proposed and 

investigated in this paper. The proposed SIW QEFs provide 

high frequency selectivity and out-of-band signal suppression. 

The SIW QEF with ATI may be useful in, for example, the 

input and/or output matching networks of the power amplifier, 

which may reduce the insertion loss and complexity of the 

transmitter in the RF front end. In addition, the proposed SIW 

QEFs design method can be applied to a microwave circuit and 

system designs. 
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I. INTRODUCTION 

The rapid advancement of radio-frequency identification 

(RFID) technology and its wide range of applications have 

necessitated the development of smaller, low-profile compo-

nents that may be used in RFID systems [1, 2]. This technology 

is widely utilized in a variety of fields, including automatic sales 

management, security and access control, industry and manufac-

turing, and transportation and distribution systems [2]. A basic 

RFID system consists of two major components: a reader and 

tags [1–3]. Passive, semi-passive, and active are the three types of 

RFID tags. Passive tags are cheap and have a nearly indefinite 

lifetime. As a result, they make up the vast majority of transmitters 

and receivers used in RFID applications [2, 3]. They may operate 

in a variety of frequency bands, with the most popular being 

125 kHz, 13.56 MHz, 860–960 MHz, and 2.4 GHz. Low-

frequency (LF) and high-frequency (HF) systems (125 kHz 

and 13.56 MHz, respectively) have a 1-m operational range. 

Ultra-high frequency (UHF) transmitters and receivers, however, 

operate in the far-field area with radiative coupling over extended 

operational distances of several meters [3, 4]. 

In recent decades, ultra-wideband (UWB) technology has been 

considered a solution to solve the weaknesses of UHF methods 

and their inability to define RFID systems. UWB communica-

tion systems have gained importance in recent years. 

Minimizing energy consumption and the environmental 

effects of RFID systems have been of great interest. UWB-

based solutions can be efficiently adapted in this context, as 

UWB signals can localize and track passive devices and enhance 

existing systems’ performances [5–10]. Because of its low cost,  
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ease of installation, and high data transfer rate, UWB technology 

is now widely utilized in modern communication systems. The 

constant advancement of UWB communication systems has 

revolutionized printed antenna designs to meet the primary 

needs of UWB applications. The US Federal Communication 

Commission (FCC) permitted UWB transmitters to operate in 

the spectrum from 3.1 to 10.6 GHz in 2002 due to its efficient 

commercial UWB communication technologies [11]. However, 

these antennas have serious electromagnetic interference prob-

lems, as there are several other narrowband wireless communi-

cation systems, such as WLAN (2.4–2.5 GHz), Wi-MAX 

(3.5–3.7 GHz), high data rate HIPERLAN/2 bands (5.15–5.35 

and 5.470–5.725 GHz), and the IEEE 802.11a bands (5.15–

5.35 and 5.725–5.825 GHz) functioning in the same frequency 

spectrum [12–17]. 

The antenna of the RFID reader was recently updated to in-

clude triple-band UHF and UWB technologies. UWB-UHF 

RFID systems have been examined, and various solutions for 

UWB and UHF antennas have been proposed in the literature 

[18–22]. For example, a dual-band circularly polarized antenna 

was fabricated in [20] and implemented in UHF-UWB RFID 

applications. In [21], researchers developed a hybrid passive 

UHF/UWB RFID antenna for passive indoor identification 

and localization systems. An integrated UWB/UHF antenna 

utilizing a single port for localization and energy harvesting was 

created in [22]. 

This paper presents the first antenna solution for UWB/ 

UHF RFID systems operating in the 0.5–12 GHz bands. The 

RFID reader board has a triple-band antenna built in. In addition, 

a UHF/UWB reader antenna with triple-band characteristics 

was developed and implemented using a coplanar waveguide 

(CPW). It has a simple structure with few geometric characteris-

tics and a small dimension. Its excellent characteristics (compact 

size, high gain, large bandwidth, omnidirectional H-plane, and 

E-plane radiation pattern across the operating bands) make it a 

promising solution for UHF/UWB RFID systems. An inte-

grated scheme is made up of a reader module, a triple-band an-

tenna, and an STM32L476RG microcontroller. The RFID 

reader antenna was simulated using CST Studio Suite, and a 

prototype antenna was incorporated into the system board for 

near- and far-field communication. In fact, the integrated antenna 

scheme shows good performance when implemented in RFID 

applications, as it can attain the UHF and UWB frequency triple 

bands. 

The following is a breakdown of the manuscript’s structure. 

The UHF/UWB antenna RFID reader design with the triple 

band is presented in Section II. Section III illustrates how different 

factors impact the antenna reader’s performance. The electro-

magnetic simulation environment and experimental setup where 

the simulation and measurement findings were achieved are 

then depicted in Section IV. The integrated modeling of a triple-

band antenna RFID reader system in the RFID board is dis-

cussed in Section V. In the final section, the proposed antenna is 

compared to those in recent literature, and a conclusion is pre-

sented. 

II. DESIGN OF THE UHF/UWB ANTENNA READER 

Due to their simple construction, ease of manufacturing, good 

wideband properties, and omnidirectional radiation patterns, 

circular disc monopole antennas are promising solutions for 

UHF/UWB RFID applications [23–26]. 

 

1. RFID Reader Antenna Design with Triple Bands 

The UWB monopole antenna has a circular shape. The 

ground plane is characterized by a coplanar configuration pro-

portional to the excitation line. It is fed with a microstrip feed 

line with characteristic impedance of 50 Ω.        

A circular patch printed on a low-cost FR4-type substrate 

with a thickness h = 0.8 mm, relative permittivity 𝜀𝑟 = 4.3, and 

loss tangent tan δ = 0.025 was utilized to fabricate the antenna 

whose geometry is presented in Table 1. The substrate had a 

total size of 70 mm × 60 mm × 0.8 mm. The ultra-wide im-

pedance bandwidth was achieved using CST software to simu-

late a compact structure. Fig. 1 shows the final design for a triple-

Table 1. Detailed dimensions of the proposed antenna

Parameter Dimension (mm)

Wg 24.5

Lg 30

Wf 4

Lf 0.75

Ws 1.5

Ls 29

R 28

r 8

t 24

 

 
Fig. 1. Geometry of the proposed antenna. 
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band monopole antenna. The main aim of this study was to 

create a triple-band antenna reader for UHF/UWB operation. 

A circular patch disc monopole antenna with two-sided corner 

truncation and two circular and (+)-shaped slots make up this 

antenna [27]. 

 

2. Antenna Reader Design Procedure 

Fig. 2 depicts the evolution of the introduced triple-band an-

tenna from the basic UWB antenna step by step.  

There are three basic phases in the antenna design process. 

The circular patch-based CPW that feeds the antenna with a 

ground plane in Ant.0 is distinguished by its proportional co-

planar design. The prior base antenna was changed to improve 

antenna performance and build a UWB antenna, although 

geometrical characteristics and the substrate remained the same 

as the basic antenna. 

In Ant.1, a two-sided corner truncation method was used to 

truncate the patch antenna corners. The specifications of the 

truncated corners utilized to increase bandwidth and provide 

better impedance matching throughout the operating bands are 

shown in Fig. 2 (Ant.1). 

To achieve the UWB response, the slots (+) and circular 

shapes were etched into the circular patch with a length (Ls), 

width (Ws), and circle radius (r) in Ant.2. Compared to the 

previous UWB antenna, impedance matching and operational 

bandwidth were significantly improved in the initial iteration.  

Fig. 3 shows the reflection coefficient S11 versus the frequency 

of the proposed antenna compared to the other antennas. The 

antenna (Ant.0) demonstrated broad capabilities with a -10 dB 

bandwidth spanning 1.8–4.5 GHz (2.7 GHz) and 7–11 GHz 

(4 GHz). 

The antenna (Ant.1) had a fractional impedance bandwidth 

spanning from 1.8 to 6.5 GHz (4.7 GHz) and 7 to 11.8 (4.8 

GHz) in this design stage, indicating an increase in the band-

width that is nearly equivalent to 2.8 GHz in contrast to the 

bandwidth given by the present UWB antenna. 

By putting the slots—circular and (+) forms—in the radiating 

patch, Ant.2 attained a -10 dB bandwidth in the 0.5–12 GHz 

(11.5 GHz) range, which covers WLAN (2.4/3.2/5.2/5.8 GHz) 

and Wi-MAX (3.5/5.5 GHz). 

III. PARAMETERS ANALYSIS OF UWB ANTENNA READER 

To demonstrate how different parameters affect antenna per-

formance, four parameters were optimized to obtain all triple 

bands. These parameters were stub length (t), slot length (Ls), 

width (Ws), and the dimension of the outer radius (r), all of 

which had a significant impact on the proposed antenna’s 

bandwidth performance. 

 

1. Effect of Truncation Length (t) 

Fig. 4 shows the effect of the truncation length (t) on the S11 

performance of the proposed antenna. The antenna’s impedance 

matching performance was harmed by truncation (t). To achieve 

a bandwidth appropriate for triple-band performance, the max-

imum value of truncation (t) was set to 24 mm.  

 

   
(a)               (b)               (c) 

Fig. 2. Development steps for the triple-band UWB antenna: (a) 

Ant.0, (b) Ant.1, and (c) Ant.2.

 
Fig. 3. Simulated reflection coefficient S11 of the three proposed 

antennas. 

 
Fig. 4. Effects of truncation (t) of the proposed antenna on S11 perfor-

mance.
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Fig. 4 shows the bandwidth performance of the reflection co-

efficient S11 in the 1.8–4.5 GHz and 7–11 GHz frequency 

bands with t = 24 mm. Obviously, when the truncation length 

was increased, the antenna impedance matching deteriorated (t). 

 

2. Effects of the Length (Ls) and Width (Ws) of the Form Slot (+) 

Fig. 5 shows the impact of different slot lengths (Ls) and 

widths (Ws) on the bandwidth. The antenna performance was 

analyzed using a slot with three unique lengths and widths, Ls 

= 15, 16, and 17 mm, and Ws = 0.5, 1, and 1.5 mm, while the 

other parameters remained at their final values. 

The slot with a reduced length (Ls = 28 mm) showed a poor 

reflection coefficient at a higher frequency in the range of 0.5–

1.5 GHz. An increase in slot length at Ls = 30 mm enhanced 

the reflection coefficient performance at a higher bandwidth of 

0.5–1.5 GHz but resulted in poor impedance matching varying 

between 8 and 11 GHz. Nevertheless, the substrate slot’s op-

timal length (Ls = 29 mm) provided good impedance matching 

over the required frequency band, and it showed that the UWB 

width of the antenna was in the range of 0.5–12 GHz. Fig. 5 

depicts the influence of the slot width Ws on the impedance 

bandwidth. The antenna achieved the desired UWB width with 

acceptable impedance matching by increasing the slot width by 

1 mm. In the frequency range of 4.6–6.5 GHz, a further de-

crease in the slot width (Ws = 1 mm) resulted in an impedance 

matching issue, whereas increasing the slot width (Ws = 2 mm) 

contracted the impedance bandwidth. As a result, we can see 

that for Ws = 1.5 mm, a maximum impedance bandwidth with 

the best impedance matching was supplied. 

 

3. Effects of the Radius of the Circular Slot (r) 

The patch outer radius was altered when the dimensions of 

the remaining radiating parameters were fixed at their final values. 

Fig. 6 shows the simulated S11 curves for various values of the 

patch’s outer radius (r). Changing the antenna’s remaining set-

tings obviously changed the antenna’s initial resonance frequen-

cy. In actuality, the outer radius (r) was between 7 and 9 mm, 

with a 1-mm step size. This figure also shows the simulated 

reflection coefficient S11 of the proposed UWB antenna with a 

varied slot circular radius on the patch. At a larger radius of r = 

9 mm, it was evident that the antenna did not create an ultra-

wide impedance bandwidth. 
Fig. 6 further shows that the antenna had a low reflection co-

efficient performance for r = 7 mm frequency bands ranging 

from 3.1 to 6.8 to 7.1 GHz. 

The antenna created only two rejection frequency bands 

spanning from 5.25 to 5.95 GHz and 2.5 to 7.8 GHz when the 

(r) parameter was increased by 1 mm (r = 9 mm). Thus, for the 

constructed antenna, the optimum radius dimension of r = 8 

mm was taken into consideration.  

To sum up, if the antenna was constructed with t = 24 mm, 

Ls = 29 mm, Ws = 1.5 mm, and r = 8 mm, it produced a triple 

band with a high impedance bandwidth. 

The measurement findings of the suggested antenna design, 

reflection coefficient S11, gain, and radiation pattern features are 

illustrated and discussed in the next section. 

IV. MEASUREMENT RESULTS AND DISCUSSION 

The measurement results were compared to the simulated 

performance of the introduced antenna with an optimum size. 

Fig. 7 shows a constructed prototype of the microstrip-line-fed 

triple-band antenna. 

The Agilent PNA Network Analyzer (N5221A) was used to 

assess the antenna’s reflection coefficient S11 measurement. The 

anechoic chamber was used to measure the other antenna pa-

 
Fig. 5. Effects of length (Ls) and width (Ws) of the proposed an-

tenna on S11 performances. 

 
Fig. 6. Effects of the circular slot (r) for the proposed antenna on 

S11 performances.
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rameters, such as the radiation pattern and gain performance. 

Fig. 8 presents the measured and simulated reflection coeffi-

cient S11 curves of the UHF/UWB reader antenna. 

The observed results are fairly similar to the simulated ones, 

revealing an ultra-wide working frequency band. For |S11| < 

-10 dB, the reflection coefficient bandwidth varied between 

0.5 and 12 GHz, spanning the UHF/UWB working frequency 

band. The second resonant frequency at 5 GHz was moved to a 

higher frequency when comparing the simulated and measured 

results. 

Fig. 9 shows the simulated and measured gain variations of 

the proposed UHF/UWB reader antenna. The antenna provides 

a gain performance of 4.8 dBi as a function of frequency. 

The ambient influence, manufacturing tolerances, substrate 

losses, and SMA connection loss all contributed to the insignifi-

cant difference between the simulated and measured results. 

The described RFID reader antenna design has numerous ad-

vantages, including its compact size, ease of manufacturing, easy 

matching, and ability to display a triple band. 

The radiation patterns revealed the antenna’s radiation per-

formance in the operational bands. Fig. 10 shows the simulated 

and measured antenna radiation patterns in the E-plane (yz-

plane) and H-plane (xz-plane) in an anechoic chamber. The 

prototype RFID reader antenna’s observed radiation patterns in 

the E-plane and H-plane at the four resonant frequencies of 1, 

3, 7, and 10 GHz correspond well with the simulations. The 

designed antenna produced stable patterns over the entire 

working band in both the E- and H-planes. In the H-plane, the 

proposed antenna clearly provided omnidirectional radiation 

patterns. 

 
Fig. 7. Fabricated prototype of the proposed antenna. 

 

 
Fig. 8. Simulated and measured reflection coefficient S11. 

 
Fig. 9. Simulated and measured gains. 

 

 

 
(a) (b) 

 
(c) (d) 

Fig. 10. Simulated and measured E- and H-plane radiation patterns 

at different frequencies of the proposed antenna: (a) 1 GHz, 

(b) 3 GHz, (c) 7 GHz, and (d) 10 GHz. 
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V. INTEGRATED MODELLING OF THE TRIPLE-BAND 

RFID SYSTEM 

A simple RFID system consists of an antenna reader, an 

RFID tag, and a host PC for data visualization and manage-

ment. The first component is a tag that is applied to an item 

that is to be identified and located among hundreds or thousands 

of others. It has a tiny antenna that is linked to a microchip by a 

small memory that stores the object’s identity and data [28]. 

When the tag is positioned in the scanning environment, the 

RFID reader is a scanner placed in a fixed spot to interrogate it. 

The host PC acts as a data processor, controlling, displaying, and 

storing information from the tag and reader. The RFID system 

is shown in Fig. 11. 

The proposed antenna operating simultaneously in both 

UHF/UWB bands is integrated into the RFID reader board to 

read the identification of RFID tags through the RFID module, 

which is connected in series with our antenna. Fig. 12 illustrates 

the schematic of the triple-band antenna integrated in the 

RFID reader board. 
The proposed antenna operating simultaneously in both 

UWB/UHF bands was integrated into the RFID reader board 

to read the identification of RFID tags through the RFID 

module, which was connected in series to our antenna. Fig. 12 

illustrates the schematic of the triple-band antenna integrated in 

the RFID reader board. 

The RFID reader board is made up of three parts: hardware, 

antenna, and software. The first has a reader antenna, an RF 

module, and an STM32L476RG microprocessor. Through a 

serial link, the host PC and the RFID reader board interact.  

The ST25RU3993-EVAL board supports a frequency channel 

within the range of 840–960 MHz. A graphical user interface 

(GUI) running on a host PC through a USB/UART bridge 

controls it.  

The tag display was managed inside the interface of the 

ST25RU3993 GUI software program using an algorithmic 

technique built within the microcontroller. An RFID reader 

board and a UHF 860–960 MHz passive RFID tag were utilized 

in the prototype antenna test. 

Fig. 13 describes the typical reader setup. The connection 

 
(a) 

 
(b) 

Fig. 13. (a) UHF tag reading experience integrated into GUI software 

and (b) ST25RU3993 GUI main window.

 
Fig. 11. Configuration of the standard RFID system.  

 

  
Fig. 12. Scheme of the integrated UHF/UWB antenna. 
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between the host PC running the GUI and the ST25RU3993-

EVAL board was ensured by a USB cable. The antenna was 

linked to the antenna port via a 50 Ω coaxial cable. Since the 

mentioned prototype could read the RFID tags, they were within 

the range of the antenna reader. Reader antenna performance 

was studied when integrated into the RFID board and after 

reading tags UHF.  

The reader antenna reads tags through the ST25RU3993 

GUI software application. The reading experiment between the 

UHF reader antenna and the UHF tag antennas integrated into 

the ST25RU3993 GUI software application is presented in Fig. 

13(a). 

The distances from the board to the UHF tag varied from 5, 

7, 9, 11, and 13 m. The UHF RFID tag’s reading performance 

was inversely associated with the distance between the board 

and the tag—in other words, the reading performance deteriorated 

with the increase in the distance between the board and the tag. 

Fig. 13(b) shows the main window of the ST25RU3993 GUI. 

VI. COMPARISON AND NOVELTY 

In terms of size, bandwidth, gain, and operational frequency 

range, Table 2 shows the comparison results regarding the per-

formance of the planned UHF/UWB triple-band antenna to 

that of the current antennas [18–20, 29–31]. The results showed 

that the created reader antenna’s uniqueness offered good im-

pedance bandwidth and gain performance, and its applicability 

was demonstrated by utilizing a UHF/UWB triple-band mono-

pole antenna incorporated into an RFID reader board. The ad-

vantages of the developed antenna demonstrate its uniqueness 

in the field of triple-band UHF/UWB RFID reader antennas. 

VII. CONCLUSION 

This study proposed a novel approach of integrating a triple-

band monopole antenna with UHF/UWB (0.5–12 GHz) into 

the RFID reader board. The CPW antenna had a microstrip 

line fed into a circular patch with two truncations and two slots 

on the patch, (+)-shaped and circular one, to achieve UWB 

characteristics with three resonance frequencies. Simulations 

were performed using CST Studio Suite throughout the design 

process, and the antenna prototype was built and incorporated 

into the system board for RFID near- and far-field communica-

tion applications. We demonstrated the good performance of 

the proposed antenna and its application in the UHF/UWB 

communication band with a maximum gain of 4.8 dBi using 

simulated and measured results. The antenna’s radiation charac-

teristics were also noted to be outstanding over the UHF/UWB 

spectrum. The new antenna is easier to build than the ones de-

scribed in the literature, and it has tunable notch characteristics, 

making it a viable option for UHF/UWB communication sys-

tems. The integrated antenna design complies with UHF fre-

quency regulations, making it ideal for RFID applications. 
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I. INTRODUCTION 

Microrobots have recently been investigated for use as im-

plantable medical devices because their various features offer 

tremendous benefits [1, 2]. To enable their practical implemen-

tation as implantable medical devices, the size of the microrobot 

should be small enough to insert it into a blood vessel. The mi-

crorobot should also be capable of moving from one position to 

another intended position. For this reason, microrobot propul-

sion systems are one of the most significant areas of research in 

the field. Microrobot sizes can range from nanometers to milli-

meters, and various propulsion methods have been considered 

based on their size and likely operating environments [3–8]. To 

power the active circuits of the microrobot, a battery system has 

been developed [9]. However, the battery is not yet small 

enough for an implantable microrobot. Since the capacity of a 

battery is determined by its volume, reducing the battery’s size 

also limits its operating time.  

To address this power issue, wireless power transfer (WPT) 

systems have been widely studied for use in microrobots [10–

13]. The WPT systems transfer electrical energy wirelessly and 

continuously, which means that a WPT-supplied microrobot  
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has unlimited operating time as long as the power continues to 

be supplied from outside. Some researchers have adopted a 

motor-based propulsion system to provide movement [12, 13], 

but the miniaturization of these kinds of motor systems is not 

easy. To address this issue, a microrobot with combined propul-

sion and a WPT system was recently introduced [14–20]. This 

microrobot propulsion method is based on Lorentz force. The 

authors used a time-varying magnetic field formed by the 

transmitting of a WPT system, and induced current as the 

source of Lorentz force. To generate the Lorentz force, it was 

necessary to avoid the inductor-capacitor (LC) resonance fre-

quency, which can decrease power transfer efficiency [14–17]. 

In addition, as the size of the microrobot is reduced, the generated 

Lorentz force decreases, as the length that is affected by the 

time-varying magnetic field is reduced. 

To overcome this phenomenon, a novel microrobot propulsion 

method that uses the WPT system, as inspired by the magneto-

phoretic force, was developed [18–24]. In this approach, a bar-

type magnetic material is used to produce a magnetic force, using 

the time-varying incident magnetic field inherently generated by 

the WPT system [20]. This allows the magnetic force to be 

used as the microbot’s source of propulsion. 

As is well known, the magnetic force on a magnetic material 

is proportional to the magnitude of an incident magnetic field. 

However, overly time-varying magnetic fields can be potentially 

harmful to the human body. Therefore, estimating the magnetic 

force of the microrobot is important. Fortunately, increasing the 

efficiency of the microrobot WPT will result in a lower incident 

magnetic field at the same time. 

In this study, we derived and analyzed the instantaneous 

magnetic force generated on a magnetic material embedded in 

the microrobot at the center of the transmitting coil. Since the 

relative permeability of a magnetic material is affected by magnetic 

force, the effect of relative permeability was analyzed theoretically 

and verified by simulation. The results showed that the discrepancy 

between the derived magnetic force and the simulated force was 

less than 9%. Additionally, various transmitting coils and re-

ceiving coils were fabricated and analyzed to obtain high power 

transfer efficiency. The resulting power transfer efficiency was 

derived using Q-factors and the coupling coefficient (k). As a 

result, it was possible to achieve a 3.5% power transfer efficiency 

in a 2 mm × 2 mm × 4 mm microrobot at 220 kHz. 

II. DERIVATION OF MAGNETIC FORCE APPLIED TO 

MAGNETIC MATERIAL 

1. Magnetic Force Applied to a Magnetic Material Exposed to a 

Static Magnetic Field 

The magnetic force on a magnetic particle under a static 

magnetic field can be obtained as (1) [18, 21, 22]:  

𝐅 2πμ r 𝛁H r               (1) 
 

where r, rp, 𝜇p, 𝜇m, and H represent the distance from the center 

of the coil to the magnetic material, the radius of the particle, 

the relative permeability of the particle, the relative permeability 

of the media, and the magnetic field vector, respectively. 

Since this research deals with implantable microrobots, it is 

reasonable to set 𝜇m as 1 since the media is assumed to be a 

blood vessel, while 𝜇p is in the range of 100–3,200, depending 

on the synthesis method and procedures used for the magnetic 

materials [25, 26]. As can be expected, according to Eq. (1), 

when the 𝜇p is higher than the relative permeability of the media, 

the term (𝜇p - 𝜇m)/(𝜇p + 2𝜇m) is negligible since it approaches 

the value of 1. 

To validate this phenomenon, a simple simulation setup was 

established, as shown in Fig. 1. In this research, we used the 

finite element method solver ANSYS Electronics. A constant 

current of 0.25 mA was excited in the coil to generate a magnet-

ic field. The coil size was set at 2 𝜇m by referring to a previous 

study [18]. A spherically shaped magnetic particle with a radius 

of 1/30 μm was located along the center of the coil and y-axis. 

The simulation was performed by changing the location of the 

magnetic particle from -6 μm to 10 μm in steps of 0.5 μm with 

various values of 𝜇p. Depending on the magnetic particle’s posi-

tion or the distance between the magnetic particle and the coil, 

the applied magnetic force was changed.  

To determine the permeability of the magnetic material, we 

changed the ferrite’s permeability to 10, 50, 150, and 3,000. As 

shown in Fig. 2, as the 𝜇p becomes larger, the magnetic force on 

the magnetic particle converges to a solid line, since the (𝜇p - 𝜇m)/(𝜇p + 2𝜇m) term approaches 1.  

 

2. Magnetic Force Applied to a Magnetic Material Exposed to a 

Time-Varying Magnetic Field 

Since the WPT system generates a time-varying magnetic 

field, the static magnetic field term (H) in Eq. (1) can be substi-

 
Fig. 1. Simulation setup used to extract the magnetic force applied 

to the magnetic material, which was generated by an inci-

dent magnetic field.
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tuted with H r sin ωt , where ω is the angular frequency. 

Hence, the magnetic force on a spherically shaped magnetic 

material can be modified using Eq. (2) [23]. 
 𝐅 r, t 2πμ r 𝛁 H r sin ωt       (2) 
 

Accordingly, the time-average magnetic force on a magnetic 

material can be obtained using Eq. (3). 
 𝐅 r 2𝜋μ 𝑟 𝛁H 𝑟 sin 𝜔𝑡 𝑑𝑡    (3) 
 

Based on Eq. (3), it is clear that the powering frequency is not 

affected by the magnetic force, which makes it easier to design 

the WPT system. 
To validate this idea, simulations of instantaneous force and 

time-average force were conducted. To generate the time-varying 

magnetic force, a 0.25 mA, 220 kHz sinusoidal current was 

applied to the coil while the other parameters were maintained.  

The calculated and simulated results are compared in Fig. 3, 

which shows there was less than a 2% discrepancy in terms of 

the magnitude of magnetic force. 

 

3. Magnetic Force Applied to a Magnetic Bar Exposed to a Time-

Varying Magnetic Field  

According to Eq. (3), a higher magnetic field gradient generates 

a higher magnetic force. In other words, bar-shaped magnetic 

material has advantages for propulsion since it will be exposed to 

a higher magnetic field gradient [21]. For this reason, a bar-

shaped magnetic material was used in this research. By applying 

volume integration to Eq. (3), the force on the magnetic bar can 

be derived as Eq. (4). 
 �⃗� 𝑟 �⃗� 𝑟 𝑑𝑡 𝑑𝑣           (4) 
 

To validate this equation, a simulation was conducted, as 

illustrated in Fig 4(a). A 2 mm × 2 mm × 4 mm magnetic bar 

was exposed to the time-varying magnetic field and moved from 

the center of the coil to 50 mm away from the center along the 

normal direction following the y-axis. 

The tendencies of the calculated and simulated values corre-

sponded highly to each other with less than 9% discrepancy. As 

a result, we could determine the magnitude of the incident 

magnetic field and therefore the applied current on a coil. 

III. POWER TRANSFER EFFICIENCY ANALYSIS BASED ON 

Q-FACTORS AND COUPLING COEFFICIENT 

The magnitude of the incident magnetic field at a certain dis-

 
Fig. 3. Time-average magnetic force under a time-varying magnetic 

field. 

 
Fig. 2. Magnetic force with different relative permeabilities. 

 

 
(a) 

 
(b) 

Fig. 4. Calculated and simulated time-average magnetic force on a 

magnetic bar. (a) Simulation setup and (b) obtained force at 

specific distances from the coil (0 mm to 50 mm). 
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tance is determined by ampere turns. The size and number of 

turns in the coil affect the quality factor (Q-factor) and the 

coupling coefficient (k) between the transmitting coil and the 

receiving coil, which is directly related to the power transfer 

efficiency. Accordingly, a Q-factor-based analysis is necessary to 

determine the proper transmitting coil. According to Eq. (3), 

the square of magnetic field intensity is proportional to the 

generated magnetic force. Considering that the magnitude of 

the magnetic field is proportional to the exciting current on the 

transmitting coil, the magnitude of the incident magnetic field 

can be controlled by adjusting the current. Moreover, to generate 

a sufficient magnetic field, the input impedance should be low 

so that the current flows freely. For this reason, a series-series 

(SS) WPT topology system was employed in this research. 

Fig. 5 illustrates the general equivalent circuit of the SS topology. 

In this condition, the resonance frequency and Q-factors of the 

transmitting and receiving coils are as follows: 
 ω 1L C 1L C , Q ω LR , Q ω LR  

 

where, ω0, LTx, LRx, CTx, CRx, QTx, QRx, RTx, and RRx, are the 

resonance frequency, self-inductance of the transmitting coil, 

the self-inductance of the receiving coil, the capacitance of the 

transmitting part, the capacitance of the receiving part, the 

resistance of the transmitting coil, and the resistance of the re-

ceiving coil, respectively. Assuming that the RS, the resistance of 

the transmitting part, is small enough to be negligible, except 

for the transmitting coil resistance, the power transfer efficiency 

(η) of this system can be obtained as Eq. (5): 
 η k Q Qk Q Q 1 RR  

(5)
 

 

Therefore, when the Q-factors of the transmitting and re-

ceiving coils and the coupling coefficient between the two coils 

are given, the power transfer efficiency can be easily obtained. 

IV. DETERMINING POWERING FREQUENCY 

To establish the experimental setup, two transmitting coils 

and three receiving coils were fabricated. Since it is difficult to 

estimate the resistance of the Litz wire, we measured the Q-

factors and coupling coefficient using an Agilent E5071C vector 

network analyzer (VNA). The measurement was conducted 

while maintaining a 50-mm distance between the transmitting 

and receiving coils. 

 

1. Q-Factor and Mutual Inductance Derivation from S-

Parameters 

The transmitting and receiving coils were connected to ports 

1 and 2 of the VNA, respectively, to obtain the S-parameter. 

The sweeping frequency was set to 10 kHz–2 MHz. From the 

S-parameter, we derived the Z-parameter referring to Table 

D.1 [27]. After that, we took the real term of the Z-parameters 

of the transmitting (Z11) and receiving (Z22) coils to obtain the 

resistance RTX and RRX. For the inductance, which is mandatory 

below the self-resonance frequency (SRF), we took the imaginary 

parts of Z11 and Z22. After that, the self-inductance of each coil 

was calculated by taking the imaginary parts of Z11 and Z22, 

divided by the angular frequency. Similarly, to obtain the mutual 

inductance between the transmitting and receiving coils, the 

imaginary part of Z12 was divided by angular frequency. 

 

2. Transmitting Coil Analysis 

A Litz wire was used for the transmitting coil to minimize 

AC resistance. The outer dimensions of both transmitting coils 

were identical, but the wire diameter differed to 2.8 𝜙 and 1.0 𝜙. 

Under this condition, it was determined that 25 turns and 225 

turns would maintain the outer and inner sizes of each coil, as 

illustrated in Fig. 6.  

Fig. 7 describes the Q-factors of the two transmitting coils as 

measured by the VNA. The 225 turns-1.0 𝜙 coil showed a lower 

Q-factor while the 25 turns-2.8 𝜙 coil had a higher Q-factor. 

This is because a high number of turns introduces a proximity 

effect, increasing self-resistance. Moreover, as the number of 

turns increased, the parasitic capacitance between the wires also 

 
Fig. 5. Equivalent circuit of the series-series (S-S) WPT system. 

The maximum power transfer can be obtained at the LC 

resonance frequency (ω0). 

 
(a)                           (b) 

Fig. 6. Fabricated transmitting coils. The outer and inner dimen-

sions are restricted to 170 mm, and 140 mm respectively. (a) 

2.8 𝜙-25 turns transmitting coil and (b) 1.0 𝜙-225 turns 

transmitting coil.
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increased. For this reason, the SRF of the 225 turns-1.0 𝜙 coil 

was observed to be around 220 kHz, and the Q-factor turned to 

negative above 220 kHz, which means that the electric charac-

teristic of the coil enters the capacitive region. 

However, the 2.8 𝜙 Litz wire coil had higher Q-factors with-

in the range of 10 kHz to 2 MHz.  

 

3. Receiving Coil Analysis 

Two 160 turns-0.1 𝜙 and one 40 turns-0.2 𝜙 receiving coils 

were fabricated. In the 160 turns coils, one coil was wound 

along a 2 mm × 2 mm × 4 mm magnetic bar, and the other 

was wound along a non-magnetic material as a support, produc-

ing an identical shape, as illustrated in Fig. 8(a) and 8(b).  

The other power receiving coil, wound with 40 turns along a 

2 mm × 2 mm × 4 mm supporter with 0.2 𝜙 wire, is shown in 

Fig. 8(c). Sub-Miniature-version-A (SMA) connectors were 

applied to easily connect to the VNA. The magnetic bar was 

composed of multiple ferrite sheets, whose relative permeability 

was 150 in our frequency range of interest, from 10 kHz to 2 

MHz [25, 26]. These ferrite sheets not only generate magnetic 

force but also concentrate the magnetic field. As a result, their 

self-inductance was around two times higher than the others. 

For this reason, the ferrite-embedded receiving coil had a higher 

Q-factor, as illustrated in Fig. 9. 

 

4. Determining Powering Frequency 

As the coupling coefficient is determined by the structure of 

the two coils and the magnetic material, a ferrite enclosed coil 

has values that are two times higher than coils without ferrite, as 

shown in Fig. 10. 

 
Fig. 7. The Q-factors of the two transmitting coils. The measure-

ments ranged from 10 kHz to 2 MHz. 

 

 
(a)                (b)               (c) 

Fig. 8. Three different fabricated receiving coils. For (a) and (b) the 

160 turns-0.1 𝜙 coil was wound along a 2 mm × 2 mm × 

4 mm magnetic bar and a non-magnetic supporter, respec-

tively. (c) The 40 turns-0.2 𝜙 coil was wound along a 2 mm 

× 2 mm × 4 mm non-magnetic supporter. 

 
Fig. 9. The Q-factor of the receiving coil from 10 kHz to 2 MHz. 

 

 
(a) 

 
(b) 

Fig. 10. Measured coupling coefficients. (a) Coupling coefficient of 

25 turns-2.8 𝜙 coil for three different receiving coils and (b) 

coupling coefficient of 225 turns-1.0 𝜙 coil with three dif-

ferent receiving coils. The receiving coil with ferrite materi-

al inserted showed a higher coupling coefficient.
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Below 100 kHz, the coupling coefficient levels of the two 

coils were not very different, since their outer dimensions were 

very close to each other. Finally, by combining the Q-factors 

and coupling coefficient, the power transfer efficiency could be 

obtained according to Eq. (5) (see Fig. 11). The results indicat-

ed that the maximum power transfer that can be achieved was 

around 3.65% at 220 kHz with the 2.8 𝜙-25 turns transmitting 

coil and 160 turns ferrite embedded receiving coil and 0.87% at 

100 kHz with 1.0 𝜙-255 turns. Because the powering frequency 

and magnetic force are independent, there is no restriction on 

the powering frequency. Accordingly, we could determine the 

powering frequency just by considering the power transfer effi-

ciency, which is 220 kHz. 

V. EXPERIMENTAL VALIDATION 

The feasibility of the proposed system was validated by an 

experiment. As illustrated in Fig. 12, the receiving coil was 5 cm 

away from the transmitting coil. To provide AC power, we used 

a 1 kW frequency-tunable inverter. To observe the power con-

sumption of the coil, differential voltage and current probes 

were applied to the transmitting coil. Two sets of matching ca-

pacitor sets were prepared for the two transmitting coils. As the 

size of the receiving coil is very small, it was difficult to measure 

current and voltage. Alternatively, we observed how much power 

was consumed by the transmitting part to turn on a light-

emitting diode (LED) on the receiving coil. To turn on the 

LED, we applied 30 W and 10 W to the 255- and 25-turn 

transmitting coils, respectively. This confirmed that the power 

transfer efficiency of the 25-turn transmitting coil was three 

times higher than the 225-turn coil. For this reason, a 25-turn 

transmitting coil was used for the propulsion experiment.  
The microrobot was enclosed in a capsule and inserted into 

the oily media, as shown in Fig. 13. It included a receiving coil 

consisting of a magnetic bar wound with 160 turns. When the 

inverter was turned on, the microrobot began to move toward 

the transmitting coil and received the power, which was enough 

to turn on the LED attached to the microrobot. This occurs 

because a magnetic force always moves toward a magnetic field 
 

(a) 

 
(b) 

Fig. 11. Measured coil to coil efficiency. (a) Efficiency of the 

transmitting with 1.0 𝜙-225 turns. (b) Efficiency of the 

transmitting coil with 2.8 𝜙-25 turns. 

 
Fig. 12. Experimental setup used for WPT verification. The receiving 

coil was located 5 cm away from the transmitting coil. 

 
Fig. 13. Microrobot propulsion experiment setup. The microrobot 

moves toward the transmitting coil due to the magnetic 

force between the transmitting coil and the magnetic bar, 

which is located in the receiving coil. 
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source, as described in Eq. (1). Additionally, regardless of power-

ing frequency, the microrobot moved toward the transmitting 

coil, which supported Eq. (3). 

VI. CONCLUSION 

This paper introduced a magnetic material-based microrobot 

propulsion system. To produce propulsion, we derived and 

analyzed the magnetic force applied to a magnetic bar using a 

WPT system. The proposed method was verified by a 3D elec-

tromagnetic (EM) simulation, and the results had a discrepancy 

of less than 9%. To achieve high power transfer efficiency, we 

analyzed the transmitting and receiving coils using Q-factor and 

coupling coefficient measurements. Using the results, we de-

termined the optimal operating frequency and achieved 3.6% 

power transfer efficiency.  

This work provides a basis for determining the effects of an 

incident current on a WPT microrobot system and for achieving 

high power transfer efficiency while reducing magnetic field 

radiation, which can be harmful to the human body.  
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I. INTRODUCTION 

Radar sensors that track and detect the positions and crowding 

densities of targets have been actively studied for various appli-

cations because they are less affected by conditions such as light, 

fog, and humidity compared to vision sensors and LIDAR [1]. 

Frequency-shift keying (FSK) radar, which is a type of interfer-

ometry radar, is useful for short-range detection owing to its 

high-precision measurement using a narrow-frequency band-

width. Additionally, it can measure the absolute distance using a 

simply configured continuous-wave (CW) radar [1–4]. 

The maximum unambiguous range in FSK radar is deter-

mined by the maximum phase difference (theoretically 2π) from 

the two distinguished frequencies. If the phase difference for 

each frequency cannot be measured discriminately, the phase 

difference measured by θ cannot be distinguished from 2π−θ 

owing to the periodic characteristics of the trigonometric func-

tion. This problem in the phase-difference selection can reduce 

the maximum unambiguous range from 2π to π [5]. The maxi-

mum unambiguous range corresponding to the phase difference 

of 2π was obtained in previous studies using a frequency control 

signal in FSK operation as a synchronization signal for the fre-

quency discrimination of baseband signals [6, 7]. However, us-

ing the synchronization signal for data acquisition by the receiv-

er increases the complexity of the radar configuration and has 

limitations in its application to the radar architecture, in which 

the transmitter and the receiver are spaced apart. The method of 

monitoring the tuning voltage of the voltage-controlled oscilla-

tor (VCO), which can be considered in general, may deteriorate 

the phase and frequency stability of FSK radar due to the noise  

JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 4, 496~501, JUL. 2022 

https://doi.org/10.26866/jees.2022.4.r.114

ISSN 2671-7263 (Online) ∙ ISSN 2671-7255 (Print)

 

Frequency Discrimination Method Using Asymmetric 

Transmission Time in FSK Radar 
Jae Young Sim · Jong-Ryul Yang*  

 

 
   

Abstract 
 

A frequency discrimination method based on transmission time control is proposed for effective absolute distance measurement using 

frequency-shift keying (FSK) radar. In FSK radar, each frequency is transmitted for different durations using an asymmetric control signal. 

The phase difference at each frequency is effectively obtained by counting the different numbers of samples obtained after envelope detection 

in the baseband signal. The proposed method can easily and rapidly distinguish the phase difference for each frequency. This makes it 

simple to measure the absolute distance up to the maximum unambiguous range. The absolute distance measured using FSK radar with a 

frequency spacing of 150 MHz showed an accuracy of 97.08% in the full unambiguous range. The distance measurement results prove 

that the proposed method using FSK radar is useful for presenting the maximum unambiguous range. 

Key Words: Absolute Distance Measurement, Envelope Detection, Frequency Discrimination, Frequency-Shift Keying Radar, Maximum 

Unambiguous Range. 

 

 

Manuscript received November 22, 2021 ; Revised February 3, 2022 ; Accepted March 24, 2022. (ID No. 20211122-135J)  

Department of Electronic Engineering, Yeungnam University, Gyeongsan, Korea. 
*Corresponding Author: Jong-Ryul Yang (e-mail: jryang@yu.ac.kr)   
 

 

This is an Open-Access article distributed under the terms of the Creative Commons Attribution Non-Commercial License (http://creativecommons.org/licenses/by-nc/4.0) which permits 

unrestricted non-commercial use, distribution, and reproduction in any medium, provided the original work is properly cited. 

ⓒ Copyright The Korean Institute of Electromagnetic Engineering and Science. 



SIM and YANG: FREQUENCY DISCRIMINATION METHOD USING ASYMMETRIC TRANSMISSION TIME IN FSK RADAR 

497 

  
 

introduced by the monitoring terminal [8]. The maximum un-

ambiguous range corresponding to 2π can also be obtained 

without a synchronization signal using a method that continu-

ously measures the phase differences based on previously ob-

tained data within the distance corresponding to π [9, 10]. 

However, the continuous measurement method has limitations 

in various applications owing to the constraint that the initial 

distance measurement should be conducted within a distance 

corresponding to the phase difference of π. 

In this study, a frequency discrimination method that does 

not employ a synchronization signal and continuous measure-

ment is proposed. The phase difference in each frequency can 

be effectively discriminated using the asymmetric duty cycle of 

the control signal in the VCO, which determines the output 

frequency of FSK radar. Owing to the asymmetric transmission 

time of the proposed method, the two frequencies in FSK radar 

can be easily distinguished by the difference in the number of 

samples counted in the envelope-detected baseband signals. The 

measurement results showed that FSK radar, using the pro-

posed method, can obtain the maximum unambiguous range 

corresponding to the phase difference of 2π without degrading 

detection accuracy. Using the proposed frequency discrimina-

tion method, FSK radar uses less memory because it does not 

require the collection of the control signal.  

II. DISTANCE MEASUREMENT USING THE PROPOSED 

FREQUENCY DISCRIMINATION METHOD 

The in-phase (I(t)) and quadrature (Q(t)) signals of FSK radar 

shown in Fig. 1 can be expressed as  

 
 𝐼 𝑡 𝐴 ⋅ 𝑐𝑜𝑠 𝜙 𝛥𝜑 𝑡 𝐷𝐶     (1) 𝑄 𝑡 𝐴 ⋅ 𝑠𝑖𝑛 𝜙 𝛥𝜑 𝑡 𝐷𝐶 ,   (2) 
       

where AI and AQ are the amplitudes of each signal, λ is the 

wavelength of the carrier frequency in air, d0 is the absolute dis-

tance between the radar and target, x(t) is the small displace-

ment of the target, ϕI and ϕQ are the static phase noises, Δφ(t) 

is the residual phase noise (which can be neglected because of 

the range correlation effect), and DCI and DCQ are DC offset 

voltages. Neglecting the I/Q imbalance and DC offsets, the 

phase differences θf1 and θf2, which are demodulated using the 

complex signal demodulation, can be represented as 
 𝜃 𝜙                 (3) 𝜃 𝜙 ,               (4) 
 

where ϕf1 and ϕf2 are the static phase offsets. These offsets can 

be compensated for by using a reference target in a fixed position 

[11]. Assuming x(t) is negligible compared to d0, the difference 

between θf1 and θf2 can then be used to obtain d0 as follows: 
 

( ) ( )0 2 1
2 14 f f
cd
f f

θ θ
π

≅ −
−

,      (5) 
 

where c is the velocity of light and f1 and f2 are the FSK radar 

carrier frequencies. FSK radar distance accuracy is determined 

using the phase noise of the signal generator and the phase 

measurement error for each frequency. It should be noted that 

distance accuracy can deteriorate in the presence of environ-

mental clutter [3, 12]. Distinguishing the phase difference for 

each frequency is indispensable in distance measurements, and 

the ambiguity of the measurement increases, as shown in Fig. 2, 

if the phase difference at each carrier frequency cannot be dis-

tinguished. This problem is caused by phase-difference selection, 

which is based on the periodicity of the trigonometric function. 

Only one of the phase differences Δθf1 and Δθf2 shown in Fig. 2 

represents the real absolute distance, and the other corresponds 

to the virtual distance by the ghost target, which is not present 

in the environment. The asymmetric transmission time in the 

frequency control of FSK operation makes the durations of the 

carrier frequencies different from each other. The baseband sig-

Fig. 1. Block diagram of 5.8 GHz FSK continuous radar frontend 

with a different transmission time in each frequency.

 
Fig. 2. Two phase differences in FSK radar without a frequency 

discrimination method. 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 4, JUL. 2022 

498 
   

  

nals of FSK radar can be extracted into each baseband signal at 

each carrier frequency from the upper and lower envelopes of 

the baseband waveforms, owing to the difference between the 

DC offsets at each frequency [9]. The time duration of each 

frequency is proportional to the duration in the baseband wave-

form.  

Different durations occur in the baseband waveform owing to 

the asymmetric transmission time, as shown in Fig. 3. The phase 

difference for each frequency can easily be distinguished by 

counting the number of samples for each envelope waveform 

using a constant sampling frequency. The overall digital signal 

processing procedure is illustrated in Fig. 4(a). Flowcharts of the 

conventional frequency discrimination method using a control 

signal and the proposed method using asymmetric transmission 

times are shown in Fig. 4(b) and 4(c). In the conventional 

method, the baseband signal for each frequency is discriminated 

by synchronizing with the control signal. An iterative process is 

required to carry out synchronization for each frequency, as 

shown in Fig. 4(b). In contrast, by using the difference between 

the number of samples in the upper and lower baseband signal 

envelopes, the proposed method distinguishes the baseband 

signal for each frequency without requiring control signal acqui-

sition. This difference in the number of samples was generated 

by the asymmetric control signal without synchronization with 

the control signal. For the proposed method, the envelopes were 

obtained using spline interpolation with non-knot conditions 

for local maxima in every 50 samples. The calibration of the I/Q 

imbalance to acquire the accurate phase difference was per-

formed using the Gram–Schmidt procedure [6]. The proposed 

method can mitigate the ambiguity in the phase-difference se-

lection in FSK radar without using a synchronization signal or 

previous detection data. Thus, the maximum unambiguous 

range can be determined as a distance corresponding to the the-

oretical phase difference of 2π in FSK radar using the proposed 

method. 

 
(a) 

 
(b) 

 
(c) 

Fig. 4. Digital signal processing flowcharts for FSK radar: (a) over-

all signal processing procedure for obtaining the absolute 

distance, d0; (b) conventional frequency discrimination 

method using a control signal; and (c) proposed method us-

ing asymmetric transmission times. 

III. MEASUREMENT RESULTS 

Fig. 5 shows the experimental environment used for absolute 

distance measurement. FSK radar, which was operated in the 

5.8 GHz ISM band, used 5.725 GHz and 5.875 GHz frequen-

cies. In the analog signal generator (Keysight N5183B), the 

transmitted durations for FSK operation were set to 150 ms for 

5.875 GHz and 100 ms for 5.725 GHz. The maximum unam-

 
Fig. 3. Frequency discrimination method based on the difference in 

the number of samples applying asymmetric transmission 

time in FSK radar. 
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biguous range of 1 m was determined through an operating 

frequency difference of 150 MHz. The target object consisting 

of a metal plate with a size of 148 mm × 140 mm was moved 

from 1 m to 2 m with 0.1 m intervals for 30 s, which was in the 

second unambiguous range from the radar. The radar frontend 

module, including the patch antenna with a gain of 4.03 dBi, 

was implemented on an FR4 printed circuit board (PCB), as 

shown in Fig. 6. The transmitted power at the antenna input was 

measured to be 10 dBm, and the overall gain and noise figures 

in the receiver were designed to be 16.5 dB and 1.1 dB, respec-

tively. The baseband I/Q signals were acquired with a sampling 

frequency of 1 kHz on a data acquisition board (NI USB-6366), 

and signal processing was implemented using MATLAB on a 

computer with an Intel Core i5 10500 processor and 16 GB 

RAM. A laser-based reference sensor with a range resolution of 

0.1 mm was used to obtain the distance accuracy measured by 

FSK radar. The absolute distances were measured in FSK radar 

by compensating for the static phase offsets, ϕf1 and ϕf2, using 

the reference target fixed at a distance of 1 m. 
The measured phase differences Δθ denoted by θf2−θf1 at 

each distance are indicated on the complex plane. Fig. 7(a) and 

7(b) shows the same value of Δθ at a distance where the value of 

Δθ is less than π. However, distance measurements without 

frequency discrimination cannot be used within the distance 

where the value of Δθ is greater than π, as shown in Fig. 7(c), 

owing to phase-difference selection. Fig. 7(d) shows that the 

distance of 1.7 m, where the value of Δθ is greater than π, can 

be accurately measured by frequency discrimination using the 

proposed method. 
Fig. 8 shows the measured absolute distance detection, de-

pending on the FSK radar frequency discrimination method 

used. The distance measurements made without applying any 

frequency discrimination method (labeled "Without Method") 

always yielded a phase difference smaller than π, between θ and 

2π−θ, to avoid phase-difference selection. FSK radar could only 

detect distances from 1.1 m to 1.5 m using a frequency spacing 

of 150 MHz, and distances longer than 1.5 m could not be dis-

 
Fig. 5. Experimental setup to measure the absolute distance in FSK 

radar using the proposed method. 

 
Fig. 6. A 5.8 GHz CW radar module and two patch antennas im-

plemented on an FR4 printed circuit board (PCB).

 
Fig. 8. Distance measurement of FSK radar depending on the fre-

quency discrimination methods. 

    
(a)                       (b) 

           
(c)                       (d)   

Fig. 7. Phase difference to distance in the complex plane: (a) method 

using the limited phase difference at 1.3 m, (b) proposed 

method at 1.3 m, (c) method using the limited phase differ-

ence at 1.7 m, and (d) proposed method at 1.7 m.
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tinguished due to the limited phase discrimination range. In 

contrast, FSK radar using conventional and proposed frequency 

discrimination methods measured a distance of up to 2 m with-

out the ambiguity of the distance decision using a frequency 

spacing of 150 MHz. When distance detection using FSK radar 

was implemented without the frequency discrimination method, 

the measurement accuracy was reduced at a specific distance 

range, as shown in Fig. 8, owing to the incorrect selection of 

phase differences. FSK radars using frequency discrimination 

methods measured the distance up to the maximum unambigu-

ous range corresponding to a phase difference of 2π. The detec-

tion accuracies of FSK radar at distances of 1.1 m to 2.0 m were 

97.56% using the synchronization signal and 97.08% using the 

proposed method. 

Fig. 9 shows the number of samples acquired using the con-

ventional versus proposed methods. The conventional method 

requires the acquisition of a control signal for frequency dis-

crimination. The number of samples of the control signal is half 

that of the baseband I/Q signals. The difference in the number 

of samples from the conventional method increases linearly in 

proportion to the measurement time. Acquiring the control 

signal is not necessary for the proposed method, as it can dis-

criminate the baseband signal by frequency without synchroniz-

ing with the control signal. The number of samples for the pro-

posed method was 0.66 times smaller than that for the conven-

tional method. Table 1 shows the computation time for signal 

processing using the conventional vs. proposed methods for 

absolute distance measurement. The data were acquired at a 

sample rate of 1 kHz for 30 s, and the computation time was 

obtained by repeating the signal processing 120 times. The re-

sults show that the proposed method decreased the signal pro-

cessing time by 44 ms compared to the conventional method. 

This improvement is attributed to eliminating the loop statement, 

which increases the computation time in signal processing. 

IV. CONCLUSION 

A frequency discrimination method using asymmetric trans-

mission time is proposed as an alternative solution to the problem 

of phase-difference selection in FSK radar. The baseband signal 

for each frequency can be distinguished by comparing the number 

of samples after envelope detection owing to the transmitted 

signals with different durations. The frequency-specific phase 

differences for the distance measurement using FSK radar 

were obtained from the discriminated baseband signals using 

the proposed method. The problem of phase-difference selec-

tion does not affect the maximum unambiguous range, even 

without using control signals or specific measurement proce-

dures. The proposed method can reduce the computation time in 

FSK radar signal processing by removing the need to use a 

control signal for frequency discrimination. The experimental 

results showed that the proposed method can efficiently calcu-

late the absolute distance in signal processing using FSK radar 

up to the maximum unambiguous range corresponding to a 2π 

phase difference while using 0.6 times less data than the con-

ventional method. 
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I. INTRODUCTION 

When hypersonic vehicles enter the atmosphere, the com-

munication blackout problem occurs because of the dusty plas-

ma sheath phenomenon [1]. Experimental research on electro-

magnetic (EM) wave propagation in dusty plasma is expensive 

and time consuming due to the high-temperature condition 

requirement. Alternatively, numerical research is promising to 

systematically analyze EM wave propagation in dusty plasma 

with various parameter conditions. The finite-difference time-

domain (FDTD) method has been widely used to analyze EM 

wave interaction with complex media [2–6] due to its simplicity, 

robustness, and accuracy [7–11]. In a previous work [12], we 

proposed the FDTD formulation to be suitable for time-

invariant dusty plasma by utilizing a bilinear transform (BT). 

For time-invariant dusty plasma, the BT-FDTD simulation was 

2.64% faster than the conventional shift operator (SO)-FDTD 

formulation, with less memory requirements and the same nu-

merical accuracy. 

The electron density of dusty plasma changes with time [1, 

13, 14]. Therefore, the time-varying characteristics of dusty 

plasma should be considered to accurately analyze EM wave 

propagation in dusty plasma. Note that time-varying coefficients 

should be updated every FDTD time marching in the FDTD 

formulations of time-varying media. In this work, we propose an 

efficient FDTD modeling suitable for time-varying dusty plas-

ma. For this purpose, we first extend BT to the FDTD formula-

tion of time-varying dusty plasma. A higher speedup of the BT-

FDTD formulation versus the SO-FDTD formulation can be 

achieved for the time-varying dusty plasma than for the time-

invariant case because fewer arithmetic operations are involved 

in updating time-varying coefficients in the BT-FDTD formu-

lation. Moreover, the state-space approach is applied to the BT- 

and SO-FDTD formulations because it can reduce the memory 
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requirement of dispersive FDTD formulations [15–17]. We 

apply the state-space approach to reduce the computation time 

and memory requirement in the BT-FDTD formulation for 

time-varying dusty plasma. Numerical examples illustrate that 

the proposed FDTD simulation is 118.63% faster than its SO-

FDTD counterpart, albeit with the same computational accuracy 

and less memory usage. 

II. FDTD FORMULATION FOR TIME-VARYING  

DUSTY PLASMA 

In real dusty plasma, all parameters are time-invariant, except 

for electron density [13, 14]. The time-varying electron density 

Ne is defined as follows: 
 𝑁 (t) = 𝑁 , ∙ 𝑓(𝑡).                 (1) 
 

Here, f(t) represents the time-varying function, and Ne,0 is the 

constant of the electron density. The time-varying characteristic 

of electron density affects two dusty parameters. Therefore, 

angular plasma frequency 𝜔  (= 𝑁 𝑒 /𝜀 𝑚 ) and charging 

response factor 𝜂  (= 𝑒 𝜋𝑟 𝑁 𝑁 /𝑚 ) should also be con-

sidered as time-varying characteristics as follows: 
   𝜔 (𝑡) = 𝑓(𝑡) ∙ 𝜔 ,                (2) 𝜂 (𝑡) = 𝑓(𝑡) ∙ 𝜂 , ,                (3) 
 

where 𝜔 ,  and 𝜂 ,  are the constants of the angular plasma 

frequency and the charging response factor, respectively. In the 

equations above, 𝜀  is the permittivity of free space, 𝑒 is the 

electric charge of an electron, 𝑚  is the mass of an electron, 𝑟  

is the radius of dust particles, and 𝑁  is the density of dust 

particles. Note that other dusty parameters are time invariant. 

In the following subsections, we first briefly discuss the con-

ventional SO-FDTD formulation for time-varying dusty plasma 

and then address the extension of the state-space approach. We 

then propose an efficient BT-FDTD formulation with the 

state-space approach, which is highly suitable for time-varying 

dusty plasma, and present a comparison of computational effi-

ciency for the SO- and BT-FDTD formulations. 

 

1. SO-FDTD 

The dispersion relative permittivity model of dusty plasma in 

the frequency domain can be expressed as [15] 
 𝜀 (𝜔) = 𝜀 , + / ( )( ) ( ) ( ) ,    (4) 
 

where 𝜀 ,  is relative permittivity at an infinite frequency, 𝑐  

is the speed of light in free space, 𝜈  is the dust charging fre-

quency, and 𝜈  is the effective collision frequency. 

In the frequency domain, Maxwell’s curl equations and the 

constitutive equation can be written as follows: 

∇ × 𝐄(𝜔) = −𝑗𝜔𝜇 𝐇(𝜔)              (5) ∇ × 𝐇(𝜔) = 𝑗𝜔𝐃(𝜔)                   (6) 𝐃(𝜔) = 𝜀 𝜀 (𝜔)𝐄(𝜔).             (7) 
 

The time-domain governing equations are obtained by apply-

ing the inverse Fourier transform. The update equations for 

SO-FDTD can be derived by applying the central difference 

scheme (CDS) to the resulting Maxwell’s curl equations and the 

SO approach to the time-domain constitutive equation.  
 𝐇 / = 𝐇 / − ∆ ∇ × 𝐄         (8) 𝐃 = 𝐃 + ∆𝑡∇ × 𝐇 /         (9) 𝐄 = ∙ ( ) 𝐴 𝐃 + 𝐴 𝐃 + 𝐴 𝐃 + 𝐴 𝐃  − ( ) 𝐵 (𝑡)𝐄 + 𝐵 (𝑡)𝐄 + 𝐵 (𝑡)𝐄    (10) 
 

where 𝐴 = 𝑞 + 𝑞 2∆𝑡 + 𝑞 2∆𝑡 + 𝑞 2∆𝑡  𝐴 = 3𝑞 + 𝑞 2∆𝑡 − 𝑞 2∆𝑡 − 3𝑞 2∆𝑡  𝐴 = 3𝑞 − 𝑞 2∆𝑡 − 𝑞 2∆𝑡 + 3𝑞 2∆𝑡  𝐴 = 𝑞 − 𝑞 2∆𝑡 + 𝑞 2∆𝑡 − 𝑞 2∆𝑡  𝐵 (𝑡) = 𝑝 (𝑡) + 𝑝 (𝑡) 2∆𝑡 + 𝑝 2∆𝑡 + 𝑝 2∆𝑡  𝐵 (𝑡) = 3𝑝 (𝑡) + 𝑝 (𝑡) 2∆𝑡 − 𝑝 2∆𝑡 − 3𝑝 2∆𝑡  𝐵 (𝑡) = 3𝑝 (𝑡) − 𝑝 (𝑡) 2∆𝑡 − 𝑝 2∆𝑡 + 3𝑝 2∆𝑡  𝐵 (𝑡) = 𝑝 (𝑡) − 𝑝 (𝑡) 2∆𝑡 + 𝑝 2∆𝑡 − 𝑝 2∆𝑡  
 

with 
 𝑝 (𝑡) = 𝜔 (𝑡)𝜈 − 𝑐 𝜂 (𝑡)/𝜀 ,  𝑞 = 0 𝑝 (𝑡) = 𝜀 , 𝜈 𝜈 + 𝜔 (𝑡),      𝑞 = 𝜈 𝜈  𝑝 = 𝜀 , 𝜈 + 𝜈 ,              𝑞 = 𝜈 + 𝜈  𝑝 = 𝜀 , ,                         𝑞 = 1. 
 

Here, the superscript indicates the FDTD time index, and ∆𝑡 represents the FDTD time step size. The update coeffi-

cients 𝐵 – 𝐵  are the functions of time, and they can be re-

written by decomposing the time-varying and the time-

invariant parts. For example, 𝐵  is expressed as 
 𝐵 (𝑡) = 𝑓(𝑡) ∙ 𝐵 , + 𝐵 ,  𝐵 , = 𝜔 , 𝜈 − 𝑐 𝜂 , /𝜀 + 𝜔 , 2∆𝑡  𝐵 , = 𝜀 , 𝜈 𝜈 ∆ + 𝑝 ∆ + 𝑝 ∆ . 
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In actual FDTD simulations, the update coefficients are usually 

pre-calculated before the FDTD time marching to speed up the 

computation time. However, for the FDTD formulation of 

time-varying dusty plasma, the time-varying coefficients should 

be updated for each FDTD time loop. In Eq. (10), many field 

components on the right-hand side are included, which leads to 

a large memory requirement. 

In this work, the state-space approach [16–18] is employed to 

reduce memory usage. In the state-space approach, field varia-

bles at the same time step are assigned to a new alternative vari-

able. For example, the update equation for 𝐄 in Eq. (10) can be 

written as 
 𝐄 = , ∙ ( ) , (𝐴 𝐃 /𝜀 + 𝐖 )  𝐖 = 𝐴 𝐃𝜀 − 𝐵 , ∙ 𝑓(𝑡) + 𝐵 , 𝐄 + 𝐖  𝐖 = 𝐴 𝐃𝜀 − 𝐵 , ∙ 𝑓(𝑡) + 𝐵 , 𝐄 + 𝐖  𝐖 = 𝐃 − 𝐵 , ∙ 𝑓(𝑡) + 𝐵 , 𝐄 .       (11) 
 

The variable 𝐖  represents the grouped field variables at the 

time step 𝑛 in Eq. (10), and 𝐖   and 𝐖  represent the vari-

ables at 𝑛 − 1 and 𝑛 − 2, respectively. Note that five field 

components are required in the SO-FDTD method with the 

state-space technique, while seven field components are needed 

in the standard SO-FDTD method. 

 

2. BT-FDTD 

Here, we discuss an efficient FDTD modeling for the EM 

analysis of time-varying dusty plasma. In our previous work [12], 

the computational efficiency of the BT-FDTD formulation was 

better than that of the SO-FDTD formulation for the EM 

analysis of time-invariant dusty plasma. In the current work, we 

propose the FDTD modeling to be highly suitable for time-

varying dusty plasma by utilizing both the BT and the state-

space approach. 

In BT-FDTD, Ampere’s equation and the constitutive equa-

tion in the frequency domain are expressed as follows: 
 ∇ × 𝐇(𝜔) = 𝑗𝜔𝜀 𝜀 (𝜔)𝐄(𝜔) = 𝑗𝜔𝜀 𝜀 , 𝐄(𝜔) + 𝐉(𝜔)      

(12) 𝐉(𝜔) = 𝑗𝜔𝜒(𝜔)𝐄(𝜔)              (13) 

with 𝜒(𝜔) = 𝜔 𝜈 − 𝑐 𝜂 /𝜀 + 𝜔 (𝑗𝜔)𝜈 𝜈 (𝑗𝜔) + 𝜈 𝜈 (𝑗𝜔) + (𝑗𝜔) . 
 

The FDTD update equation of 𝐄 can be obtained by applying 

the inverse Fourier transform to Eq. (12) and then the CDS to 

the resulting equation: 
 𝐄 = 𝐄 − ∆ ∇ × 𝐇 + 𝐉 𝐉 ,      (14) 

 

where 𝜀 = 𝜀 𝜀 , . The FDTD update for 𝐉 is derived by 

utilizing the BT approach to Eq. (13): 
 𝐉 = C 𝐉 + C 𝐉 + C (𝑡)𝐄 + C (𝑡)𝐄 + C (𝑡)𝐄 .   (15) 

 

Note that in the BT approach, 𝑗𝜔 is approximated as 
 𝑗𝜔 ≅ ∆ .                   (16) 
 

In the above equations, the coefficients are as follows: 
 C = 8𝑏 − 2𝑏 ∆𝑡𝑏 ∆𝑡 + 2𝑏 ∆𝑡 + 4𝑏  C = −𝑏 ∆𝑡 + 2𝑏 ∆𝑡 − 4𝑏𝑏 ∆𝑡 + 2𝑏 ∆𝑡 + 4𝑏  C (𝑡) = 𝑓(𝑡) ∙ 𝜀 𝑎 , ∆𝑡 + 2𝜀 𝑎 , ∆𝑡𝑏 ∆𝑡 + 2𝑏 ∆𝑡 + 4𝑏  C (𝑡) = 𝑓(𝑡) ∙ 2𝜀 𝑎 , ∆𝑡𝑏 ∆𝑡 + 2𝑏 ∆𝑡 + 4𝑏  C (𝑡) = 𝑓(𝑡) ∙ 𝜀 𝑎 , ∆𝑡 − 2𝜀 𝑎 , ∆𝑡𝑏 ∆𝑡 + 2𝑏 ∆𝑡 + 4𝑏  
with 𝑎 , = 𝜔 , 𝜈 − 𝑐 𝜂 , /𝜀   𝑎 , = 𝜔 ,   𝑏 = 𝜈 𝜈   𝑏 = 𝜈 𝜈   𝑏 = 1.  

 

It is worth noting that only multiplication is involved in the 

time-varying coefficients, unlike in the SO-FDTD formulation, 

in which addition and multiplication are required. The FDTD 

update equation for 𝐇 is the same as that for SO-FDTD. As 

the 𝐄  field in Eq. (14) cannot be updated explicitly, we 

plug Eq. (15) into Eq. (14). 

The resulting FDTD update equation for 𝐄 is expressed as 

follows: 
 𝐄 = 11 + 𝑓(𝑡) ∙ 𝐶 ,2  ∆𝑡𝜀 1 − 𝑓(𝑡) ∙ 𝐶 , ∆𝑡2𝜀 𝐄  

− ( )∙ , ∆ 𝐄 − ∆ ∇ × 𝐇                − ∆ ∆ 𝐉 − ∆ 𝐉 .                (17) 
 

Three coefficients are functions of time in the proposed BT-

FDTD formulation, while four coefficients are time varying in 

the SO-FDTD formulation. 

We then apply the state-space approach to the BT-FDTD 

method. The FDTD update equation for 𝐉 can be expressed as 

follows: 
 𝐉 = 𝑓(𝑡) ∙ 𝐶 , 𝐄 + 𝐖             (18) 𝐖 = 𝐶 𝐉 + 𝑓(𝑡) ∙ 𝐶 , 𝐄 + 𝐖      (19) 𝐖 = 𝐶 𝐉 + 𝑓(𝑡) ∙ 𝐶 , 𝐄         (20) 
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Comparing the above update equation with Eq. (15), one 

field variable is less required by applying the state-space technique. 

Note that unlike SO-FDTD, BT-FDTD can further simplify 

the 𝐄 field update equation by using the state-space approach. 

In Eq. (17), we can replace the variables at time step 𝑛 − 1 in 𝐖  [see Eq. (20)] as 
 𝐄 = 11 + 𝑓(𝑡) ∙ 𝐶 ,2  ∆𝑡𝜀 𝐄 − ∆𝑡2𝜀 𝑓(𝑡) ∙ 𝐶 , 𝐄  

   +2 ∙ ∇ × 𝐇 + (𝐶 + 1)𝐉 + 𝐖 .       (21) 
 

By using Eq. (19), we can simplify the above equation as follows: 
 

𝐄 = 11 + 𝑓(𝑡) ∙ 𝐶 ,2  ∆𝑡𝜀 × 

𝐄 − ∆ 2 ∙ ∇ × 𝐇 + 𝐉 + 𝐖 .  (22) 
 

In this additional manipulation, the complexity of the 𝐄 field 

update equation of BT-FDTD is drastically reduced, enhancing 

the computational efficiency of BT-FDTD. 

Table 1 shows the memory requirement and the number of 

arithmetic operations of the SO-FDTD and BT-FDTD for-

mulations for time-varying dusty plasma. Here, A/S indicates 

addition/subtraction, and M/D indicates multiplication/division. 

Note that the arithmetic operations for the time-varying update 

coefficients are included in this table. In the table, we consider 

the standard FDTD method (without the state-space approach) 

and the FDTD method with the state-space approach. The 

memory requirement for the BT-FDTD formulation is less 

than that for the SO-FDTD formulation, regardless of whether 

the state-space approach is applied. In addition, the BT-FDTD 

formulation with the state-space approach is significantly better 

than the SO-FDTD formulation in terms of computation time 

(related to the number of arithmetic operations). It should be 

noted that in the EM analysis of time-varying dusty plasma, the 

state-space technique is more appropriate for the BT-FDTD 

formulation than for the SO-FDTD formulation with respect 

to computation time because it can be efficiently used in two 

FDTD update equations of the former formulation but only in 

one update equation of the latter. Table 2 presents the details of 

the computational efficiency of the FDTD formulations with 

the state-space approach. Additional operations are required for 

time-varying characteristics. More A/S operations are not re-

quired in the BT-FDTD formulation compared to SO-FDTD, 

thus implying better computational efficiency of the former 

than the latter. 

III. NUMERICAL EXAMPLES 

We investigate the computational efficiency and accuracy of 

the SO-FDTD and BT-FDTD formulations. We use one-

dimensional inhomogeneous dusty plasma with a thickness of 

0.15 m and 30 slabs with different 𝑁 , following [14]. The 

other dusty plasma parameters are 𝑁 = 10  m , 𝜈 =10 GHz, and 𝜈 = 8.7 GHz. The simulation frequency range 

is 1–100 GHz. We define the FDTD space step size as ∆𝑧 =40 μ𝑚 and the FDTD time step size as ∆𝑡 = 0.125 ps. The 

computational domain is terminated by 10-cell perfectly 

matched layers [19–21]. All FDTD simulations are performed 

using an Intel i7-10700 CPU. 

Time-invariant dusty plasma is analyzed by setting 𝑓(𝑡) to 

validate our FDTD simulations. As shown in Figs. 1 and 2, 

both FDTD simulations agree well with [22]. We then simu-

late the FDTD formulations with the state-space approach for 

time-varying dusty plasma. In this work, two time-varying func-

tions are considered: 𝑓 (𝑡) = 𝑡/𝑇  for 0 < 𝑡 < 𝑇  [1] and 

Table 2. Details of the computational efficiency of the state-space 

FDTD update equations (per one-dimensional computa-

tional unit cell) 

Update 

field 

BT-FDTD SO-FDTD 𝐄 𝐉 𝐇 𝐄 𝐃 𝐇
Field array 𝐄  𝐉  𝐖  𝐇

𝐄 * 𝐉 * 𝐖 * 𝐖  

𝐄 * 𝐇 * 

𝐄  𝐃  𝐖  𝐖  𝐖  

𝐃 * 𝐇 𝐄 * 𝐇 * 

A/S 4 5 2 6 2 2 

A/S+ 0 0 0 4 0 0 

M/D 4 5 1 8 1 1 

M/D+ 1 3 0 4 0 0 

*: overlapped field variables, +: additional operation for time-varying 

characteristics.

Table 1. Computational efficiency of FDTD formulations for time-

varying dusty plasma (per one-dimensional computational 

unit cell) 

FDTD method 
Field  

variables 

Number of operations

A/S M/D

Standard SO 8 14 14

BT 6 12 18

 State-space SO 6 14 14

BT 5 11 14
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𝑓 (𝑡) = 𝑡/𝑇  for 0 < 𝑡 < 𝑇  [14]. In both cases, 𝑇  (=8000∆t) is the time limit when dusty plasma becomes stable 

and the time-varying function becomes one after 𝑇 . As shown 

in Figs. 1 and 2, the BT-FDTD simulations are in good agree-

ment with the SO-FDTD simulations, regardless of the time-

varying characteristic and the state-space approach. The reflec-

tion coefficients decrease because of the time-varying functions 

in the entire frequency range (Fig. 1). Conversely, the transmis-

sion coefficients increase for time-varying dusty plasma com-

pared to time-invariant dusty plasma (Fig. 2). 

We then compare the computation time and memory cost of 

FDTD simulations (with and without the state-space approach) 

for time-varying dusty plasma. As shown in Table 3, the com-

putational efficiency of the BT-FDTD formulation is better 

than that of the SO-FDTD formulation. For the standard FDTD 

method (without the state-space approach), the BT-FDTD 

simulation is 3.7% faster than the SO-FDTD simulation. 

However, the BT-FDTD formulation with the state-space 

approach is approximately 118.63% faster than the SO-FDTD 

formulation. For time-invariant dust plasma, the BT-FDTD 

simulation is 2.64% faster than the SO-FDTD simulation [12]. 

Moreover, less memory cost is required for the BT-FDTD 

simulations than for the SO-FDTD simulations. 

IV. CONCLUSION 

In this work, we propose an efficient FDTD formulation for 

EM wave propagation in time-varying dusty plasma using the 

BT technique and the state-space approach. BT-FDTD is 

more adaptable to time-varying dusty plasma than SO-FDTD. 

Moreover, the state-space approach is more effective for the 

proposed BT-FDTD formulation than for the SO-FDTD 

formulation in the EM analysis of time-varying dusty plasma. 

We apply the state-space approach to the 𝐉 field update equa-

tion of BT-FDTD by grouping the variables at the same time 

step as the 𝐖 variables. We optimize the 𝐄 field update equa-

tion of BT-FDTD using the defined 𝐖 variables. As a result, 

the FDTD update formulation of BT-FDTD is much simpler 

than that of SO-FDTD and has better computational efficiency 

in time and memory, with the same accuracy. Numerical exam-

ples are used to validate the computational efficiency improve-

ment in the proposed FDTD modeling of time-varying dusty 

plasma. The proposed FDTD modeling approach using the 

combination of BT and the state-space approach can be extended 

to other time-varying dispersive media in nanophotonics and 

metamaterials. 
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I. INTRODUCTION 

The radar cross section (RCS) is a fundamental indicator of 

stealth during attempts at radar detection, as defined in the far-

field (FF) condition. When it comes to performing an RCS 

measurement, however, FF illumination cannot be implemented 

easily for several reasons. These include the extremely high cost 

[1] and the difficulty of securing a long-range test distance [2]. 

To address these realistic problems, the near-field to far-field 

transformation (NFFFT) technique has been studied extensively. 

Among the various NFFFTs presented to date [3–13], the 

image-based (IB) technique is highly practical because it can 

circumvent inconvenient bistatic measurement procedures [3–

10]. In most IB techniques [3–6], the quality of the intermediate 

radar images generated is crucial for accurate RCS prediction. 

Thus, to improve the image quality, various imaging processes 

and techniques have been employed using IB techniques, in-

cluding fast cyclical convolution [3], non-uniform fast Fourier  
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transform [4], and back-projection methods [5, 6]. Another type 

of IB technique, circular NFFFT (CNFFFT), which does not 

actually produce an explicit radar image, has been proposed [7, 

8]. Meanwhile, direct integration of the FF conversion operator, 

known as the focusing operator, has been considered non-

implementable due to its huge computational load. In a recent 

study [9], however, this approach was demonstrated to be a 

usable solution thanks to the recent advancements in computing 

capability. 

Many of the aforementioned IB technique studies were based 

on the hypothesis that the target height is short, and two-

dimensional (2D) azimuth scanning is thus enough to obtain 

reliable RCS results [3–9]. Thus, IB technique studies have usu-

ally been limited to 2D cases, and few studies have extended to 

three-dimensional (3D) situations [10]. From a more practical 

perspective, however, there are numerous cases (e.g., full-scale or 

tilted aircraft) requiring 3D scanning, thus demanding a relevant 

3D NFFFT algorithm. 

In this paper, a subdimensional hybrid conversion method is 

proposed for use as an accurate and efficient 3D NFFFT algo-

rithm. Section II describes the detailed formulation of the sub-

dimensional conversion algorithm. In Section III, two near-field 

(NF) scans (of a truck and an aircraft mock-up) were performed 

to verify the accuracy and speed of the proposed algorithm. 

Radar images and RCS patterns converted through the algo-

rithm are presented. These results are also compared with those 

obtained through the direct integration of a focusing operator. 

II. FORMULATION 

The setup for a 3D scan is illustrated in Fig. 1. A target was 

positioned on a turntable rotating at angle φ, and transmitter 

(Tx) and receiver (Rx) antennas were moved together along the 

vertical tower to collect scattering information at different 

heights (h). The Rx antenna received only co-polarized signals 

from the Tx antenna. Radio frequency (RF) data were obtained 

using the stepped-frequency continuous-wave method. Consid-

er the target a set of independent point scatterers where the re-

flectivity was 𝜌 𝒓 . The backscattered electric field (u) meas-

ured by the Rx antenna is given by the following equation: 
 

      𝑢 𝒓 , 𝑓 𝜌 𝒓 | || | 𝐺 𝜃, 𝜑, 𝑓 𝑑 𝑟, (1)
 

where 𝒓  is the antenna position vector, 𝑓 is the frequency, k 

is the wave number, G is the antenna gain, and V is the target 

volume [7]. In this case, G can be omitted for brevity. 𝜌 𝒓  is 

depicted as a pixel in the radar image, and its size is inversely 

proportional to the scan length [14]. After collecting the back-

scattered field u, we can evaluate the individual point scatterers 

using the reverse form of Eq. (1): 
 

      𝜌 𝒓 ≅ 𝑢 𝒓 , 𝑓 |𝒓 𝒓 ||𝒓 𝒓𝒂| 𝑑𝑓𝑑 𝒓𝒓 , (2)

 

where B is the frequency bandwidth [4, 6, 7, 9]. Here, the kernel  

function (
|𝒓 𝒓 || 𝒓 |) is the focusing operator that gives all the 

individual point scatterers of a target based on the NF data 

collected. If the target height is short, a 3D full scan can be re-

placed by a 2D azimuth scan in the waterline direction (i.e., θ = 

0). The focusing algorithm for the 2D scan can be written as 

follows: 
 𝜌 𝒓 ≅ 𝑢 𝒓 , 𝑓 |𝒓 𝒓 ||𝒓 𝒓𝒂| 𝑑𝑓𝑑𝒓𝒓𝑢 𝒓 , 𝑓 𝒓 𝒓𝒓 𝒓𝝋 𝑑𝑓𝑑𝜑, (3)
 

where 𝒓  is the antenna position vector when θ = 0. The target 

scattering pattern S and RCS are then calculated using a set of 

scattering points 𝜌 𝒓 : 
 

       𝑆 𝒓 𝜌 𝒓 𝑒 𝒓∙𝒓𝑑 𝒓 
, (4)

      σ 𝒓 4𝜋|𝑆 𝒓 | , (5)
 

where 𝒓 is the directional vector of antenna (𝒓 ) and σ is the 

RCS. 

According to Sensani et al. [9], direct integration of a focusing 

operator is more accurate than any other fast-Fourier-transform-

based imaging process technique. However, for 3D cases, this 

operation requires an enormous computational load, which 

causes too much time delay (Fig. 2(a)). 

We should note that the 2D operation is valid only if the re-

ceived field satisfies the FF criterion in the vertical direction (i.e., 

a cylindrical waveform), as shown in Fig. 2(b). To satisfy this 

condition, the first step of the subdimensional conversion is to 

alter the collected spherical waveform to form a cylindrical one 

using the CNFFFT method. In other words, every r-θ subplane 
 

Fig. 1. Geometric view of a three-dimensional scan. 
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is converted to the r-z subplane, expressed as follows: 
 𝑆 𝜑2𝜋 ∑ 𝑈 𝜃, 𝜑 𝑒 𝑑𝜃, 

where 𝜃 tan , for 1 𝑚 𝑀 (6)𝑈 𝜃, 𝜑 𝒓
, (7)

 

where M is the total number of r-z subplanes, 𝑆  is the con-

verted cylindrical scattering pattern for a single r-z subplane, 𝐻  is the Hankel function of the first kind, U is the derivative 

of the NF backscattered electric field with regard to k, N = kD 

+ 10 is the monostatic spherical-mode cutoff of the target, and 

d is the minimum diameter of a sphere that includes the whole 

size of the target and has the same center as the turntable [7]. 

However, the cylindrical waveform generated by Eq. (6) is 

slightly distorted due to the inherent approximation term of 

CNFFFT itself. 
 

      |𝒓 𝒓|  →  |𝒓 |.   (8)
 

Specifically, the aforementioned error becomes more severe as 

the ratio of the target dimension to the measurement distance 

increases. However, we resolved this error by adding the term |𝒓 𝒓 |/|𝒓 | in the focusing operator. This was done be-

cause this term can replace the approximated distance ( |𝒓 |) for  

each point scatterer with a precise one ( |𝒓 𝒓|) individually.  

Therefore, our final model for the focusing operation is written 

as follows: 
 𝜌 𝒓 ≅ 𝑆 𝜑 𝒓𝒓 𝒓 ∙𝒓 𝒓 𝒓𝒓 𝒓𝝋 𝒓 𝒓𝝋𝒓𝝋 𝑑𝑓𝑑𝜑, (9)

 

where the term 
𝒓𝒓 𝒓 ∙𝒓  is used to transform the scattering 

pattern (𝑆 ) into the field at antenna position 𝒓 . 

III. RESULTS AND DISCUSSION 

First, we measured the NF of a truck sample with the dimen-

sions 3.8 m (L) × 1.5 m (W) × 2.0 m (H) (Fig. 3(a)). The 

measurement distance was 20 m. The central frequency was 3.2 

GHz, with a 2 GHz bandwidth (2.2–4.2 GHz, with 1,051 

samples), and the azimuth angle was from -17.5° to 17.5°, with 

121 samples. The center height of the Tx and Rx antennas was 

4 m, and the vertical scan length was 6 m, with 0.1 m steps. The 

tripod was covered with radar-absorbing material. We applied 

subdimensional conversion to extrapolate the FF radar image 

and RCS pattern. For comparison, we also used direct integra-

tion of a focusing operator (focusing operation). 

Fig. 3 shows a set of constructed radar images of the truck 

sample. The major component contributing to the backscattered 

field was the side surface of the truck, which was equivalent to a 

rectangular metallic plate. At this 20 m range, the backscattered 

field in the vertical direction could not meet the standard FF 

criterion. 

         𝑅 , (10)
 

where R, D, and λ are the measurement distance, target dimen-

sion, and wavelength, respectively. Thus, a 2D focusing operation 

with a 2D scan at the antenna center height was insufficient to 

create a reliable FF radar image (Fig. 3(c)). Accordingly, the 

RCS peak attributed to the normal reflection from the side surface 

does not appear in Fig. 3(e) (blue-dotted line). On the other 

hand, very intense reflection from this surface was observed in 

the image constructed through subdimensional conversion (Fig. 

3(b)). This is because the NF received in the vertical direction 

was converted to FF by CNFFFT. This surface was also clearly 

constructed in a 3D image generated by the 3D focusing opera-

tion (Fig. 3(d)). The resulting RCS patterns were almost identical 

in both cases. However, as shown in Table 1, the processing 

speed for the subdimensional conversion was much faster than 

that for the 3D focusing operation. The 3D focusing algorithm 

and subdimensional conversion can also be compared in terms 

of analytical complexity. The complexity of Eq. (2) is 𝑂 𝑙𝑚𝑛 , 

but the complexity of Eq. (9) is 𝑂 𝑛 𝑂 𝑙𝑚 , where 𝑙 is the  

 
(a) 

 
(b) 

(c) 

Fig. 2. Conceptual illustration of (a) a general three-dimensional 

(3D) near-field to far-field transformation (NFFFT), (b) a 

two-dimensional NFFFT, and (c) the 3D subdimensional 

conversion algorithm proposed in this work. 

 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 4, JUL. 2022 

512 
   

  

 
(a) 

 
(b)                          (c) 

 
(d) 

 
(e) 

Fig. 3. (a) Simplified illustration of near-field measurement of a 

truck for radar cross section (RCS) extraction. (b) Two-

dimensional (2D) image constructed through subdimen-

sional conversion (antenna height of 4 m). (c) 2D radar im-

age constructed through direct integration of a 2D focusing 

operator with a 2D scan. (d) Three-dimensional (3D) image 

constructed through direct integration of a 3D focusing op-

erator. (e) RCS of the truck over the azimuth angle extract-

ed through near-field to far-field transformation. 

 

number of frequency samples, 𝑚 is the number of azimuth 

angle samples, and 𝑛 is the number of vertical samples. In Eq. 

(9), regardless of 𝑟 and 𝜑, it is first computed for 𝜃 in Eq. (6). 

Furthermore, subdimensional conversion enabled us to reduce 

the vertical scan length without sacrificing accuracy. According 

to Eq. (11), cross-range resolution and vertical scan length are 

directly related to each other. 
 

          𝜌 , (11)

 

where 𝜌  is the vertical cross-range resolution, λ is the 

wavelength, 𝑅  is the distance of the target from the antenna, 

and 𝐿 is the vertical scan length [9]. In particular, for low-

frequency or long-range measurements, it is hard to secure a 

fine vertical cross-range resolution (𝜌 ) due to the physical 

restriction of long-range vertical scanning. Thus, low-quality 

radar images are created, which are not appropriate for the accu-

rate extraction of an RCS. However, with the subdimensional 

conversion method, the CNFFFT method converts to the FF 

in the vertical direction. Because CNFFFT does not produce an 

intermediate-constructed radar image and does not convert to 

FF from an explicit radar image, the size of 𝜌  is of no 

concern for the extraction of an accurate RCS. This advantage 

allows for the shortening of the vertical scanning length and 

time. 

The aforementioned speculation was demonstrated using an 

NF scan of the aircraft model with the dimensions 10.5 m (L) × 

7 m (W) × 2.3 m (H) (Fig. 4(a)). Here, the measurement dis-

tance was 200 m, and the frequency was 3.2 GHz, with a 2 GHz 

bandwidth (2.2–4.2 GHz, with 1,401 samples). The horizontal 

and vertical edges were aligned in the azimuth direction, and the 

azimuth scan angle included this direction. The vertical scan 

range was 9 m, with 0.3 m steps. The vertical height of the air-

craft model was 2.3 m, and, according to Eq. (10), the minimum 

length needed to guarantee that FF will be in the vertical direc-

tion is ~112 m, which is even shorter than our measured dis-

tance (200 m). Therefore, as references, a 2D FF radar image 

and an RCS pattern were extracted using a 2D focusing opera-

tion with 2D scanning. 

Fig. 4(d) shows a filtered 3D radar image of the aircraft 

mock-up created using a 3D focusing operation. Except for the 

horizontal and vertical edges, all the other scattering points were 

filtered by the image-gating function. Because 𝜌  was too 

large (~1.04 m), the image quality was severely degraded in the 

Table 1. Process time for far-field radar cross section acquisition

 Workstationa 
Normal personal 

computer (PC)b 

Three-dimensional focusing 

algorithm

~ 45 min >1 week 

Subdimensional conversion ~ 1 min ~14 min

aSpecification: Intel CPU Xeon E5-2650 ×2, core #10, thread #20, 512 

GB RAM, 64 bit (model: HP Z840). 
bSpecification: Intel CPU Core i7-6700, 8 GB RAM, 64 bit. 
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vertical direction; point scatterers composed of the horizontal 

and vertical edges were spread by an over 3 m length in the 

vertical direction. Hence, the distorted image resulted in an in-

accurate RCS pattern (black-dotted line in Fig. 4(e)) that 

deviated from that extracted by the 2D focusing operation 

(reference, blue-dotted line in Fig. 4(e)). This result suggests 

that a longer vertical scan is needed to obtain more accurate 

RCS patterns when a 3D focusing operation is used. In contrast, 

a 2D image constructed through subdimensional conversion 

(Fig. 4(b)) is almost identical to that constructed by the 2D 

focusing operation (Fig. 4(c)). Therefore, excellent concurrence 

is identified in the RCS patterns in Fig. 4(e) (red line vs. blue-

dotted line), indicating that the 9 m vertical scan length is suffi-

cient for extracting accurate images and RCS patterns. We 

expect that the vertical scan length can still be further reduced 

without compromising the determined accuracy level of the 

RCS. 

IV. CONCLUSION 

In this paper, a subdimensional hybrid conversion method is 

proposed as a relevant 3D IB NFFFT algorithm. It has shown 

better efficiency in RCS extraction than direct integration of a 

3D focusing operator. Moreover, unlike with other IB NFFFT 

techniques, we found that its conversion accuracy was main-

tained even if the vertical scan length was relatively short. This 

will be very useful for reducing the total scanning time. 
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I. INTRODUCTION 

The electromagnetic field transmission through an aperture 

or slot in a conducting screen is a canonical and classical prob-

lem that has attracted the attention of many researchers. The 

problem of coupling electromagnetic fields between regions 

through slots and apertures in conducting planes is commonly 

encountered in electromagnetic pulse penetration studies and in 

the area of electromagnetic compatibility. Since Bethe’s work [1] 

on the small-hole coupling problem was reported, various cou-

pling problems through apertures or slots have been analyzed 

[2–6]. To our knowledge, the first theoretical study about three-

dimensional electromagnetic transmission problems through a 

rectangular cavity and slot in a thick conducting screen was 

conducted by Jin and Volakis [7] using the finite element meth-

od (FEM). Since then, this problem has been treated by various 

methods, such as the Fourier transform and mode-matching 

techniques by Park and Eom [8], the modal expansion method 

by Cho et al. [9], and a rigorous technique based on the Koba-

yashi potential method (KPM) [10]. In the field of physics, the 

extraordinary transmission phenomenon of subwavelength aper-

tures has attracted considerable attention, and many studies have 

been reported in the field of optics [11–14]. 

Transmission resonance problems through an aperture or slot 
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mainly deal with the aperture-body resonance (ABR) problem 

and transmission cavity resonance (TCR) problem. These 

problems were first treated by Harrington and his colleague [3, 

4], who considered the problem of an electrically small aperture 

in a conducting screen backed by a conducting body using the 

method of moment (MoM), which is related to the ABR. The 

transmission problem through narrow slots in thick conducting 

screens, which is related to the TCR, was also considered by 

Harrington and Auckland [4].  

This study examines electromagnetic energy transmission 

through a narrow slot in a thick conducting plate when a plane 

wave is incident to the slot. Previous studies have mainly dealt 

with the problem of transmission resonance from the viewpoint 

of equivalent circuits. Conversely, the present study addresses a 

transmission resonance problem similar to the previous one but 

from a different perspective that did not use the viewpoint of 

equivalent circuits. As with other methods [7–10], the integral 

equation method using MoM with Galerkin’s procedure pre-

sented in this paper allows for the exact evaluation of a three-

dimensional slot to cavity coupling problems. In addition, the 

solution presented in this paper uses rigorous kernels to obtain 

more accurate results. However, as Green’s functions are re-

quired, the computational amount increases.  

A formulation is used to determine the transmission cross-

section (TCS) through thick plate slots. The aperture imped-

ance is also derived to characterize the resonance transmission 

mode of the thick plate slot. Since the slot in a thick metal plate 

creates a waveguide structure, it has a cutoff frequency. From the 

perspective of the cutoff, the resonance transmission characteristics 

through the slot in a thick conducting screen are classified into 

three transmission modes: (1) the transmission cavity resonance 

(TCR) mode for the range above the cutoff, 𝑎 > 0.5λ, where a is 

the slot length, and λ is the wavelength; (2) the near-cutoff reso-

nance transmission (NCRT) mode for the range below and near 

the cutoff, ~0.45λ ≤ 𝑎 < 0.5λ; and (3) the non-transmission 

cavity (NTC) mode for the range below the cutoff, 𝑎 < ~0.45λ. 

The behavior of the TCS and aperture impedance for a thick 

plate slot is analyzed using the MoM.  

The results show that the TCR mode depends on the plate 

thickness and that peak TCSs appear periodically along the 

plate thickness, which is known as Fabry-Perot resonance. The 

NCRT mode depends on the slot length and plate thickness, 

and the maximum TCS appears only once as a slot length 

resonance (or transverse resonance), which comes from the cou-

pled resonance by the slot length and plate thickness. The peak 

TCS for the NCRT mode occurs with a thin plate thickness, 

which produces slot length resonance. The NTC mode is a non-

transmission and non-resonance mode and is not transmitted. 

Therefore, the TCS decreases exponentially with an increase in 

plate thickness, and resonance transmission could not be real-

ized in the NTC mode. In particular, all the maximum TCSs for 

the TCR and NCRT modes occur in parallel resonance, which 

can be confirmed by the behavior of the aperture impedance. 

The analysis results show that a good understanding of the 

resonance transmission modes through the behavior of the TCS 

and aperture impedance should be taken into account. 

II. PROBLEM FORMULATION 

Fig. 1 shows the geometry and coordinate system of a thick 

conducting plane with a narrow slot. The thick conducting 

ground plane has a thickness d and is located in the xy-plane, 

with the origin at the center of the slot aperture 𝑆 . The slot 

aperture 𝑆  is in the xy-plane separate from the slot aper-

ture 𝑆  at a distance z = d. The narrow slot has a length of 𝑎 

and a width of 𝑏. A thick conducting wall is a perfect electric 

conductor. 

As shown in Fig. 1(a), the thick conducting plate structure is 

divided into three regions: a half-space containing the incident 

plane wave (Region I (𝑧 < 0)), an interior region comprising 

the two slot apertures (Region II (0 < 𝑧 < 𝑑)), and a half-space 

comprising the penetrating field (Region III (𝑧 > 0)). These 

three regions are assumed to be free-space regions. 

 
(a) 

 
(b) 

Fig. 1. A narrow slot in a thick conducting plate excited by an inci-

dent plane wave. (a) Geometry and coordinate system. (b) 

Equivalent problem.
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If the plane wave is incident to the narrow slot in the thick 

metallic ground plane, the following is required to ensure the 

continuity of the tangential components of the magnetic fields 

across the slot aperture, as shown in Fig. 1(b): 
 �̂� × 𝐻 + 𝐻 (𝑀 )  = �̂� × 𝐻 (𝑀 ) + 𝐻 (𝑀 )   (1a) 
 �̂� × 𝐻 (𝑀 ) + 𝐻 (𝑀 ) = �̂� × 𝐻 (𝑀 )     (1b) 

 

where 𝐻 , , (𝑖, 𝑗 = 1 𝑜𝑟 2) represents the magnetic fields in 

Regions I, II, and III. 𝑀 = ∓�̂� × 𝐸  and 𝑀 = ∓�̂� × 𝐸 , 

where 𝐸  and 𝐸  represent the aperture electric fields in slots 𝑆  and 𝑆 , respectively. 𝐻  is the short-circuited magnetic 

field when the narrow slot is covered by a conducting plate. 

From (1), the simultaneous integral equations for the un-

known magnetic currents in the slot can be written as follows: 
 �̂� × 𝐼 ̅�̅� + ∇∇ ∙ �̅̅� (�̅�, �̅� ) + �̅̅� (�̅�, �̅� ) ∙ 𝑀 (�̅� )𝑑𝑆  − �̂� × 𝐼 ̅�̅� + ∇∇ ∙ �̅̅� (�̅�, �̅� ) ∙ 𝑀 (�̅� )𝑑𝑆        = −z × 𝑗𝜔𝜇 −𝑥 2𝐸 𝜂⁄                 (2a) 
                                �̂� × 𝐼 ̅�̅� + ∇∇ ∙ �̅̅� (�̅�, �̅�′) ∙ 𝑀 (�̅� )𝑑𝑆   + �̂� × ∬ 𝐼̅�̅� + ∇∇ ∙ �̅̅� (�̅�, �̅� ) + �̅̅� (�̅�, �̅� ) ∙                 𝑀 (�̅� )𝑑𝑆 = 0                   (2b) 
  

where 𝑘 = 𝜔 𝜀 𝜇  is the wave number of Regions I, II, and 

III, and ω is the angular frequency. Superscripts I, II, and III 

denote the corresponding regions. 𝐼 ̿ is a unit dyadic, and �̂� is a 

unit vector in the z direction. Position vectors �̅� and �̅�′ corre-

spond to the observation and source points, respectively. 𝐸  is 

the amplitude of the incident electric field, 𝜂  is the wave im-

pedance of free space, and 𝑑𝑆  and 𝑑𝑆  are the area ele-

ments in the slot apertures. Time dependence 𝑒𝑥𝑝(𝑗𝜔𝑡) is  

assumed and omitted from this paper. �̿� ,  (𝑖, 𝑗 = 1 𝑜𝑟 2) 

represents the dyadic Green’s functions, which denote the mag-

netic type from the unit magnetic current in Regions I and III 

(half-space regions). �̿�  is a dyadic Green’s function that de-

notes the magnetic type from the unit magnetic current in Re-

gion II (waveguide region). 
 �̅̅� (�̅�, �̅� ) = 𝑥𝑥 −𝜀 𝜀𝑎𝑏Γ sin 𝑛𝜋(𝑥 − 𝑥 )𝑎  

cos 𝑚𝜋(𝑦 − 𝑦 )𝑏 sin 𝑛𝜋(𝑥 − 𝑥 )𝑎 cos 𝑚𝜋(𝑦 − 𝑦 )𝑏  

⎩⎪⎨
⎪⎧cosh Γ (𝑧 − 𝑧 )sinh(𝑧 − 𝑧 ) cosh Γ (𝑧 − 𝑧 ) ,    𝑧 ≤ 𝑧cosh Γ (𝑧 − 𝑧 )sinh(𝑧 − 𝑧 ) cosh Γ (𝑧 − 𝑧 ) ,    𝑧 𝑧  

(3)
 

 

where 𝜀 = 1 for n = 0 and 2 for 𝑧 1, and 𝑥 = 𝑎/2, 𝑦 = 𝑏/2, 𝑧 = 0, and 𝑧 = 𝑑. The waveguide propagation 

constant is given by 
 Γ = + − 𝑘  .            (4)       
 Γ = 𝑗𝛽  when the slot length is above the cutoff and Γ =𝛼  when it is below the cutoff. For the narrow slot, the 

phase constant 𝛽  and attenuation constant 𝛼  in Region 

II become 𝛽  and 𝛼 , respectively. 

To solve the simultaneous integral equations for the unknown 

magnetic currents, the aperture electric fields in slots 𝐸  and 𝐸  are expanded as follows: 
 𝐸 (𝑥, 𝑦) = 𝑦𝐻(𝑦) ∑ 𝑉 𝐹 (𝑥)            (5a) 
 𝐸 (𝑥, 𝑦) = 𝑦𝐻(𝑦) ∑ 𝑉 𝐹 (𝑥),           (5b) 

 

where 𝑉  and 𝑉  are the coefficients to be determined, and 𝐹 (𝑥) and 𝐹 (𝑥) are piecewise sinusoidal functions. The y-

directional variation of the aperture electric field is given as follows 

[2]: 𝐻(𝑦) = 1𝜋 (𝑏 2⁄ ) − 𝑦  
(6)

 

III. TRANSMITTED POWER AND TCS 

When a plane wave excites narrow slot 𝑆 , the time average 

power transmitted from Region I to Region III through slot 𝑆  

is expressed as follows: 𝑃 = Re 12 𝐸 × 𝐻∗ ∙ �̂�𝑑𝑆 , (7)
 

 

where the asterisk denotes a complex conjugation. The trans-

mission coefficient (TC) through a small, narrow slot 𝑆  is 

defined as follows: 
 𝑇𝐶 = 𝑃𝑃 , (8)

 

 

where 𝑃  is the average incident power intercepted by the 

narrow slot 𝑆 . For an incident plane wave, 
 𝑃 = Re 12 𝐸 × 𝐻 ∙ �̂�𝑑𝑆  = 12 𝜂𝐴|𝐻 | ,   (9)

   
where A is the area of aperture 𝑆 , and 𝐻  is the incident 

magnetic field. 

When a plane wave excites a narrow small slot, the TCS of 

the narrow small slot is defined as the area where the incident 

wave contains the power transmitted by the narrow small slot. It 

follows that the TCS is equal to 𝑇𝐶 · 𝐴. 
 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 4, JUL. 2022 

518 
   

  

𝑇𝐶𝑆 = 𝑇𝐶 · 𝐴 = 𝑃12 𝜂 𝐻 .  
(10)

 

If the thin dipole or narrow slot resonates near half the wave-

length, then the TCS becomes 3.28λ2/4π (= 2Gλ2/4π, G = 1.64). 

For a small, electrically thin antenna, the maximum absorption 

area (TCS) is equal to 3λ2/4π (= 2Gλ2/4π, G = 1.5). It is also a 

Hertzian source. 

To investigate the resonance transmission through the thick 

plate slot, the slot aperture impedance with the TCS is also cal-

culated to find the resonance state as follows: 
 𝑍 = 𝑉 𝑉𝑃 + 𝑃  =  𝑉 𝑉∑ ∑ 𝑉 𝑉 𝑌                  + ∑ ∑ 𝑉 𝑉 𝑌   

(11) 

where 𝑌 = 𝐻(𝑦)𝐹 (𝑥) 𝑑𝑆 𝑥 ∙ 𝐾 + 𝐾 ∙ (−𝑥)𝐻(𝑦 )𝐹 (𝑥 ) 𝑑𝑆  (12)
 

 𝑌 = 𝐻(𝑦)𝐹 (𝑥) 𝑑𝑆 𝑥  ∙ 𝐾 ∙ (−𝑥)𝐻(𝑦 )𝐹 (𝑥 ) 𝑑𝑆  

(13) 𝑉 , = 𝐻(𝑦)𝐹 , (𝑥) 𝑑𝑆 𝑦 ∙ 𝑦 2𝜂 𝐸 𝑑𝑆   (14)
 

 

This study focuses on the TCS problem in which all three 

regions are free-space regions. 

IV. RESULTS AND DISCUSSION 

To validate the theoretical analysis method, some numerical 

results obtained through this method are compared with the 

results of Reed and Butler [6] for the narrow slot with 𝑑 =0.001𝜆, Jin and Volakis [7], and Serizawa [10], as shown in 

Fig. 2(a) and (b). The comparison shows good agreement. Fig. 

2(b) shows a slight difference for 𝑎 > ~0.55𝜆, but this is due 

to the fact that the solution presented in the paper is for narrow 

slots. 

 

1. Resonance Transmission Modes through a Thick Plate Slot 

Fig. 3 presents the TCS characteristics versus the slot length 

as a parameter of various thicknesses of a conducting plate. Res-

onance transmission occurs above and near the cutoff frequency 

for a plate thickness, but the TCS is rapidly attenuated below 

the cutoff frequency. In general, the propagation of electromag-

netic energy does not occur below the cutoff frequency, but 

maximum transmission can occur for plate thicknesses of 𝑑 =0.01𝜆, 0.25𝜆, and 0.10𝜆 near the cutoff, as shown in Fig. 3(a).  

 
(a) 

 
(b) 

Fig. 2. Comparison of a normalized electric field and transmission 

coefficient. (a) Normalized electric fields [6]. (b) Transmis-

sion coefficients [7, 10]. 

 

 
(a) 

 
(b) 

Fig. 3. TCS versus slot length for thick and thin plate slots excited 

by an incident plane wave. (a) Typical plate thickness. (b) 

Various thin plates. 
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Even if the frequency is below the cutoff, maximum transmis-

sion (enhanced resonance transmission) occurs. This phenomenon 

occurring near the cutoff is a very interesting topic. It is necessary 

to find near the cutoff boundary, which can be obtained by con-

sidering the conditions under which the maximum transmission 

occurs in a very thin plate. As shown in Fig. 3(b), for a relatively 

thin plate with 𝑑 = 0.1𝜆, the TCS peak occurs at 𝑎 = 0.486𝜆, 

but in the case of a very thin plate such as 𝑑 = 0.001𝜆, the 

maximum TCS occurs at 𝑎 = 0.456𝜆. Therefore, 𝑎 = 0.456𝜆 

can be seen as the transition boundary near the cutoff. Accordingly, 

the region below and near the cutoff can be determined as ~0.45𝜆 ≤ 𝑎 < 0.5𝜆. The plate thickness is related to the clas-

sification of the transmission mode and is particularly important 

in determining the existence of the NCRT mode. 

As shown in Fig. 3, the results can be classified into three cate-

gories, and accordingly, three different transmission types of 

TCS patterns appear: (1) the pattern above the cutoff (𝑎 >0.5𝜆), (2) the pattern near the cutoff (~0.45𝜆 ≤ 𝑎 < 0.5𝜆), 

and (3) the pattern below the cutoff (𝑎 ≤ ~0.45𝜆), which are 

called the TCR mode, NCRT mode, and NTC mode, respec-

tively. To further understand the behavior of resonance trans-

mission, aperture impedance is also calculated. Both TCS and 

aperture impedance characteristics are used to investigate the 

classification of resonance transmission phenomena through a 

slot in a thick conducting screen. 

 

1) TCR mode 

Fig. 4 shows the TCS versus the thickness of a conducting 

plate as a parameter of various slot lengths. When the slot 

length is greater than the cutoff (i.e., for 𝑎 > 0.5𝜆), the travel-

ing electromagnetic wave is in Region II (waveguide region or 

transmission cavity region), and the TCS fluctuates with the 

plate thickness, with a fluctuation period of approximately 0.7λ, 

as shown in Fig. 4. The maximum TCSs occur periodically at 𝑑 = 0.64λ and 𝑑 = 1.35λ, which are known as resonance 

transmission (enhanced resonance transmission). In this case, 

the magnetic wall reflections at slot apertures 𝑆  and 𝑆  make 

a Fabry-Perot resonance pattern along the plate thickness (i.e., 

the longitudinal direction, z-direction) from the multiple reflec-

tions in both slots. This type of resonance transmission mode is 

called the TCR mode by Harrington and Auckland [4] and Cho 

et al. [9]. In addition, small peak TCSs are observed at 𝑑 =0.32λ, 𝑑 = 1.03λ, and 𝑑 = 1.35λ due to the effects of slot 

width. The magnitude of the TCS becomes even smaller as the 

slot width narrows. 

Fig. 5 shows the aperture impedance and TCS characteristics 

versus the plate thickness for 𝑎 = 0.7λ (above the cutoff ), 0.47λ (below and near the cutoff ), and 0. 45λ (below the cut-

off ). Above the cutoff, the TCR mode occurs at parallel reso-

 
(a) 

 
(b) 

 
(c) 

Fig. 5. TCS versus plate thickness for a thick plate slot excited by 

an incident plane wave. (a) 𝑎 = 0.7𝜆. (b) 𝑎 = 0.47𝜆. (c) 𝑎 = 0.45𝜆.

 
Fig. 4. TCS versus plate thickness for a thick plate slot excited by 

an incident plane wave. 
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nances from a plate thickness with 𝑑 = 0.64λ and 𝑑 = 1.35λ, 

as shown in Fig. 5(a). The other parallel resonances result in 

small peak TCSs compared to the maximum TCSs. These small 

peak TCSs are due to the real part of the aperture impedance 

being larger than that of the maximum TCSs. Thus, a large aper-

ture resistance creates small reflections in both slots; thus, the 

TCS becomes relatively small compared to the maximum TCS. 

Parallel resonance characteristics (with a change in reactance 

from inductive to capacitive) occur in the frequency characteristics 

of the aperture impedance, as will be shown later in Fig. 9. The 

thickness characteristics of the aperture impedance in Fig. 5 

seem to have series resonance (a change in reactance from ca-

pacitive to inductive), but resonance can be discriminated from 

the frequency characteristics of the aperture impedance, as shown 

in Fig. 9. 

 

2) NCRT mode 

When the slot length is below and near the cutoff (i.e., for 𝑎 = 0.47𝜆), the traveling electromagnetic wave is not in Region 

II (waveguide region) because the slot length is below the cutoff. 

Nevertheless, one maximum TCS appears with a very thin plate 

thickness of 𝑑 = 0.024λ, as shown in Fig. 5(b). This is due to 

the reflections in both slot apertures 𝑆  and 𝑆  exciting the 

slot length, which can result in transverse resonance through the 

coupling of the plate thickness along the z-direction. This trans-

verse resonance of the slot occurs from the reflections in both 

slot apertures as a parallel resonance excited by the incident 

plane wave. The reflection is caused by the transverse excitation 

of the slot along the transverse direction (x-direction). Thus, in 

this case, a peak TCS due to slot length resonance (i.e., x-

directional transverse resonance) can be obtained from the thin 

plate thickness, resulting in reflections in both slot apertures.  

As a result, when the slot length is below and near the cutoff, 

only one maximum TCS appears, with a thin plate thickness as 

a parallel resonance. This type of resonance transmission mode 

is defined in this study as the NCRT mode. The NCRT phe-

nomena are only observed when the slot length is below and 

near the cutoff with a thin plate thickness because the plate 

thickness causes slot length resonance. In addition, the slot 

length of 𝑎 = 0.45𝜆 may be considered a boundary reference 

length, which determines what is below and near the cutoff (see 

Fig. 7(b) in Section IV-2). 

 

3) NTC mode 

When the slot length is below the cutoff (i.e., for 𝑎 =0.45𝜆), the traveling electromagnetic wave is not in Region II 

(waveguide region) because the slot length is below the cutoff. 

In this case, the TCS rapidly attenuates exponentially along the 

longitudinal direction (z-direction), as shown in Fig. 5(c). There-

fore, reflections do not occur in either slot aperture, and slot 

length resonance (x-directional transverse resonance) cannot 

occur with plate thickness. This type of transmission mode is 

called the NTC mode. The NTC mode corresponds to a non-

transmission mode. As electromagnetic transmission power 

rapidly attenuates exponentially along the waveguide region 

(Region II), reflections do not occur in either slot aperture, and 

thus resonance transmission does not occur. 

 

2. Classif ication of Resonance Transmission Modes through a 

Thick Slot 

We investigate the mode classification of the resonance 

transmission phenomena through a narrow slot in a thick con-

ducting screen using the TCS and an aperture impedance. As 

discussed previously, there are three types of resonance transmis-

sion modes through a thick plate slot, as shown in Fig. 6. The 

three types of transmission modes are classified according to the 

cutoff criterion: (1) above the cutoff, (2) below and near the cut-

off, and (3) below the cutoff. These are summarized as follows: 

 

1) TCR mode  

Above the cutoff (𝑎 > 0.5𝜆, Γ = 𝑗𝛽 ), which corre-

sponds to the Fabry-Perot resonance. 

2) NCRT mode  

Below and near the cutoff (~0.45𝜆 ≤ 𝑎 < 0.5𝜆, Γ =𝛼 ) 

due to the slot length resonance (transverse resonance) from 

the coupling of plate thickness. 

3) NTC mode  

Below the cutoff (𝑎 ≤ ~0.45𝜆, Γ =𝛼 ), which is a non-

transmission and non-resonance mode.  

 

As mentioned in Section IV-1, the TCR mode above the 

cutoff occurs mainly with a plate thickness as a parallel reso-

nance, which is called the Fabry-Perot resonance, from the mul-

tiple reflections in both slot apertures. By contrast, below and 

near the cutoff, the NCRT mode is a very interesting subject 

because one maximum TCS occurs with a thin plate thickness 

as a parallel resonance. In this case, a peak TCS can be obtained 

from the slot length resonance (x-directional transverse reso-

nance) from the coupling of the plate thickness. The NTC 

mode below the cutoff corresponds to a non-transmission and 

non-resonance mode, and electromagnetic transmission power 

rapidly attenuates exponentially along the waveguide region. As 

a result, the peak TCSs for the TCR and NCRT modes are of 

the parallel type, which leads to high slot aperture fields. 

In addition, the slot length boundary determining the area 

below and near the cutoff can be determined according to whether 

one resonance transmission (maximum TCS) or slot length reso-

nance (transverse resonance) can be obtained. Fig. 7(a) shows 

the TCS versus the thickness of a conducting plate as a parameter 

of various slot lengths below the cutoff (i.e., 0.40𝜆 ≤ 𝑎 <
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0.49𝜆). Peak TCSs appear above 𝑎 = 0.45𝜆. To understand 

the peak TCSs, the aperture impedance characteristics are nec-

essary, as shown in Fig. 7(b). The peak TCS (25.95 cm ) for 𝑎 = 0.46𝜆 occurs when the aperture reactance becomes zero at 𝑑 = 0.006𝜆. The peak TCS corresponds to resonance trans-

mission or maximum transmission and is obtained at parallel 

resonance. In comparison, there is no resonance for 𝑎 = 0.45𝜆, 

and there is no resonance transmission. Therefore, a slot length 

of 0.45𝜆 can be regarded as a boundary criterion for a slot 

length determined as below and near the cutoff. The area near 

the cutoff region can be defined as ~0.45𝜆 ≤ 𝑎 < 0.5𝜆, and 

the NCRT mode is observed only at ~0.45𝜆 ≤ 𝑎 < 0.5𝜆. 

3. Frequency Characteristics of TCS and Aperture Impedance 

Fig. 8 shows the frequency characteristics of the TCS for a 

thick plate with a narrow slot excited by an incident plane wave 

for the following three cases: 

 

Case 1: 𝑎 = 60, 𝑏 = 3, and 𝑑 = 0.01 mm. 

Case 2: 𝑎 = 60, 𝑏 = 3, and 𝑑 = 30 mm. 

Case 3: 𝑎 = 60, 𝑏 = 3, and 𝑑 = 60 mm. 

 

In Fig. 8(a) and 8(b), the dashed line represents the TCS in 

Case 1, which shows one TCS peak at 2.28 GHz. In Fig. 8(a), 

the solid line represents the TCS in Case 2, which shows two 

TCS peaks at frequencies of 2.46 GHz and 4.96 GHz. In Fig. 

8(b), the solid line represents the TCS in Case 3, which shows 

three TCS peaks at frequencies of 2.48, 3.36, and 5.26 GHz. 

The desired maximum TCS for a narrow slot in a thin conduct-

ing plate is 3.28λ2/4π (= 2Gλ2/4π, G = 1.64), which is the TCS 

for the resonant slot near the half-wavelength. For the three 

cases, the peak TCSs of the thick plate slot reach the desired 

maximum TCS (3.28λ2/4π), which is represented by a dashed 

dot line. 

As narrow slots may behave like a lossy magnetic wall, this 

type of transmission peak is observed only when a lossy cavity is 

 
(a) 

 

 
(b)  

 

 
(c) 

Fig. 6. Classification of resonance transmission modes through a thick 

plate slot excited by an incident plane wave. (a) TCS and 𝑍  

patterns above the cutoff (TCR mode). (b) Below and near the 

cutoff (NCRT mode). (c) Below the cutoff (NTC mode). 

 

 
(a) 

 
(b) 

Fig. 7. Aperture impedance and TCS versus plate thickness for a thick 

plate slot excited by an incident plane wave. (a) TCS. (b) Aper-

ture impedance and TCS. 
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formed along the plate thickness direction. Case 1 corresponds 

to a thin conducting screen, as expected from a resonant slot, in 

which the reactive part of the aperture impedance can be tuned 

to zero by creating slot length resonance (transverse resonance) 

from a thin plate thickness. This peak TCS occurs at slightly 

less than half the wavelength. For Case 1, the peak TCS at 2.28 

GHz (𝑎 = 0.456𝜆 and 𝑑 = 0.76 × 10 𝜆) is in the NCRT 

mode (i.e., ~0.45𝜆 ≤ 𝑎 < 0.5𝜆 and Γ =𝛼 ). 

As shown in Fig. 8(a), for Case 2, the peak TCS at 2.46 

GHz (𝑎 = 0.492𝜆) is in NCRT mode, while the peak TCS at 

4.96 GHz (𝑎 = 0.992𝜆) is in the TCR mode (i.e., 𝑎 > 0.5𝜆 

and Γ = 𝑗𝛽 ). As shown in Fig. 8(b), for Case 3, the peak 

TCS at 2.48 GHz (𝑎 = 0.496𝜆) is in the NCRT mode, while 

the peak TCSs at 3.36 GHz (𝑎 = 0.672𝜆) and 5.26 GHz (𝑎 =1.052𝜆) are in the TCR mode. 

Fig. 9 shows the aperture impedance and TCS characteristics 

versus the frequency of a thick plate slot excited by an incident 

plane wave for Cases 1, 2, and 3. The analysis results show that 

all peak TCSs (2.28 GHz for Case 1, 2.46 and 4.96 GHz for 

Case 2, and 2.48, 3.36, and 5.26 GHz for Case 3) are obtained 

at parallel resonance, as shown in Fig. 9. Series resonance does 

not contribute to resonance transmission because radiation re-

sistances are very small at the series resonance. In other words, 

series resonance does not contribute to radiation from the slot 

aperture. The TCS and aperture impedance characteristics of  

 
(a) 

 
(b) 

 
(c) 

Fig. 9. Aperture impedance and TCS characteristics versus fre-

quency for a thick plate slot excited by an incident plane 

wave. (1) Case 1. (b) Case 2. (c) Case 3. 

 

Case 1 are similar to those of a narrow slot in a thin conducting 

plate (zero-thickness case). The analysis results show that all 

peak TCSs occur in parallel resonance, as in the case of a thin 

plate slot. 

V. CONCLUSION 

Three types of transmission modes through a narrow rectan-

gular slot in a thick conducting screen are considered using the 

behavior of the transmission TCS and aperture impedance. For 

the transmission mode through a thick plate slot, the coupled 

 
(a) 

 
(b) 

Fig. 8. TCS characteristics versus frequency for a thick plate slot 

excited by an incident plane wave. (a) Case 1 and Case 2. (b) 

Cases 1 and 3. 
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integral equations in the aperture magnetic fields are derived 

and solved by applying Galerkin’s MoM, from which the TCS 

and aperture impedance are calculated. Three types of transmis-

sion modes are classified for a better understanding of transmis-

sion characteristics through a thick plate slot.  

For the TCR mode above the cutoff, Fabry-Perot resonance 

occurs from the multiple reflections in both slot apertures. In 

the NCRT mode below and near the cutoff, slot length reso-

nance coupled with plate thickness occurs; thus, resonance 

transmission occurs when the screen thickness is relatively thin. 

A decayed electromagnetic field is observed below the cutoff; 

thus, resonance transmission does not occur in the NTC mode. 

In addition, all the maximum TCSs for the TCR and NCRT 

modes are of the parallel type, which leads to high slot aperture 

fields. The analysis results show that a good understanding of 

resonance transmission modes in the behavior of the TCS and 

aperture impedance should be taken into account. 
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I. INTRODUCTION 

Wireless power transmission technology has been investigated 

extensively in recent years and applied to various products, such 

as mobile electronics, consumer electronics, and electric vehicles 

[1–5]. In particular, the Qi specification of the Wireless Power 

Consortium is widely applied to mobile products, such as 

smartphones [6]. In this magnetic induction-based wireless 

power transmission, the system performance, including the 

transmitted power and efficiency, relies on the inverter’s operating 

frequency, magnitude of the voltage, and coupling coefficient 

between the transmitting and receiving coils. Therefore, the 

factors that affect the system design’s performance must be 

analyzed. As both voltage and power at the receiver load vary 

according to the system operating frequency, the Qi specifica-

tion adjusts the operating frequency using feedback control to 

modify the receiver voltage based on the load condition. Therefore, 

a frequency-domain analysis is necessary to validate the system 

frequency response, considering the operating frequency. 

A typical wireless power transfer (WPT) system, as depicted 

in Fig. 1(a), is similar to the LLC power converter topology. 

Herein, the received AC voltage is rectified by a bridge rectifier 

and the DC voltage is supplied to the load. Several studies have 

used a simplified equivalent circuit model (Fig. 1(b)) to analyze 

the frequency response characteristics [3–5]. However, the 

simplified circuit model with a linear load cannot be applied to 

an actual WPT system design because the resonant network is 

loaded with an equivalent input impedance of the rectifier circuit 

(𝑍 ), which takes into account the nonlinear behavior of the 

rectifier circuit, including the diode components. Although  
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the equivalent circuit model with nonlinear components can be 

analyzed in the time domain using a circuit simulation tool, such 

as SPICE, the non-intuitive time-domain simulation results 

cannot interpret the system response according to the adaptively 

changing operating frequency. Therefore, a study proposed a 

linearized equivalent AC resistance model with the rectifier 

circuit of the receiver [7], while several researchers have modeled 

and analyzed the receiver and rectifier using the same model [8, 

9]. However, as the model assumes that the forward voltage of 

the rectifier diode is zero, a considerably large error occurs when 

designing mobile products that use a relatively small receiving 

voltage of approximately 5 V. A previous study [10] included the 

forward voltage of the diode in the model to reduce the error; 

however, the disadvantage was the requirement for additional 

experiments for modeling the rectifier through measurements. 
To address the aforementioned drawbacks, we propose an 

iterative method for modeling a WPT system with a nonlinear 

receiver circuit in this paper. Typically, the linearized equivalent 

AC model of the receiver that includes diodes cannot be modeled 

in a closed form due to the dynamic changes in the forward 

voltage of the diodes based on the receiver current. Therefore, an 

iterative method was employed to model the converged forward 

voltage of the diodes and the output voltage in a steady state. 

The proposed modeling method can be used to accurately 

identify the transfer response of the voltage reaching the receiver 

load with respect to the operating frequency in the frequency 

domain. This can be beneficial when designing a mobile product 

with a low receiver voltage. The proposed model was validated 

via circuit simulation, and its accuracy was verified experimentally 

using a wireless power system based on the Qi specification. 

II. PROPOSED ITERATIVE METHOD FOR MODELING A 

WPT SYSTEM WITH NONLINEARITY 

Fig. 2 illustrates the waveform of a unipolar square wave volt-

age source, 𝑣 (𝑡) , with an amplitude of 𝑉 , period T, and duty 

cycle D. Based on the Fourier series expansion, the voltage 

source can be expressed as indicated in Eq. (1), where h denotes 

the harmonic number of the order. The square wave source is 

transferred to the rectifier circuit via the resonant network, re-

sulting in DC voltage at the load. 
 𝑣 (𝑡) 𝐷𝑉 2𝑉𝜋ℎ sin(ℎ𝜋𝐷) cos(ℎ𝜔 𝑡 ℎ𝜋𝐷).

(1)
 

The resonant network used in this study is designed based on 

the series–series topology of the Qi standard, which is a typical 

topology for WPT systems, as illustrated in Fig. 1(b). In the 

equivalent circuit model, RT, CT, LT and RR, CR, LR denote the 

equivalent R, C, L components of the transmitting and receiving 

coils, respectively. The transfer function of the resonant network 

with a linear load RL can be modeled as indicated in Eq. (2).  

Table 1 summarizes the coefficients and design parameters. 

The resonant network designed with a specific resonant fre-

quency filters the higher harmonic voltages of the square wave 

source, generating a sinusoidal wave of current in the resonant 

network. Owing to the higher harmonic rejection properties, a 

frequency-domain AC analysis can be used in the WPT system 

modeling with the fundamental component of the square wave 

source [11]. Moreover, as the inverter in the Qi specification 

operates at a frequency higher than the resonant frequency in 

the inductive region, the current flowing in the receiving circuit 

can be considered as a sine wave. To keep the receiving voltage 

on a stable level, even with dynamic load conditions in mobile 

products, the operating frequency should be adjusted in the in-

ductive region, where the transfer function of the resonant net-

work can be controlled mostly linear to the load impedance. 
 

      𝐻(𝑠) ( )( ) . 
(2)

 

 
(a) 

 
(b) 

Fig. 1. (a) Equivalent circuit model of a WPT system. (b) A simplified 

equivalent circuit model of a resonant network with a linear load. 

 

Table 1. Coefficients of the resonant network response

Coefficients Quantity

A0 1/CT CR

A1 RT/CR + (RR + RL)/CR
 

A2 RT (RR + RL) + LT/CR + LR/CT

A3 RT LR + LT (RR + RL)

A4 LT LR – M 2

 
Fig. 2. Waveform of a square wave voltage source. 
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Fig. 3 illustrates the full-bridge rectifier circuit with the input 

of the fundamental component of the resonant network output 

current. During the positive half-cycle of the input, diodes D1 

and D2 conduct in series, allowing the flow of input current 𝑖 , 

whereas diodes D3 and D4 are blocked; this behavior is reversed 

in the negative half-cycle. The rectified current, 𝑖 , is filtered by 

the smoothing capacitor, CL, connected in parallel with the load, 

RL, generating the DC output of the full-bridge rectifier circuit. 

The DC output 𝐼  can be obtained by integrating the rectified 

current, as indicated in Eq. (3). 
 

        𝐼 𝚤̂ sin(𝜔𝑡) 𝑑(𝜔𝑡), (3)

         𝚤̑  𝚤̑ . (4)
 

In the steady state, the amplitude of the input voltage of the 

rectifier, 𝑣 , is clamped by the DC output of the rectifier, owing 

to a voltage increase that is twice the forward voltage of the 

diodes (𝑣 ). Hence, the amplitude of the fundamental compo-

nent of the rectifier input voltage (𝑣 ) can be obtained using Eq. 

(5). Simultaneously, 𝑣  also represents the amplitude of the 

voltage transferred through the resonant network with the fun-

damental component of the square wave source, which can be 

calculated using Eq. (6), where 𝑣  is the amplitude of the fun-

damental component of 𝑣 (𝑡). 
 

         �̑� 𝑉 2𝑣 , (5)

         �̑� 𝐻(𝑠)| �̑� . (6)
 

By combining Eqs. (5) and (6), the DC output voltage, 𝑉 , 

can be expressed as the amplitude of the square wave source, the 

transfer function of the resonant network, and the forward voltage 

of the diodes, as indicated in Eq. (7). The input impedance of 

the rectifier circuit (𝑍 ), which is defined by the amplitude of 

the fundamental components of the voltage and current at the 

rectifier in the fundamental AC analysis, can be obtained by 

applying Eq. (4) to Eq. (5), as indicated in Eq. (8). 
 

      𝑉 𝐻(𝑠)| 𝑉 2𝑣 , (7)

    𝑍 ̑̑ 𝑅 1 . (8)

To include the nonlinear characteristics of the rectifier circuits, 

the proposed modeling method uses the exponential diode 

model, where 𝐼  denotes the saturation current, N indicates the 

ideality factor, and 𝑉  represents the thermal voltage, as indi-

cated in Eq. (9). Considering that the forward voltage of the 

diodes (𝑣 ) is dynamically changed by the diode current, 𝑖 , 

which is determined using the output DC voltage 𝑉 , it can be 

updated by applying Eq. (4) to Eq. (9). 
 

        𝑣 𝑁𝑉 ln ̑ 1 𝚤̑ 𝑅 . (9)
 

Fig. 4 depicts the proposed iterative method for modeling a 

nonlinear WPT system. The proposed method begins by initial-

izing the forward voltage of the diodes, 𝑣 (0), and the output 

voltage, 𝑉 (0). Based on these initial conditions, the input im-

pedance of the rectifier circuit, 𝑍 , is obtained, and the output 

voltage, 𝑉 (𝑖), is determined with respect to the transfer func-

tion of the resonant network associated with 𝑍 . The output 

error, 𝑉 _ , is considered the absolute value of the difference 

between the updated and previous output voltages. If the output 

error lies beyond the output tolerance range, 𝑉 _ , the diode 

current is calculated using the updated output voltage. Addi-

tionally, the forward voltage of the diodes, 𝑣 (𝑖 1), is updated, 

which serves as feedback for the next iteration. This forward 

voltage updates both the input impedance of the rectifier and 

the output voltage in the next recursion. The proposed method 

repeats the iteration until the output error falls within the output 

tolerance range in the converged model. Thus, the proposed 

method uses the dynamic update of the forward voltage of the 

diodes and the corresponding output voltage to determine the 

nonlinear output response of a WPT system, considering the 

convergence in the steady state. 

 

 
Fig. 4. Proposed iterative method for the nonlinear modeling of a 

WPT system. 
 

Fig. 3. Full-bridge rectifier circuit in the receiver of the WPT system.
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III. EXPERIMENTAL VERIFICATION 

The proposed method was experimentally validated by fabri-

cating a WPT test vehicle based on the Qi standard, and the 

measurement setup is shown in Fig. 5. The receiver circuit was 

composed of a full-bridge rectifier comprising four SB350 

Schottky diodes with RL = 20 Ω. We used Keysight MSO-X 

4154A to measure 𝑉  to maintain a constant value of 19 V 

while changing the system operating frequency from 120 to 210 

kHz, where the WPT system operates in the inductive region of 

the resonant network. Conversely, 𝑉  was measured using an 

Agilent U1272A digital multimeter. Table 2 summarizes the 

design parameters of the resonant network, which were deter-

mined considering a resonant frequency of 100 kHz. The trans-

mitting and receiving coils with a radius of 43 mm and 44 mm, 

respectively, were separated by a distance of 7 mm and fabricated 

to achieve the self-inductances shown in Table 2.  

For experimental verification, the output voltage of the test 

vehicle was estimated using the proposed modeling method. 

The initial conditions, 𝑣 (0) and 𝑉 (0), were set to 0 V and 5 

V, respectively, with an output voltage tolerance, 𝑉 _ , of 10–6. 

Fig. 6 illustrates the convergence plot of the forward voltage of 

the diodes and the output voltage as the iteration repeats with 

an operating frequency of 150 kHz. After eight iterations, the 

output error attained the tolerance range, and the iteration was 

terminated with the converged forward voltage of the diodes 

and an output voltage of 0.60 V and 4.79 V, respectively. 
Figs. 7 and 8 illustrate the comparison results of the output 

voltage and the transferred power at the load, respectively, based 

on the operating frequency of the square wave source in the 

reference model, the proposed method, SPICE simulation, and 

experimental measurements. The classic linear model of the 

 
Fig. 7. Comparison of the output voltage with the reference model, 

the proposed method, SPICE simulation, and measurement. 

 

  
Fig. 8. Comparison of the transferred power with the reference model, 

the proposed method, SPICE simulation, and measurement.

  

Fig. 5. Measurement setup for experimental verification. 

 

Table 2. Design parameters of the resonant network 

Parameter Value 

LT 24.7 μH 

CT 102.53 nF 

RT 0.098 Ω 

LR 13.71 μH 

CR 189.01 nF 

RR 0.082 Ω 

 
(a)                          (b) 

Fig. 6. Convergence plot at the operating frequency of 150 kHz: (a) 

the forward voltage of the diodes and (b) the output voltage.



 SONG et al.: ITERATIVE METHOD FOR MODELING A WIRELESS POWER TRANSFER SYSTEM WITH NONLINEARITY OF VOLTAGE RECTIFIER 

529 

  
 

rectifier circuit [7] served as the reference. Unlike the reference 

model, which ignores the forward voltage of the diodes to 

achieve AC analysis using a linear model, the proposed method 

estimated the output voltages using the forward voltage of the 

diodes converged through the iteration. The proposed iterative 

method successfully determined the nonlinearity of the diodes 

based on the fundamental harmonic analysis in the steady state. 

The output voltage obtained using the proposed method exhibits 

a prominent correlation with that calculated by the SPICE 

simulation and measurement results. The discrepancies observed 

between the output voltage and the transferred power of the 

classic AC model and the proposed model can be crucial for 

designing mobile products with low power consumption. If the 

operating frequency goes out of the inductive region, the fun-

damental AC analysis is no longer valid and the error of the 

proposed model increases. The proposed model, on the other 

hand, is highly valid in the inductive region, where WPT systems 

in mobile devices actually work in practice. In addition, Fig. 9 

shows the comparison results of the power transfer efficiency in 

the reference model, the proposed method, the SPICE simulation, 

and the experimental measurements. Unlike the reference model, 

the power transfer efficiency with the proposed model shows a 

correlation with those with SPICE simulation and measure-

ment; meanwhile, the discrepancies between them come from 

the fundamental harmonic analysis of the proposed method, 

which ignores the higher harmonics of the square wave source. 

IV. CONCLUSION 

This study proposed an iterative method for modeling the 

nonlinearity of a WPT system. The transfer function of the 

resonant network is characterized in the frequency domain and 

employed in the fundamental harmonic analysis to obtain the 

rectifier input. The relationship between the forward voltage of 

the diodes and the output response is characterized based on the 

rectifier response in the steady state. Applying this relationship 

to the diode exponential model, the proposed iteration method 

dynamically updates the forward voltage through repeated 

iterations and estimates the converged output response with 

nonlinearity. The proposed method was successfully validated 

via SPICE simulation and measurement results, using a test 

WPT circuit designed based on the Qi standard. 
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I. INTRODUCTION 

Generally, an antenna in a monopulse system radiates pencil 

beam sum pattern for high angular resolution; however, direc-

tion-finding (DF) ambiguity can occur at an angle out of its 

half-power beamwidth where monopulse curve linearity is not 

guaranteed [1–3]. Using multiple DF antennas can be a good 

candidate to not only solve the DF ambiguity of a single DF 

antenna but also detect various targets using different frequen-

cies. Since a space occupied by an antenna is limited in a general 

DF system, if two or more DF antennas are located on the same 

plane, the area available for each DF antenna would be reduced, 

which degrades the target detection range. In the case of placing 

multiple DF antennas on different planes, the boresight gain of 

the antenna located at the back becomes low due to the configu-

ration and material properties of the antenna located in the 

front. There are many studies on DF systems using multiple 

antennas; however, the antennas were generally placed on the 

same planes and mainly aimed at detecting targets in the per-

pendicular directions related to the body axis [1, 4–6]. Further, 

most studies have not considered situations in which conductor 

material or other devices are located in front of the antennas. In 

this letter, an antenna is presented to minimize the gain reduc-

tion in the axis direction of a cylindrical conductor body, even if 

the antenna is inserted into the surface of the body, by modify-

ing the antenna aperture and the surface shape of the conductor 

body. Using the eight proposed antenna elements, a circularly 

arrayed DF antenna is designed, and its amplitude comparison 

DF performance is analyzed. 

II. DESIGN OF PROPOSED ANTENNA 

Fig. 1(a) shows the configuration of a designed open-ended 

waveguide (OEWG) antenna. The antenna consists of an SMA 

connector, a cylindrical-shaped impedance matching structure, a 

circular waveguide, and an aperture with an inclined angle of α 
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which can adjust the main beam direction of the antenna [7]. 

The design parameters are w = 25.83 mm, L1 = 25.83, L2 = 

42.12 mm, Ho = 25.83 mm, Hi = 22.83 mm, Fw = 4 mm, Fh = 

6 mm, and d = 8 mm.  
Fig. 2(a) and 2(b) show the radiation patterns on the E-plane 

and simulated VSWR results of the antenna when the inclined 

angle of α changes. This shows that the beam steering angle 

and the maximum gain of the antenna are varied by changing α. 

The main beam direction of the antenna should be chosen at an 

angle that minimizes the gain reduction in the front direction of 

the antenna when the antenna is inserted into the surface of the 

conductor body. The VSWR results show that the antenna 

realizes a bandwidth of over 8–12 GHZ (VSWR ≤ 2).  
Fig. 3 shows a simplified model when the designed OEWG 

antenna with α = 45° is inserted into the surface of a conductor 

body. Here, β denotes the angle of the inclined surface between 

the antenna and the front conductor body, which affects radia-

tion pattern, gain in the front direction of the antenna, and re-

flection coefficient. β should be considered together with the 

main beam direction of the antenna, and it should be selected to 

minimize the gain reduction in the front direction of the an-

tenna. Fig. 4(a) and 4(b) illustrate the variations of the radiation 

patterns and VSWR results of the OEWG antenna with α = 

45° according to the angle of β changes. From the perspectives 

of the minimized gain reduction in the front direction of the 

antenna and operational bandwidth, the angles of α and β are 

determined to be 45° and 30°, respectively. 
Fig. 5 shows the configuration of the designed DF antenna. 

The eight OEWG antennas are circularly arrayed and inserted 

into the surface of the deformed cylindrical conductor, with the 

hemisphere-shaped conductor located in front of the body. The 

interior of the body and the hemisphere conductor can be filled 

or empty, and can include other devices, such as DF antennas. 

The hemisphere conductor can be replaced by other shapes or 

materials, such as radome materials. 

III. FABRICATION AND MEASUREMENT RESULTS 

Fig. 6 illustrates the configurations of the fabricated antenna.  

The antenna and the conductor body are made of aluminum. 

Fig. 7(a) shows that every antenna realizes bandwidths over 8 

GHz to 12 GHz. The differences come from assembling errors 

between the SMA connector and the impedance matching struc-

ture. Fig. 7(b) shows that the port isolations are under –25 dB. 

 
Fig. 1. Configurations of the designed antenna. 

 
(a) (b) 

Fig. 2. Antenna performance variations when α changes: (a) radia-

tion patterns on E-plane and (b) VSWR results. 

 

 
Fig. 3. Simplified model for the designed OEWG antenna inserted 

into a conductor body surface. 

 
(a) (b) 

Fig. 4. Antenna performance variations when β changes (α = 45°): 
(a) radiation patterns on E-plane and (b) VSWR results.

 
Fig. 5. Designed DF antenna configuration. 

 

 
Fig. 6. Fabricated antenna configurations. 
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To verify the DF performance of the antenna, a situation is 

considered in which linear polarization on the y-axis is returned 

from the target to the antenna. Fig. 8(a) shows the radiation 

patterns of Ant-1 and Ant-5 and Ant-2 and Ant-8 on the yz- 

and xz-planes, respectively, where the patterns are calculated 

and measured using the electric field component on the y-axis 

direction. Ant-1 and Ant-5 and Ant-2 and Ant-8 perform to 

find target directions on the yz- and xz-planes, respectively. The 

gains on the conductor body axis are 5.6 dBi and 2.3 dBi for 

Ant-1 and Ant-5, and Ant-2 and Ant-8, respectively. The reason 

for the lower gain of Ant-2 and Ant-8 compared to Ant-1 and 

Ant-5 is that the electric field component on the y-axis is only 

considered to receive linear polarization on the y-axis direction. 

Fig. 8(b) illustrates the amplitude comparison results using the 

radiation patterns of Ant-1 and Ant-5 and Ant-2 and Ant-8, 

respectively. The result on the yz-plane shows that the linear 

slope of 0.87 dB/degree is maintained between –10° to 10°. 

For the xz-plane, a slope of 0.45 dB/degree is realized, and it is 

maintained between -6° to 6°. 

 

 
(a) 

 

(b) 

Fig. 8. Simulated and measured results of (a) radiation patterns and 

(b) amplitude differences. 

IV. CONCLUSION 

In this letter, a DF antenna is presented that can be inserted 

into the surface of a cylindrical conductor body. To minimize 

performance degradation caused by the front conductor, an ap-

propriate inclined angle of the antenna aperture and deformed 

conductor body surface are applied. The interior of the conduc-

tor’s body can be filled or empty, or other devices can be located 

within it. Further, other devices, including another DF antenna, 

can be placed in front of the antenna, because the proposed an-

tenna is designed and optimized with the consideration of front 

conductor effects. From the perspective of the mounting loca-

tion and its DF performance, the presented concept can be a 

good candidate for solving DF ambiguity, which can occur 

when using a single DF antenna system. 
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Fig. 7. Measured results of (a) VSWR and (b) port isolation.
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I. INTRODUCTION 

Broadband array antennas with low mutual coupling have 

attracted a lot of attention due to their various industrial appli-

cations. However, there are two main challenges in the imple-

mentation of these array antennas. First, it is difficult to achieve 

a reduction in mutual coupling between the antenna elements 

over a wide bandwidth. Second, in many cases, the antenna 

arrays operating over a wide impedance bandwidth have three-

dimensional structures that are difficult to implement [1]. One 

of the critical problems in the implementation is to obtain a 

reliable electrical contact between the feed lines and the SMA 

connector by soldering. In fact, the problem is aggravated in 

large arrays designed to operate at high frequencies, such as the 

Ku-band. Additionally, in large arrays, there is a considerable 

risk of rejection if, after the fabrication, some of the antenna 

elements are found to be defective. Therefore, to overcome these 

challenges, the implementation of a modular array antenna that 

can easily replace the faulty antenna elements is required, espe-

cially for large arrays. 

Owing to their reconfigurability, the modular array antennas 

have an additional advantage for the development of array struc-

tures for microwave radar systems. In the case of developing an 

imaging radar, there is no definite solution to determine the 

optimal positions of the TX and RX antenna elements for the 

acquisition of the best scattering data from the target due to the  

JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 4, 534~536, JUL. 2022 

https://doi.org/10.26866/jees.2022.4.l.9

ISSN 2671-7263 (Online) ∙ ISSN 2671-7255 (Print)

 

Design of a Relocatable Antenna Element Module  

for a Ku-Band Reconfigurable Array with  

Low Mutual Coupling 
Seongjung Kim ∙ Sangwook Nam*  

 

 
   

Abstract 
 

In this study, a modular array antenna with low mutual coupling is proposed for operation in a Ku-band (12–18 GHz) reconfigurable 

array, which consists of a ground frame board, element blocks, spacing blocks, and connecting rods. The modular element blocks can be 

freely mounted at any positions on a 46 × 9 grid on the ground frame board. The proposed modular array structure can be used to easily 

check the performance of different array structures by changing the element positions due to its low mutual coupling characteristics. An 

expanded view of the proposed array antenna structure is also provided, showcasing how the antenna modules, ground modules, base 

ground, ground frames, and aluminum rods have been constructed. The value of mutual coupling measured between the adjacent elements 

is less than -22.9 dB in the E-plane and -18.5 dB in the H-plane. Moreover, the measured radiation efficiency and gain patterns of the 

active element are shown. 

Key Words: Low Mutual Coupling, Modular Array, Reconfigurable Array, Wideband Array Antenna. 

 

 

Manuscript received December 21, 2021 ; Revised March 2, 2022 ; Accepted April 5, 2021. (ID No. 20211221-156J)  

School of Electrical and Computer Engineering, Seoul National University, Seoul, Korea. 
*Corresponding Author: Sangwook Nam (e-mail: snam@snu.ac.kr) 
 

 

This is an Open-Access article distributed under the terms of the Creative Commons Attribution Non-Commercial License (http://creativecommons.org/licenses/by-nc/4.0) which permits 

unrestricted non-commercial use, distribution, and reproduction in any medium, provided the original work is properly cited. 

ⓒ Copyright The Korean Institute of Electromagnetic Engineering and Science. 



KIM and NAM: DESIGN OF A RELOCATABLE ANTENNA ELEMENT MODULE FOR A Ku-BAND RECONFIGURABLE ARRAY WITH LOW MUTUAL COUPLING 

535 

  
 

dynamic range and direction of the target [2]. Moreover, the 

reconfigurable array structures can be experimentally used to 

control the radiation patterns of the arrays and reduce the number 

of antenna elements in an array using the array thinning tech-

nique [3]. In previous research, a wideband modular array was 

studied, but it had high mutual coupling [4]. In this study, a 

wideband and low mutually coupled modular array antenna is 

proposed. The individual antenna element of the proposed array 

is designed using the methodology reported in [1]. 

II. DESIGN OF ARRAY ANTENNA STRUCTURE AND  

OPERATION 

To implement the wideband array antenna, grounded electrical 

side walls must be tightly coupled to the tips of the dipole arms, 

as shown in Fig. 1(a), and the frequency-selective surface (FSS) 

in Fig. 1(b) should have proper patch sizes f, g, and h (Table 1). 

The FSS replaces the dielectric superstrate in [1] and is more 

suitable for modular unit cells due to its light weight and com-

pactness but has the same electromagnetic effect as the dielectric 

superstrate. Furthermore, the positions and sizes of the resistive 

sheets determine the quantity of mutual coupling between the 

antenna elements and the radiation efficiency. The determination 

of the positions and sizes and a parametric study are described 

in detail in [1]. The modified unit cell structure consists of side 

walls, a printed circuit board (PCB), and an aluminum ground, 

which can be assembled or detached. Fig. 1(a) shows the assem-

bled structure of the proposed antenna element. It features a T-

shaped aluminum ground, and the vertical part of this ground 

structure provides a mechanical support for the PCB from the 

back. The horizontal part of the ground is slotted in the center 

to insert the PCB. Two holes are used to insert the aluminum 

rods, as shown in Fig. 2(b), to fix the unit cell structures. On the 

bottom side of the PCB, there are two holes for using the end-

launch connector (https://www.with-wave.com/end-launch-

narrow-block). The PCB is a Taconic TLY-5 (εr = 2.2, tanδ = 

0.0009) with a thickness of 0.25 mm. The simulated resistive 

film was 250 Ω/square (https://ohmega.com/) and it as laminated 

on the side wall with FR-4 (εr = 4.3, tanδ = 0.025). 

Fig. 2(a) shows the proposed 47 antenna elements assembled 

on a 46 × 9 ground board. The ground modules, which have 

two different sizes, fill the positions where there are no antenna 

modules present. The antenna modules, which are arrays de-

signed using the proposed single element shown in Fig. 1(a), 

are inserted through the slots of the base ground. As shown in 

Fig. 2(b), the aluminum rods fix the entire structure by passing 

through the side holes of the ground frames, antenna modules, 

and ground modules, and this is the final step of the assembly. 

The right ends of the rods and the right side of the ground 

frame are bolted together. The fabricated array antenna is shown 

in Fig. 3. In this study, only the performances of six ports are 

presented as a representative, as shown in Fig. 3(a). 
Fig. 4 shows the simulated and measured S-parameters of the 

 
(a)           (b)        (c)             (d) 

Fig. 1. Proposed unit cell structure. (a) Perspective view. (b) Front 

side and (c) back side of the proposed PCB. (d) Side wall 

with resistive sheets. All dimensions are presented in Table 1.

 

Table 1. Dimensions of the proposed unit cell (unit: mm) 

Parameter Value Parameter Value

a 20 n 0.737

b 10 o 1.5

c 10.7 p 1.5

d 21 q 2

e 7.9 r 0.737

f 1.836 s 2

g 0.5 t 3

H 2 T 6

I 2.43 u 2.5

J 3.5 v 0.5

k 2.1 w 300

l 0.2 y 500

m 0.4 z 3.27

 
(a) 

 
(b) 

Fig. 2. Proposed modular array antenna. Antenna elements are 

arranged on a one-dimensional array and some elements are 

sparsely placed around it. (a) Perspective view. (b) Expended 

view. Antenna element spacing is b. 
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six ports. For ports 5 and 6, the simulated and measured mutual 

coupling was slightly larger than -20 dB at 12 GHz, and the 

others were lower. Thus, the active reflection coefficient at port1 

is similar to S11. Moreover, the simulated and measured reflec-

tion coefficients are below -10 dB at the Ku-band. The simu-

lated and measured active element gains at 12, 15, and 18 GHz 

are shown in Fig. 5. The beamwidth in the E-plane was approx-

imately 120° and 160° in the H-plane. The radiation efficiency 

and broadside gain are presented in Fig. 6. The simulated effi-

ciency is greater than 65%, and the measured efficiency is great-

er than 52%. The simulated gain is greater than 2.2 dBi, and the 

measured gain is larger than 1 dBi. The difference between the 

simulation and the measurement is considered to be due to the 

fabrication error: the height s of the fabricated optimized resis-

tive film for low mutual coupling is 3 mm, and not 2 mm. 

III. CONCLUSION 

In this paper, a modular array antenna was proposed with a low 

mutual coupling in the entire Ku-band. It was proposed that, by 

dividing the entire structure into modules, a simple mechanical 

assembly is enough to fabricate any antenna array structure 

without the need for soldering. The paper also offered a reliable 

fabrication method for implementing large array antennas. 

With the proposed structure, it is possible to replace the faulty 

antenna elements in the large arrays and to experimentally test 

various array designs without the requirement for the repeated 

fabrication of different array patterns. This is because the antenna 

modules can be put into desired locations on the ground frame. 
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(a)                       (b) 

Fig. 6. Simulated and measured (a) radiation efficiency and (b) broad-

side gain.

 
(a)                  (b)         (c) 

Fig. 3. Fabricated proposed modular array antenna. (a) Front view 

of the full array structure. Six port numbers are indicated. (b) 

Front view of the antenna element. (c) Bottom side of the 

antenna element, which is the connector line. 
 

 
Fig. 4. Simulated (solid) and measured (dashed) S-parameters of 

the six ports in Fig. 3(a). Simulated S11 and S22 perfectly 

overlap each other. Γ1 (solid-pink) is a simulated active re-

flection coefficient at port1. 

 
Fig. 5. Simulated and measured active element gain patterns, where 

the E-plane is the xz-plane and the H-plane is the yz-plane 

in Fig. 1(a). 
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