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I. INTRODUCTION 

Terahertz (THz) technology has been proposed as a new in-

spection tool in various fields [1, 2]. Particularly, for medicine, 

foods, security screening, and nondestructive testing, a new in-

spection method is required due to the limitations of the existing 

inspection technology [3–7]. The transmission and absorption of 

THz waves for various materials, a high sensitivity to moisture, 

and low ionization energy are key to applying THz technology in 

these fields. Recently, the development of various high-power 

THz sources and high-sensitivity detectors has led to the expan-

sion of THz technology into industrial applications. 

For industrial applications of THz waves, THz imaging tech-

nology using compact continuous-wave (CW) high-power THz 

sources and high-sensitivity detectors is expected to be applied in 

many industrial fields requiring nondestructive, noncontact, and 

noninvasive methods [8, 9]. However, as the frequency increases, 

a dramatic decrease in the output of the THz source and a low 

detection sensitivity are obstacles to applying THz. For this rea-

son, a THz source and a detector in the low-frequency region are 

preferred in many applications. A THz source in the low-

frequency region has a high output power, so it has advantages 

in inspecting a thick sample or in scanning a large area. However, 

the low spatial resolution and diffraction due to the inherent 
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Abstract 
 

In this study, the possibility of the industrial application of terahertz (THz) imaging technology was verified. It was applied to the inspection 

of voids in multistack semiconductors that require safe inspection and to the high-resolution detection and inspection of foreign substances 

in tablets in the pharmaceutical field. To acquire a high-resolution THz image, a resonant slit probe operating in the THz region was 

designed, and a high-speed scanning system was established. For the inspection of a multistack semiconductor, a lateral scan method was 

proposed, and voids with a diameter of 0.5 mm in the multistack semiconductor were detected. In addition, the proposed probe even enables 

the distinguishment of the positions of voids in the multistack semiconductor. For pharmaceutical inspection, we investigated the application 

of THz imaging to detect mixed foreign objects frequently occurring in the tablet manufacturing process. For metals, plastics, and rubber, 

which are the most frequently mixed materials in the tablet manufacturing process, the foreign objects were identified in tablets using a 

transmission THz system. The measured THz image was compared with the conventional X-ray test result to confirm the potential of THz 

inspection. In the X-ray image, only metal and some polymer foreign objects were detected. In contrast, in the THz image, although the 

materials could not be distinguished, most foreign substances were detected. Consequently, the THz imaging test was verified as a possible 

new tool in fields where X-ray or existing tests are not possible. 

Key Words: Foreign Objects, Multistack Semiconductor, Tablet, THz Imaging, Void Inspection. 
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wavelength make it difficult to apply the THz wave to an indus-

trial field that requires a high resolution. 

Recently, numerous studies on improving spatial resolution 

have been conducted [10, 11]. A resonant slit-type probe for the 

THz frequency range, which has a simple structure, high cou-

pling efficiency, and linear polarization, has been proposed, and 

one with a slit height less than 1/10 of the wavelength and a slit 

width of approximately half the wavelength can easily achieve 

high spatial resolution [12, 13]. This is useful in applications 

where small defects or enclosed foreign objects must be detected. 

In this study, THz technology was applied to industrial appli-

cations that require safe and high-resolution detection. For the 

latter, a resonant slit probe operated at 200 GHz was designed 

and manufactured, and it was applied to the inspection of voids 

in a multistack semiconductor, which is an issue in the semicon-

ductor field. In addition, it was applied to the inspection of 

foreign objects that are frequently mixed in the tablet manufac-

turing process in the pharmaceutical field. 

II. RESONANT SLIT-TYPE PROBE WITH A ROUNDED 

MATCHING STRUCTURE 

According to Babinet’s principle, the impedance (𝑍 ) of a slit 

antenna is 𝑍 = 𝑍                  
(1)

 

  

where 𝜆  is the free-space wavelength and 𝑤 and ℎ are the 

width and height of the slit antenna, respectively [14]. 

Assume that a narrow slit is attached to the end of a waveguide. 

The maximum transmission occurs when the waveguide imped-

ance and slit impedance match. If the width and height of the 

waveguide are 𝑎 and 𝑏 and the width and height of the slit are 𝑎  and 𝑏′, then from Eq. (1), 
 𝑍 = 𝑍             

(2)
 

and  
 1 − = 1 −             (3) 

 

In other words, the slit becomes transparent under the above 

conditions [15]. In Eq. (3), if 𝑏′ approaches 0 (zero), then this 

equation is satisfied at 𝜆 = 2𝑎. This means that if the width of 

the slit is half the wavelength, then the height of the slit can be 

infinitely reduced. That is, electromagnetic waves of a specific 

frequency according to the above conditions can pass without loss 

through a very narrow slit. 

Fig. 1(a) shows a schematic diagram of a resonant slit probe 

with a rounded matching structure for impedance matching. The 

proposed structure is optimized to have a resonant frequency at 

200 GHz using CST simulation. The designed slit structure has 

a slit width of 740 μm (~𝜆/2) and a slit thickness of 250 μm, 

and the radius of the matching structure is 100 μm. The slit 

height is fixed at 150 μm (= 𝜆/10). Fig. 1(b) shows the fre-

quency response characteristics of the designed resonant slit 

probe. The resonant frequency is 199.5 GHz, and the return loss 

at the resonant frequency is calculated as 59.5 dB. 

III. VOID INSPECTION IN A MULTISTACK SEMICONDUC-

TOR USING THE RESONANT SLIT PROBE 

In recent years, such devices as mobile phones and laptops have 

been expected to offer high-speed processing technology while 

exhibiting compact and lightweight characteristics. To solve this 

problem, in recent semiconductor technology, multistack semi-

conductors, in which chips are multistacked by a chip packaging 

method, have been widely used. In the stacking method, die at-

tach film (DAF) is commonly used. The bonding method using 

DAF has the advantage of the easy application of a certain 

amount and a simple bonding process [16, 17]. However, a prob-

lem arises due to voids occurring between the film and the chip 

in the bonding process. Internal voids larger than a certain size 

expand when the temperature of the device rises, causing cracks 

  
(a) 

 
(b) 

Fig. 1. (a) Resonant slit probe with a matching structure. (b) Fre-

quency response characteristics of the slit probe designed using 

CST simulation. 
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in the chips. Therefore, it is important to be able to detect voids 

in a multistack semiconductor in the chip packaging process. 

The ultrasonic inspection method has been used to inspect 

voids in multistack semiconductors [18, 19]. However, in under-

water ultrasonic inspection, the semiconductor cannot be used af-

ter inspection due to the invasiveness issue. In addition, infrared 

(IR) inspection [20] cannot be used due to the high absorption 

rate of DAF polymer materials, and X-rays cannot be applied due 

to ionization of semiconductor materials under high X-ray energy. 

The THz wave is the most ideal light source for semiconductor 

inspection because it has high transmittance through silicon and 

polymers, which are semiconductor materials, and it does not 

ionize semiconductor materials with low photon energy. 

Fig. 2 shows a photograph of the void inspection system for a 

multistack semiconductor using the resonant THz slit probe. 

The complex metal pattern on the top of the semiconductor chip 

makes it difficult to transmit the THz wave through the chip. In 

contrast, polypropylene (PP) is mainly used as a DAF material 

for semiconductor lamination, so THz waves can easily pass 

through the films because PP has a small absorption coefficient 

of less than 5 cm-1 in the THz region. Therefore, we built an in-

spection system using the lateral scan method on the side of the 

multistack semiconductor. In addition, the slit probe was applied 

to the front end of the detector to identify the positions of the 

voids in the multistack semiconductor. 

A photograph of a multistack semiconductor package is shown 

in Fig. 3(a). The number of stacked chips is 13, and the chip 

thickness in the transmission direction is 8.6 mm. Chips with 

void diameters of 1 mm and 0.5 mm were fabricated and placed 

in stacked semiconductors. Fig. 3(b) shows THz images of the 

amplitude and phase of the measured signal for a package sample 

without voids and package samples with 1 mm and 0.5 mm voids. 

As shown in Fig. 3, even though a light source of 200 GHz (𝜆 = 1.5 mm) was used, even voids with a diameter of 0.5 mm, 

smaller than the wavelength, were detected. Particularly, small 

voids are easier to detect in the phase image than in the amplitude 

image because the attenuation of the amplitude at the small-di-

ameter voids is small, but diffraction of the THz wave easily oc-

curs in the voids due to the short wavelength. In addition, the 

positions of the voids could be distinguished because the height 

of the slit probe used was less than the height of the DAF. 

Because the signal range detected with the long slit length was 

measured to be wider than the void diameter, accurately deter-

mining the size of the voids was difficult. However, void inspec-

tion using THz waves was verified as a possible solution for de-

tecting voids larger than a certain size. 

IV. INSPECTION OF FOREIGN OBJECTS IN A TABLET  

USING THE THZ PROBE 

In the pharmaceutical field, X-ray inspection is mainly used for 

foreign body inspection, but it is avoided because of concerns 

about the harm caused by high energy. In addition, detecting for-

eign objects, such as rubber and plastics, is difficult because of the 

low detection sensitivity of X-rays for soft materials. The photon 

energy of THz waves is approximately one million times less than 

that of X-rays, making them an ideal light source for applications 

 
Fig. 2. THz experimental setup for multistack semiconductor pack-

age inspection using the lateral inspection method. 

 
(a) 

 
(b) 

Fig. 3. (a) Sample of a multistack semiconductor package with voids. 

(b) THz magnitude and phase images according to the di-

ameter of voids. 
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requiring safe inspection [21]. Recently, a laser-based THz in-

spection system was developed [22], but it has not been applied 

to manufacturing due to the limitation of the inspection speed. 

To improve the detection speed, we applied high-speed lock-

in amplifier technology using TTL modulation of a semiconduc-

tor-based CW THz source. The applied high-speed lock-in am-

plifier can perform signal processing even under the high-speed 

modulation of several tens of kHz, so it can detect signals with a 

high signal-to-noise ratio (SNR) even under high-speed scan-

ning of several tens of cm/s. 

Fig. 4 shows the THz system and control program for the in-

spection of foreign objects in tablets based on CW THz waves. 

The samples were placed in the holes of a tablet tray made of 

plastic. For 2D scanning, the tablet tray was fixed to an XY trans-

lation stage, and the source and detector were installed close to 

either side of the tablet tray. The THz signal transmitted through 

the tablets was displayed to identify foreign objects in the tablets. 

Structure diagrams of the tablet samples are shown in Fig. 5(a). 

The samples were of two types: a round tablet with a diameter of 

8.1 mm and a height of 3.7 mm (A-type) and a round tablet with 

a diameter of 8.7 mm and a height of 3.9 mm (B-type). Consid-

ering the applications of THz inspection, the tablet structures 

commonly encountered in pharmacies were selected. For A-type 

tablets, a PP piece, an acrylic piece of 1.0 mm or 0.8 mm, a rubber 

piece of 1.0 mm, or a Teflon piece of 0.8 mm was included in the 

manufacturing process. The foreign object included in the B-

type tablets was a small metal rod with a diameter of 0.4 mm or 

0.2 mm.  

Fig. 6(a) shows the transmitted THz image for the samples in 

Fig. 5, and Fig. 6(b) shows the X-ray image for comparison. 

Comparing the THz image with the X-ray image, most foreign 

 

Fig. 5. Structural diagrams of tablets (upper) and positions of the 

tablet samples installed in the tablet tray. 

 
Fig. 4. THz system (upper) and control program (bottom) for the 

inspection of foreign objects in tablets. 

 
(a) 

 
(b) 

Fig. 6. (a) THz image and (b) X-ray image for foreign object inspec-

tion in a tablet.
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objects were detected in the THz image, whereas only metal rods, 

PP, and the Teflon piece were detected in the X-ray image. First, 

rubber was not detected in the X-ray image because of the low 

sensitivity of X-ray to soft materials. Second, although acrylic is a 

polymer, similar to PP and Teflon, it was not detected by X-ray 

inspection. An X-ray image is an image produced according to 

the attenuation coefficient. The attenuation coefficient of acrylic 

according to the X-ray energy is located between those of PP and 

Teflon [23]. From the X-ray image, the reason the acrylic object 

in the tablet was not detected in the X-ray image can be deter-

mined to be the similarities in the attenuation coefficients of the 

tablet and acrylic. In contrast, THz images contain various infor-

mation, such as the dielectric constant, absorption rate, and dif-

fraction and refraction of materials. In the measured THz image, 

the amplitude of the THz signal decreased in all the foreign ob-

ject regions in the tablets because, as in many studies, diffraction 

occurs at small foreign objects in the path of THz waves. 

V. CONCLUSION 

In this study, the industrial applicability of THz inspection 

technology was verified. THz probe-based inspection technology 

was applied to the semiconductor and pharmaceutical inspection 

fields, which require safe, high-resolution inspection. In semi-

conductor inspection using THz waves, voids with a diameter of 

500 μm were detected in stacked semiconductors. Moreover, by 

using the resonance-type slit probe, even the positions of the 

voids in the stacked structures were distinguished. In the tablet 

inspection, all foreign objects in the prepared tablet samples were 

detected. In contrast, some plastics and rubber, a soft foreign ob-

ject, were not detected in the X-ray inspection, as a comparison. 

From the results, the THz inspection technique can be con-

firmed applicable as a new inspection tool in areas where X-ray 

inspection is avoided. 
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I. INTRODUCTION 

Currently, digital television (DTV) is highly attractive for ap-

plications in ultra-high definition (UHD) due to the advantages 

of a high-data-rate transmission and interactive services [1, 2]. 

Designing an antenna for such applications requires not only a 

wide operating bandwidth (BW) to cover the DTV band fully 

but also a guarantee of high performance within a limited design 

[3]. To meet these requirements, the use of a small internal an-

tenna that can be integrated into the mainboard or on the edge 

of the TV represents a good approach. However, the design of 

such internal antennas is difficult because most current TVs are 

very slim with highly limited internal space. Moreover, internal 

antennas will be influenced by other electrical parts, which can 

reduce their performance capabilities [4]. Owing to these con-

cerns, the design of a high-performance external antenna is pre-

ferred for implementation as a TV antenna. However, the dimen-

sions of antennas are related to the wavelength of the operating 

frequency; therefore, antennas operating on the ultra-high fre-

quency (UHF) band are usually large, which limits their use [5]. 

To overcome this problem, we propose the use of an external 

antenna with high optical transparency (OT), installable on the 

frame of a TV, thus eliminating many conformity and aesthetic 

issues. 
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In recent years, optically transparent antennas have attracted 

significant attention in both theoretical research and practical 

applications due to their unique ability to be integrated onto the 

surfaces of other items with almost complete transparency, while 

also not affecting the appearance of the product [3, 6–9]. At present, 

most existing transparent antennas use a solid metallic transpar-

ent electrode (TE), such as indium tin oxide (ITO) [3, 6], multi-

layer film (MLF) [7, 8], or a metal mesh (MM) [9], as a conductive 

material. However, an MM or MLF, such as the indium zinc tin 

oxide (IZTO)//Ag/IZTO and AgHT types, have relatively low 

OT in the visible band. On the other hand, ITO has a higher OT 

but is expensive due to the cost of the rare-earth indium component. 

More recently, saltwater, given its excellent OT (>95% at 

salinity 40 parts per thousand [ppt]), has been considered a 

potential transparent conductor with which to create a new class 

of high-transparency antennas [10–15]. In a previous work [10], 

a seawater monopole antenna with high efficiency for WLAN 

applications was presented, and another work [11] presented a 

pattern-reconfigurable circular monopole with parasitic water 

reflectors that enables beam steering for maritime applications. 

Other saltwater antennas were also proposed and studied for 

different practical applications [12–15]. However, the most diffi-

cult aspect when designing a saltwater antenna is accounting for 

the low conductivity of saltwater. Therefore, most existing salt-

water antennas use a cylindrical structure to improve both the 

sheet resistance and radiation efficiency [10–15]. A cylindrical 

shape allows light to arrive at the antenna not only at normal but 

also at oblique incidence angles. Therefore, strong reflection and 

refraction occur, reducing the antenna transparency. This makes 

the design of saltwater antennas capable of high OT and good 

electrical performance a continuing challenge for practical appli-

cations. 

In this paper, we proposed the use of multiple transparent 

liquid antennas for UHD TV applications. The justification for 

using multiple antennas is that a single transparent antenna nor-

mally performs poorly because transparent conductors have low 

conductivity. The multiple antennas structure consist of two 

liquid monopoles as antenna elements. The monopole antenna 

using saltwater is held in a hollow L-shaped clear acrylic material 

as a conductive part, with a 50-inch TV cover used in this case as 

a ground plane. The proposed structure can avoid the reflection 

and refraction of light associated with cylindrical structures. 

Moreover, the proposed multiple-antenna structure can work 

under three modes that are interchangeable to achieve omnidi-

rectional characteristics and improve the gain of the antenna array. 

In this way, the multiple antennas here have high gain with an 

omnidirectional radiation pattern, or they achieve radiation 

pattern diversity suitable for UHD TV applications. 

II. ANTENNA DESIGN AND SIMULATION 

First, we briefly present the electrical and optical characteriza-

tion of saltwater as a conductor in the design of the antenna. 

Second, the design of a single transparent liquid antenna using 

saltwater is presented, and a simulation is conducted to under-

stand the behavior of the liquid antenna. Finally, two different 

multiple-liquid-antenna configurations are proposed to achieve 

higher gain and radiation pattern. 

 

1. Saltwater Characterization 

Fig. 1 shows the measured conductivity and OT of saltwater 

at various salinity levels, from 35 to 200 ppt. Conductivity is 

measured by a portable electrical conductivity meter (model 

HI8633; Hanna Instruments Co., Smithfield, RI, USA), while 

the OT in the visible band is measured using a UV/VIS spectro-

photometer (T60 model; PG Instruments Limited, Lutterworth, 

UK) connected to a computer.  

As shown in Fig. 1, the conductivity increases rapidly, while 

the OT decreases slightly with increases in salinity. It should be 

noted that the maximum salinity level at room temperature is 263 

ppt. Saltwater with a salinity of 200 ppt shows efficient conduc-

tivity of 20 S/m while maintaining an extremely high average OT 

of 91.5%. Therefore, we use saltwater with a salinity of 200 ppt 

in the antenna design to reduce the ohmic loss of the antenna.  

 

2. Single Transparent Liquid Antenna 

Fig. 2 shows the geometry of the single transparent liquid an-

tenna mounted on the upper edge of a 50-inch TV cover. As 

shown in Fig. 2(a), the antenna is located at the x-coordinate of 

d, and the position of the antenna can be moved along the x-axis. 

Positive and negative d values correspond to the antenna position 

located at the left and right sides of the z-axis, respectively. Fig. 

 
Fig. 1. Measured conductivity (black dots) and optical transparency 

(red dots) of saltwater corresponding to different salinity levels 

at room temperature.
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2(b) shows a closer view of the antenna geometry with the 

dimensions. Clear hollow L-shaped acrylic (ε = 2.6, tanδ = 0.01) 

is used to hold the saltwater, which is fed by an SMA connector. 

Fig. 2(c) shows an actual photo of the fabricated antenna over 

text, demonstrating that excellent OT is achieved. Because a salt-

water antenna has poor radiation efficiency due to the saltwater’s 

ohmic loss, the dimensions of the antenna are optimized in this 

study to attain the maximum efficiency rates. In the parametric 

analysis, L1 is varied so the total length of the antenna (L1 + L2) 

equals a quarter wavelength at the UHF band's center resonance 

frequency of 600 MHz; therefore, there are three key parameters 

that most affect the antenna’s performance, including W1, W2,  

and L1. As shown in Fig. 3, when L1 increases from 20 to 100 

mm, the efficiency increases dramatically. More specifically, as 

L1 increases from 20 to 50 mm, the antenna’s effectiveness in-

creases rapidly, followed by steady increases as L1 exceeds 50 

mm. An increase in L1 results in a larger overall volume of the  

antenna for the TV model, even though the total length of the 

antenna remains unchanged. As a result, the ideal value for L1 is 

50 mm. As shown in Fig. 3(b) and 3(c), the radiation efficiency of 

the antenna increases to the maximum value and then decreases 

when W1 and W2 increase. The maximum radiation efficiency is 

achieved at W1 = 40 mm and W2 = 20 mm. Finally, the optimum 

dimensions of the antenna for the simulation and fabrication are 

listed in Table 1. It should be noted that a is the thickness of the 

antennas (not shown in the schematic).  

Fig. 4 shows the simulated performance of the single antenna  

    
(a) 

 
(b) 

 
(c) 

Fig. 2. Geometry of the single liquid antenna implemented in a 50-inch 

UHD TV model: (a) overall view, (b) closer view showing the 

dimensions of the antenna, and (c) fabricated transparent liquid 

antenna over text. 

 
(a) 

 
(b) 

 
(c) 

Fig. 3. Average radiation efficiency of the proposed single antenna 

in the UHD TV band versus different geometric antenna pa-

rameters: (a) L1, (b) W1, (c) W2. 
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mounted on the UHD TV cover as the ground plane. It should 

be noted that the ground plane is much larger than the antenna 

and will therefore greatly impact the antenna performance [5]. 

The simulated performance capabilities of the single antenna in 

terms of the impedance-matching level, gain, and radiation pat-

tern are investigated at various locations of the antenna on the 

upper edge of the TV cover. As shown in Fig. 4(a), the input 

impedance matching of the antenna becomes poorer when it 

moves from the center to the leftmost/rightmost areas of the TV 

cover. To ensure a 6-dB bandwidth that fully covers the UHF 

band (470–771 MHz), the antenna must be located within a dis-

tance of 350 mm from the center. Moreover, Fig. 4(b) indicates 

that the average realized gain increases significantly when the an-

tenna moves from the center to the left/right sides of the TV 

cover. However, the gain increases significantly slower when it 

moves close to the leftmost and rightmost sides. We also investi-

gate how the radiation pattern of the antenna changes when it 

moves from the leftmost area (d = -550) through the center (d = 

0) to the rightmost area (d = 550) of the TV cover. As shown in 

Fig. 4(c), when the antenna is located at the center of the TV 

cover, it shows an omnidirectional radiation pattern. However, 

when it moves to the leftmost and rightmost sides of the TV 

cover, the radiation pattern of the antenna changes to a direc-

tional pattern. It should be noted that broadcast applications, 

such as TV, generally require an omnidirectional antenna to in-

crease the reception rate. Therefore, the single antenna, when lo-

cated at the left or right side of the TV cover, will reduce the re-

ception rate of the UHD TV. To overcome the trade-off between 

the gain and omnidirectional radiation pattern requirement of 

the single antenna, we propose the use of a multiple-antenna con-

figuration. The investigation of the multiple liquid antennas will 

be presented in the next section. 

 

3. Multiple Liquid Antenna Configuration 

Multiple antennas are proposed for communications systems 

due to the considerable advantages they provide in terms of better 

communication reliability and greater channel capacity levels. 

Therefore, we propose the use of a multiple-antenna configura-

tion to overcome the disadvantages of the aforementioned single 

antenna. The proposed multiple-antenna configuration consists 

of two identical liquid antennas mounted on the upper part of a 

50-inch TV cover as the ground plane. The dimensions of the 

antenna element are identical to those of the single antenna pre-

sented in Table 1.   

Fig. 5 describes the three working modes of the multiple an-

tennas that are used to increase the reception rate of UHD TV 

applications. As shown in Fig. 5, two identical liquid antennas, 

referred to here as ANT 1 and ANT 2, are located at the x-

coordinate of d and -d, respectively. The multiple antennas can 

work under three different modes. At mode 0, two antenna ele-

ments use a common feeding source and a power divider to con-

nect the source to each element. Due to the symmetry of the 

array antenna configuration, we expect to achieve an omnidirec-

tional radiation pattern and an improvement in the peak gain. In 

the diversity configuration (mode 1 and mode 2), we used two 

separate sources to excite the antenna elements. The two antenna 

elements work independently, and because they have different 

radiation patterns (see Fig. 4(c)), good beam diversity is expected  

Table 1. Dimensions of the single liquid antenna 

Parameter L1 L2 W1 W2 s a

Value (mm) 50 80 40 20 1 10

 

 
(a) 

 
(b) 

 
(c) 

Fig. 4. Simulated performance of the single liquid antenna at various 

positions on the upper edge of the UHD TV: (a) reflection 

coefficients, (b) average realized gain in the UHF band, and 

(c) 3D radiation pattern. 
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Fig. 5. Schematic of multiple liquid antennas mounted on a UHD 

TV as the ground plane describing three working modes. 

 
to be achieved with this configuration, which can also improve 

the reception rate of the UHD TV. The three working modes 

can be interchanged so that the selected mode receives the 

strongest incident signal. With the combination of the diversity 

gain (DG) and the array gain, we expect that the reception rate 

of the UHD TV can be improved. In the next analysis, we inves-

tigate the performance of the multiple antennas in array (mode 0) 

and diversity configurations (mode 1 and mode 2) in a stepwise 

manner with different spacings between the two antennas. 

Fig. 6 shows the simulated performance outcomes of the array 

liquid antenna (mode 0) with distinct locations of the antenna 

elements. The array antenna exhibits an impedance matching 

trend similar to that of the single antenna, while the impedance 

matching becomes poorer when the antennas move to the left-

most and rightmost areas of the TV cover (Fig. 6(a)). As expected, 

the array antenna shows a higher average realized gain on the 

UHF band compared to the single antenna (Fig. 6(b)). The aver-

age gain of the array antenna increases slightly when the two an-

tenna elements move from the center to the left and right sides 

of the TV cover. Fig. 6(c) shows the 3D radiation patterns of the 

array antenna when the two antenna elements are located far 

from each other (at the leftmost and rightmost sides) and close 

to each other (d = -50). We can observe an omnidirectional ra-

diation pattern of the array antenna with any position of the an-

tenna elements owing to the symmetric structure of the array an-

tenna. This type of radiation pattern is suitable for broadcast ap-

plications, such as reception TV. 

Fig. 7 shows the S-parameter of the multiple diversity antennas 

(mode 1 and mode 2) at different positions of the antenna ele-

ments. It was found that the resonant frequency of the antennas 

moves slightly to the lower band and that the impedance match-

ing becomes poorer when the two elements move from the center 

to the leftmost and rightmost of the TV cover. It was also found 

that to ensure that the resonance band fully covers the UHD TV 

band, the antenna must be located within the range of -360 to 

50-inch UHD TV 
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(a) 

 
(b) 

 
(c) 

Fig. 6. Simulated performance of the liquid array antenna with dif-

ferent distances between the two antenna elements: (a) re-

flection coefficient, (b) average realized gain in the UHF 

band, and (c) radiation pattern.  

 

 
Fig. 7. Simulated S-parameter of multiple antennas with the diver-

sity configuration.
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360. Moreover, to maintain the mutual coupling level between 

the two antenna elements below -15 dB, each element must be 

separated by at least 105 mm from the center of the TV cover. 

III. EXPERIMENTAL RESULTS 

In this section, the performance of the liquid multiple-antenna 

configuration will be experimentally assessed to confirm its po-

tential for UHD TV applications. For this experiment, two 

transparent liquid antennas are fabricated and mounted on a 50-

inch TV cover (600 mm × 1,100 mm) as the ground plane. Fig. 

8 shows the measurement setup of the fabricated multiple anten-

nas in an anechoic chamber. The inset image in Fig. 8 depicts the 

detailed configuration of the multiple-liquid-antenna configura-

tion, where the two liquid antenna elements are separated by an 

inter-element distance of 25 cm corresponding to a half-wave-

length at the center frequency of the UHF band.  

Fig. 9 shows the measured S-parameters of the array antenna 

(mode 0) and the two antenna elements (mode 1 and mode 2). 

These assessments were conducted using a vector network ana-

lyzer (model E5071B). The first antenna element (ANT 1) 

shows a 6-dB bandwidth from 462 MHz to 775 MHz (313 

MHz; 50.6%), while the second element (ANT 2) operates at 

nearly the same frequency band as the first, with a 6-dB band-

width from 465 MHz to 776 MHz (311 MHz; 50.1%). The 

measured reflection coefficient of the array antenna shows a 6-

dB bandwidth from 460 MHz to 773 MHz (313 MHz; 50.8%). 

The measurement results of the array antenna and the two an-

tenna elements confirm that the working frequency band of mul-

tiple antennas in the three modes fully covers the UHF band for 

UHD TV applications from 470 to 771 MHz (301 MHz; 

48.5%). Meanwhile, the transmission (isolation) coefficient 

between the two antenna elements in mode 0 is below -15 dB, 

demonstrating that the two antennas are well isolated. 

The radiation efficiency rates and peak gains of the multiple-

antenna configuration are assessed by far-field measurements in 

an anechoic chamber, as shown in Fig. 10(a). Both the array and 

diversity configurations show typical radiation efficiency rates on 

the operating band. The average efficiency rates of ANT 1, ANT 

2 (diversity configuration), and the array antenna (array configu-

rations) on the UHF band are 62.3%, 65.1%, and 66.2%, respec-

tively. Fig. 10(b) shows the measured peak realized gain of the 

multiple-antenna array in both configurations. As expected, the 

 
(a) 

 
(b) 

Fig. 10. Measured performance of multiple antennas: (a) radiation 

efficiency and (b) peak gain. 

 

 
Fig. 8. Measurement setup for multiple antennas in an anechoic 

chamber. 

 

 
Fig. 9. Measured S-parameter of the multiple-antenna configuration. 
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array antenna shows a significantly high gain on the UHF band 

up to 5.27 dBi, with an average value of 4.12 dBi on this band, 

while the average peak gains of ANT 1 and ANT 2 in this band 

are 2.35 dBi and 2.41 dBi, respectively. To confirm the proper 

beam diversity of the multiple antennas, the gains of the antennas 

in the three working modes are measured at all directions, with 

angle theta (θ) from 0° to 180° and angle phi (φ) from 0° to 360°. 

As shown in Fig. 11, the null directions of ANT 1 and ANT 2 

occur in different zones of the φ values; therefore, the null direc-

tion can be avoided by the interchange between ANT 1 and 

ANT 2 when the received signal comes from different directions.  

Moreover, the array antenna (mode 0) shows the main lobe 

with a significantly high gain in the zone, with 0° ≤ θ ≤ 40° and 

140° ≤ θ ≤ 180°, which can be used to replace the diversity an-

tennas (modes 1 and 2). Overall, the measurement results in Fig. 

11 confirm that upon an interchange among the three working 

modes, the multiple antennas can avoid the null directions to 

achieve an omnidirectional radiation pattern for all directions of 

the incident signal.  

Finally, the measured performance outcomes of the single and 

multiple antennas in terms of the gain and radiation efficiency are 

summarized in Table 2 for comparison. The DG of the multiple 

antennas is also assessed to confirm the diversity of the antennas. 

The DG is calculated using Eq. (1) [16]: 
 𝐷𝐺 = 10 1 − 𝐸𝐶𝐶  (1)

 

where ECC is the envelope correlation coefficient, which is 

defined from the S-parameter via Eq. (2): 𝐸𝐶𝐶 = |𝑆∗ 𝑆 + 𝑆∗ 𝑆 |1 − |𝑆 | − |𝑆 | 1 − |𝑆 | − |𝑆 | .  
(2)

 

Table 3 shows a performance comparison between the proposed 

antenna and other transparent antennas. Most of the antennas 

 
(a) 

 
(b) 

 
(c) 

Fig. 11. Measured gains of multiple antennas: (a) ANT 1, (b) ANT 

2, and (c) the array antenna. 

Table 2. Performance capabilities of single and multiple antennas

Freq. 

(MHz)

Single antenna Multiple antenna

Gain  

(dBi)

Eff. 

(%)

Gain  

(dBi) 

Eff. 

(%)

Diver. gain 

(dB)

450 1.345 49.1 2.85 60.1 9.79

500 2.58 61.2 3.87 53.9 9.92

550 3.27 71.5 4.67 66.7 9.95

600 2.51 73.7 5.27 78.8 9.98

650 1.82 52.4 4.76 64.7 9.99

700 2.18 53.9 3.73 56.6 9.97

750 2.55 58.4 3.45 51.2 9.96

800 2.49 64.3 3.27 71.6 9.97

 
Table 3. Performance comparison between the proposed antenna 

and previous transparent antennas  

Study 
Relative 

BW (%)

Gain 

(dBi) 

Rad. eff. 

(%) 

OT 

(%)
Structure

Tung and 

Jung [3]

54.5 2.4 72.1 68 Planar 

Phan and 

Jung [10]

41.5 2.3 72 85 Cylinder

Xing et al. 

[11]

37.5 5 60 N/A Cylinder

Fan et al. 

[17]

35.5 4.5 56.5 N/A Cylinder

Chen and 

Wong [18]

73.3 1 60 N/A Cylinder

This work 50.8 5.27 66.2 91 Rectangular 

prism
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that are reported in [10, 11, 17, 18] are saltwater antennas, while 

the antenna in [3] uses solid MM as its conductor part. We can 

observe that the liquid transparent antennas show higher OT 

than the solid antenna. However, the liquid antennas have lower 

radiation efficiency than the solid due to its lower conductivity. 

Among the antennas, the proposed antenna shows a highest 

transparency and highest gain due to the use of a rectangular 

prism structure and an array structure, respectively. 

IV. CONCLUSION 

In this paper, we presented multiple transparent liquid antennas 

for UHD TV applications. The multiple antennas include two 

monopole antenna elements made from saltwater at a high con-

centration working under array and diversity configurations to 

meet the requirements for a high signal reception rate in TV 

devices. The inter-element distance between the antennas is set 

to a half-wavelength of the center frequency of the band. The 

measurement results show that the proposed antennas have a 

significantly high OT, exceeding 90% on the visible band. The 

array antenna shows a high gain of up to 5.27 dBi, with an 

average gain of 4.12 dBi on the UHF band, while the antenna 

elements in the diversity configuration show a sufficient average 

gain. Moreover, the beam diversity of the multiple antennas is 

confirmed by measurements. In terms of efficiency, the multiple-

antenna configuration shows a slight improvement compared to 

the single antenna, which is acceptable for practical broadcast 

applications, such as UHD TV. 
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I. INTRODUCTION 

The finite-difference time-domain (FDTD) method [1–5] 

has been popularly used to study various electromagnetic (EM) 

wave problems due to its accuracy, robustness, and simplicity. 

Over the past three decades, the FDTD method has been ex-

tended to simulate anisotropic dispersive media, including mag-

netized plasma. There are various FDTD formulations for EM 

analysis of magnetized plasma, including the JE convolution 

( JEC) method [6–9], exponential time differencing (ETD) 

method [10, 11], and auxiliary differential equation (ADE) 

method [12–14]. In the JEC method, recursive convolution is in-

volved in the relation between the current density and electric 

field. The ETD method avoids the time-consuming recursive 

convolution based on an efficient first-order approximation. Sim-

ple arithmetic implementation is involved in the ADE method, 

which can also be straightforwardly extended to nonlinear dis-

persive media, unlike other methods [15, 16]. There are two par-

ticular implementations in the ADE method for EM analysis of 

magnetized plasma. First, in the H-J collocated ADE method, 

magnetic field (H), and current density ( J) are collocated in the 

same time domain when discretizing J [12]. Second, in the E-J 

collocated ADE method, electric field (E), and J components are 

collocated simultaneously [13]. Unlike the H-J collocated ADE 

method, the stability condition of the E-J collocated ADE 

method is independent of the medium properties and remains 

the same as the Courant stability limit for free space [14]. 

We perform a comprehensive study on the numerical accuracy 

of four dispersive FDTD formulations for modeling magnetized 

plasma. For this purpose, we derive the numerical permittivity ten-

sor of magnetized plasma in the different methods and compare 

them with the corresponding analytical counterpart. Numerical 
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examples are employed to investigate the numerical permittivity 

tensor of the JEC, ETD, H-J collocated ADE, and E-J collocated 

ADE methods in detail. 

II. NUMERICAL PERMITTIVITY OF DISPERSIVE  

FDTD FORMULATIONS 

In magnetized plasma, the governing equations are given by 

[14]: 

0 t
ε ∂∇× = +

∂
EH J

 
(1)

0 t
μ ∂∇× = −

∂
HE

(2)

2
0c p bv

t
ε ω∂ + = + ×

∂
J J E ω J ,

 (3)
 

where νc is the collision frequency, ωp is the plasma frequency, ωb 

is the cyclotron frequency, and ε0 and μ0 are the permittivity and 

permeability of free space, respectively. Note that cyclotron fre-

quency is a function of the static magnetic field. The cross-prod-

uct terms in Eq. (3) can lead to anisotropy of plasma. Thus, EM 

wave behavior depends on the direction of the static magnetic 

field relative to the EM wave propagation direction. It is assumed 

that the external static magnetic field in Cartesian coordinates is 

parallel to the z-axis; then, the component equations of Eq. (3) 

can be written as 
 

2
0

x
c x p x b y

J J E J
t

ν ε ω ω∂
+ = −

∂  (4)

2
0

y
c y p y b x

J
J E J

t
ν ε ω ω

∂
+ = +

∂  (5)

2
0

z
c z p z

J J E
t

ν ε ω∂
+ =

∂ , (6)
 

where Jx, Jy, and Jz are the current densities. Eqs. (4) and (5) 

indicate that two components of current density are coupled. 

Therefore, the update equations for polarization current density 

must be solved simultaneously. Moreover, for magnetized plasma, 

such as in the earth’s ionosphere, the electrons rotate about a 

steady magnetic field vector. Therefore, the plasma becomes 

nonreciprocal, and the scalar relationship between the electric 

flux density and electric field must be replaced by the tensor rela-

tion. The analytical permittivity tensor can be obtained using Eqs. 

(1), (4), and (5) as follows [17]: 
 

( ) ( ) ( ) { }
{ } ( )

2

0 2 2

/ 1 /
1

1 / /
p c

xx yy
c b

j

j

ω ω ν ω
ε ω ε ω ε

ν ω ω ω

 −
 = = −
 − −   (7)

( ) ( ) ( ) ( )
{ } ( )

2

0 2 2

/ /
.

1 / /
p b

xy yx
c b

j

j

ω ω ω ω
ε ω ε ω ε

ν ω ω ω

 
 = =
 − −   (8)

Note that the z component of tensor permittivity is reciprocal 

because the external static magnetic field does not affect the wave 

behavior in that direction [15]. 

Due to the discrete nature of the FDTD technique, the nu-

merical permittivity tensor of magnetized plasma in dispersive 

FDTD approaches is different from its analytical permittivity 

tensor. According to the standard FDTD method, the E field is 

defined at integer time steps and the H field is defined at half 

integer time steps. By applying the central difference scheme 

(CDS) to Eqs. (1) and (2), we have 
  

( ) 1 21 1 2

0 0

nn n nt t
ε ε

++ +Δ Δ= + ∇ × −E E H J (9)

( )1/ 2 1/ 2

0

nn n t
μ

+ − Δ= − ∇ ×H H E
, (10)

 

where tΔ indicates the FDTD time step size and the superscript 

indicates the FDTD time step. In what follows, Eqs. (9) and (10) 

are employed, unless specified otherwise. In addition, the tilde 

characters indicate their numerical counterparts.   

 

1. JEC Method  

For time-harmonic dependence, the following frequency-

domain relation can be derived from Eqs. (4) and (5): 
 

( ) ( ) ( ) ( ) ( )x x yJ E Jω σ ω ω ρ ω ω= − (11)

( ) ( ) ( ) ( ) ( )y y xJ E Jω σ ω ω ρ ω ω= + (12)

where 

( )
2

0
p

cj
ω

σ ω ε
ω ν

=
+  

(13)

( ) .b

cj
ωρ ω

ω ν
=

+  
(14)

 

In the time domain, the above equations can be expressed by con-

volution [6–9]: 
 

( ) ( ) ( ) ( ) ( )
0

t

x x yJ t t E t J dσ τ τ ρ τ τ τ = − − −  (15)

( ) ( ) ( ) ( ) ( )
0

t

y y xJ t t E t J dσ τ τ ρ τ τ τ = − + −  (16)

( ) ( )2
0

ct
pt e u tνσ ε ω −=

 
(17a)

( ) ( )ct
bt e u tνρ ω −= , 

(17b)

 

where u(t) is the unit step function. Substitution Eq. (17) into 

Eqs. (15) and (16) yields the following equations: 
 

( ) ( ) ( )2
0 0 0

c c c c
t tt t

x p x b yJ t e e E dz e e J dzν ν τ ν ν τε ω τ ω τ− −= −  (18)

( ) ( ) ( )2
0 0 0

.c c c c
t tt t

y p y b xJ t e e E dz e e J dzν ν τ ν ν τε ω τ ω τ− −= +  (19)
 

Let us consider the numerical permittivity tensor of magnetized 

plasma in the JEC method. To derive the numerical permittivity 

tensor, using Yee’s notation and t = (n + 1/2)Δt in Eq. (18), we get 
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e e J dz

ν ν τ

ν ν τ

ε ω τ
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(20)
 

At t = (n - 1/2)Δt, we have  
 

( ) ( )( )

( ) ( )( )

1 21 21 2 2
0 0

1 21 2

0
.

c c

c c

n tn tn
x p x

n tn t
b y

J e e E dz

e e J dz

ν ν τ

ν ν τ

ε ω τ

ω τ

− Δ− − Δ−

− Δ− − Δ
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−


  

(21) 
 

Substituting Eq. (21) into Eq. (20), we obtain 
 

( ) ( )
( )

( )1 21 21 2 1/2

1 2
cc

n tn ttn n
x x n t

J e J e f dνν τ τ
+ Δ− + Δ− Δ+ −

+ Δ
= + 

 
(22)

 

where 

   ( ) ( ) ( )2
0 .c

p x b yf e E Jν ττ ε ω τ ω τ = −   
(23)

 

 

By using the Taylor series expansion of Eq. (22), we have 
 

( )
( )

( ) ( ) ( )1/2 2
01/2

.c
n t

p x b yn t
f d te E Jν ττ τ ε ω τ ω τ

+ Δ

− Δ
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According to Eqs. (22) and (24), the following second-order 

approximation can be written as  
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Using a similar procedure, we have 
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By using plane-wave expansion [18, 19] and applying some 

mathematical manipulations, we have 
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with 

.
2

c t j tν ωβ Δ + Δ
=

 
 

Substituting Eqs. (27) and (28) into the plane-wave expansion 

version of Eq. (9) and then rearranging the resulting equation can 

lead to the following numerical permittivity tensor: 
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where 
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2
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t
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ω
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The numerical permittivity converges to analytical permittivity 

as the time-step size approaches zero. 

 
2. ETD Method  

In this subsection, we derive the numerical permittivity tensor 

of magnetized plasma using the ETD method. In the ETD 

method, the discrete form for Eq. (4) can be written as [10, 11] 
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where 
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and 
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Substituting Eqs. (32) and (33) into (31) yields 
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Using a similar procedure 
 

( ) ( )

1/2 1/2

2 1/2 1/2
0

1 1 .
2

c

c

tn n
y y

t n n nb
p y x x

c

J e J

e E J J

ν

ν ωε ω
ν

− Δ+ −

− Δ + −

=

 + − + +    (35)
 

By utilizing plane-wave expansion and applying some mathe-

matical manipulations, we have 
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Substituting Eqs. (36) and (37) into the plane-wave expansion 

version of Eq. (9) and then rearranging the resulting equation, we 

have the same Eqs. (29) and (30) with  
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Again, as the time step size approaches zero, the numerical 

permittivity converges to the analytical permittivity.  
 

3. H-J Collocated ADE Method  

In the H-J collocated ADE method, we can write [12] 
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Now, we use the plane-wave expansion again and have 
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Following the procedure described above, the numerical per-

mittivity tensor is the same as Eqs. (29) and (30) with 
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Note that the collision and cyclotron frequencies are the same as 

the analytical ones. 

 

4. E-J Collocated ADE Method  

Unlike the other methods considered above, the current den-

sity vectors are collocated at the same time step and position of 

the electric field vectors in the E-J collocated ADE method. 

Therefore, the FDTD update equation for Ampere’s law can be 

written as  
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According to [13], the update equations of the current density 

in the E-J collocated ADE method can be written as 
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We use the plane-wave expansion again and have 
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The numerical permittivity tensor of magnetized plasma in the 

E-J collocated ADE method can be obtained by a similar proce-

dure, and we have the same as Eqs. (29) and (30) with 
 

2 tan
2

t
t

ωω Δ =  Δ  


 

c cν ν=  

b bω ω=

.p pω ω=
 

Note that only the angular frequency has a numerical value 

different from the analytical one, which implies that the E-J 

collocated ADE method can lead to better results than the other 

methods considered in this study.  

III. NUMERICAL EXAMPLES 

In this section, we investigate the numerical accuracy of the 

JEC, ETD, H-J collocated ADE, and E-J collocated ADE 

methods. We assume that the plasma frequency ωp = 2π × 50 × 109 rad/s, cyclotron frequency ωb = 3 × 1011 rad/s [20], and 

vc = 5 × 1011 Hz. The simulation frequency ranges from 10 to 

90 GHz, and the spatial cell is Δz = 75 μm. The FDTD time 

size is Δt = 1.111 ps, which is temporal points per period (PPP) 

equal to 10.  

Fig. 1 shows the numerical relative permittivity tensor of mag-

netized plasma. As shown in the figure, large differences between 

the analytical and numerical permittivity tensors in the JEC and 

ETD methods are observed because all four numerical parame-

ters (𝜔, 𝜈 , 𝜔 , 𝜔 ) are not the same as the analytical ones. The 

H-J collocated ADE method has two numerical values (𝜔, 𝜔 ) 

different from the analytical ones, but the E-J collocated ADE 

method has only one numerical value (𝜔) different from the an-

alytical one. Therefore, the E-J collocated ADE method can yield 

the best numerical accuracy among the four FDTD methods 

considered in this study.  

Next, let us investigate the root-mean-square (RMS) error of 

the numerical relative permittivity in the four FDTD methods 

versus the FDTD time step size. The RMS error is defined as 
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ε ε

ε
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Here, 𝜀̃ , 𝜀 , 𝑓 , and 𝑓  indicate the numerical relative permit-

tivity, analytical relative permittivity, minimum frequency, and 

maximum frequency in the frequency range of interest. 

Figs. 2 and 3 show the RMS error of the numerical relative 

permittivity tensor. As the time step size decreases (PPP increases), 

the RMS error decreases. Again, the E-J collocated ADE method 

yields the best accuracy.  

 
(a)  

 
(b)  

 
(c)  

 
(d)  

Fig. 1. Real and imaginary parts of 𝜀̃  and 𝜀̃ : (a) real part of 𝜀̃ , (b) imaginary part of 𝜀̃ , (c) real part of 𝜀̃ , and (d) 

imaginary part of 𝜀̃ . 

IV. CONCLUSION 

We investigated the numerical accuracy of various FDTD for-

mulations for magnetized plasma. The exact expressions of the 

numerical permittivity tensor were derived, and the E-J collo-

cated ADE method was found to yield the best accuracy. In 
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Fig. 2. RMS error of 𝜀̃  versus PPP.  

 
Fig. 3. RMS error of 𝜀̃  versus PPP. 

 
addition, numerical examples were used to validate our investi-

gation. 
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I. INTRODUCTION 

Through-the-wall radar imaging (TWRI) systems are an 

emerging technology that enables the detection of stationary or 

moving objects behind a wall from a position at a certain dis-

tance from the wall. TWRI systems use microwaves, which can 

easily propagate through walls to detect objects inside a building. 

They find various applications in many fields, such as the mili-

tary, surveillance, indoor security, and search-and-rescue opera-

tions [1]. One of the several challenges is reducing the clutter 

present in the images produced by these systems to enhance 

their quality. Methods for reducing clutter in through-the-wall 

images include background subtraction, spatial filtering, image 

fusion, subspace projection, differential synthetic aperture radar 

(SAR), and entropy-based time gating [2–13]. These techniques 

have limitations. Background subtraction requires a scene with 

no targets, which is impossible in real-time scenarios [7]. Spatial 

filtering works only for homogeneous walls at low operating 

frequencies. Image fusion requires multiple TWRIs of the same 

scene generated from distinct locations, which is impossible for 

moving targets [7]. Subspace projection methods, such as singu-

lar value decomposition (SVD), principal component analysis, 

factor analysis, and independent component analysis, have the 

disadvantage that the total number of targets must be known a 

priori [7]. 

Moreover, these techniques can detect only single targets or 

multiple targets with the similar dielectric constant in the same 

scene [14]. However, in real-time scenarios, targets may not 

have similar dielectric constants. Thus, it is necessary to develop 

a technique for detecting contrast targets—that is, targets with  
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different dielectric constants behind a wall in the same scene. 

Few studies have explored methods for detecting targets with 

different dielectric constants. Recently, low-rank approximation 

(LRA) was developed to attenuate random noise in the received 

signal [14]. This paper proposes a novel technique that com-

bines time gating and Gaussian mixture model-based LRA for 

contrast target detection—that is, the detection of targets with 

low and high dielectric constants behind a wall in the same sce-

ne. The proposed method works well with heavily cluttered 

through-the-wall images and enhances their quality.  

The rest of this paper is structured as follows. Section II de-

scribes the through-the-wall imaging system model. Section III 

presents the proposed method for contrast target detection. Sec-

tion IV reports and discusses the experimental results. Section V 

presents the conclusions. 

II. THROUGH-THE-WALL SYSTEM MODEL 

The imaging setup shown in Fig. 1 is placed at a certain dis-

tance from the wall, and data are acquired at M scan points 

along a horizontal direction parallel to the wall. The scan points 

represent the positions of the antenna of the stepped frequency 

continuous wave (SFCW) radar. The scene being imaged is 

situated behind the wall along the positive z-axis. At each scan 

point, the SFCW radar transmits and receives the signal scat-

tered from the target. It transmits a wideband signal in step fre-

quency mode, in which it sweeps through the allocated signal 

bandwidth via a series of narrowband signals of uniformly 

spaced center frequencies. The SFCW radar measures and rec-

ords the magnitude and phase of the received signal scattered 

from the target for various frequencies at each spatial point. The 

scene is divided into pixels downrange and cross-range, repre-

sented by the z and x coordinates, respectively. The magnitude 

and phase of the scattered field from a P-point target located in 

position 𝑥 , 𝑧  behind the wall for various frequencies at 

different scan points are calculated as  

( ) ( ) ( )( )
1

, , z exp 2
i

P

t ppi pi
i

x fS a x j fπ τ
=

= − (1)
 

 
Fig. 1. Geometry of through-the-wall imaging. 

where 𝑓  is the frequency point, 𝜏  is the propagation delay 

between the radar at mth scan point and the pixel position, and 

a(𝑥 , 𝑧 ) is the target. 

For each pixel, the corresponding propagation delay is calcu-

lated as [15]: 
 

2 2 2airtowall wall walltoair
p

l l l
c v c

= + +τ
 

(2)
 

where c is the speed of signal propagation in the air, v is the 

speed of the signal propagating through the wall, and lairtowall, lwall, 

and lwalltoair represent the signal’s distance from the radar when in 

front of the wall, inside the wall, and behind the wall at mth scan 

point to the pixel at location 𝑥 , 𝑧 . The details of expression 

lairtowall, lwall, and lwalltoair are provided by Ahmad et al. [15]. 

After applying delays to the signal received in the frequency 

domain at each radar location to synchronize the signals arriving 

at each radar location and then summing the delayed signals, the 

value of a pixel at location 𝑥 , 𝑧  is calculated as [6]: 
 

( )11 1 1
11

1 2
t

N

p p t k k p
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M

x
I(x , z ) S (x , f )exp j f .π τ

= =

=  (3)
 

Similarly, for the P-point scatterer in positions 𝑥 , 𝑧 , the 

value of each pixel at different P positions 𝑥 , 𝑧  is calculated 

as [6]: 
 

    ( )
1

11
1 1

2
t

i

N P

pi pi t

M

x
m k p

k i
I (x ,z ) S (x , f )exp j f .τπ

= = =
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III. PROPOSED METHOD FOR CONTRAST  

TARGET DETECTION 

The proposed method for contrast target detection consists of 

three stages. In the first stage, clutter due to strong wall reflec-

tions is reduced using time gating based on the wall propagation 

time. In the second stage, delay-and-sum beamforming are ap-

plied to time-gated frequency domain data to obtain a focused 

image of the target. In the third stage, a Guassian mixture for 

LRA is introduced to detect targets with low dielectric constants 

and suppress noise. 

Frequency domain data collected along M horizontal scan 

points are inverse Fourier transformed to obtain time domain 

data. The time domain data at mth observation position can be 

written as [5]: 
 

       
( ) ( )

1
2

N

m m k k
k

S t S f exp(j f t)
=

= π
(5)

 

where t ranges from 0 to (N - 1) = signal bandwidth (BW) at 

Δt step intervals of 1/BW. 

Upon discretizing time, S denotes the M × N matrix of the 

time domain data at M horizontal scan points, S = [S (m, n)], m 
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= 1, 2, …, M−1, and n = 1, 2, …, N. M and N are the numbers 

of antenna positions and time samples, respectively. 

To reduce wall clutter, the time domain data S(m, n) are time-

gated based on the wall propagation time (W). The threshold is 

set to 
 

   
( ) ( )
( )

  0        

  1      

T n if n W / t ,and

T elsewh en er

= < Δ

=
 

(6)
 

where W is given by W = (d√ϵ + zoff), n is the time sample, zoff is 

the standoff distance, and c is the speed of light. The time trace 

after incorporating the threshold is calculated as 
 

       
( ) ( ) ( )TS m,n m,S nn=  T . (7)

 

To compute the wall propagation time, the wall’s dielectric 

constant and thickness must be known a priori to compensate 

for the wall’s effects. The effective dielectric constant and thick-

ness were estimated by exploiting the first two dominant echoes 

originating from the front and rear sides of a real building wall. 

Such walls are generally made of bricks and covered in a fine 

layer of plaster. Since the size of the inhomogeneities is smaller 

than the range resolution, the wall can be modeled as a homo-

geneous layer characterized by effective permittivity [16]. 

The signal transmitted from the antenna at a certain scan 

point has power Pt. The signal propagates toward the wall and is 

incident on the front side of the wall, as shown in Fig. 2. A sig-

nal with a certain portion of power is reflected, and a signal with 

a certain portion of power propagates through the wall.  

The received signal reflected from the front side of the wall 

has power PR1 and appears as a peak at time point t1. The re-

ceived signal reflected from the rear side of the wall has power 

PR2 and appears as a peak at time point t2. PR1 can be written as 

[17, 18]: 

 

 
Fig. 2. Typical reflection coefficient S11 plot in the time domain. 

( )2
1 1 1R L tP P Pu t t= Γ − (8)

 

where PL1 is the total loss, which includes the cable loss as the 

signal propagates from vector network analyzer (VNA) to the 

antenna and the path loss between the antenna and the front 

side of the wall, and |Г| is the magnitude of the reflection coeffi-

cient at the interface of the front side. PR2 can be calculated as 

[17, 18]: 

   
( ) ( )

22 2 4
2 2 21 d

R L tP P e P u t t−= Γ − Γ −α
 (9)

 

where PL2 is the total loss, which includes the cable loss as the 

signal propagates from VNA to the antenna and the path loss 

between the antenna and the rear side of the wall, and |Г| is the 

magnitude of the reflection coefficient at the interface of the 

rear side. 

Considering the cable and path losses to be the same, a math-

ematical relation between PR1, PR2, and the reflection coefficient 

can be written as  

      
( )22 42

1
1 dR

R

P e
P

−= − Γ α

 
(10)

 

where |Г| represents the reflection coefficients at the interfaces 

of the front and rear surfaces of the wall, α is the wall attenua-

tion constant, and d is the wall thickness, which is given by 
 

    

1
1

r
r

−
Γ =

+
ε
ε

 

(11)

    
2 r

= σηα
ε

 

(12)

    
2 r

cd
*

τ
ε

Δ=
 

(13)

 

where σ is the electrical conductivity of the wall, ƞ is 377 Ω, and 

c is the speed of light in free space. 

Substituting Eqs. (11), (12), and (13) for (10), we can express 

Eq. (10) in terms of other variables as follows: 
 

        

22
2
1

1
1

1
r

c
rR

R r

P exp
P

Δ−  − = −    +   

ση τ
εε

ε .
(14)

 

The wall’s dielectric constant and thickness can be obtained 

by exploiting PR1 at time point t1, PR2 at time point t2 from time 

domain plot, and time delay Δτ = t2 - t1. Thus, the dielectric 

constant and electrical conductivity of the wall can be estimated 

by formulating a proper fitness function and minimizing it using 

an efficient searching technique, a genetic algorithm, which can 

be written as 
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222

2

1 1

1
1

1
K r

K

cM
R r

r
K R r

P
F , exp .

P

ση τ
εε

ε σ
ε

Δ−

=

   −  = − −     +    


(15)

 

Once the wall’s dielectric constant has been obtained, its 

thickness d can be computed using Eq. (13). To obtain PR1 and 

PR2 at time points t1 and t2 at all scan points, first, S(m, n) are 

added up in the time domain.  
 

     ( ) ( )
1

M

m
Sum n S m,n .

=

=  
(16)

 

Next, the maximum value of Sum(n) is obtained, and the 

threshold is set as 
 

E(n) = 1 if Sum(n) ≥ α Max(Sum), 

(17)E(n) = 0 elsewhere 
 

where α < 1 is the tolerance band. Then, based on Eq. (17), the 

peak PR1 and PR2 values and corresponding time points t1 and t2 

can be obtained for all M scan points as follows: 
 

( ) ( ) ( )WS m,n m,S nt=  E
 

(18)

( ) ( ) ( )W
t n E n t n .=  (19)

After the time gating process, the time domain data ST(m, n) 

are Fourier-transformed and further processed by applying de-

lay-and-sum beamforming using Eq. (4) to produce a focused 

image of the target. Although the echo of high dielectric con-

stant target is strong, the echo of targets with low dielectric con-

stants is comparable to noise. Therefore, LRA is introduced to 

reduce noise based on the Gaussian mixture model to detect a 

target with a low dielectric constant along with a target with a 

high dielectric constant. After applying SVD, the beamformed 

image matrix I can be expressed as [14]: 

          
TI USV=  (20)

 

where U and V are M × M and N × N unitary matrices, S = 

diag(λ1, λ2, ..., λr), and λ is a singular value in the order of λ1 > λ2  

> ………. λr > 0. U and V are eigen vectors of I.  

It was observed that the boundaries of the singular values cor-

responding to the target and noise were not clearly defined. 

Hence, it is not feasible to exploit singular values accurately cor-

responding to the target. Thus, a Gaussian mixture model is used 

to segregate the singular values corresponding to the target and 

noise. 

After normalizing λ(r), the singular values are modeled as a 

mixture of Gaussian distributions. The Gaussian components in 

the mixture are composed of target and noise components, and 

the overlapping boundaries of the singular values corresponding 

to the target and noise are separated using clustering based on 

maximum a posteriori. The singular values are modeled using an 

expectation-maximization algorithm to obtain the parameters of 

the Gaussian mixture, which is given by [19] 

        

2
2

1
K K

K
(r) G(r , )

=

=λ μ σ
 

(21)
 

where 𝜇  is the mean of the kth Gaussian component, 𝜎  is 

the variance of the kth Gaussian component, K is the number of 

Gaussian components, K = 1 represents the target component, 

K = 2 represents the noise component, and G(r) is the Gaussian 

component given by  
 

      
2

22

1
22

( r )G(r) exp .μ
σπσ

 −= − 
 

 
(22)

 

To segment the singular values corresponding to the target 

from those corresponding to noise, clustering that assigns each 

data point to one of the two mixture components in the Gaussian 

mixture model based on posterior probability is performed as 
 

  ( ) ( ) ( ) ( )2 2
1 1 2 2   if  G G

.
0         otherwise

λ μ σ μ σ
λ

 > =  
  

, ,r r r
r

(23)
 

The center of each cluster is the mean of the corresponding 

mixture component. After obtaining n singular values corre-

sponding to the target from matrix S and setting other values to 

zero such that 𝑆 = S(1:n, 1:n), the LRA matrix is computed as 

        
_

TI U SV .=  (24)

IV. RESULTS AND DISCUSSION 

To evaluate the image enhancement capability of the pro-

posed method, four TWRI scene was simulated using two tar-

gets, one with a low dielectric constant (wood) and one with a 

high dielectric constant (metal), behind a wall (Table 1). Photo-

graphs of the targets and their measured radar cross-section 

values are shown in Table 2 [20]. An experiment was performed 

using SFCW radar. Scattering parameter S11 was measured for 

201 frequency points in the frequency range of 3.5–5.5 GHz at 

 
Table 1. Details of TWRI scenes with arrangement of targets 

Scene Number of targets Target ID Distance from the wall (m)

1 2 T1 

T2 

0.6 

2.8

2 2 T1 

T2 

1 

2.8

3 2 T2 

T1 

1 

2.8

4 1 T2 2.8

T1 = metallic target (30 × 30 cm), T2 = wooden target (30 × 30 cm). 
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Table 2. Photographs of the targets and their radar cross-section 

values 

Target image RCS value (dBsm) [21]
 

 
Target ID: T1 

7.4 

 
Target ID: T2 

-6.8 

 
27 scan points along the horizontal direction. The imaging set-

up was placed at a distance of 2.2 m from the front side of the 

wall. Fig. 3(a) shows the raw B-scan image. Fig. 3(b) shows the 

image of the B-scan obtained using Eq. (18) to extract the peak 

PR1 and PR2 values from the front and rear sides of the wall at  

 

(a) 

 

(b) 

Fig. 3. (a) Raw B-scan image of Scene 1 and (b) B-scan image of 

Scene 1 after extracting the wall reflections. The values shown 

in the color bars represent power.

time points t1 and t2, respectively. The wall’s thickness and effec-

tive permittivity after incorporating the peak PR1 and PR2 values 

and time delay τ were computed using Eqs. (13) and (15).  

The wall’s thickness and dielectric constant were found to be 

14.4 cm and 6.4, respectively. To validate the results, the wall’s 

effective permittivity was computed using a wall insertion transfer 

function in a manner similar to that described by Chandra et al. 

[21]. The wall’s effective permittivity obtained was 6.5 and actual 

thickness of wall was 14.5cm. The wall’s effective permittivity 

estimated using the frequency domain method was in good 

agreement with that obtained using the method proposed by 

Chandra et al. [21].  

After estimating the wall parameters, the frequency domain 

data were processed to enhance the image using the proposed 

method. The image was then assessed in terms of target-to-

clutter ratio (TCR), calculated as [6] 
 

      

( )

( )

2

2

1

1
t

c

q At

q Ac

I q
N

TCR ,
I q

N

∈

∈

=



 

(25)
 

where 𝐴  is the target area, 𝐴  is the clutter area, 𝑁  is the 

number of pixels in the target area, and 𝑁  is the number of 

pixels in the clutter area. 

Fig. 4 shows the TWRI of the scene behind the wall after 

applying a delay-and-sum beamforming algorithm directly to 

the frequency domain data—that is, scattering parameter S11 

without clutter reduction and with clutter reduction using dif-

ferent techniques. The proposed method produced an enhanced 

image and was capable of detecting the target with the low die-

lectric constant (wood) along with the target with the high die-

lectric constant (metal) in the same scene.  

Table 3 presents a comparison of the proposed method with 

other clutter reduction techniques in terms of TCR for the 

images shown in Fig. 4. The proposed method obtained the 

highest TCR (130.1).  

Fig. 5 shows TWRIs with delay-and-sum beamforming 

applied using the proposed method for Scenes 2, 3, and 4. The 

proposed method enhanced the quality of the images, demon-

strating its effectiveness with different target types and arrange-

ments. 

To determine the margin of error needed for this technique 

to work, the TCR of the Scene 1 image obtained using the pro-

posed method was calculated with varying wall dielectric con-

stant and thickness values by 5%. The obtained TCR values are 

shown in Tables 4 and 5. The TCR decreased as the dielectric 

constant changed by 20% and as the thickness changed by 10%. 

Thus, an estimation accuracy of more than 20% for the dielec-

tric constant and more than 10% for thickness is sufficient for 

this method to work. 
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(a) (b) 

 

(c) (d) 

 

(e) (f) 

 

(g) (h) 

Fig. 4. Delay-and-sum beamformed images of Scene 1 (a) without 

clutter reduction and with clutter reduction as described in 

(b) Solimeme and Cuccaro [10], (c) Yoon and Amin [3], (d) 

Bivalkar et al. [14], (e) Dehmollaian et al. [9], (f) Liu et al. 

[8], and (g) Tivive et al. [6], and (h) using the method pro-

posed in this study. The values shown in the color represent 

the magnitude of the pixel values. 

 

Table 3. Target-to-clutter ratios obtained using different clutter reduc-

tion methods 
Method TCR 

Entropy-based time gating [10] 19.3326 

Average trace subtraction [3] 26.0593 

Entropy-based LRA [14] 37.6390 

Differential SAR [9] 3.3156 

Robust PCA [8] 33.4671 

SVD with AIC [6] 9.9430 

Proposed method 130.1 

PCA = Principal Component Analysis, AIC = Akaike Information 

Criterion. 

 
(a) (b)

 
(c) (d)

 
(e) (f)

Fig. 5. Delay-and-sum beamformed images (a) without clutter 

reduction and (b) with clutter reduction for Scene 2, (c) 

without clutter reduction and (d) with clutter reduction for 

Scene 3, and (e) without clutter reduction and (f ) with 

clutter reduction for Scene 4. The values shown in the color 

represent the magnitude of the pixel values.
 

Table 4. TCR values with different wall dielectric constant values 

for the Scene 1 image obtained using the proposed method 

Dielectric constant TCR

6.4 130.1

6.7 130.1

7.0 130.1

7.4 130.1

7.7 81.3

8.0 81.3

8.3 81.3

 
Table 5. TCR values with different wall thickness values for the 

Scene 1 image obtained using the proposed method 

Thickness (cm) TCR

14.4 130.1

15.1 130.1

15.8 81.3

16.6 81.3

17.3 81.3

18.0 81.3

18.7 94.5
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V. CONCLUSION 

This study proposes a novel method for contrast target detec-

tion. The inherent problem of strong clutter due to the wall and 

its residual due to the interactions between the wall is addressed 

using time gating based on the wall propagation time, and noise 

is reduced using LRA based on a Gaussian mixture model.  

The proposed method was validated using through-the-wall 

images generated using SFCW radar. The experimental results 

showed that this method can detect targets with a low dielectric 

constant in the presence of targets with a high dielectric con-

stant in heavily cluttered through-the-wall images of the same 

scene with satisfactory accuracy. 

The proposed technique was also compared to existing clutter 

reduction techniques, such as entropy-based time gating, SVD, 

average trace subtraction, differential SAR approach, robust 

Principal Component Analysis (PCA), and entropy-based LRA. 

The proposed method showed highest TCR (130.1).  

An estimation accuracy of more than 20% for the wall’s die-

lectric constant and more than 10% for its thickness is sufficient 

for the proposed method to work. This method is quite effective 

in reducing clutter due to inhomogeneous walls, provided that 

inhomogeneity is smaller than the range resolution. 
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I. INTRODUCTION 

Early synthetic aperture radar (SAR) systems were primarily 

mounted on satellites. Thus, to cover long ranges between satel-

lites and Earth’s surface, pulse radar was preferred. However, due 

to the increasingly small-scale observation areas and the emer-

gence of SAR platforms such as automobiles and unmanned aer-

ial vehicles, the demand for compact frequency-modulated con-

tinuous-wave (FMCW) radar with low-transmission power and 

cost-effective properties has increased. Accordingly, research on 

FMCW SAR signal processing algorithms has also increased [1–

12].  

SAR signal processing aims to determine the exact range and 

azimuth position of targets by compressing raw data in the range 

and azimuth direction. Azimuth resolution of SAR image greatly 

depends on the Doppler (azimuth) bandwidth of the signal. 

However, range cell migration (RCM) inevitably occurs during 

SAR data acquisition, resulting in azimuth resolution degrada-

tion due to the loss of the Doppler bandwidth. Therefore, before 

performing azimuth processing, it is necessary to align the azi-

muth phase information of a target to a single azimuth line to 

make the most of the Doppler bandwidth for the target. This cor-

rection process is called range cell migration correction (RCMC). 

Fig. 1 shows the bending of the energy trajectory of a single target  
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Abstract 
 

Synthetic aperture radar (SAR) specializes in capturing two-dimensional images of Earth’s surface. Because satellites or aircraft have mainly 

been used as SAR platforms, pulse radar systems with high peak transmitted power have been preferred for long-range detection. However, 

because systems based on pulse radar are generally too heavy and expensive, lightweight and low-cost frequency-modulated continuous-

wave (FMCW) radar systems have attracted increasing interest, and many studies on FMCW SAR signal processing are being conducted. 

The pulse duration of FMCW radar is considerably longer than that of pulse radar. Therefore, it is necessary to determine whether stop-

and-go approximation (SAG) is still valid for FMCW radar. If SAG is not applicable, an additional, time-consuming range cell migration 

correction process is required. In this study, the conditions under which SAG can be applied to FMCW SAR were analyzed. Moreover, 

Ku-band FMCW SAR field tests were conducted to experimentally validate the feasibility of SAG. Several quantitative parameter values 

demonstrating the advantages of applying SAG were identified. 
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according to RCM. 

RCM mainly occurs because the range between the radar and 

the target varies for each pulse during the SAR integration time. 

This is the range migration that occurs between pulses. Moreover, 

since the platform is in motion, frequency shifts due to the rela-

tive velocity, and the range variation over the pulse duration may 

cause additional range migrations. This is the range migration 

caused by the intra-pulse motion of the SAR platform.  

In pulse SAR, the pulse duration is short enough to be as-

sumed that the radar platform is fixed during transmission and 

reception. Therefore, RCM originating from the latter is negli-

gible in pulse SAR. This assumption is called the stop-and-go 

approximation (SAG). However, the pulse duration of FMCW 

radar is relatively long compared to pulse radar. Therefore, it is 

uncertain whether SAG is still applicable. If SAG cannot be ap-

plied, an additional RCMC process is required to compensate for 

the additional RCM caused by the intra-pulse motion of the 

SAR platform.  

In this study, the range-Doppler algorithm (RDA) was used 

as a signal processing scheme because it is accurate, efficient, and 

the most widely used in SAR processing [13]. Fig. 2 shows block 

diagrams of RDA for FMCW SAR according to whether SAG 

is applied or not. As shown in Fig. 2(b), the additional RCMC 

process is omitted when SAG is applied. In general, RCMC in-

volves an interpolation process that requires considerable compu-

tational loads [13]. Therefore, the processing time can be greatly 

reduced if SAG is applied to FMCW SAR. 

In some studies, a platform motion during transmission and 

reception has been considered negligible in the FMCW SAR [2–

4]. In other studies, SAG has been considered inapplicable to 

FMCW SAR [5–8]. Few of these studies have analytically de-

termined whether SAG is applicable, and none have done so 

experimentally based on actual raw data [2–8]. Therefore, in 

this study, the conditions under which SAG can be applied to 

FMCW SAR were analyzed and experimentally confirmed 

through Ku-band FMCW SAR field tests. 
This paper is organized as follows. In Section II, a review of 

the FMCW radar signal model is introduced, and the conditions 

for applying SAG in FMCW SAR are analytically derived. Sec-

tion III presents the experimental results of Ku-band FMCW 

SAR field tests. It also presents comparisons of SAR quality pa-

rameters and processing times to confirm the applicability of 

SAG to FMCW SAR and its advantages. Finally, the conclusion 

of this paper is given in Section IV. 

II. ANALYSIS OF THE VALIDITY OF STOP-AND-GO  

APPROXIMATION FOR FMCW SAR 

This section provides a review of the FMCW radar signal 

model to determine the range resolution. Linear frequency mod-

ulation and sawtooth sweep type are assumed. The transmission 

signal is 
    𝑠 𝑡 = 𝑟𝑒𝑐𝑡 𝑒𝑥𝑝[𝑗2𝜋 𝑓 𝑡 + 𝐾𝑡 ],       (1) 
 

where 𝑓  is the carrier frequency, T is the pulse repetition in-

terval (PRI), 𝑡 is the time variable within T, and 𝐾 is the linear 

chirp rate. 𝐾 is given as 
 𝐾 = ,                         (2) 

 

where 𝐵 is the sweep bandwidth of the transmitted signal. The 

reflected signal from the object with the range 𝑅 is determined 

as 
          𝑠 𝑡 = 𝑠 𝑡 − 𝜏 = 𝑠 𝑡 − ,        (3) 

 
Fig. 1. Visual illustration of a locus (red curve) of energy for a single 

target according to RCM. 

 

 
Fig. 2. Block diagrams of RDA for FMCW SAR: (a) RDA with-

out SAG and (b) SAG-applied RDA. 
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where 𝜏 is the signal round-trip time, and 𝑐 is the speed of light. 

This reflected signal is mixed with a replica of the transmitted 

signal in the radar receiver. The beat signal, is given as 
 𝑠 𝑡 = 𝑒𝑥 𝑝 𝑗2𝜋 𝑓 𝜏 + 𝐾𝜏𝑡 − 𝐾𝜏 .      (4) 
 

Since the only phase term related to time 𝑡 is the second term, 

the beat frequency after applying a Fourier transform is calculated 

as  
 𝑓 = 𝐾𝜏 = 𝐾 .                  (5) 

 

It can be seen that the beat frequency in the FMCW radar 

receiver is proportional to its distance from the object. The rela-

tion between the frequency resolution and T is 
 ∆𝑓 =  .                       (6) 

 

From Eqs. (5) and (6), the range resolution of the FMCW 

radar is 
  ∆𝑅 = ∆ = = .               (7) 

 

 

As mentioned in Section I, the pulse duration of FMCW ra-

dar is relatively long compared to pulse radar. Therefore, it should 

be determined whether SAG can be applied to FMCW SAR. 

Since the platform is in motion during the pulse duration, addi-

tional range migrations occur for two reasons. One reason is the 

frequency shift due to the relative velocity, and the other is the 

range variation over the pulse duration. For SAG to be applicable 

to FMCW SAR, these range migrations must be less than the 

range resolution of the radar.  

First, the range migration, caused by the frequency shift due to 

the relative velocity, is discussed. A radar data acquisition geom-

etry is shown in Fig. 3. For convenience, a zero squint case is as-

sumed. 𝐿  is the synthetic aperture length, 𝜃  is the antenna 

beamwidth in the azimuth direction, 𝑃  is the position of closest 

approach, 𝑅  is the range of closest approach, and ∆  is the 

sample spacing of the synthetic aperture signal. The sample target 

is continuously detected by the radar while it is in the beam illu-

minated area. 𝑃  is the position of the radar when the sample 

starts entering the beam illuminated area, and 𝑃  is the position 

of the radar when the sample exits the beam illuminated area. 

That is, the sample is detected while the radar is between 𝑃  and 𝑃 . Since the distance between 𝑃  and 𝑃  is 𝐿 , the positions 

of 𝑃  and 𝑃  can be specified as points separated by half the 𝐿  

from 𝑃 . As shown in Fig. 3, 𝐿  is determined from 𝜃  and 𝑅  as 𝐿 = 2𝑅 tan .               (8) 
 

As the platform moves along the sensor path, the sample is 

detected by each pulse with a different Doppler frequency. The 

Doppler frequency shift caused by the relative velocity of the ra-

dar and the target is [13]: 

  
Fig. 3. Radar data acquisition geometry. 

 

        𝑓 = ,                    (9) 
 

where 𝑓  is the Doppler frequency shift, 𝑉  is the radar plat-

form velocity, 𝜃  is the angle measured from boresight in the 

slant range plane, and λ is the radar wavelength. As represented 

in Eq. (5), in FMCW radar processing, the beat frequency is pro-

portional to the range. Therefore, the Doppler frequency shift of 

the FMCW signal indicates range migration. By substituting Eq. 

(9) to Eq. (5), the range migration caused by the frequency shift 

due to the relative velocity can be determined as 
     𝑅 = 𝑓 = ,                 (10) 
 

where 𝑅  is the range migration caused by the Doppler fre-

quency shift and 𝑓 is the radar frequency. Since the Doppler fre-

quency shift is the largest when the platform is located at 𝑃  or 𝑃 , the maximum value of 𝑅  is determined as 
  𝑅 , = ⁄ .               (11) 
 

Second, the range migration, caused by the range variation 

over the pulse duration, is discussed. Range migration due to 

range variation 𝑅  can be defined as the difference between the 

range at the pulse start time and the range at the pulse end time 

(after one PRI). As illustrated in Fig. 3, the range between the 

radar and the sample when the radar is located at 𝑃  is 𝑅  

which is determined as   𝑅 = 𝑅 + 𝑉 .                (12) 
 𝑇  is the SAR observation time. Since the platform is in motion, 

this range changes continuously over the pulse duration. After a 

PRI, the range between the radar and the sample becomes 𝑅  

which is determined as 
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  𝑅 = 𝑅 + 𝑉 𝑇 2 − T .         (13) 
 

Therefore, the range migration caused by the range variation 

during the pulse duration can be calculated as 
 

                𝑅 , = 𝑅 − 𝑅 .                 (14) 
 

This is the maximum value of 𝑅  because when the radar 

moves to a position other than 𝑃 , the range migration of the 

sample is less than 𝑅 , . Meanwhile, given that 𝑇  consists 

of many PRIs, 𝑅 ,  is rewritten as 
 𝑅 , = 𝑅 + 𝑉 ∙ − 𝑅 + 𝑉 ∙ ,   (15) 
 

 

where 𝑁 is the number of pulses that constitutes 𝑇 . When the 

radar moves from 𝑃  to 𝑃  (approaching the sample), 𝑅  has 

a positive value, meaning that range migration occurs in the away 

direction. 𝑅  also has a positive value, but it means that the 

range migration occurs in the opposite direction. Therefore, the 

total range migration is  𝑅 = |𝑅 − 𝑅 |.               (16) 
 

On the other hand, when the radar moves from 𝑃  to 𝑃  

(away from the sample), 𝑅  has a negative value, meaning that 

range migration occurs in the forward direction. 𝑅  also has a 

negative value, but it means that range migration occurs in the 

away direction. Therefore, the total range migration is the same 

as in Eq. (16).  

Thus far, the range resolution and the range migration due to 

the motion of the platform during the pulse have been defined. 

For SAG to be applicable to FMCW SAR, the total range mi-

gration 𝑅  should be less than the range resolution of the radar ∆𝑅. Thus, the following condition must be satisfied: 
 𝑅 < ∆𝑅.                 (17) 
 

Fig. 4 shows the range migration (solid lines) as a function of 

frequency at different radar platform velocities and the range 

resolution (dashed lines) as a function of frequency bandwidth. 

For simplicity, a linear chirp rate of 𝐾 = 2.5 THz/s and an an-

tenna beamwidth of 𝜃  = 34° are assumed. In addition, as will 

be discussed in Section III, 𝑅  is not considered because its value 

is almost zero. On the other hand, for a fixed value of 𝐾, as T 

decreases, 𝐵  also decreases, and ∆𝑅  degrades (i.e., widens). 

This is in line with the fact that SAG is valid for pulse radar with 

a short pulse duration. Notably, a value of 𝑉  = 90 m/s is almost 

the fastest velocity available in FMCW SAR [1, 4, 7, 9–12]. This 

is because FMCW SAR is used only on aircraft or automobile 

platforms due to its detection range limitation. 

As shown in Fig. 4, range migration increases as the range fre-

quency and radar platform velocity increases. Also, the wider the 

frequency bandwidth, the better (narrower) the range resolution. 

Therefore, the most difficult case to apply SAG to FMCW SAR 

is when the system has high-frequency, high platform velocity, 

and high range resolution properties. By comparing the expected 

range migration with the range resolution, it is possible to deter-

mine whether SAG is applicable to FMCW radar with certain 

system specifications. SAG can be applied to FMCW SAR in 

the Ku-band frequency region (12–18 GHz), even in the case of 

high ∆𝑅 (0.3 m) and high 𝑉  (90 m/s) because the range mi-

gration in that region is considerably smaller than the range res-

olution. On the other hand, SAG is not applicable to FMCW 

SAR in the Ka-band frequency region (27–40 GHz) in the case 

of high ∆𝑅 (0.3 m) and high 𝑉  (90 m/s) and can be applied 

only if 𝑉  decreases or ∆𝑅 widens. Therefore, the system speci-

fications should be considered to determine whether SAG is 

applicable to a given FMCW SAR system. 

Section III presents range migration and range resolution cal-

culations with actual Ku-band FMCW SAR system specifica-

tions. Also, it presents filed test demonstrating that SAG is appli-

cable to Ku-band FMCW SAR even in tough cases. 

III. EXPERIMENTAL VALIDATION OF THE FEASIBILITY OF 

STOP-AND-GO APPROXIMATION IN KU-BAND FMCW 

SAR THROUGH FIELD TESTS 

The detailed specifications of the Ku-band FMCW SAR sys-

tem used in the outdoor experiments are given in Table 1. The 

center frequency of the FMCW radar is in the Ku-band (14.25 

GHz). The frequency bandwidth of the radar system is 500 MHz, 

which leads to a high ∆𝑅 (0.3 m). To avoid the limitations of a 

single scenario, experiments were performed at various radar plat-

form velocities (82, 75, 63, and 45 m/s). In Fig. 5, since the ex-

pected range migration values are below the range resolution line, 

SAG is applicable to all cases. The applicability of SAG to a spe-

cific FMCW SAR system can be confirmed by directly calculat-

ing the additional range migration and the range resolution using 
 

Fig. 4. Range migration and range resolution according to FMCW 

SAR system specifications. 
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the equations presented in Section II. The case of a radar platform 

velocity of 75 m/s is considered below.  

In our system specification, using Eq. (11), the maximum range 

migration caused by the frequency shift due to the relative veloc-

ity 𝑅 ,  was 0.125 m, which was less than the range resolu-

tion ∆𝑅. This value was consistent with the expected range mi-

gration value for the case of 𝑉  = 75 m/s in Fig. 5. Moreover, 

since 𝑇  consists of thousands of PRIs, 𝑅  is almost zero and, 

therefore, negligible. In fact, using Eq. (15), the maximum range 

migration 𝑅 ,  caused by the range variation over the pulse 

duration was about 0.0044 m, which is considerably less than the 

range resolution. This means that SAG was applicable to our 

FMCW SAR system case, as shown by the calculation of Eq. (17).  

To experimentally verify the applicability of SAG to FMCW 

SAR, SAR signal data were obtained from several test sites at 

various platform velocities. Appropriate SAR images appeared 

after processing SAG-applied RDA in the actual raw dataset. Fig. 

6 shows the Ku-band FMCW SAR images. The SAR images 

match the aerial photographs of the test sites shown in Fig. 7, 

providing experimental evidence that our specific Ku-band 

FMCW SAR can work with SAG.  

Moreover, an impulse response function (IRF) analysis was 

performed to provide a quantitative basis for the validity of SAG 

for Ku-band FMCW SAR. Essential SAR quality parameters, 

such as impulse response width (IRW) and peak sidelobe ratio 

(PSLR), were estimated from the IRF [13]. Fig. 8(a) shows a 

trihedral corner reflector (CR) installed at the field test site for 

the IRF analysis. Fig. 8(b) shows an aerial photograph of the CR 

test site. To determine whether SAG degraded SAR image qual-

ity, RDA without SAG (Fig. 2(a)) and with SAG (Fig. 2(b)) 

were performed and compared. Fig. 9(a) and 9(b) shows the re-

sults of the FMCW SAR images for each case. The CR clearly 

emerged inside the red circles shown in the images. The IRF of 

the CR in Fig. 9(a) is shown in Fig. 10(a)–(c). For visual clarity, 

an interpolation by a factor of 16 was implemented. Fig. 10(a) 

shows a normalized intensity of the IRF in 3D, and Fig. 10(b) 

and 10(c) shows one-dimensional profiles of the IRF in the range 

Table 1. Specifications of the Ku-band FMCW SAR system 

System parameters Value 

Center frequency Ku-band (14.25 GHz)

Frequency bandwidth 500 MHz

Linear chirp rate 2.5 THz/s

PRI 200 μs 

Linear FM sweep type Sawtooth 

Transmission power 39 dBm 

Antenna gain 16 dBi 

Antenna beamwidth 34° 

 

 
Fig. 5. Expected range migrations (black dots) and range resolution 

(dashed red line) for given specifications. 

 
(a)                        (b) 

 
(c)                        (d) 

Fig. 6. Ku-band FMCW SAR images: (a) 75 m/s, (b) 75 m/s, (c) 45 

m/s, and (d) 82 m/s. 

 

 
(a)                        (b) 

 
(c)                        (d) 

Fig. 7. Aerial photographs of Ku-band FMCW SAR test areas: (a) 

75 m/s, (b) 75 m/s, (c) 45 m/s, and (d) 82 m/s. 
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and azimuth direction, respectively. Likewise, the IRF of the CR 

in Fig. 9(b) is shown in Fig. 10(d)–(f). The peak of the signal was 

well represented in both the range and azimuth directions. The 

SAR quality parameters and processing times of RDA with and 

without SAG are summarized in Table 2. As shown in Fig. 10 

and Table 2, applying SAG did not affect the IRW or PSLR 

values. This provides clear quantitative evidence that our specific 

Ku-band FMCW SAR can work with SAG. Furthermore, the 

processing time was significantly reduced (by about 36%) when 

SAG was applied. This suggests that SAG shortened the pro-

cessing time without SAR quality parameter performance loss. 

IV. CONCLUSION 

A major contribution of this study is its analytical and experi-

mental approaches to determining the feasibility of SAG for 

FMCW SAR signal processing, which has been contested. No 

 
Table 2. Comparison of SAR quality parameters and processing 

times 

SAR quality 

parameter 

IRW (sample) PSLR (dB) Processing 

time (s) Range Azimuth Range Azimuth

RDA without 

SAG

2.13 2.94 -5.14 -6.41 114.16 

SAG-applied 

RDA

2.13 2.94 -5.11 -6.39 72.01 

 

 
(a)                               (b)                            (c) 

 
(d)                               (e)                            (f) 

Fig. 10. IRF of the CR: (a) 3D IRF (RDA without SAG), (b) range profile (RDA without SAG), (c) azimuth profile (RDA without SAG), 

(d) 3D IRF (SAG-applied RDA), (e) range profile (SAG-applied RDA), and (f) azimuth profile (SAG-applied RDA).

(a)                            (b) 

Fig. 8. (a) A trihedral CR and (b) an aerial photograph of the field 

test site. The CR is installed inside the red circle. 

 

(a)                            (b) 

Fig. 9. Ku-band FMCW SAR images (𝑉 = 63 m/s): (a) RDA 

without SAG and (b) SAG-applied RDA. 
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previous studies have verified the validity of SAG using practical 

raw data. Therefore, in this study, the conditions for applying 

SAG to FMCW SAR were analyzed and experimentally verified 

for Ku-band FMCW SAR. The results show that if SAG is 

applicable, the processing time is reduced without compromising 

the SAR image quality. Since the platform velocity used was at 

the aircraft level, the results may be generalizable to automobile 

applications as well. Moreover, since the operating frequency used 

in the experiment was in the Ku-band (14.25 GHz), SAG can 

also be applied to FMCW SAR using operating frequencies 

below the Ku-band if other parameters are similar. Future studies 

could investigate whether SAG is applicable to FMCW SAR 

using frequencies above the Ku-band, such as the K- or the Ka-

band. 
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I. INTRODUCTION 

Direction-finding (DF) technology is based on active and pas-

sive DF methods. The active method detects a target’s direction 

by transmitting signals, such as radar, and receiving the signals 

reflected by the target. The passive method detects a target’s di-

rection by receiving a signal from a signal source. The passive 

method has the advantage of being undetectable by alarm systems 

(such as radar warning receivers and electronic support equip-

ment) because it does not transmit radio waves. Moreover, it re-

quires less power than the active DF method, and its hardware 

can be relatively small. On the other hand, it has the disadvantage 

of being unable to detect a target if the signal transmission of the 

source is stopped [1, 2]. 

The passive DF method is divided into amplitude comparison, 

phase comparison, and mono-pulse DF. The phase comparison 

DF method employs the angle of arrival (AOA) technique using 

the phase difference of the signals received by two or more anten-

nas arranged on one baseline. This technique is widely used to 

enable DF in a short period and provides good accuracy [1–3]. 

Conventional phase comparison DF studies have mainly in-

vestigated 1D DF, which detects only the azimuth angle [4–7]. 

Conventional DF receivers are typically heterodyne [1, 4, 8–11], 

using a local oscillator and analog mixer to shift the signal band 

to the intermediate frequency (IF). The Nyquist sampling theo-

rem is then used, the sampling of which is more than twice the 

maximum frequency.  

However, heterodyne receivers are limited by their great SWaP 

(size, weight, and power) [12, 13]. Recent 2D DF can detect both 

the azimuth and elevation angles but requires SWaP reduction 

due to limitations in platform size [2, 3, 7]. Several studies on 

small direction finders have been conducted [7–9]. However,  

JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 3, 218~228, MAY. 2022 

https://doi.org/10.26866/jees.2022.3.r.80

ISSN 2671-7263 (Online) ∙ ISSN 2671-7255 (Print)

 

Design and Fabrication of a Compact 2D Phase  

Comparison Direction Finder 
Jong-Hwa Jeon1 · Myoung-Ho Chae2,*  

 

 
   

Abstract 
 

In this study, a compact, low-power 2D phase comparison direction finder was designed and fabricated. For the design of the direction-

finding (DF) receiver, a 2D phase comparison DF equation was derived from the structure of four uniformly arranged antennas, and the 

main design parameters were derived from the receiver’s system parameters. Based on the derived DF equations and design parameters, a 

DF receiver was designed, and a direction finder was fabricated. A comparison of the fabricated direction finder to a simulation model 

showed that its performance was comparable to the simulated performance and satisfied the system parameters. Moreover, a comparison of 

the theoretical, simulated, and actual injection and radiation DF precision showed that the fabricated direction finder had performance 

consistent with that indicated by the theoretical and simulation results and DF precision within 0.5°. 
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most small direction finders are 1D and use the multiple signal 

classification (MUSIC) algorithm. These direction finders have 

excellent performance, but they rely mostly on post-processing 

and therefore have poor real-time performance. To simplify the 

structure while maintaining performance, it is necessary to de-

velop a direct radio frequency (RF)-sampling DF receiver. To that 

end, in this study, a 2D phase comparison DF receiver using direct 

RF sampling was designed and fabricated to reduce SWaP. The 

performance of the fabricated DF receiver was compared to the 

performance of the RF-receiving part obtained from a simulation 

model. 

II. 2D PHASE COMPARISON DF EQUATIONS 

The 2D phase comparison DF equation was derived from a 

structure of four uniformly arranged antennas, and the main 

design parameters of the direct RF sampling–based receiver were 

derived according to the system parameters. 

 

1. 2D Phase Comparison DF Model 

The structure of the 2D phase comparison DF, which esti-

mates the relative azimuth and elevation of the received signal, is 

shown in Fig. 1. The structure is simple, consisting of four uni-

formly arranged antennas to achieve a compact size and to obtain 

the azimuth and elevation baselines. 

The incident signal source is the 𝑟 vector of the spherical co-

ordinate system. When the 𝑟 vector is expressed by the rectan-

gular coordinate system, the relative phase difference (between 

the elevation (𝜙 ) and the azimuth (𝜙 ) angles can be calcu-

lated using Eqs. (1) and (2), respectively [2, 5]: 
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where β is the phase constant (radians per meter), 𝑟 is the unit 

vector for the direction of incidence of the signal source, 𝑑  is 

the baseline length between antennas i and j (in meters), and 𝑥 , 𝑦 , 𝑧  is the position of antenna i. To solve Eqs. (1) and (2), 

the known position of the antenna is used in Eqs. (3) and (4): 
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From Eqs. (3) and (4), the azimuth and elevation angles can 

be calculated using Eqs. (5) and (6): 
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In Eq. (6), the elevation angle is required to estimate the azi-

muth angle. Therefore, elevation is independent of the azimuth, 

but the azimuth depends on elevation. 

DF precision can be interpreted as a change in the azimuth and 

elevation angles [2] and can be calculated by modifying Eqs. (5) 

and (6), respectively, as follows: 
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where, 𝑑𝜃  and 𝑑𝜃  are the changes in the azimuth and el-

evation angles, respectively, 𝑑𝜙  is a change in the phase dif-

ference between antennas i and j, and 𝑆𝑁𝑅  is the signal-to-

noise ratio (SNR) of the receiving channel connected to antenna i. 

In Eqs. (7) and (8), DF precision depends on the SNR, baseline 

length, and azimuth and elevation angles. 

 
2. DF Receiver Design 

In the direct RF sampling receiver, the received signal is am-

plified in the desired bandwidth through a band-pass filter and  
Fig. 1. Uniform array antenna using four elements. 

ELθ

AZθ →

r
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amplifiers in the RF-receiving part and then sampled in an ana-

log-to-digital converter (ADC) without IF conversion [13, 14]. 

Processing after sampling is performed by digital processing parts, 

such as the field-programmable gate array (FPGA) and the dig-

ital signal processor. Table 1 shows the system parameters of the 

DF receiver design. 

The SNR for satisfying AOA precision can be estimated by 

the inverse calculation of Eqs. (7) and (8). A simulation was per-

formed considering the noise effect using the MATLAB. The 

maximum simulation result was 23.8 dB. Considering the design 

margin, the SNR was set to 25 dB. 

The thermal noise based on the receive bandwidth is calculated 

as -96.22 dBm from Eq. (9) [15, 16]: 
 

174 10log( ) [ ]TN BW dBm= − +
       (9) 

 

where 𝑁  and BW represent the thermal noise based on the re-

ceived bandwidth and bandwidth, respectively. As a result of Eq. 

(9), thermal noise is greater than the receiving sensitivity signal. 

Therefore, gain improvement using the fast Fourier transform 

(FFT) is needed. The FFT number for satisfying the minimum 

detectable SNR can be calculated using Eq. (10) [15]: 
 

min 10log( / 2)TSNR P N NF M≤ − − +
      (10) 

 

where 𝑃  is the receiver’s sensitivity, NF is the noise figure, 

and M is the FFT number. Considering the design margin, the 

noise figure is assumed to be 5 dB. The minimum FFT number 

(M) calculated using Eq. (10) was 4,096. 

When sampling a continuous signal in the time domain, the 

spectrum of the signal is repeated at each sampling frequency, 

which is called an alias [12, 13, 17]. Direct RF sampling is a 

method of sampling a passband signal by setting a sampling fre-

quency so that the spectra do not overlap. To avoid overlapping 

aliases, the sampling frequency (𝑓 ) must satisfy the following 

condition [13]: 
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where 𝑓  and 𝑓  represent the minimum and maximum fre-

quencies of the signal, respectively, B is the signal bandwidth, 

𝐵 𝑓 𝑓  , ⌊𝑥⌋ is the maximum integer that is not greater 

than 𝑥, and 𝑘 is the number of repeating spectra between the 

signal band and the baseband. 

To reduce aliasing noise repeated outside the signal band dur-

ing direct RF sampling, the band-pass filter removes it before 

sampling so that the noise spectrum does not overlap with the 

signal spectrum. The distance between the repeating spectra is 

increased so that the noise spectrum does not overlap with the 

spectrum of the signal band. Therefore, increasing the sampling 

frequency can increase the bandwidth of the band-pass filter and 

reduce the aliasing noise even if the skirt characteristic of the filter 

in the transient region is not sharp [12]. 

The ADC of the direct RF sampling receiver of the 2D phase 

comparison direction finder is an AD9684 (Analog Devices Inc., 

Norwood, MA, USA) with 14-bit resolution and differential sig-

nal output to reduce noise effects [18]. It has a sampling fre-

quency of up to 500-MSPS to satisfy the bandwidth of the sys-

tem parameters and is composed of a two-channel ADC to sat-

isfy the compact size requirement. 

III. SIMULATION OF THE 2D DIRECTION FINDER 

A simulation-based 2D DF receiver was designed using a 

virtual system simulator (VSS) and Simulink based on the de-

rived design parameters and equations, and its performance was 

verified.  

 

1. 2D Direction Finder Simulation Model 

A system diagram of the 2D direction finder design is shown 

in Fig. 2. The array antenna part is composed of four patch an-

tennas satisfying the bandwidth of 60 MHz at the center fre-

quency for RF signal reception. The RF-receiving part amplifies 

and filters the received signal, outputs it to the input part of the 

ADC, and generates an in-phase/quadrature signal through 

direct RF sampling in the ADC. Digital signal processing is then 

performed by the FPGA and microcontroller unit/central pro-

cessing unit. 

 
Fig. 2. Configuration diagram of the direction finder.

Table 1. System parameters 

Parameter Value 

Bandwidth 60 MHz 

Receiver sensitivity -100 dBm

Dynamic range 60 dB 

AOA precision 0.5° 

Field of view -40° to 40°
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In the simulation model, the RF-receiving part was imple-

mented using the VSS, and the digital signal-processing part after 

the ADC was implemented using Simulink. Fig. 3 presents a de-

tailed schematic diagram of the RF-receiving part. The RF-re-

ceiving part receives a signal from −10 to −100 dBm and passes 

an output of 3 to −57 dBm to the ADC of the signal-processing 

part to satisfy the input dynamic range and instantaneous dy-

namic range. As the input signal strength range is 30 dB greater 

than the output signal strength range, the RF-receiving part per-

forms an automatic gain control (AGC) of 30 dB to fit it into the 

ADC dynamic range of the signal-processing part. In the AGC 

flow, the RF signal received from the antenna through a direc-

tional coupler and an RF detector is converted to a voltage signal 

and then entered into the FPGA of the signal-processing part 

through a comparator composed of an op-amp, which outputs a 

high or low signal. The FPGA controls the gain of the digital 

variable gain amplifier (DVGA) in the RF-receiving part accord-

ing to the local signal from the input signal strength, thereby con-

trolling the gain of the RF-receiving part. If the strength of the 

received RF signal is greater than −40 dBm, the comparator out-

puts a low signal so that the FPGA of the signal-processing part 

sets the DVGA gain to 10 dB and the path gain of the RF-re-

ceiving part to 13 dB. If the strength of the RF signal is less than 

−40 dBm, the comparator outputs a high signal so that the FPGA 

of the signal-processing part sets the DVGA gain to 40 dB and 

the path gain of the RF-receiving part to 43 dB. This process im-

plements an AGC of 30 dB, allowing the RF-receiving part to 

output a signal within the dynamic range of the ADC. 

Fig. 4 shows the 2D phase comparison DF receiver designed 

using Simulink. The DF receiver consists of a signal source gen-

erator, a phase difference calculator, an AOA estimator, and an 

accuracy estimator.  

The signal source generator simulates four channels of input 

signals to the DF receiver, and the phase difference calculator cal-

culates the phase difference of the input signal from the signal 

source generator based on the equations presented in Section II. 

The accuracy calculator calculates the relative azimuth and ele-

vation angles based on the results of the phase difference calcula-

tor. To reduce the influence of noise and ensure accurate DF, the 

average of the azimuth and elevation AOA is outputted for every 

certain number of worst SNR signals during DF. The standard 

deviation of the DF result is outputted to calculate the DF 

precision. 

 

2. Simulation Results  

Figs. 5–7 present the simulation results of the RF-receiving 

part implemented using the VSS. Figs. 5–7 also show the test re-

sults of the received bandwidth, instantaneous dynamic range, 

 
Fig. 3. Configuration diagram of the RF-receiving part implemented using the VSS. 

 

 
Fig. 4. Simulation diagram of the digital signal-processing part implemented with Simulink.



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 3, MAY. 2022 

222 
   

  

and AGC of the simulation model, respectively. For the instanta-

neous dynamic range test, a simulated 60-MHz noise signal was 

injected, and simulated signals of −10 dBm and −70 dBm were 

simultaneously injected into the center frequency and a frequency 

of 15 MHz away from the center frequency. For the AGC test, 

simulated signals of −50 dBm and −30 dBm were injected. 

The simulation results showed that the designed digital re-

ceiver satisfied the received bandwidth of 60 MHz and the re-

ceiver sensitivity of −100 dBm. Moreover, the results showed that 

it was possible to obtain an instantaneous dynamic range of 

62.198 dB and an AGC of 42.69 dB and 12.67 dB according to 

the input signal strength.  

The theoretical DF precision calculated using Eqs. (7) and (8), 

and the DF precision of the simulated DF receiver are shown in 

Figs. 8 and 9. For the error model, the white Gaussian noise 

model, which has been widely used in measurement error models, 

was used [19, 20]. In calculating DF precision, the SNR applied 

the derived design parameter of 25 dB. 

The results showed that the overall theoretical and simulated  
 

 

 
(a) 

 
(b) 

Fig. 8. Theoretical DF precision: (a) azimuth and (b) elevation. 

 

 
(a) 

   
(b) 

Fig. 9. DF precision simulation results: (a) azimuth and (b) elevation. 

 
Fig. 5. Input bandwidth simulation results. 

  

 
Fig. 6. Instantaneous dynamic range simulation results. 

 

 
Fig. 7. AGC simulation results. 
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DF precision trends were similar. The azimuth precision was 

worse than the elevation precision. Both the azimuth precision 

and the elevation precision became worse toward the edge of the 

field of view. The elevation precision did not change when the 

azimuth angle changed but changed when the elevation angle 

changed. This confirmed the predictions of Eqs. (5) and (6), 

according to which elevation does not depend on the azimuth; 

thus, there is no change in DF precision according to azimuth 

changes. Conversely, because the azimuth depends on elevation, 

the azimuth precision is affected by elevation changes. 

IV. FABRICATION OF THE 2D DIRECTION FINDER 

The 2D phase comparison direction finder was fabricated 

based on the simulation model. Channel and radiation correction 

methods were used to correct the difference between the inevita-

ble theoretical and actual phase difference distributions. Meas-

urement methods were used for the DF precision of injection and 

radiation, and the simulation and test results were compared.  

 

1. Fabricated 2D Direction Finder 

Fig. 10 shows the fabricated direction finder based on the con-

figuration diagram (Fig. 2) and the simulation model. The direc-

tion finder consists of three parts, is 18 cm × 13 cm in size, and 

is stacked. Fig. 10 also shows the RF-receiving, ADC, and digital 

signal-processing parts. 

While fabricating the direction finder, a two-channel ADC 

was used for miniaturization, and a Zynq-XC7Z100 (Xilinx, San 

Jose, CA, USA), which integrates an FPGA and a CPU, was 

employed [21]. 

Table 2 shows a comparison of the characteristics of the pro-

posed direction finder to those of previously fabricated direction 

finders. The size of the proposed direction finder is smaller than 

those of Park and Kong [8] and Kang and Lee [9], which have a 

heterodyne structure. Although the proposed direction finder is 

larger than Kataria et al. [7], the latter is one-dimensional. There-

fore, its size would inevitably increase if it were extended to two 

dimensions. Moreover, Kataria et al. [7] used the MUSIC tech-

nique for precise DF, which makes real-time DF difficult due to 

postprocessing. Conversely, the proposed direction finder is ca-

pable of real-time DF. 

Miniaturized patch antennas with circular polarization (CP) 

are widely used in current wireless communication systems. CP 

antennas attenuate multipath effects and allow information 

transmission regardless of the receiver’s orientation with reference 

to the transmitter [22]. For this reason, CP was used in the an-

tenna of the proposed direction finder. Fig. 11 shows the fabri-

cated antenna’s configuration. Four patch antenna elements were 

arranged for the azimuth and elevation baselines perpendicular to 

each other and fabricated to satisfy the 60-MHz bandwidth at 

the center frequency. Table 3 shows the antenna’s main perfor-

mance. 

 
(a) 

 
(b) 

 
(c) 

Fig. 10. The fabricated 2D direction finder: (a) RF-receiving part, 

(b) ADC part, and (c) digital signal-processing part. 

 
Table 2. Size comparisons according to receiver structure 

Receiver structure W × L × H (mm)
Frequency 

band

Proposed direction finder 180 × 130 × 60 L band

Direction finder with a  

heterodyne structure [8]

200 × 200 × 50 L band 

Direction finder with a  

heterodyne structure [9]

510 × 297 × 88 L band 

1D direction finder [7] 86 × 86 × 54 L band
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Fig. 11. The antenna of the fabricated direction finder. 
 

Table 3. Performance of the direction finder’s antenna 

Performance Value 

3-dB bandwidth 82° 

Phase difference error 5° 

Gain −3 dB 

Antenna isolation −20 dB 

 
2. Phase Difference Correction of the Direction Finder  

When fabricating a phase comparison direction finder, practical 

errors in the manufacturing process and component characteris-

tics can cause amplitude and phase mismatches between channels. 

Precise DF can be achieved by correcting such mismatches on the 

RF front end. This process is called channel correction. The com-

pensation, including the antenna characteristics obtained from a 

radiation test, is called radiation correction. In this study, the per-

formance of the direction finder was verified after channel cor-

rection and then after radiation correction, including the antenna.  

In channel correction, the phase differences between the chan-

nels of an RF-receiving part are measured using a reference meas-

urement device, and then an injection correction table is gener-

ated and inserted into the direction finder. In this study, the same 

four-channel output signals were equally generated using the ref-

erence measurement device and connected to the RF input ports 

of the DF receiver. The phase differences between the channels 

were then measured. The phase differences were those from the 

RF-receiving part, which precedes the ADC part. As shown in 

Fig. 12(a), the injection table was created according to the 

frequency (f), azimuth (AZ_−n to AZ_n), and elevation (EL_−m 

to EL_m) using the measured azimuth baseline phase difference 

(𝜙 , ) and the elevation baseline phase difference (𝜙 , ) be-

tween channels 3 and 4. It was subsequently inserted into the di-

rection finder, which then outputted the DF result by calculating 

the minimum distance between the measured phase difference 

and the phase difference in the table.  

In radiation correction, a radiation correction table is generated 

using the phase differences of the signal measured by the direc-

tion finder according to the positioner’s rotation and is then in-

serted into the direction finder. A transmitted signal is radiated 

from a transmitting antenna after installing the direction finder 

on the positioner in an anechoic chamber. In this study, to min-

imize the multipath effects in the anechoic chamber during radi-

ation correction, DF was performed by inserting the phase dif-

ferences of the theta–phi axis according to the positioner’s rota-

tion axis into the radiation correction table, as shown in Fig. 12(b), 

and then converting it to the angle of the AZ–EL axis [23]. The 

radiation correction table according to the frequency (f), theta 

(T_0 to T_n), and phi (P_0 to P_360) consisted of the phase 

difference value of the azimuth baseline (𝜙 , ) and the elevation 

baseline (𝜙 , ).  

 

3. 2D Direction Finder Performance Analysis 

To measure the performance of a fabricated direction finder, a 

reference instrument is needed. In this study, an E8257D signal 

generator and an N9020A spectrum analyzer (Agilent Technol-

ogies, Santa Clara, CA, USA) were used as the reference gener-

ator and measurement device, respectively. Fig. 13(a) shows the 

test configuration diagram for measuring the dynamic range, and 

Fig. 13(b) presents the test configuration diagram for measuring 

the bandwidth, AGC, and receiver sensitivity. 

To compare the test results with the simulation results, the 

 
(a) 

 
(b) 

Fig. 12. Direction-finding correction table: (a) injection and (b) ra-

diation.
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same input signal conditions were used. To measure the receiver’s 

sensitivity, the minimum input power at the point where signal 

detection and DF were possible was measured by reducing the 

input signal power in 1-dB increments starting from −100 dBm. 

To measure the bandwidth, tone signals were injected simulta-

neously at both ends of the bandwidth and center frequency. 

The test results indicated a receiver sensitivity of −102 dBm 

and bandwidth satisfying the system parameter. Fig. 14 shows 

the instantaneous dynamic range test results at input signal pow-

ers of −70 dBm and −10 dBm. Fig. 15 presents the AGC test 

results at input signal powers of −30 dBm and −50 dBm. 

The test results showed that the performance of the fabricated 

direction finder was consistent with that indicated by the simula-

tion results. It was possible to ensure an instantaneous dynamic 

range of 62.7 dB and an AGC with a gain of 13.35 dB at an input 

signal power of −30 dB and 44.11 dB at an input signal power of 

−50 dBm. 

To systematically analyze the performance of the direction 

finder, the injection DF precision of the DF receiver except the 

antenna and then the radiation DF precision of the direction 

finder including the antenna were measured. The injection DF 

precision measurement determined the DF precision of the DF 

receiver, which performed the channel correction. For this pur-

pose, as shown in the test configuration in Fig. 16, the injection 

DF precision was measured using a reference signal generator. 

After generating the phase values of the four-channel output of 

the reference signal generator, which matched the azimuth and 

elevation to be measured, using Eqs. (3) and (4), the four-channel 

output ports were connected to the RF input port of the DF re-

ceiver. The DF results of the received signal were then transmit-

ted to a personal computer through an RS-232 serial interface 

connected to the DF receiver. Table 4 shows the performance of 

the reference signal generator used in the test. 

The radiation DF precision measurement determined the DF 

precision of the direction finder while performing radiation cor-

rection in the anechoic chamber. Fig. 17 shows the test configu-

ration used. The direction finder estimated the DF result according 

(a) 

 
(b) 

Fig. 13. Configuration diagram: (a) instantaneous dynamic range 

and (b) bandwidth, AGC, and receiver sensitivity. 

 

 
(a) 

 
(b) 

Fig. 15. AGC test results: (a) −30 dBm and (b) −50 dBm. 

 
Fig. 14. Dynamic range test results. 
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to the angle of the rotator’s theta–phi axis in the chamber, con-

verted it to the angle of the AZ–EL axis, and then transmitted a 

serial message. Figs. 18 and 19 illustrate the injection DF preci-

sion of the fabricated DF receiver and the radiation DF precision 

of the direction finder. DF precision was measured at the same 

receiver sensitivity as the simulation conditions for comparison. 

The test results showed that the performance of the fabricated 

direction finder was similar to that indicated by the simulation 

results. However, the injection and radiation DF precisions were 

1.86 times worse than the simulated precision. During channel 

correction, phase measurement errors occur because of changes 

in the test configuration, such as RF cable tightening and tem-

perature changes. Radiation correction includes the effects of 

channel correction errors and changes in the phase difference 

characteristic of the antenna. Changes in the phase difference 

characteristic of the antenna are caused by changes in the electri-

cal length of the baseline due to an insufficient antenna ground 

plane and the dielectric constant and size errors during the fabri-

cation of the antenna. The differences between the simulation 

and measurement results were due to such errors. 

Table 5 shows the maximum values of the theoretical, simu-

lated, injection, and radiation DF precision in the boresight. The 

DF precision was within 0.5° in the boresight. 

 
(a) 

 
(b) 

Fig. 18. Injection DF precision test results: (a) azimuth precision and 

(b) elevation precision. 

 

 
(a) 

 
Fig. 19. Radiation DF precision test results: (a) azimuth precision 

and (b) elevation precision. 

 

Table 5. Maximum DF precision values in the boresight 

Direction Theory Simulation Injection Radiation

AZ (°) 0.30 0.25 0.43 0.26

EL (°) 0.28 0.24 0.41 0.48

 

Finally, the performance of the proposed direction finder was 

compared to that of a previously fabricated direction finder [7]. 

The results showed that, although the proposed direction finder 

is larger than the previously fabricated direction finder, it can pro-

vide excellent 2D DF in real time. The comparison results are 

shown in Table 6. 

 
Fig. 16. Injection DF precision test configuration. 

 

Table 4. Performance of the reference signal generator 

Specification Performance

Output signal power control resolution 1 dB

Frequency control resolution 10 kHz

Channel phase control resolution 0.1°

Channel phase control range −180° to 180°

 

 
Fig. 17. Radiation DF precision test setting with the theta–phi axis 

in the chamber. 
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Table 6. Comparison of the performance of the proposed direction 

finder with that of a previously fabricated direction finder 

 
 Direction finder 

Kataria et al. [7] Proposed 

Dimensions 1 2

Size (mm) 86 × 86 × 54 180 × 130 × 60

Processing Postprocessing Real-time

DF method MUSIC Phase comparison

Frequency band L band L band

DF precision in 

boresight (°) 
< 2 < 1 

 

V. CONCLUSION 

In this study, a 2D phase comparison direction finder was de-

signed and fabricated to estimate the relative azimuth and eleva-

tion angles of a signal source. A direct RF sampling-based digital 

receiver was designed to reduce SWaP. For the design of the DF 

receiver, a 2D phase comparison DF equation was derived from 

the structure of four uniformly arranged antennas, and the main 

design parameters were derived from the receiver’s system param-

eters. Based on the derived DF equations and design parameters, 

a simulation-based DF receiver was designed, its performance 

was verified, and then a direction finder was fabricated. A size 

smaller than those of existing heterodyne-type direction finders 

was achieved. A phase difference correction method was used for 

its fabrication. 

The performance of the fabricated DF receiver was compared 

with the simulation model. The results showed that the perfor-

mance of the fabricated DF receiver was similar to that of the 

simulation model. The fabricated DF receiver had an instantane-

ous dynamic range of 62.7 dB and an AGC according to the in-

put signal strength. The theoretical, simulated, injection, and ra-

diation DF precisions were compared to analyze the DF perfor-

mance of the fabricated direction finder. The results showed that 

the performance of the fabricated direction finder was consistent 

with that indicated by the theoretical and simulated results. Alt-

hough its precision was 1.9 times worse than that predicted by 

the theoretical results because of phase measurement errors, it was 

within 0.5° precision in the boresight. Taken together, the results 

show that it is possible to fabricate a 2D phase comparison direc-

tion finder with excellent performance and reduced SWaP. 
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I. INTRODUCTION 

The use of flexible printed circuit boards (FPCBs) in elec-

tronic devices has been increasing as these devices become thin-

ner and smaller. Meshed ground planes have been adopted in 

FPCBs for impedance matching and improved flexibility [1–8]. 

Apertures of meshed ground planes cause an effective dielectric 

constant change and a roundabout current path that increase the 

inductance of the ground plane [9]. Two identical traces of a 

differential pair would have asymmetric return current paths on 

a meshed ground. This imbalance would result in mode conver-

sion, intra-pair and inter-pair skews, increased radiated emis-

sions, and characteristic impedance variation [10–13]. 

To mitigate this, Hsu et al. [14] proposed the use of co-planar 

waveguides with a ground by adding a guard traces on both 

sides of the transmission line to mitigate the asymmetry in the 

microstrip line with a meshed ground. The guard traces replace 

the asymmetric return current paths in the mesh ground plane. 

However, the guard traces take up space that is already lacking. 

Wang et al. [15] proposed rotating a meshed ground by 30° 

rather than the conventional 45° relative to differential traces. 

While the impedance variation was reduced, the mode conver-

sion did not significantly improve. Moreover, in silicon interpos-

er, which has been actively studied recently, various design pa-

rameters in a meshed ground for impedance matching have 

been studied, but no new structure has been proposed [16, 17]. 

We introduced an offset mesh structure to alleviate the impedance 

variation of single-ended lines [18]. This offset mesh structure 

uses only the conventional top and bottom meshed ground, 

without additional guard traces. Therefore, this structure mitigates  
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the imbalance that differential pairs would have without taking 

up additional space.  

In this study, we applied the offset mesh structure to a differen-

tial pair to minimize the imbalance of the pair. There were aper-

ture regions and a solid region with a lattice pattern in the 

meshed ground. Apertures of the mesh ground plane caused 

asymmetry. The differential pair passed the aperture region at 

both the top and bottom simultaneously, as shown in Fig. 1(a) 

and 1(b), which worsened the asymmetry between two identical 

traces of the differential pair. Our approach was to offset the 

centers of the meshes on the two layers. If a routed trace landed 

on top of an aperture on the top layer, it should land on a solid 

part of the bottom layer (or vice versa). The validity of this 

approach was confirmed with the results of a full 3D electro-

magnetic (EM) solver, the ANSYS High-Frequency Structural 

Simulator (HFSS) [19], CST Microwave Studio [20], circuit 

 
(a) 

 
(b) 

 
(c) 

 
(d) 

 
(e) 

Fig. 1. Configurations of the conventional mesh and our proposed offset mesh: (a) top view of the conventional mesh, (b) bottom view 

of the conventional mesh, (c) top view of our proposed offset mesh, (d) bottom view of our proposed offset mesh, and (e) 

side view of our proposed offset mesh. 
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simulations, and Advanced Design System (ADS) software [21]. 

II. CONFIGURATION OF THE OFFSET MESH 

The geometry of the proposed offset mesh structure is shown 

in Fig. 1. The meshed ground consists of aperture regions and a 

solid region with a lattice pattern. Four differential pairs of eight 

striplines run parallel to one another between two meshed 

grounds. The configuration of the conventional mesh is the 

stripline structure with a meshed ground in Fig. 1(a) and 1(b). 

The configuration of the offset mesh offsets the centers of the 

meshes on the two layers in Fig. 1(c) and 1(d). In this way, if a 

routed trace lands on a solid region of the top layer, it should 

land on top of an aperture region on the bottom layer (or vice 

versa). There are mainly three variables in designing a mesh 

plane: (1) a trace-to-aperture intersecting angle, (2) the ratio of 

the aperture to the solid region, and (3) the position of the trace 

on the meshed plane [6]. 

We compared the proposed offset mesh and the conventional 

mesh by fixing the first two design variables. The trace-to-

aperture intersecting angle of both variables, θ, was set at 45°; 

the size of a square aperture, b, at 1,000 μm; the edge-to-edge 

distance of adjacent apertures (separation), a, at 150 μm; the 

trace width, w, at 150 μm; the trace length, l, at 25 mm; and the 

trace spacing, s, at 200 μm. Eight differential ports were as-

signed as shown in Fig. 1, and the differential pairs 1–4 repre-

sented port 1–5, port 2–6, port 3–7, and port 4–8, respectively. 

 

III. RESULTS 

1. Differential Insertion Loss and Characteristic Impedance Variation 
To analyze the signal integrity of the differential pair, the 

differential-to-differential mixed-mode S-parameters, 𝑆  [22], 

were used to verify the simulation results. Fig. 2 compares the 

insertion loss of the differential pair on the conventional mesh 

with that on the offset mesh. The latter performed at least as 

well as the former. Moreover, the latter showed less variation in 

the insertion loss than the former depending on its position.  

The characteristic impedance of a single-ended trace is sig-

nificantly affected by the position of the trace relative to the 

meshed ground. While the variation in the conventional mesh 

was 14 Ω, the variation in the offset mesh was only 3 Ω [18]. 

The apertures of a meshed ground plane cause changes in in-

ductance and capacitance [6, 9]. A roundabout current path 

generated by apertures increases the inductance of the ground 

plane. In contrast, apertures reduce the capacitance value between 

the trace and the ground plane. An increase in the inductance 

and a decrease in the capacitance of a routed trace increases the 

impedance. Fig. 3 shows how the characteristic impedance vari-

ation at 10 GHz changes as we move the position of a differential 

pair in a finer step (163 positions in one period of the conven-

tional mesh). As shown in Fig. 3(b), when the differential pair 

was placed near the point where the separations intersected, it 

had maximum impedance. Conversely, as shown in Fig. 3(c), 

the section between the maximum points had the minimum 

impedance value. As reported in [18], using our approach, we 

 
(a) 

 
(b) 

Fig. 2. Differential insertion loss obtained using the HFSS: (a) 

insertion loss of the conventional mesh and (b) insertion 

loss of the offset mesh. 

 

 
(a) 

 
(b) 

 
(c) 

Fig. 3. Characteristic impedance changes across the positions of the 

differential pairs obtained using the HFSS: (a) impedance vari-

ation, (b) maximum impedance, and (c) minimum impedance. 
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were able to reduce the difference between the maximum and 

minimum impedance, and our results showed more repeated 

maximum and minimum impedance values, as seen in Fig. 3(a). 

The variations in the conventional mesh and in the offset mesh 

were 8.7 Ω and 4.4 Ω, respectively. The differential impedance 

of the two traces was less affected by the position due to the 

differential signaling. The return current had two paths: the 

ground plane and an adjacent trace of the differential pair. The 

proportion of the return current in each path depended on the 

geometry of the channel [23]. 

 

2. Mode Conversion, Intra-pair Skew, and Inter-pair Skew 

To evaluate mode conversion, the differential-to-common 

mode-conversion amount of mixed-mode S-parameters, 𝑆 , is 

generally used [22]. A trace has different effective dielectric con-

stants depending on whether it lands on a solid region or an 

aperture region. Using the stripline impedance equation in [10] 

to obtain the effective dielectric constants in the differential 

mode from the impedance values in the previous section, the 

conventional mesh had a value of 2.1 when the impedance was 

the maximum and 2.6 when the impedance was the minimum. 

In the case of the offset mesh, the values of the aforementioned 

variables were 2.25 and 2.5, respectively. The estimated impact 

of the effective dielectric constant variation ∆𝜀  on the 

differential signaling performance was given in [24, 25]. First, 

the variation was related to the speed of light, 𝑐 , the frequency, ω, and the phase constant, β, as shown in Eq. (1): 

        β = ω . (1)
 

Then, we verified the conversion from the differential to the 

common mode %CM and the phase skew 𝑇  using Eq. (2): 
 

  %CM(ω, z) = 
( )( )  = 𝑒 (𝑒 − 𝑒 ) (2)

 

and 

      𝑇 =  ( ) ( ) ∙ z, (3)
 

where α is the attenuation constant, z is the physical location 

along the transmission lines, and 𝛽  and 𝛽  are the phase 

constants for signals 𝑉 and 𝑉, espectively. 

Fig. 4 compares the mode conversion of the two meshes. For 

the conventional mesh, the mode conversion was greater than 

-16 dB at 10 GHz in the worst case (see 𝑆  or 𝑆  in 

Fig. 4(a)). This happened when one of the two traces that con-

sisted of a differential pair landed on a point where two separa-

tions intersected. In such a case, the two traces experienced very 

different effective dielectric constants, which resulted in an 

intra-pair skew and mode conversion. This can be greatly re-

duced by adopting the offset mesh. Fig. 4(b) shows that 𝑆  

and 𝑆  were reduced by more than 10 dB. Although a dif-

ferential pair was placed asymmetrically for the top mesh, this 

was compensated for at the bottom mesh. 

Therefore, none of the four differential pairs exhibited signifi-

cant mode conversion (approximately -25 dB at 10 GHz). The 

power sum of the common modes in the four pairs was smaller 

by one order of magnitude. Moreover, high-speed interconnec-

tion standards such as a USB, a display port, and HDMI had an 𝑆  limit. It is important to meet each limit within the operat-

ing frequency range. For USB 3.1, 3.2, and 4 Gen 2, a mated 

cable assembly passed if the mode conversion was less than or 

equal to -20 dB from 100 MHz to 10 GHz [26, 27]. In the case 

of the mobile industry processor interface (MIPI) for D-PHY, 

no differential pair shall exceed -26 dB for frequencies below 

about 2 GHz [28]. Several of the routed buses on the conven-

tional mesh were bound to exceed that limit, but all the routed 

buses on the proposed mesh met that limit due to their few 

changes depending on their location. 

Fig. 5 shows how the extent of the mode conversion at 10 

GHz changed as we moved the position of a differential pair in 

a finer step (48 positions in one period of the offset mesh). In 

the conventional mesh, a differential pair could exhibit more 

than -15 dB of mode conversion. However, with the pro-

posed offset mesh, the differential pair exhibited consistently 

low (between -25 dB and -30 dB) mode conversion no matter 

where it was placed. 

Figs. 6 and 7 show the transient simulation results of the in-

tra-pair and inter-pair skews. The propagation delay, 𝑡 , on 

the trace is the one-way from the source to the load time required 

by a signal to travel on that trace. It is a function of the dielectric 

 
(a) 

 
(b) 

Fig. 4. Mode conversion obtained using the HFSS: (a) mode con-

version of conventional mesh and (b) mode conversion of 

offset mesh. 
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constant. The difference in the propagation delay is called the 

skew. The skew between traces of a single differential pair is the 

intra-pair skew, and the skew between two or more differential 

pairs is the inter-pair skew. Therefore, the proposed offset mesh 

reduced the variation in the 𝑡  by reducing the variation in 

the effective dielectrics seen on the two traces of each differential  

pair, as calculated by Eq. (3). Fig. 8 shows that while the conven-

tional mesh had the worst-case intra-pair skew of 7.4 ps, that of 

the offset mesh was only 2.0 ps. The inter-pair skew between 

the differential pairs #1 and #2 in the conventional mesh was 

7.4 ps. It was reduced to 3.8 ps by adopting the offset mesh in 

Fig. 9. The eye diagrams were simulated using a pseudorandom 

bit sequence (PRBS) pattern and a bit rate of 5 Gbps. The eye 

diagram that evaluated the differential signal integrity is shown 

in Fig. 10 and Table 1. The eye diagram of the offset mesh 

showed better eye quality than that of the conventional mesh. 

Fig. 5. Mode conversion changes across the position of the differ-

ential pair obtained using the HFSS and CST. 

 

 
(a) (b) 

Fig. 6. Intra-pair skew obtained using the ADS: (a) transient simu-

lation using a step pulse with a rise time of 100 ns to verify 

the conventional mesh and (b) transient simulation using a 

step pulse with a rise time of 100 ns to verify the offset 

mesh. 

 

 
(a) (b) 

Fig. 7. Inter-pair skew obtained using the ADS: (a) transient simula-

tion using a 10-GHz pulse to verify the conventional mesh 

and (b) transient simulation using a 10-GHz pulse to verify 

the offset mesh. 

 

 
Fig. 8. Comparison of the intra-pair skews. 

 
Fig. 9. Comparison of the inter-pair skews. 

 

 
(a) (b) 

Fig. 10. Comparison of the simulated eye diagrams: (a) differential 

pair #1 in the conventional mesh and (b) differential pair #1 

in the offset mesh. 

 

Table 1. Parameters of the simulated eye diagram 

 Conventional Offset

Eye height (mV) 414 450

Jitter RMS (ps) 5 0

Rise time (ps) 26 16.1
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IV. CONCLUSION 

The proposed offset mesh structure enabled two striplines of 

a differential pair in an FPCB to have the same number of 

ground traces no matter where they were placed. The offset 

mesh was implemented without the additional design elements 

that are required in the conventional mesh structure. As a result, 

the mode conversion and the intra-pair and inter-pair skews 

were greatly reduced. Moreover, a uniform insertion loss was 

identified at any location, and the characteristic impedance vari-

ation was significantly reduced. The proposed offset mesh even 

showed better performance in terms of insertion loss, which 

gave it better signal integrity and routing flexibility. 
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I. INTRODUCTION 

The improvement of wireless technology has brought forth 

the need for wireless terminals miniaturization, which has led to 

the design of high-gain, multiband, or broadband antennas for 

communication applications. Printed antennas, with their ad-

vantages such as light in weight, diversity, low fabrication cost, 

and have become especially important. However, they have 

some drawbacks that is, their low-gain, high-profile, and low-

impedance bandwidth and their unwanted radiation, which still 

challenge researchers. Several techniques have been proposed to 

improve antenna performance, but periodic structures such as a 

frequency-selective surface (FSS) [1] have attracted much atten-

tion.  

FSS is one of the fundamental technologies that have been 

used for many high-performance applications such as, in the 

military, for manufacturing radars, wireless security, beam split-

ters [2], absorbers [3], and especially, antenna-based applications 

[4, 5]. FSS exhibits an instantaneous response constructed by 

the replication of a pre-design unit cell element. It has two main 

functions: first, as a derivative filter or spatial filter that allows 

electromagnetic (EM) wave transmission, known as a pass-band 

filter [6–8]; and second, when the EM wave is reflected, as a stop-

band filter [9–12]. In scientific literature, various researchers had 

used the FSS structure as a reflector or superstrate to improve 

antenna performance in terms of radiation characteristics (an-

tenna gain, directivity, front-to-back ratio). For instance, in [13], 

it was shown that an FSS can be designed by using slots or 
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patches in the form of strips, loops, and selective combinations, 

which can function as filtering elements, but the FSS operation 

was limited to a single band. In [14], a dual-band FSS was em-

bedded in the antenna, and the gain was enhanced in two bands 

by 46% and 30%, respectively. Likewise, in [15], a dual-band 

FSS with double rectangular ring elements was proposed to 

improve the performance of the microstrip slot antenna. At this 

time, a maximum gain of around 5 dBi had been obtained, 

which improved the impedance bandwidth by only 2.37% at 

2.45 GHz and 2% at 5.8 GHz. Other common applications of 

FSS were illustrated in [16–21]. Generally speaking, those re-

ports utilized the classical design methods and proposed fun-

damental structures, which resulted in certain disadvantages 

such as low gain enhancement, low impedance bandwidth, high 

profile, and difficult manufacture.  

Furthermore, many methods of synthesizing and optimizing 

novel material structures have been proposed, such as the sim-

plex method and the genetic algorithm (GA). Among these 

methods, conventional GA (combined with assignment simula-

tion software) is stable and highly efficient. A version of the ant 

colony optimization (ACO) algorithm had been implemented 

to automatically design a microstrip patch antenna that operates 

at 3.5 GHz with a bandwidth of 50–170 MHz [22]. In [23], 

GA was used to develop a high-absorption, wideband met-

amaterial absorber. Besides, the design of other structures that 

use conventional GA has been reported [24, 25]. However, the 

designs in those reports were complicated and required many 

function evaluations. Recently, a variant of the conventional GA, 

called "real-coded GA" (RGA), was used because of its simplic-

ity and its direct operation on the parameters. Therefore, in this 

paper, an unusual single-layer, wide-bandwidth, high-performance 

FSS structure designed with a GA and its effect on the antenna 

radiation pattern characteristics (antenna gain, directivity, and 

front-to-back ratio) are presented. The proposed FSS, which 

uses the RGA-based symmetric inserting selection strategy, 

responds to the design requirements, diminishes the design time, 

and avoids the regular structure design limits of human intellec-

tuals. After the FSS was implanted, the antenna impedance 

bandwidth improved from 96.1% to 98.07% with the center 

frequency of 5.2 GHz. Moreover, the antenna gain showed a 

maximum enhancement of 7.8 dBi for a peak gain of 10.1 dBi, 

and the gain was sustained at higher than 9 dBi, unlike as re-

ported studies. 

II. FSS UNIT CELL DESIGN 

Initially, the FSS unit cell substrate was chosen and imple-

mented on the substrate of FR-4 epoxy with a dielectric con-

stant of 𝜀  = 4.4, a loss tangent of δ = 0.02, and a thickness of 

0.8 mm, as it is low-cost and easy to manufacture. Then, we set 

up the properties of the chosen substrate with an assumption 

dimension of 13 mm, the fundamental requirements, and the 

design specification targets of the GA program. The GA pro-

cess was simplified as shown in Fig. 1. In other words, the top 

surface of the FSS structure unit cell was subdivided into N × N 

specific cells. At this time, to improve the insertion selection 

speed of a cell and the angular stability of the unit cell, the 

symmetric criterion was chosen. The non-conducting or con-

ducting property of each cell was described using binary encod-

ing. As shown in Fig. 2, in the case of the conducting cell, the 

corresponding gene was nominated as 1; and in the case of the 

non-conducting cell, the assigned gene was 0.  

The results were satisfactory at N = 9 cells (cell size = 0.705 

mm) on a quarter of a unit cell. A perfect unit cell was formed 

when the designed cell was replicated into four symmetrical 

cells across the center.  

The following steps detail this process. 

Step 1. Generate a random string of binary numbers. 

Step 2. Generate the shape of the FSS reflector from the binary 

matrix. 

Step 3. Create the models of the symmetric condition unit cell 

with the chosen substrate and solve the models using the 

High-Frequency Structure Simulator (HFSS) software. 

Step 4. Export the S-parameter (𝑆 , 𝑆 ) results of the models 

to a data file. 

Step 5. The fitness function is the link between the physical 

 
Fig. 1. Flowchart of the GA for the FSS reflector design. 

 

 
Fig. 2. Example of a model corresponding to a binary matrix.
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shape and the optimization produces.  

The fitness function is given by: 
 𝐹 = ∑ 𝑆 (𝑖), 𝑤𝑖𝑡ℎ 𝑖 ∈ (2.5 𝐺𝐻𝑧 − 8.5 𝐺𝐻𝑧)     (1) 
 

Step 6. Generate the next generation by applying the GA opera-

tors. 

ㆍ Selection: Maintain 10% of the models with good re-

sults (lowest F function value). 

ㆍCrossover: Use a uniform crossover operator to signifi-

cantly accelerate the convergence. 

ㆍRandom the bit of single gene to a mutation. 

The program will finish when the results meet the require-

ments or overlap with the number of loops. After the above pro-

cess, a unit cell of a wideband FSS as a stopband structure is 

created with a length and width of 𝐿𝑝 = 𝑊𝑝 = 12.7 mm and 

a thickness of 0.8 mm, as shown in Fig. 3, respectively.  

In RGA, the selection of the values of the optimization pa-

rameter (Npar), the population size (Npop), the crossover probabil-

ity (Pcross), and the mutation probability (Pmut) are very important. 

These values will determine the convergence performance and 

the efficiency of the attainment of the optimum solution. In the 

RGA adopted in this study, Npar = 6 and Npop = 50. The conver-

gence criterion was set as small as possible (the value computed 

in Eq. (1)) Pcross = 0.9 and Pmut = 0.1, respectively. The considered 

frequency range from 1 GHz to 10 GHz with the total number 

frequency points was 1,000. At this time, the optimization was 

terminated after 100 generations.  

Fig. 4(a) shows the convergence behavior of the RGA. Note 

that the best value (which satisfies the convergence criterion and 

the design requirements) of the fitness function was reached by 

the 42nd generation. Fig. 4(b) compares the synthesized results 

at the initial, 20th, and last (42nd) generations with respect to 

the value of the transmission coefficient (S21).  

The design specifications were set up with the incident wave 

as the TE polarized wave, and the angle of the incident was set 

as that of a normal incident (θ = 0°). On average, each genera-

tion in the RGA simulation took about 3 minutes and 5 sec-

onds. The CPU time of the entire simulation process was 7 

hours and 35 minutes. It must be noted that the RGA used in 

this study was able to obtain the true profiles with a lower num-

ber of generations. Table 1 compares the performance of this 

study to that of earlier studies [26–28]. Fig. 5 plots the transmis-

sion coefficient of the FSS unit cell versus the frequency, with 

the elevation angle as a parameter for the TE and TM polariza-

tions, respectively. In the figure, it is clearly visible that the de-

signed FSS has a relatively stable frequency response with re-

spect to the oblique incidence angles.  

As mentioned, the substrate dimension was selected random-

ly and assumptively from several trial models. In the next step, 

to define the optimal value of the compact property of the over-

all structure and to obtain the highest performance level, a deep 

study of this parameter was implemented. Fig. 6 shows that the 

range of values of 𝐿𝑔 = 𝑊𝑔 = 12.9 mm, 13.2 mm, and 13.7 

mm corresponded to the spacing parameters between the adja-

cent cells of 0.2 mm, 0.5 mm, and 1 mm, respectively. From the 

figure, it can be seen that with a large spacing value, the resonant 

 
(a)                          (b) 

Fig. 5. Transmission coefficients for the (a) TE polarization and (b) 

TM polarization with different oblique incidences. 

 
Table 1. Comparison of related studies 

Study 
Last  

generation 

Running  

time

Relative 

error (%)

Luo et al. [26] 73rd 3 min 43 sec 3.62

Chakravarty et al. [27] 75th 3 min 28 sec N/A

Qing and Lee [28] 98th N/A 2.86

This study 42nd 3 min 35 sec 1.82

 
Fig. 3. Schematic of the FSS unit cell. 

 

 
(a)                          (b) 

Fig. 4. (a) Convergence performance of the RGA. (b) Transmis-

sion coefficients of the RGA in the initial, 20th, and 42nd 

generations. 
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frequency and the reflection phase increased, and the bandwidth 

of the FSS stopband gradually became narrower. Therefore, the 

optimal design for the FSS reflector was chosen as that with 𝐿𝑔 = 𝑊𝑔 = 12.9 mm. Fig. 7 shows the surface current distri-

bution of the FSS unit cell at the frequencies of 3.5 GHz, 5.2 

GHz, and 5.8 GHz, respectively. The results exhibited a trans-

mission coefficient (S21) of -48.5 dB and a stopband bandwidth 

(when S21 < -10 dB and the reflection phase was ±90°) of 5.5 

GHz from 2.6 GHz to 8.1 GHz, which produced 105% of im-

pedance bandwidth with respect to the central frequency of 5.2 

GHz. The results prominently show that the proposed FSS can 

be used to improve the antenna performance.  

III. APPLICATION OF FSS ON ANTENNA PERFORMANCE 

For the purpose of studying the ability of the FSS to improve 

the antenna performance, the proposed FSS structure was com-

bined with the next model to achieve a perfect combination 

structure. Before the integration was set up, the layout of the 

broadband antenna based on M-shaped monopole structure was 

designed. As shown in Fig. 8(a) and 8(b), the M-shaped antenna 

with a feeding line was etched on one side of a 0.4 mm-thick 

FR-4 epoxy substrate with a relative permittivity of 𝜀 = 4.4 

and a loss tangent of 0.02, and the other side had a partial T-

shaped ground plane. 

In this study, the FSS was located under the antenna to act as 

a stopband filter (called the "FSS reflector antenna"), as present-

ed in Fig. 8(c) and 8(d). It was found that the gain of the anten-

na in the existence of the FSS reflector would be maximum 

when two components—the round-trip free space propagation 

phase delay between the antenna and the FSS reflector in the 

R-plane (𝜑 ) and the reflected back-radiated waves from the 

antenna toward the FSS (𝜑 )—were added in the phase, which 

triggered a rise in the constructive interference [19]. The evalua-

tion of the phase at the reference T-plane is depicted by the 

following equation: 𝜑 =  𝜑 + 𝜑 ,                (2) 
 

with 𝜑 =  2 × 𝑍.                 (3) 
 

It must be noted that for the phase coherence, 𝜑  should be 

equal to zero or an integral multiple 2π at all frequencies. As 

shown in (3), the antenna-back-radiated 𝜑  will increase with 

the augmentation of the frequency and be controlled by the 

spacing Z. In this study, the spacing between the antenna and 

the FSS layer was analyzed to obtain the excellent radiation 

characteristics.  
Besides, the dimensions of the FSS unit cell limit the size of 

the combination antenna. Hence, an in-depth analysis of the 

effects of the designed FSS on the antenna performance was 

conducted, the results of which are presented in Fig. 9, in which 

the reflection coefficients and the gains of the proposed struc-

ture are reflected with various amounts of unit cells. In the figure, 

it is implied that as the number of unit cells increased, the gain 

improved across the bandwidth, and the FSS reflectors slightly 

 

 
(a)                      (b) 

Fig. 9. Impact of varying numbers of FSS unit cells on (a) the re-

flection coefficient and (b) the gain of the antenna. 
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Fig. 6. Simulated parametric studies of the parameter Lg. (a) S21, (b) 

reflection phase. 

 

 
Fig. 8. Geometry of the antenna. (a, b) Antenna top and back views. 

(c, d) Top and side views of the antenna with the proposed 

FSS, with the operating mechanism. 

 
Fig. 7. Simulated current distributions of the FSS unit cell at (a) 

3.5 GHz, (b) 5.2 GHz, and (c) 5.8 GHz. 
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influenced the value and form of the reflection coefficient. Finally, 

the stage used with the optimal distance of Z = 20 mm and the 

number of 6 × 6 unit cells were selected, which provided the 

compactness property and a comfortable results response for the 

entire bandwidth. Then, to achieve the miniaturized size, the 

wider bandwidth and the higher gain of the antenna, all param-

eters of the final antenna, had to be optimized. The optimal 

dimensions of the parameters in mm are given in Table 2, and 

Fig. 10 shows the fabricated prototypes. 

To validate the advantages of the proposed structure, the final 

prototype was experimentally characterized. Fig. 11 shows the 

measurement setups for the S-parameter with an HP 8719D 

vector network analyzer and the setup of the radiation pattern in 

a microwave anechoic chamber.   

The reflection coefficients of the antenna alone and the an-

tenna with the FSS reflector are shown in Fig. 12. It can be seen 

in the figure that the measured - 10dB impedance bandwidth 

was 96.1% (3.1–8.1 GHz) for the antenna without FSS and 

98.07% (3.3–8.4 GHz) for the antenna with FSS. The resonant 

frequency of the combination antenna slightly increased due to 

the loading of the FSS reflector. In addition, the measured gains 

of both structures with and without FSS are shown in Fig. 13. 

The maximum gains of the antenna with the FSS reflector were 

9.8 dBi, 10.1 dBi, and 9.1 dBi at the frequencies of 3.5 GHz, 

5.2 GHz, and 5.8 GHz, respectively.   

For the whole band, the antenna performance enhancements 

due to the application of the proposed FSS were evident. For 

instance, in the 3.5 GHz band, the enhancement was 7.8 dBi, 

while in the 5.2 GHz and 5.8 GHz bands, the enhancements 

were 7.1 dBi and 6.9 dBi, respectively.  

Table 2. Geometrical parameters of the M-shaped antenna

Parameter 
Dimension 

(mm) 
Parameter 

Dimension 

(mm)𝐷  1.71 𝐷  1.43𝑊  14.3 𝐿  5.66𝑊  14.3 𝐿  16.9𝑊  9.14 𝐿  8.51𝑊  0.76 𝐿  16.9𝑊  6.76 𝐿  7.37

 

 
(a)                      (b) 

 
(c)                      (d) 

Fig. 10. Fabricated prototypes. (a, b) Mshaped antenna top and 

bottom views. (c) FSS reflector. (d) The final combination.

 
Fig. 11. Setup of the proposed antenna measurement. (a) S-

parameter. (b) The microwave anechoic chamber. 

 

 
Fig. 12. Simulated and measured reflection coefficients of the antenna 

with and without FSS. 

 
Fig. 13. Simulated and measured gains of the antenna with and with-

out FSS.
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The slight differences in the improvements are due to the op-

timal distance between the FSS structure and the antenna 

source. Fig. 14 shows the electric field distributions of the an-

tenna with and without the FSS reflector at the frequencies of 

3.5 GHz, 5.2 GHz, and 5.8 GHz. From the analysis of the re-

sults, it was clearly observed that after the FSS reflector was 

implanted, the energy distributions of the electric field on the 

antenna source became stronger than in the case without FSS. 

This implies that the E-field direction at the corresponding 

resonant frequency tilted the FSS layer towards the opposite 

direction of the antenna. Thus, the designed FSS played a key 

factor in the antenna directivity and gain.  
Moreover, the radiation patterns at 3.5 GHz, 5.2 GHz, and 

5.8 GHz of the E-plane and the H-plane are plotted in Fig. 15. 

The antenna without an FSS reflector was bidirectional in the 

E-plane and quasi-omnidirectional in the H-plane. After the 

FSS structure was used, the radiation patterns became more 

directional and the back lobes were minimized by > 12 dBi. 

Besides, in the case of the antenna alone, the E-plane beam was 

almost flat around the broadside direction with a maximum of 

25º whereas the maximum was along the broadside 0º in the 

case of the antenna loaded with an FSS reflector. As a conse-

quence, the radiation pattern and the directivity of the antenna 

significantly improved after the FSS application. Finally, Table 3 

shows a summarized performance comparison of this study with 

the most relevant studies reported in literature. 

As shown in Table 3, the proposed structure exhibited much 

better performance in the context of the gain enhancement, 

bandwidth, and overall size that corresponded to the operating 

region. For instance, in [21] the slot antenna backed by the rec-

tangular patch FSS showed a gain enhancement of only 3 dBi 

for a peak gain of 4.87 dBi at 3.9 GHz. In [18], a 5.5-GHz 

bow-tie-shaped dipole antenna was proposed, which combined 

with the regular FSS slots to significantly improve the 6.7 dBi 

gain to a peak gain of 12.1 dBi, but it had the drawbacks of a 

narrow bandwidth and a high profile. Besides, an 86.38% 

broadband antenna was obtained using a double square-loop 

FSS stopband for a 5.14-GHz slot antenna. Although the an-

tenna had a wide impedance bandwidth, it had a low gain en-

hancement of 5.53 dBi and a small peak gain of 8.87 dBi, 

 
Fig. 14. Simulated E-field distributions of the antenna with and 

without FSS at (a, b) 3.5 GHz, (c, d) 5.2 GHz, and (e, f) 

5.8 GHz. 

 
Fig. 15. Simulated and measured radiation patterns of the antenna 

with and without an FSS reflector at the E-plane and H-

plane for (a, b) 3.5 GHz, (c, d) 5.2 GHz, and (e, f) 5.8 GHz. 
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whereas our proposed antenna had a fairly high gain improve-

ment of 7.8 GHz for a peak gain of 10.1 dBi and a wider band-

width of 98.07%, with a center frequency of 5.2 GHz. The im-

provements were due to the excellent properties of the matrix 

square-patched FSS designed by the RGA, which provided a 

deep transmission coefficient (S21) value of -48.5 dB (105%) 

and offered an effective phase that exhibited constructive inter-

ference with the antenna back-radiated wave. Those qualities 

that could not be found with the fundamental design method 

make the designed FSS a candidate for applications that require 

a high-performance, high-gain, low-profile, and broadband an-

tenna. 

IV. CONCLUSION 

In this paper, an unusual high-performance but cost-efficient 

wideband FSS was designed with a GA and used to enhance 

the gain of a broadband monopole antenna. The performance of 

the proposed FSS was proven through a simulation and experi-

mental measurement. In fact, by using the FSS as a reflector, the 

gain of the antenna improved by 7.8 dBi for a peak gain of 10.1 

dBi within a wideband of 98.07% (3.3–8.4 GHz). Thus, for the 

whole band, the performance improvement of the antenna due 

to the application of the proposed FSS was proven. It was also 

observed that the tested antenna radiation pattern achieved sig-

nificant directional reduction on the back radiation for both the 

E-and H-planes. Therefore, the proposed FSS presents a prom-

ising potential for several wireless communication system ser-

vices that require a broadband antenna with high gain and a low 

profile, including WiMAX, WLAN, and C-bands for satellite 

application. 

 

This work was supported by the Basic Science Research 

Program through the National Research Foundation of Ko-

rea (NRF) funded by the Ministry of Science and ICT (No. 

NRF-2017R1A5A1015596). 
 

REFERENCES 

[1] B. A. Munk, Frequency Selective Surfaces: Theory and Design. 

New York, NY: Wiley, 2000. 

[2] E. Pelton and B. Munk, "A streamlined metallic radome," 

IEEE Transactions on Antennas and Propagation, vol. 22, no. 

6, pp. 799-803, 1974. 

[3] A. A. M. Saleh and R. Semplak, "A quasi-optical polariza-

tion-independent diplexer for use in the beam feed system 

of millimeter-wave antennas," IEEE Transactions on An-

tennas and Propagation, vol. 24, no. 6, pp. 780-785, 1976. 

[4] C. Mias, C. Tsakonas, and C. Oswald, An Investigation into 

the Feasibility of Designing Frequency Selective Windows 

Employing Periodic Structures (Ref. AY3922): Final Report 

for the Radiocommunications Agency. Nottingham, UK: The 

Nottingham Trent University, 2006. 

Table 3. Comparison of related studies

Study Antenna type FSS type 
Center freq. 

(GHz)
Overall dimension (mm) 

Bandwidth 

(%) 

Gain improvement 

(dBi)

Peak 

gain

Chatterjee and 

Parui [16] 

Microstrip line-fed 

slot 

Cross 6.5 70 × 70 × 29 

(1.52λ0 × 1.52λ0 × 0.63λ0)

65 4.0 9 

Simruni and Jam 

[17] 

Microstrip patch Annular rings 3.05 166 × 133 × 49.61 

(1.68λ0 × 1.35λ0 × 0.5λ0)

25 3.6 11.2

Zhu et al. [18] Bow-tie-shaped 

dipoles 

Regular slots 5.5 106 × 106 × 35.2 

(1.96λ0 × 1.96λ0 × 0.65λ0)

17.2 6.7 12.1

Belmessaoud et al. 

[19] 

Slot antenna Double square 

loop 

5.14 63 × 63 × 12  

(1.08λ0 × 1.08λ0 × 0.2 λ0)

86.38 5.53 8.87

Pirhadi et al. [20] Aperture coupled 

patch 

Square loop 8.6 72 × 72 × 14.5 

(2.11λ0 × 2.11λ0 × 0.42λ0)

34.6 6 9 

Rajanna et al. [21] Slot antenna Rectangular patch 3.9 89 × 100 × 22 

(1.17λ0 × 1.31λ0 × 0.28λ0)

63.22 3 4.87

This study M-shaped Matrix square 

patches 

5.2 77.4 × 77.4 × 20  

(1.3λ0 × 1.3λ0 × 0.35λ0)

98.07 7.8 10.1

λ0 is the free space of the wavelength. 

 



NGUYEN and SEO: FREQUENCY-SELECTIVE SURFACE STOPBAND DESIGNED WITH A GENETIC ALGORITHM FOR GAIN ENHANCEMENT … 

243 

  
 

[5] T. K. Wu, Frequency Selective Surface and Grid Array. New 

York, NY: Wiley, 1995. 

[6] R. Xu, H. Zhao, Z. Zong, and W. Wu, "Dual-band capaci-

tive loaded frequency selective surfaces with close band 

spacing," IEEE Microwave and Wireless Components Letters, 

vol. 18, no. 12, pp. 782-784, 2008. 

[7] L. Kurra, M. P. Abegaonkar, A. Basu, and S. K. Koul, "FSS 

properties of a uniplanar EBG and its application in di-

rectivity enhancement of a microstrip antenna," IEEE An-

tennas and Wireless Propagation Letters, vol. 15, pp. 1606-

1609, 2016. 

[8] Y. Kim, S. Nam, and H. Lee, "Frequency selective surface 

superstrate for wideband code division multiple access sys-

tem," in Proceedings of 2009 European Wireless Technology 

Conference, Rome, Italy, 2009, pp. 33-36. 

[9] A. Foroozesh and L. Shafai, "Investigation into the effects 

of the patch-type FSS superstrate on the high-gain cavity 

resonance antenna design," IEEE Transactions on Antennas 

and Propagation, vol. 58, no. 2, pp. 258-270, 2010. 

[10] J. D. Ortiz, J. D. Baena, V. Losada, F. Medina, R. Marqués, 

and J. L. A. Quijano, "Self-complementary metasurface 

for designing narrow band pass/stop filters," IEEE Mi-

crowave and Wireless Components Letters, vol. 23, no. 6, pp. 

291-293, 2013. 

[11] E. Moharamzadeh and A. M. Javan, "Triple-band fre-

quency-selective surfaces to enhance gain of X-band tri-

angle slot antenna," IEEE Antennas and Wireless Propaga-

tion Letters, vol. 12, pp. 1145-1148, 2013. 

[12] R. Mittra, C. H. Chan, and T. Cwik, "Techniques for ana-

lyzing frequency selective surfaces-a review," Proceedings 

of the IEEE, vol. 76, no. 12, pp. 1593-1615, 1988. 

[13] A. K. Rashid, B. Li, and Z. Shen, "An overview of three-

dimensional frequency-selective structures," IEEE An-

tennas and Propagation Magazine, vol. 56, no. 3, pp. 43-67, 

2014. 

[14] H. Chen and Y. Tao, "Performance improvement of a U-

slot patch antenna using a dual-band frequency selective 

surface with modified Jerusalem cross elements," IEEE 

Transactions on Antennas and Propagation, vol. 59, no. 9, pp. 

3482-3486, 2011. 

[15] H. Chen and Y. Tao, "Bandwidth enhancement of a U-

slot patch antenna using dual-band frequency-selective 

surface with double rectangular ring elements," Micro-

wave and Optical Technology Letters, vol. 53, no. 7, pp. 

1547-1553, 2011. 

[16] A. Chatterjee and S. K. Parui, "Gain enhancement of a 

wide slot antenna using a second-order bandpass fre-

quency selective surface," Radioengineering, vol. 24, no. 2, 

pp. 455-461, 2015. 

[17] M. Simruni and S. Jam, "Design of high gain, wideband 

microstrip resonant cavity antenna using FSS superstrate 

with equivalent circuit model," AEU - International Jour-

nal of Electronics and Communications, vol. 112, article no. 

152935, 2019. https://doi.org/10.1016/j.aeue.2019.152935 

[18] H. Zhu, Y. Yu, X. Li, and B. Ai, "A wideband and high 

gain dual-polarzied antenna design by a frequency‐selective 

surface for WLAN application," Progress in Electromag-

netics Research C, vol. 54, pp. 57-66, 2014. 

[19] D. Belmessaoud, K. Rouabah, I. Messaoudene, and T. A. 

Denidni, "Broadband planar slot antenna using a simple 

single-layer FSS stopband," IET Microwaves, Antennas 

and Propagation, vol. 14, no. 3, pp. 203-210, 2020. 

[20] A. Pirhadi, H. Bahrami, and J. Nasri, "Wideband high 

directive aperture coupled microstrip antenna design by 

using a FSS superstrate layer," IEEE Transactions on An-

tennas and Propagation, vol. 60, no. 4, pp. 2101-2106, 2012. 

[21] P. K. T. Rajanna, K. Rudramuni, and K. Kandasamy, "A 

wideband circularly polarized slot antenna backed by a 

frequency selective surface," Journal of Electromagnetic 

Engineering and Science, vol. 19, no. 3, pp. 166-171, 2019. 

[22] L. V. Tung, L. H. Manh, C. D. Ngoc, M. Beccaria, and P. 

Pirinoli, "Automated design of microstrip patch antenna 

using ant colony optimization," in Proceedings of 2019 In-

ternational Conference on Electromagnetics in Advanced Ap-

plications (ICEAA), Granada, Spain, 2019, pp. 0587-0590. 

[23] L. Wang, T. Wang, Y. Nie, and R. Gong, "Synthesis de-

sign of metamaterial absorbers using a genetic algo-

rithm," in Proceedings of 2010 International Symposium on 

Signals, Systems and Electronics, Nanjing, China, 2010, pp. 

1-4. 

[24] S. Chakravarty and R. Mittra, "Application of the micro-

genetic algorithm to the design of spatial filters with fre-

quency-selective surfaces embedded in dielectric media," 

IEEE Transactions on Electromagnetic Compatibility, vol. 

44, no. 2, pp. 338-346, 2002. 

[25] S. Kahng and J. Kim, "GA optimized S-band quadrafilar 

antenna with the lowest back radiation for a communica-

tion satellite," Journal of the Korean Institute of Electro-

magnetic Engineering and Science, vol. 9, no. 4, pp. 223-228, 

2009. 

[26] X. F. Luo, A. Qing, and C. K. Lee, "The design of fre-

quency selective surfaces (FSS) using real-coded genetic 

algorithm (RGA)," in Proceedings of the 2003 Joint 4th In-

ternational Conference on Information, Communications and 

Signal Processing and the 4th Pacific Rim Conference on 

Multimedia, Singapore, 2003, pp. 391-395. 

[27] S. Chakravarty, R. Mittra, and N. R. Williams, "On the 

application of the microgenetic algorithm to the design of 

broad-band microwave absorbers comprising frequency-

selective surfaces embedded in multilayered dielectric 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 3, MAY. 2022 

244 
   

  

media," IEEE Transactions on Microwave Theory and 

Techniques, vol. 49, no. 6, pp. 1050-1059, 2001. 

[28] A. Qing and C. Lee, "Microwave imaging of parallel per-

fectly conducting cylinders using real-coded genetic algo- 

 

 

 

DucDung Nguyen 
received his B.S. degree from the School of Elec-

tronics and Telecommunications of Vinh University 

in Nghe An, Vietnam in 2018. He is currently pur-

suing an integrated M.S. and Ph.D. degree at the 

Department of Information and Communication, 

Materials, and Chemistry Convergence Technology 

of Soongsil University in Seoul, South Korea. His 

current research interests include high-gain antennas, 

power amplifiers, metamaterials, wireless power transfer, and biomedical 

implantable antennas. 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

rithm coupled with the Newton-Kantorivitch Method," 

Progress in Electromagnetics Research, vol. 28, pp. 275-294, 

2000. 

 

 

 

 

Chulhun Seo 
received his B.S., M.S., and Ph.D. degrees from 

Seoul National University in Seoul, South Korea in 

1983, 1985, and 1993, respectively. From 1993 to 

1995, he was a technical staff member at the Massa-

chusetts Institute of Technology (MIT) in Cam-

bridge, MA, USA; from 1993 to 1997, an assistant 

professor at Soongsil University in Seoul, South 

Korea; from 1999 to 2001, a visiting professor at 

MIT; and from 1997 to 2004, an associate professor at Soongsil University. 

Since 2004, he has been a professor of electronics engineering at Soongsil 

University; and from 2011 to 2014, the chairman of the IEEE MTT Ko-

rea Chapter. He is the president of the Korean Institute of Electromagnetic 

Engineering and Science; dean of the Information and Telecommunica-

tions College of Soongsil University; and director of the Wireless Power 

Transfer Research Center supported by the Korean Government’s Ministry 

of Trade, Industry and Energy, the Metamaterials Research Center sup-

ported by Basic Research Laboratories through a grant by the National 

Research Foundation (NRF) of Korea funded by the Ministry of Science, 

ICT and Future Planning, and the Center for Intelligent Biomedical 

Wireless Power Transfer supported by NRF. His research interests include 

wireless technologies, RF power amplifiers, and wireless power transfer 

using metamaterials. 



245 

 
 

I. INTRODUCTION 

Planar patch antennas have been used extensively in wireless 

applications because of their light weight, low profile, and sim-

ple design and manufacturing [1]. A conventional patch anten-

na has a narrow bandwidth because of the resonance character-

istic between the patch and the ground layers. Furthermore, it 

also has a size limitation at low frequencies, as its physical size is 

inversely proportional to the operating frequency [2]. 

A defected ground structure (DGS) can be used in patch an-

tenna design to reduce the size of the antenna, increase the 

bandwidth, and improve gain by modifying the electromagnetic 

(EM) field distribution between the patch and the ground [3]. 

However, a DGS for size reduction and bandwidth increase is 

not generally used in patch antennas with a coaxial feed, which 

provides advantages for a miniaturized radio frequency (RF) 

module interconnection between an antenna and RF front-end 

circuits using via-holes [4]. A DGS patterned around a coaxial 

feed line or periodically patterned on a ground plane can affect 

the input impedance of the coaxial feed and the characteristic 

impedance of the transmission line on the RF module [5, 6]. 

These effects may increase insertion loss and deteriorate imped-

ance matching between the antenna and the module. In addi-

tion, a DGS near the feeding line can be hidden by the ground 

plane of an attached RF connector, making it difficult to accu-

rately measure antenna performance.  
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A coaxial feed patch antenna with a thumb-shaped defected ground structure (DGS) is proposed to simultaneously reduce the antenna 
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In this paper, a patch antenna with a coaxial feed and a DGS 

design that results in size reduction and bandwidth enhance-

ment is proposed. The DGS for the proposed antenna is de-

signed using thumb-shaped patterns, which are modifications of 

a rectangular DGS. The EM simulation results show that the 

resonant frequency of the antenna depends on the width and 

length of the rectangular DGS. Size reduction and bandwidth 

enhancement of the antenna can be achieved by altering the 

physical dimensions of the thumb-shaped DGS. The measure-

ment results show that the proposed 5.8-GHz antenna imple-

mented on an FR4 substrate achieves both an increased band-

width and a decreased size compared with a conventional patch 

antenna without DGS. The design, including the EM simula-

tion results, of the antenna with the proposed DGS and a con-

ventional rectangular DGS is shown in Section II. The meas-

urement results of the antenna implemented on an FR4 printed 

circuit board (PCB) are presented in Section III, and the band-

width enhancement and size reduction of the proposed antenna 

are discussed through a comparison with previous studies. The 

conclusions are presented in Section IV. 

II. ANTENNA DESIGN  

1. Patch Antenna with a Rectangular DGS 

The operating frequency 𝑓  of a conventional patch antenna, 

in which the EM wave is evenly distributed with the ground, is 

determined in terms of the patch dimensions as follows: 
 𝑓 ,                   (1) 
 

where c is the speed of light, 𝜀  is the effective dielectric con-

stant, L is the physical length of the patch, and Δ𝐿 is the com-

pensating term for the change in electrical length due to the 

EM distribution at the edge [7, 8]. The patterned ground plane 

from the DGS affects the EM distribution of the patch antenna. 

The modified frequency can be expressed using the deformed L 

in (1) as follows: 
 𝑓 _ ,              (2) 
 

where 𝑓 _  is the operating frequency of the patch antenna 

with the DGS patterns, and 𝐿  is the effective length due to 

the EM distribution deformed by the DGS. The physical length 

L of the patch antenna with the same resonant frequency can be 

reduced because of the change in the EM distribution, depend-

ing on the shape and location of the DGS. Based on (2), a rec-

tangular DGS with a ground pattern removed along the patch 

length and width affects the operating frequency and can be 

used to reduce the physical dimensions of the antenna because 

of the change in EM distribution. Considering the characteristics 

of the feeding point optimized for impedance matching at 5.8 

GHz, the dimensions of the rectangular patch antenna (Fig. 1) 

are 15.4 mm × 11.5 mm. This is derived from the EM simula-

tion using the dielectric properties of the FR4 substrate, with a 

thickness of 1 mm and an operating frequency of 5.8 GHz. The 

initial dimensions of the rectangular DGS are set to a width 𝛼 

of 3.1 mm, a length 𝛽 of 5.6 mm, and a distance 𝛾 from the 

coaxial feed point of 4.1 mm for the resonance of the antenna at 

5.8 GHz. Fig. 2(a) and 2(b) show that the center frequency of 

the antenna varies depending on the horizontal and vertical 

dimensions of the DGS. The center frequency decreases con-

tinuously as 𝛼 increases, while the frequency shift by 𝛽 converges 

at over 5.6 mm. The simulation results in Fig. 2(c) show that 

the effective length due to the DGS remains constant when the 

DGS pattern is positioned below the patch. The DGS under 

the patch can be positioned at a point where the DGS is not 

covered by the ground of the connector because 𝛾, as shown in 

Fig. 2(c), has no significant effect on the center frequency of the 

antenna. The simulation results in Fig. 2 show that when oper-

ating at the desired frequency, the patch size can be reduced by 

placing a rectangular DGS under the patch. The frequency shift 

caused by the DGS is approximately 0.48 mm using the DGS, 

which can effectively contribute to the miniaturization of the 

array patch antenna. The size of the patch antenna may be re-

duced further as the physical dimensions (especially the 𝛼) of 

the DGS increase, but the design size should be optimized by 

considering the effect on the other characteristics, such radiation 

efficiency, which can be degraded by a large-sized DGS.  

 

2. Bandwidth Enhancement using the Proposed Thumb-Shaped 

DGS 

The dimensions of the patch antenna at 5.8 GHz are reduced 

 
Fig. 1. Top and cross-section views of the patch antenna with rec-

tangular DGS patterns. 
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to 15.4 mm × 10.6 mm by implementing the rectangular DGS, 

with 𝛼 = 3.4 mm, 𝛽 = 10.2 mm, and 𝛾 = 3.6 mm. However, 

the bandwidth of the patch antenna does not change signifi-

cantly relative to the physical dimensions of the DGS, as shown 

in Fig. 2. The reason for this is that the DGS only alters the 

single resonant frequency of the antenna. A thumb-shaped DGS 

based on a rectangular DGS is proposed to increase the band-

width by generating an additional resonant frequency. The res-

onant frequency of the patch antenna can be changed by 𝐿 , 

as expressed in (2), and the number of the frequency can be in-

creased using various 𝐿  values. Fig. 3 shows the bottom 

view of the patch antenna with the thumb-shaped DGS, which 

consists of the rectangular DGS, as in Fig. 1, with an additional 

rectangular shape, with width and length dimensions of 𝛿 and 𝜃, 

respectively. An additional shape is attached to one corner of 

the rectangular DGS, as shown in Fig. 3. The proposed thumb-

shaped DGS is patterned symmetrically on both sides of the 

coaxial feed point of the antenna. When the additional 𝐿  

generated by the proposed DGS is sufficiently smaller than the 

electrical length of the patch antenna shown in (2), the resonant 

frequencies 𝑓  and 𝑓  through the proposed DGS can be 

expressed as follows: 
 𝑓 𝑓 ≅ 𝑓 .                  (3) 

 

The thumb-shaped DGS consists of the rectangular DGS, as 

shown in Fig. 1, with an additional rectangular shape with 

width and length dimensions of 𝛿 and 𝜃, respectively. 

Fig. 4(a) and 4(b) show the variation in the resonant frequen-

cies of the antenna depending on the physical dimensions of the 

additional shape. Both resonant frequencies and resonant char-

acteristics change as the current flow of the DGS changes, with 

the low and high resonant frequencies dominantly changing by 𝛿 and 𝜃, respectively. The frequency bandwidth, with a reflec-

tion coefficient of less than −10 dB, can be increased by design-

ing the spacing between the two resonant frequencies. 

Fig. 5 shows the variations of 𝐿  with 𝛿 and 𝜃. 𝐿  is 

calculated using the simulated resonant frequency changes be-

tween the antenna with the proposed DGS and the antenna 

with a rectangular DGS. The variations in 𝐿  related to the  

 
(a) 

 
(b) 

 
(c) 

Fig. 2. Simulation results of the reflection coefficient of the anten-

na with the rectangular DGS patterns: (a) depending on the 

width 𝛼, (b) depending on the length 𝛽, and (c) depending 

on the distance 𝛾 from the coaxial feed point. 

 
Fig. 3. Bottom view of the patch antenna with thumb-shaped DGS 

patterns.
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(a) 

 
(b) 

 
(c) 

 
(d) 

Fig. 4. Simulation results of the patch antenna with the thumb-

shaped DGS patterns: (a) reflection coefficient depending 

on the protruding width 𝛿, (b) reflection coefficient de-

pending on the protruding length 𝜃, (c) Smith chart with a 

variation in 𝛿, and (d) Smith chart with a variation in 𝜃.  

 
(a) 

 
(b) 

Fig. 5. 𝐿  calculated using the simulated resonant frequency 

change between the antenna with the proposed DGS and 

the antenna with the rectangular DGS: (a) as a function of 𝛿, and (b) as a function of 𝜃. 

 
low-resonant frequency indicate that 𝛿 of the thumb-shaped 

pattern added to one side of the rectangular DGS directly af-

fects the change in the effective length of the patch antenna. 

The high resonant frequency does not vary significantly with 𝛿 

because the other side of the DGS is not changed by the 

thumb-shaped pattern. By contrast, 𝜃 does not significantly 

affect 𝐿 . The variation in the resonant frequency with 𝜃 is 

relatively small; this is consistent with the fact that the resonant 

frequency in the patch antenna is influenced by the length of the 

antenna. The maximum change (of 0.3 mm) in the 𝐿  due 

to 𝛿 shows that the effective length of the antenna can be 

changed by 2% depending on the 𝛿 of the proposed thumb-

shaped DGS. Resonant frequency division, with respect to the 

proposed DGS, causes a decrease in antenna gain due to the 

lowering of the quality factor. 

Fig. 6 illustrates the simulated current distribution on the 

ground plane of the patch antennas. The conventional patch 

antenna has a uniform current distribution on the ground plane 

at the bottom of the patch, as shown in Fig. 6(a). However, Fig. 

6(b) and 6(c) reveal that the current distribution of the patch 

antenna with DGS patterns increases around the patterns. The 

change in the current distribution indicates that the electrical  
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(a)                           (b) 

 
(c) 

Fig. 6. Simulation results of the current distribution of the patch 

antennas with (a) a conventional antenna, (b) a rectangular 

DGS, and (c) a thumb-shaped DGS. 

 
length of the patch antenna can be varied by the DGS. The 

current distribution on the ground plane of the antenna with the 

proposed DGS patterns is asymmetrical, and the formation of 

various electrical lengths by the asymmetric distribution can 

split the resonant frequency to increase the bandwidth of the 

antenna. 

Compared with a rectangular DGS, the high current density 

around the proposed DGS indicates that the electrical length 

can be effectively changed by the proposed DGS. The dimen-

sions of the 5.8-GHz patch antenna are further reduced to 

15.0 mm × 10.6 mm by the thumb-shaped DGS patterns. The 

patch length, resonant frequency, and fractional bandwidth of 

the antennas, depending on the use of the DGS, are summarized 

in Table 1. Fig. 7 shows the simulated bandwidth and resonant 

frequency for performance comparison among the designed 

patch antennas. 

 
Table 1. Patch length and resonant frequency of the antennas de-

pending on the use of the DGS 

Patch antennas 
Resonant freq. 

(GHz) 

Patch length  

(mm)

Conventional 5.8 15.8

Rectangular DGS 5.8 15.4

Proposed DGS 5.7 & 6.1 15

 

 
Fig. 7. Simulated |S11| of the designed patch antennas.  

III. MEASUREMENT RESULTS 

The proposed antenna is designed to have a bandwidth ena-

bling operation at 5.8 GHz, even when the center frequency is 

offset due to the resolution of the PCB fabrication process. The 

final dimensions of the additional shape of 𝛿 and 𝜃 are 0.3 mm 

and 3.8 mm, respectively, as shown in Fig. 8. The patch size at 

the 5.8 GHz antenna with the proposed thumb-shaped DGS is 

reduced by 10.2% from 177.1 mm2 to 159.0 mm2. The coaxial 

feed of the antenna is implemented by inserting a signal termi-

nal of an RF connector into the via-hole of the feed point.  

Fig. 9 shows the simulation and measurement results of the 

proposed 5.8-GHz antenna. The measured center frequency 

shift is higher than the simulated frequency, but the desired 

frequency of 5.8 GHz is located within the -10 dB bandwidth, 

even with the frequency shift. The reflection coefficient of the 

proposed antenna is -12 dB at 5.8 GHz, as shown in Fig. 9(a). 

The high resonant frequency is almost the same as that in the 

simulation, but the measured low-resonant frequency shifts up 

compared with that of the simulation. The frequency shift is 

caused by the PCB tolerance that affects 𝛿, which dominant-

ly determines the low-resonant frequency in the thumb-

shaped DGS. The frequency bandwidth of the proposed an-

tenna is 580 MHz, which is 3.22 times higher than that of the 

antenna without DGS. The measured antenna gain is 4.4 dBi 

     
(a)                         (b) 

Fig. 8. Proposed antenna with thumb-shaped DGS patterns imple-

mented on an FR4 PCB: (a) top view and (b) bottom view.
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from the radiation patterns in Fig. 9(b) and 9(c). The differ-

ence in the radiation patterns between the simulation and the 

measurement results is caused by the influence of the dielectric 

jig placed vertically to secure the antenna during the measure-

ment setup. 

Table 2 summarizes the performance comparison between 

the proposed antenna and previous studies using DGS designed 

at an operating frequency near 5.8 GHz [9–11]. The fractional 

bandwidth of the proposed antenna is improved to 10%, com-

pared with approximately 5% of the previous antennas. The 

gain of the proposed antenna is lower than those reported by 

previous studies, and it has the disadvantage of improving an-

tenna gain. The area effective ratio (AER) is proposed as an 

index for comparing the patch size per unit area relative to the 

operating frequency of the antenna and is defined as follows: 
 AER   100,               (4) 

 

where 𝜆 is the free-space wavelength at the operating frequency, 𝜀  is the dielectric constant of the PCB substrate, and 𝐴  is 

the patch area of the antenna. The AER of the proposed anten-

na, which is the highest value in Table 2, shows that the patch 

size is effectively reduced compared with the previous antennas. 

The AER of the proposed antenna, which is the highest value 

in Table 2, shows that the patch size is effectively reduced com-

pared with the previous antennas. 

IV. CONCLUSION 

A 5.8-GHz coaxial feed patch antenna with a thumb-shaped 

DGS is proposed to simultaneously achieve bandwidth increase 

and patch size reduction. The thumb-shaped DGS with an 

additional rectangular shape protruding from one side of the 

rectangular DGS, which is useful for reducing patch size, can 

improve bandwidth by generating two resonant frequencies. 

The measurement results of the 5.8-GHz antennas implement-

ed on an FR4 PCB substrate show that the proposed antenna 

can effectively reduce the patch size and increase the fractional 

bandwidth by a factor of two compared with previous studies. 

The proposed antenna and thumb-shaped DGS can be effec-

tively used to implement a unit antenna constituting a planar-

type large-scale antenna array for a phased array system.  
 

 
(a) (b) (c) 

Fig. 9. Simulation and measurement results of the proposed patch antenna with the thumb-shaped DGS: (a) reflection coefficient, (b) E-

plane radiation patterns, and (c) H-plane radiation patterns. 

 

Table 2. Performance comparison of the patch antenna with DGS near 5.8 GHz 

Study Guha et al. [9] Pandhare et al. [10] Das et al. [11] 
This work

w/o DGS w/ DGS

Freq. (GHz) 3.6 5.2 5.82 5.8 5.8

BW (GHz) 0.1 0.12 0.25 0.18 0.58

Fractional bandwidth (%) 2.7 2.3 4.3 3.1 10

Gain (dBi) 5.6 4.14 5.1 5.3a 4.4

Patch size (mm × mm) 30 × 30 18.6 × 22.8 11.3 × 24.2 15.4 × 11.5 15.0 × 10.6

Substrate, thickness (mm) Taconic (1.57) RT Duroid (0.76) FR4 (1.6) FR4 (1.0) FR4 (1.0)

AER 3.33 3.57 2.16 3.36 3.74

a 3D EM simulation results. 
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I. INTRODUCTION 

In recent times, mobile devices have become increasingly 

smaller, requiring a miniaturized antenna. In addition, a wide-

band high-efficiency radiation performance is also required. To 

ensure this performance, many studies have been conducted on 

wideband antennas. The miniaturization of the antenna was 

achieved with a conventional planar inverted-F antenna (PIFA), 

but the wideband characteristic was not [1]. To achieve the 

wideband characteristics, planar inverted-E (PIE) antennas with 

an impedance bandwidth that has been improved by up to two 

or three times have been studied recently [2–4]. It was observed 

that their efficiency characteristic was aggravated in some cases 

even though their impedance bandwidth was extended. It was 

found that their efficiency improved according to the impedance 

characteristic of their feed structure [4]. However, in several 

studies on the efficiency of PIE antennas, it was observed that 

their efficiency was reduced to zero at a specific frequency and 

that the frequency was controlled by the dimension of the spe-

cific point of the PIE feeding structure. These PIE antennas are 

designed by adding shunt capacitors to conventional PIFA feed 

structures. When a feed structure for a wideband antenna is 

implemented using a shunt capacitor in a PIFA, parasitic reso-

nance can occur. This is due to the distributed inductance of the 

shunt line and the shunt capacitor in a certain shape of the feed 

structure. At the parasitic resonant frequency, an efficiency null 

phenomenon occurs, during which the efficiency is reduced to 

almost 0%. This null efficiency affects the efficiency and the 

bandwidth of the antenna when it is close to the frequency at 

which the antenna is operating. 

In this study, a shunt capacitor was added to PIFA and a 

lumped inductor was added to the shunt line to improve the  

JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 3, 252~255, MAY. 2022 

https://doi.org/10.26866/jees.2022.3.r.84

ISSN 2671-7263 (Online) ∙ ISSN 2671-7255 (Print)

 

Wideband Mobile Antenna Design Using a Resonant 

Feeding Structure 
Hyunwoong Shin ∙ Hyeongdong Kim*  

 

 
   

Abstract 
 

Parallel loop feed structures can be used to implement wideband impedance. However, when a parallel loop feed structure is employed, 

parasitic resonance occurs in certain feed structures, resulting in the degradation of radiation efficiency. This is caused by the inductance 

and capacitance of the shunt line that is added to achieve the wideband impedance. We compared two antennas, one with a high impedance 

level and another with a low impedance level, by adjusting the ratio of the inductance to the capacitance of the parasitic resonance. When 

the parasitic resonance has a high impedance level, there is an improvement in the impedance bandwidth as well as the radiation efficiency 

of the antenna. 

Key Words: High Radiation Efficiency, Impedance Level, Parasitic Resonance, Resonant Feeding Structure, Wideband Antenna. 

 

 

Manuscript received June 14, 2021 ; Revised July 7, 2021 ; Accepted August 2, 2021. (ID No. 20210614-067J)  

Department of Electronics and Computer Engineering, Hanyang University, Seoul, Korea. 
*Corresponding Author: Hyeongdong Kim (e-mail: hdkim@hanyang.ac.kr)  
 

 

This is an Open-Access article distributed under the terms of the Creative Commons Attribution Non-Commercial License (http://creativecommons.org/licenses/by-nc/4.0) which permits 

unrestricted non-commercial use, distribution, and reproduction in any medium, provided the original work is properly cited. 

ⓒ Copyright The Korean Institute of Electromagnetic Engineering and Science. 



SHIN and KIM: WIDEBAND MOBILE ANTENNA DESIGN USING A RESONANT FEEDING STRUCTURE  

253 

  
 

efficiency of the antenna operating frequency. This reduced the 

bandwidth of the null efficiency by changing the impedance 

level of the parasitic resonance [5]. The operation mechanism of 

the proposed resonant feeding structure can be well investigated 

using the two-port network impedance matrix. The basic con-

cept of the two-port network was introduced well in [6]. Two 

antennas were proposed to compare their characteristics under 

the influence of the parasitic resonance. The elements, ground 

planes, and feed structures of these two antennas had the same 

size and shape. To change the impedance level of the parasitic 

resonance, a lumped inductor was added to the shunt capacitor 

line in antenna 2 alone. As a result, this antenna was able to sig-

nificantly reduce the parasitic resonance bandwidth and improve 

the average efficiency. We present the details of the proposed 

antenna design and demonstrate an improvement in the imped-

ance bandwidth and radiation efficiency performance through 

the simulation and experiment results. 

II. ANTENNA DESIGN 

The geometries of the two antennas are shown in Fig. 1. The 

printed circuit boards (PCBs) were all made of Flame Retardant 

4 (FR4) substrate (εr = 4.4, tanδ = 0.02) with copper. Each of 

these antennas comprised a ground plane, a feed structure, and a 

radiating element. The size of the ground plane was 100 × 50 

mm2 with a clearance of 20 × 50 mm2 to set up an antenna. 

The feed structure was a parallel resonator that included a feed 

line, a shorting line, and a shunt capacitor line. The dimensions 

of the feed structure were 6 × 5.5 mm2, with a shunt capacitor. 

III. OPERATING MECHANISM 

Fig. 2 shows the operating principle of the feed structure of 

the proposed antenna. The current mode of the proposed an-

tenna differs from that of the PIFA in terms of its feed structure 

due to the addition of the shunt line with a capacitor. The shunt 

line, including a capacitor and an inductor, is located between 

the shorting line and the source. In the PIFA feed structure, 

only one loop current is formed along the loop of the shorting 

pin and the source. When the shunt line is added, two loop 

currents can be formed. current I1 comprises the loop of the 

shunt line and the source, and current I2 comprises the loop of 

the shorting line and the shunt line. I1 is excited by the source, 

and I2 is excited by I1. The wideband performance can be 

achieved as the new loop current I2 resonance is added to the 

conventional PIFA. The magnitude of the loop current I2 can 

be controlled by the voltage across the shunt line, that is, by the 

overlap current in Fig. 2. The two loop circuits are represented 

by the following two-port impedance matrix [6]: 
 

       Z =

  Zf1 Zsh 
Zsh Zf2

. 
(1)

 

Here, Zf1 and Zf2 are the impedances of feeding loop 1 

and feeding loop 2, respectively. Zsh is the impedance of the 

shunt line. As seen in Eq. (1), the degree of coupling is deter-

mined by the magnitude of Zsh. During the operation of the 

PIE feed structure, the resonant frequency of feeding loop 2 is 

set at the operating frequency of the antenna. However, Zsh is 

included in feeding loop 2 and forms a series resonance because 

of the inductance and capacitance of the shunt line. Generally, 

the series resonant frequency is higher than the operating fre-

quency because the shunt line is part of feeding loop 2. At Zsh 

= 0, there is no coupling between the two feeding loops. As a 

result, power cannot be transferred from the feeding structure to 

the antenna element because I2 has barely been generated on 

feeding loop 2. Therefore, if this parasitic resonance of Zsh = 0 

is designed close to the operating frequency, the obtained im-

pedance bandwidth and efficiency will be degraded. 

The resonant frequency and the bandwidth characteristics 

of the parasitic resonance is determined by the distributed 

 
Fig. 1. Geometries of the two antennas.

 
Fig. 2. Diagrammatic sketch of the feed structure and loop currents.
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inductance on the shunt line and the shunt capacitor. In this 

case, when the resonant frequency of the parasitic resonance is 

close to the operating frequency of the antenna, since power 

cannot be transferred from the feeding structure to the radiator, 

the impedance bandwidth of the antenna becomes narrow and 

the efficiency decreases. Therefore, the parasitic resonance should 

be designed to have a narrow bandwidth characteristic to mini-

mize the effect on the antenna. The parasitic resonance should 

have a high impedance level to have a narrow impedance band-

width. The impedance level of the parasitic resonance is defined 

by the following equation [4, 7]: 
 ∂Xsh∂ω LshCsh 1ωsh ωshω2 2ωsh LshCsh . 

(2)
 

Eq. (2) shows the reactance differential of impedance in the 

parasitic resonant frequency. In this equation, ∂Xsh/∂ω repre-

sents the input reactance change in the resonant frequency of 

the shunt line. When the reactance changes rapidly at the reso-

nance frequency, it has a high impedance characteristic and a 

narrow impedance bandwidth. Lsh is the distributed inductance 

on the shunt line, and Csh is the lumped capacitor on the shunt 

line. ωsh is the resonance frequency determined by the dis-

tributed inductance of the shunt line and the lumped capacitor. 

As can be seen from the equation, the impedance bandwidth 

characteristic of the parasitic resonance can be determined by 

controlling the ratio of the distributed inductance on the shunt 

line and the shunt capacitor. If the inductance is large and the 

capacitor is small at the parasitic resonance frequency, the varia-

tion of the stored energy becomes large and results in a narrow 

impedance bandwidth characteristic. Antenna 2 intentionally 

inserts a lumped inductor in the shunt capacitor line to control 

the impedance characteristic of the parasitic resonance. In an-

tenna 1, the parasitic resonance demonstrates a wide impedance 

bandwidth characteristic by using a large capacitor of 6.5 pF 

without a lumped inductor. At the same frequency where the 

parasitic resonance of antenna 1 occurs, a 7 nH lumped capacitor 

of 2 pF was applied to the lumped inductor of antenna 2 to observe 

the change in the antenna characteristics when the parasitic 

resonance had only a change in the high impedance characteristic. 

A 7 nH lumped inductor and a 2 pF capacitor were used in an-

tenna 2, so the parasitic resonance demonstrated a narrow im-

pedance bandwidth characteristic. 

IV. SIMULATED AND MEASURED RESULTS 

The simulated reflection coefficient and the radiation effi-

ciency are shown in Fig. 3. Due to the differences in the band-

width characteristic of the parasitic resonance of the two anten-

nas, a difference occurred in the impedance bandwidth as well. 

Antenna 1 operated at a bandwidth of approximately 180 MHz 

based on a voltage standing wave ratio of 3:1. Antenna 2 oper-

ated at a bandwidth of approximately 220 MHz. With regard to 

the radiation efficiency, the null efficiency was confirmed at 

approximately 1.03 GHz. It was observed that the bandwidth 

difference of the null efficiency between antenna 1 and antenna 

2 was in accordance with the impedance characteristic of the 

parasitic resonance. Antenna 1 demonstrated approximately 

74% efficiency at 960 MHz, and antenna 2, approximately 93%. 

The fabricated antenna prototype is shown in Fig. 4. The 

measured total efficiencies, including the reflection coefficients, 

of the two antennas are shown in Fig. 5. The measured results 

are in good agreement with the simulation results. The efficiency 

of antenna 1 is significantly lower than that of antenna 2. Espe-

cially at 990 MHz, the efficiencies of antenna 1 and antenna 2 

were 32% and 66%, respectively, which indicate that the efficiency 

of antenna 2 was 34% higher than that of antenna 1. 

 

 
Fig. 4. Fabricated antenna prototype. 

 

 
Fig. 5. Measured total efficiencies of the two proposed antennas. 

 
Fig. 3. Simulated reflection coefficients and radiation efficiencies of 

the two proposed antennas. 
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V. CONCLUSION 

In this study, we improved the radiation efficiency and the 

impedance bandwidth of antenna 1 by controlling the impedance 

characteristic of the parasitic resonance in the parallel feed struc-

ture. At the parasitic resonant frequency, the radiation efficiency 

approached 0%. Generally, this parasitic resonance frequency 

occurred near the antenna operating frequency. Thus, the para-

sitic resonance should have a narrow bandwidth characteristic 

because if its bandwidth is wide, it affects the antenna. When 

the parasitic resonance is designed to have a higher impedance 

level, it has a narrow impedance bandwidth. Thus, an antenna 

with a wider impedance bandwidth and higher radiation effi-

ciency can be obtained. 
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I. INTRODUCTION 

Monopole antennas are widely operated in broadcasting net-

works. The main benefit of monopole antennas is their wide 

bandwidth. In addition, they are small in dimension, are small in 

shape, are cheap, require only a simple fabrication process, and 

are suitably fitted with mini-sized electronics instruments [1]. 

Broadband antennas provide a high speed with wide bandwidth, 

are energy efficient, and have low spectral coverage [2]. Mono-

pole antennas with different shapes and sizes regarding their 

radiating patches [3] and ground planes are used for wideband 

applications. 

A half-circular patch antenna with a circular-like ground 

plane energized by a coplanar waveguide feed line that is useful 

for ultrawide-band application was published in [4]. A modified 

triangular-like broadband antenna that provides a 0.45–3.060 

GHz impedance bandwidth with a 6-dBi peak gain was sug-

gested for TV communication and ultra-high-frequency band 

application [5]. The antenna provides. An antenna using a modi-

fied asymmetric feed line and T slot in the ground plane to in-

crease bandwidth from 0.28 GHz to 2.27 GHz was reported 

[6]. A monopole antenna containing two tree-like patches, a 

bent slot, and four split ring resonators that provide a 1.15–2.90 

GHz bandwidth was created for a wireless network [7]. 

An antenna with a leaf-shaped metal patch and a modified 

bent rectangular ground plane uses two steps coplanar wave-

guide feed line to provide 3.1–10.6 GHz bandwidth. That an-

tenna was proposed for ground penetrating radar application 
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in one study [8]. A U-like microstrip antenna with two slots on 

the ground plane was reported for wideband applications [9]. A 

cross-like antenna that has a symmetrical slant ground at two 

top corners and two slant slots was suggested for covering a 

bandwidth of 3.1–11 GHz [10]. A heart-like antenna was made, 

consisting of a modified ground plane and tapered feed line, 

covering a bandwidth of 3.04–11 GHz for high-frequency im-

aging applications [11]. A curve-shaped monopole antenna was 

proposed for mobile and wideband applications [12]; this an-

tenna gives 1.5–5.5 GHz bandwidth with a maximum 3.2 dBi 

gain. In [13], a flag-shaped monopole antenna was suggested for 

covering a large bandwidth (3.1–12 GHz). A broadband mono-

pole antenna consisting of a square patch with a curved edge 

slot and a rectangular ground plane was described in [14]. A 

compact elliptical antenna with a Sierpinski fractal structure to 

broaden the operating bandwidth from 700 MHz to 9 GHz was 

also proposed [15]. In [16], a circular printed monopole antenna 

with a rectangular slot was presented for ultra-wideband (UWB) 

applications. It covers a bandwidth of 3.1 GHz to 11.5 GHz, 

with a 1.3 dBi gain. A rectangular patch antenna with a rectan-

gular ground plane was found to provide more than 9 GHz of 

bandwidth [17]. Using a defected ground structure, a rectangu-

lar antenna was found to provide 4.6 GHz bandwidth with a 

4.3 dBi gain, as reported in [18]. A G-shaped co-planar wave 

guide feed antenna was used for broadband applications in [19]. 

UWB was achieved using a folded patch and asymmetric ground 

plane in [20]. 
The current paper contains a tree-shaped monopole antenna 

with a vase-like ground plane. This antenna yields a tested 9.3 

GHz (3.8–13.1 GHz) bandwidth, a measured peak gain of 6.5 

dBi, and measured peak efficiency of 77.51%. The antenna pro-

vides good radiation patterns. These characteristics make the 

monopole antenna useful for wideband wireless applications. 

II. ANTENNA GEOMETRY 

The proposed antenna is designed and fabricated on an FR4 

substrate of thickness = 1.6 mm, relative permittivity = 4.4, and 

loss tangent = 0.02. A microstrip feed line having 50 Ω re-

sistance is used to energize the patch. This feed line has a length 

(FL) of 21 mm and width (FW) of 3.06 mm. The geometry of 

the proposed antenna is shown in Fig. 1. The snapshot of the 

proposed antenna is shown in Fig. 2. The antenna occupies a 

small volume of 38 × 20 × 1.6 mm3 only. 

The tree-like radiating patch (Fig. 1(a)) begins with a circular 

disk with a radius of 9 mm. The upper portion of the circular 

disk is etched so as to shape it as a semicircular patch. Two 

identical circular disks of a radius of 3 mm are removed from 

the top corner portion of the semicircular patch. Two identical 

circular patches of a radius of 4 mm are placed at two coordinate 

 
(a) 

 
(b) 

Fig. 1. Geometry details of the proposed antenna: (a) top view of 

the radiating patch and (b) bottom view of the ground 

plane. 

 

(a) (b) 

Fig. 2. Fabricated snapshot of the proposed antenna: (a) top view 

and (b) bottom view.
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positions P1 and P2 of the patch, as shown in Fig. 1(a). The 

reference coordinate position is indicated as P0 (0, 0, 1.6), and 

the coordinate positions of the two circular patches are P1 (23, 

-5, 1.6) and P2 (24, 4, 1.6), as depicted in Fig. 1(a). Next, a 

patch (circular) of a radius 3.6 mm is added in the middle posi-

tion to complete the radiating patch. A vase-shaped ground 

plane is shown in Fig. 1(b), which consists of a rectangular 

ground plane of length = 16 mm and width = 20 mm. An ellip-

tical ground is added to the rectangular ground plane. The ellip-

tical ground portion has dimensions of L2 = 15.38 mm and W2 

= 7 mm; it is placed at the coordinate position of P3 (15.5, 5, 0) 

as shown in Fig. 1(b). The top and bottom views of the fabri-

cated antenna are shown in Fig. 2. 

III. DESIGN PROCEDURE 

The four-stage detailed design procedure of the proposed an-

tenna is illustrated in Fig. 3. The proposed antenna design pro-

cedure starts with a circular patch antenna. A rectangular slit of 

length L1 and width W1 is made on the initial circular patch, 

resulting in Antenna A. Furthermore, two circular slits of radius 

R2 are made on Antenna A, generating Antenna B. Next, a 

circular patch of radius R3 is inserted on the top edge of the 

semicircular patch, along with two circular patches of radius R4 

at positions P1 and P2, resulting in Antenna C. Finally, an ellip-

tical patch with a major axis of 3 mm and ratio of 2.5 is added 

on the top edge of the partial ground plane of Antenna C, gen-

erating the proposed antenna design (Antenna D). 

A comparison of the S11 versus frequency responses of all the 

antenna designs discussed in the four-stage antenna design pro-

cedure is given in Fig. 4. Fig. 4 shows that the proposed anten-

na (Antenna D) offers the widest impedance bandwidth com-

pared with the other intermediate antenna designs. 

IV. PARAMETRIC STUDY 

A detailed parametric study on the key design parameters has 

been carried out to understand the effect of each parameter on 

antenna performance. 

The parametric study is conducted on the radius of the initial 

circular patch antenna (R1), where R1 is varies from 7 mm to 

10 mm with an increment of 1 mm. The S11 and gain versus 

frequency responses corresponding to the variation of R1 are 

given in Fig. 5. From the S11 versus frequency plot, the imped-

 
(a) 

Antenna A Antenna B Antenna C Antenna D 

(b) 

Fig. 3. (a) Initial circular patch antenna and (b) four-stage design 

procedure of the proposed antenna. 

 
Fig. 4. Simulated S11 versus the frequency responses of all antenna 

designs discussed in the four-stage antenna design procedure. 

 

 
(a) 

   
(b) 

Fig. 5. Simulated (a) S11 versus frequency and (b) gain versus fre-

quency response corresponding to the variation in R1.



BALA et al.: PRINTED MONOPOLE ANTENNA WITH TREE-LIKE RADIATING PATCH AND FLOWER VASE-SHAPED MODIFIED GROUND PLANE… 

259 

  
 

ance bandwidth of the antenna increases with an increase of R1. 

However, from the gain versus frequency plot, the antenna gain 

decreases as R1 increases. Considering both the impedance 

bandwidth and gain, R1 = 9 mm is considered the optimal value 

to implement the proposed antenna. 

Next, the width of the rectangular slit (W1) made on the ini-

tial circular patch varies from 3 mm to 8 mm, with an increment 

of 1 mm. The S11 and gain versus frequency response corre-

sponding to the variation of W1 is shown in Fig. 6. From the S11 

versus frequency plot, the impedance bandwidth of the antenna 

increases with an increase of W1. However, from the gain versus 

frequency plot, the antenna gain decreases as W1 increases. 

Considering both impedance bandwidths and gain, W1 = 6 mm 

is considered the optimal value to implement the proposed an-

tenna.  
Next, the radius of the two circular slits (R2) of Antenna B 

varies from 1 mm to 5 mm, with an increment of 1 mm. The 

S11 and gain versus frequency responses corresponding to the 

variation of R2 are shown in Fig. 7. From the S11 versus frequen-

cy plot, the impedance bandwidth of the antenna increases with 

an increase in R2. However, from the gain versus frequency plot, 

the antenna gain decreases as R2 increases. Considering both 

the impedance bandwidth and gain, R2 = 3 mm is considered 

the optimal value to implement the proposed antenna. 

Next, the parametric variation of the radius (R3) of the circu-

lar patch inserted on the top edge of the semicircular patch and 

radius (R4) of the two circular patches at positions P1 and P2 of 

Antenna C is studied simultaneously. R3 varies from 1.6 mm to 

3.6 mm, and R4 varies from 2 mm to 4 mm, both with an in-

crement of 1 mm, respectively. The S11 and gain versus frequen-

cy responses corresponding to the variation of R3 and R4 are 

shown in Fig. 8. From the S11 and gain versus frequency plots, 

both the impedance bandwidth and gain of the antenna increase 

with an increase in R3 and R4. Considering both the impedance 

bandwidth and gain, R3 = 3.6 mm and R4 = 4 mm are consid-

ered the optimal values to implement the proposed antenna. 

Furthermore, the parametric variation of the ground plane 

length (GL) is also studied. GL varies from 14 mm to 17 mm, 

with an increment of 1 mm. The S11 and gain versus frequency 

responses corresponding to the variation of GL are shown in Fig. 

9. From the S11 and gain versus frequency plots, both the im-

pedance bandwidth and gain of the antenna increase with an 

increase in GL. Considering both the impedance bandwidth and 

gain, GL = 16 mm is considered the optimal value to implement 

the proposed antenna. 

Finally, a parametric study of the different dimensions of the 

elliptical patch inserted on the top edge of the ground plane is 

also conducted. The major axis and ratio of the elliptical patch 

vary from 2 mm to 3 mm and 1.5 to 2.5, respectively, with an  

 
(a) 

 
(b) 

Fig. 7. Simulated (a) S11 versus frequency and (b) gain versus fre-

quency response corresponding to the variation in R2. 

 
(a) 

 
(b) 

Fig. 6. Simulated (a) S11 versus frequency and (b) gain versus fre-

quency response corresponding to the variation in W1.



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 3, MAY. 2022 

260 
   

  

 
(a) 

 
(b) 

Fig. 8. Simulated (a) S11 versus frequency and (b) gain versus fre-

quency response corresponding to the variations in R3 and 

R4. 

 

 
(a) 

 
(b) 

Fig. 9. Simulated (a) S11 versus frequency and (b) gain versus fre-

quency response corresponding to the variation in GL. 

increment of 0.5 mm. The S11 and gain versus frequency re-

sponses corresponding to the variation of different dimensions 

of the elliptical patch are shown in Fig. 10. From the S11 and 

gain versus frequency plots, both the impedance bandwidth and 

gain of the antenna increase with an increase in the different 

dimensions of the elliptical patch. Considering both the imped-

ance bandwidth and gain, major axis of 3 mm and ratio of 2.5 

are considered the optimal values of the elliptical patch for im-

plementing the proposed antenna. 

V. RESULTS AND DISCUSSION 

In this section, the simulated and tested results (Fig. 11) of 

the proposed antenna are discussed. The measured S11 parame-

ter is examined using the R&S ZNB20 vector network analyzer 

(Rohde & Schwarz, Munich, Germany). The 9.4 GHz (3.6–13 

GHz) bandwidth is obtained by simulating the proposed an-

tenna using the HFSS software simulation tool, which provides 

a simulated resonant frequency of 6.5 GHz and percentage 

bandwidth of 144.62%.  

The results show a 9.3-GHz bandwidth for the proposed an-

tenna. The bandwidth ranges from 3.8 GHz to 13.1 GHz, 

 
(a) 

 
(b) 

Fig. 10. Simulated (a) S11 versus frequency and (b) gain versus fre-

quency response corresponding to the variations of the dif-

ferent dimensions of the elliptical patch inserted on the 

ground plane.
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providing a percentage bandwidth of 136.76%. The resonant 

frequency occurs at 6.8 GHz. Using three intermediate stages, 

the proposed antenna provides 9.4 GHz broadband ranges from 

3.6 GHz to 13 GHz. 
The gain versus frequency plot is shown in Fig. 12. A peak 

gain of 6.5 dBi (measured) is achieved at 10 GHz. The radia-

tion efficiency of the proposed antenna is measured at three 

distinct frequencies of 6.8 GHz, 7.3 GHz, and 8 GHz. Here, 

73.46%, 77.51%, and 68.11% of measured radiation efficiencies 

are obtained at 6.8 GHz, 7.3 GHz, and 8 GHz respectively. 
The normalized radiation patterns (Φ = 0° plane and Φ = 90° 

plane) of the proposed antenna appear in Fig. 13(a)–(c), giving 

monopole-type radiation patterns in both the Φ = 0° plane and Φ = 90° plane.  

In the case of the initial circular patch antenna, only the 0.25 

GHz (3.75–4.0 GHz) bandwidth has been obtained. Using 

three intermediate stages, the proposed antenna provides a 9.4 

GHz (simulated) bandwidth ranging from 3.6 GHz to 13 GHz. 

Much more bandwidth has been obtained from the proposed 

design. 

 
(a) 

 
(b) 

 
(c) 

Fig. 13. Radiation patterns (Φ = 0° and 90° plane) of the proposed 

antenna at (a) 6.8 GHz, (b) 7.3 GHz, and (c) 8 GHz. 

Fig. 11. S11 parameter plot for the proposed antenna. 

 

 

Fig. 12. Gain plot of the proposed antenna. 
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VI. PERFORMANCE COMPARISON 

The performance of the proposed antenna is compared with 

other antennas in the literature based on the electrical dimen-

sion, bandwidth, peak gain, efficiency, and fractional bandwidth 

of the antenna. The results are listed in Table 1. Table 1 shows 

that regarding the bandwidth and gain, the designed antenna 

provides the best performance. Here, λ0 is the free-space wave-

length at the lower edge measured frequency of 3.8 GHz. In the 

proposed design, the main objective has been to design a broad-

band antenna with high gain, which makes the proposed design 

highly suitable for broadband applications. 

VII. CONCLUSION 

A small monopole antenna is suggested. It provides broadband 

with good gains. The measurements have been performed on 

the fabricated antenna. The experimental results are in parity 

with the simulated results. The bandwidth, gain and radiation 

patterns of the fabricated antenna are found to be in parity with 

the simulated results. 
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I. INTRODUCTION 

As a high-power microwave (HPM) device, many vacuum 

electronic devices have been studied and analyzed [1, 2]. A vir-

tual cathode oscillator (vircator) is one microwave source for an 

HPM device [3, 4]. The vircator generates microwaves from the 

oscillation of the virtual cathode and reciprocating motion of 

electrons between the cathode and anode. The advantage of 

using a vircator is its simple construction and capability for 

high-power and high-voltage operation. A disadvantage is its 

relatively low efficiency compared with other HPM sources, 

such as magnetrons or klystrons. Researchers have studied virca-

tors to improve their low efficiency, analyze the modulation 

characteristics of the output frequency, and enhance the output 

power. Various types of vircators, such as the axial vircator, reflex 

triode vircator, and coaxial vircator, have been studied to improve 

the shortcomings of vircators [5–8]. In addition to studying the 

various types of vircators, reflectors, resonators, and various 

cathode structures have been studied by utilizing resonant mech-

anisms and varying the electron emission to increase vircator 

efficiency [9–13]. 

In the current paper, an open-ended coaxial structure, which 

is the resonant cavity, is applied to the cathode structure and 

investigated using an axial vircator. A cathode with an open-

ended coaxial structure is fabricated to match the structural and 

operational frequencies of the axial vircator as a way to enhance  
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microwave power. The proposed cathode is experimentally in-

vestigated by comparing it with a solid cathode and annular 

cathode. The modulation features and characteristics are analyzed 

by comparing the frequency and output power of the microwave 

signal from the proposed cathode with that of a solid cathode 

and annular cathode. 

II. SYSTEM DESCRIPTION 

Fig. 1 shows a schematic diagram of the experimental system. 

The experimental system is composed of three subsystems: a 

pulsed-power system (PFN-Marx generator), a high-power 

microwave device (vircator), and a measurement system. 

 

1. Pulsed-Power System 

A 10-stage PFN-Marx generator is selected as a compact 

pulsed-power source. The characteristic impedance and pulse 

width of the PFN-Marx generator are 31 Ω and 150 ns, respec-

tively. The capacitance and the inductance of the PFN module 

is 4 nF and 38 nH, respectively. Fig. 2 shows the equivalent cir-

cuit of the 10-stage PFN-Marx generator. Each PFN is charged 

negatively to -30 kV to produce a peak erected voltage of 

-300 kV on the vircator. The PFN-Marx generator is simulat-

ed using MATLAB/Simulink before the experiments. Accord-

ing to the literature, the impedance of the vircator is changed 

from an infinite value to 20–30 Ω during operation [14]. The 

equivalent impedance of the vircator is designed to vary from an 

infinite value to 25 Ω. The inductance and capacitance of the 

vircator section are 40 nH and 1.5 nF, respectively. The inductor 

represents the total parasitic inductance of the gap switch. The 

capacitor represents the capacitance of the vircator diode. The 

circuit parameters of the PFN-Marx generator are described in 

Table 1. Fig. 3 shows the voltage and current waveform of the 

PFN-Marx generator. The plateau voltage is used as a diode 

voltage in the finite difference time domain particle-in-cell 

(FDTD-PIC) simulation. In the experiments, the PFN-Marx 

generator is initiated by triggering a trigatron-type spark gap 

switch in the first stage. 

 

2. High-Power Microwave Device 

The axial vircator is housed in a stainless steel chamber with a 

300-mm diameter and length of 400 mm. A drift tube with a 

200-mm diameter is installed in the vircator chamber to attach 

an anode. The vircator chamber is evacuated using a turbo-

 
Fig. 1. Schematic diagram of the experimental system. 

 

 
Fig. 2. Equivalent circuit of the 10-stage PFN-Marx generator.

Table 1. Circuit parameters of the PFN-Marx generator

Parameter Value

Capacitance 4.17 nF

PFN stage 6

Charging voltage 30 kV

Pulse width 150 ns

Inductance 37.5 nH

Marx stage 10

Characteristic impedance 31 Ω

 

 

 
Fig. 3. Simulation results of the PFN-Marx generator; voltage and 

current waveforms applied to the vircator.
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molecular pump. The pressure of the chamber is maintained 

below 3 × 10-5 torr during the experiments. A poly-ether-ether 

ketone (PEEK) cathode holder is installed in the chamber to 

prevent electrical breakdown between the chamber and voltage 

feeder. The structure of the axial vircator is shown in Fig. 4. 

Serving as a vircator diode, a graphite cathode and a stainless 

steel mesh anode are installed in the vircator chamber. The 

diameters of the cathode and the anode are 70 mm and 200 

mm, respectively. The thickness of the anode is 0.2 mm. The 

mesh anode is fabricated to have a geometric transparency of 

70%. The anode-to-cathode distance is fixed at 6 mm. 

 

3. Measurement System 

The diode voltage, diode current, and microwave signal of the 

axial vircator are measured to analyze the operation features of 

the open-ended coaxial cathode. A capacitive voltage divider 

and Pearson coil are installed in the feedthrough to measure the 

diode voltage and diode current. The voltage and current wave-

forms are recorded using an oscilloscope (DPO3054; Tektronix 

Inc., Beaverton, OR, USA). 

A double-ridged horn antenna is placed 3 m away from the 

vircator window to measure microwave intensity. A 40-dB 

attenuator is installed after the antenna to protect the oscillo-

scope and attenuate the microwave to an observable level. For 

the open-ended coaxial cathode, the total attenuation of the RF 

measuring system is 59 dB, including attenuation at the RF 

cable and insertion loss at the RF power divider. The RF power 

divider is used to divide the microwave signal to analyze the 

frequency and microwave power. The frequency is analyzed 

using a high-speed oscilloscope (MSO71604C; Tektronix Inc.). 

The microwave power is measured using a low-barrier Schottky 

diode detector (423B; Keysight Technologies, Santa Rosa, CA, 

USA) and oscilloscope (DPO3054; Tektronix Inc.). The diode 

detector converts the microwave power into a voltage and gen-

erates an envelope waveform of the microwave. The microwave 

power at the axial vircator is calculated using the Friis trans-

mission equation [15]. The transmitting antenna gain is esti-

mated using the CST (Computer Simulation Technology) Mi-

crowave Studio and used in the power calculations. The antenna 

gains of the transmitting and receiving antennas are 18.5 dBi 

and 12 dBi, respectively. 

III. DESIGN OF OPEN-ENDED COAXIAL CATHODE 

The open-ended coaxial structure can be used as a resonant 

cavity. The structure of the open-ended coaxial cathode is 

shown in Fig. 5(a). In the current paper, an open-ended coaxial 

structure is applied to the cathode to enhance the operation 

features of the axial vircator. 
The frequency of the vircator is calculated to design the open-

ended coaxial cathode. The vircator has two microwave fre-

quencies: the oscillation frequency of the virtual cathode and the 

reciprocating frequency of the electrons between the anode and 

cathode [16]. Because the vircator is operated at a nonrelativistic 

voltage (Vdiode < 0.5 MV), the virtual cathode oscillation frequency 

(𝑓 ) and reciprocating frequency of the electrons between the 

cathode and the virtual cathode (𝑓 ) are given as follows: 

𝑓 𝐺𝐻𝑧 56𝜋 10 𝑒𝑉𝑚𝑑  
(1)𝑓 𝐺𝐻𝑧 9.4 𝑉 𝑀𝑉𝑑  (2)

 

where e is the electron charge, m is the electron mass, d is the 

anode-to-cathode distance (A-K gap) in centimeters, and V is 

the diode voltage. With parameters of d = 0.6 cm and V = 

150 kV (the voltage level at the flat top), the virtual cathode 

oscillation frequency and reciprocating frequency are calculated 

as 7.18 GHz and 6.07 GHz, respectively. According to the ex-

perimental results obtained from the solid cathode described in 

the next section, the dominant frequency of the vircator with the 

solid cathode is close to the reciprocating frequency. The recip-

 
Fig. 4. Structure of the axial vircator. 

 

(a) (b) 

Fig. 5. (a) Schematic diagram and (b) picture of the open-ended 

cathode.
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rocating frequency is used in designing the proposed cathode. 

Fig. 5(b) shows a picture of the open-ended coaxial cathode. 

The resonant frequency of the open-ended coaxial structure is 

given as follows: 
 𝑓 12𝜋√𝐿𝐶 𝑐2𝜋𝑙 𝐿 ln ∙ 𝑙 𝐻 ,𝐶 ⁄ ∙ 𝑙 𝐹    

(3)
 

 

where c is the speed of the light, l is the depth of the open-

ended structure, 𝑟  is the radius of the inner protrusion struc-

ture, and 𝑟  is the inner radius of an outer protrusion structure. 

According to Eq. (3), the resonant frequency of the open-ended 

coaxial structure depends only on its depth. The resonant fre-

quency calculated through Eq. (3) is used to match the vircator 

frequency and structural frequency. In the current study, the 

open-ended coaxial cathode and the annular cathode are designed 

to have the same depth to analyze the resulting effects on the 

axial vircator. The depths of the open-ended coaxial cathode 

and annular cathode are calculated based on the reciprocating 

frequency of the vircator. The depth for 6.07 GHz is 8 mm. 

Table 2 shows the specifications of the cathodes used in the 

experiments. 
The open-ended coaxial cathode and solid cathode are ana-

lyzed before the experiments using a FDTD-PIC simulation 

(CST Particle Studio). The simulation space is designed based 

on a cross-sectional diagram, which is shown in Fig. 4. In simu-

lations, the remaining region, save for the marked simulation 

region, is excluded. The diameter and length of the simulated 

drift tube are 200 mm and 300 mm, respectively. The threshold 

voltage for electron emission is set to 100 kV/m. The mesh anode 

is modeled as a thin sheet with a transparency of 70%. A ramp-

shaped -150 kV voltage pulse with a pulse width of 25 ns which 

is a consequence of the MATALB/Simulink results for the 

PFN-Marx generator is used as the diode voltage. In the simu-

lation, the beam emitting surface is constrained to the upper 

surface for the annular cathode and the open-ended coaxial 

cathode. Fig. 6 shows the simulation results for the solid cathode, 

annular cathode, and open-ended coaxial cathodes. Three cath-

odes are operated in TM01 mode. Fig. 6(a) shows the nor-

malized microwave power for the three cathodes. The micro-

wave power is normalized based on the solid cathode results. 

According to the simulations, the annular cathode produces 28% 

lower microwave power than the solid cathode. However, the 

proposed cathode produces 15% higher microwave power than 

the solid cathode. The fast Fourier transform (FFT) results are 

shown in Fig. 6(b). Significant power is observed at 5.9 GHz, 

5.2 GHz, and 5.7 GHz for the solid, annular, and open-ended 

coaxial cathodes, respectively. Fig. 6(c) shows the normalized 

momentum of the electrons for the three different cathodes. 

According to the phase space diagram, the three cathodes show 

different virtual cathode formations. For the solid cathode, a 

virtual cathode is formed in space around 6 mm away from the 

(a) 

(b) 

(c) 

Fig. 6. FDTD-PIC simulation of the vircator with a solid cathode, 

an annular cathode, and an open-ended coaxial cathode: (a) 

normalized microwave power, (b) frequency spectrum, and 

(c) phase-space diagram. 

Table 2. Design parameters of the open-ended coaxial cathode

Quantity Solid Annular

Open-

ended 

coaxial

Radius of the inner protrusion, ra  

(mm) 

- - 5 

Inner radius of the outer protrusion, rb 

(mm) 

- 24.5 25 

Cathode radius, Rc (mm) 35 35 35

Depth, l (mm) - 8 8

Cathode length, Lc (mm) 30 30 30

Resonant frequency, fr  (GHz) - - 6
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anode. The annular cathode creates two virtual cathodes at spaces 

around 7 mm and 9 mm away from the anode. The second 

virtual cathode formed at 9 mm is the reason for behind small 

peak shown at 4 GHz. Unlike two cathodes, the open-ended 

cathode creates one virtual cathode that has its region from 6 

mm to 9 mm away from the anode. The virtual cathode is denser 

at the front and sparser at the back. Because the virtual cathode 

region is extended along the axis, several peaks are shown between 

4 GHz and 5.7 GHz. However, because the virtual cathode is 

denser at the front, the dominant frequency is close to the solid 

cathode’s frequency compared with the annular cathode. In ad-

dition, the electron momentum between the cathode and virtual 

cathode is the highest when the proposed cathode is used. The 

proposed cathode is considered to enhance microwave power 

through increased electron momentum. 

IV. EXPERIMENTAL RESULTS AND ANALYSIS 

An open-ended coaxial cathode is investigated to determine 

whether it improves the operation features of the vircator. The 

typical voltage and current waveforms obtained are shown in 

Fig. 7. From the figure, it can be seen that the peak voltage is 

about -200 kV, and the voltage over the relatively flat portion is 

-150 kV. The rise time and pulse width of the voltage pulse are 

25 ns and 200 ns, respectively. The peak current is -5.56 kA. 
The microwave power and frequency at the receiving antenna 

are used to calculate the microwave power generated from the 

vircator. Fig. 8 shows the typical diode detector output voltages 

for three different cathodes. The frequency spectra of the three 

cathodes are shown in Fig. 9. The frequency with the largest 

magnitude is used for calculating the Friis transmission equation. 

Because attenuation at the RF cable differs based on the fre-

quency, the three different attenuations are used in the micro-

wave power calculations. Although it has several other small 

peaks between 5.5 GHz and 7 GHz, the dominant frequency of 

the solid cathode is 6.34 GHz. For the annular and open-ended 

coaxial cathodes, the dominant frequencies are 3.2 GHz and 3.4 

GHz, respectively. The cylindrical and annular holes in the 

cathodes form a bottom surface and increase the distance between 

the anode and cathode. According to Eqs. (1) and (2), the vircator 

frequency is inversely proportional to the anode-to-cathode dis-

tance. In addition, the simulation shows that the emitted elec-

trons reciprocate between the virtual cathode and both the upper 

and bottom surfaces of the cathode. The increased reciprocating 

distance because of the hole in the cathode causes the frequency 

to shift from a higher dominant frequency to a lower dominant 

frequency. From the frequency spectrum, it can be seen that the 

annular cathode has more concentrated microwave generation, 

and a small peak is observed at 5.8 GHz. Unlike the annular 

cathode, the proposed cathode has a broad frequency spectrum 

 
Fig. 7. Typical voltage and current waveforms of the PFN-Marx 

generator. 

 

 
Fig. 8. Typical diode detector output waveform of the axial vircator.

 

 
Fig. 9. Frequency spectrum of the solid cathode, annular cathode, 

and open-ended coaxial cathode. 
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around 3.4 GHz and small peaks around 5 GHz. As shown in 

the simulations, the annular cathode has a more concentrated 

frequency compared with the proposed cathode, and the pro-

posed cathode has several peaks around the dominant frequency. 

However, the major difference between the simulations and 

experimental results is the dominant frequency. Although the 

frequency shift was expected to some degree, the experimental 

results show that the dominant frequency is formed at a much 

lower frequency region. Because the voltage is practically the 

same during microwave generation, it can be deduced that most 

of the emitted electrons are reciprocating the longer distance 

than in the simulation. 

Fig. 10 shows the microwave powers for the solid, annular, 

and open-ended coaxial cathodes. The average microwave pow-

ers from the solid, annular, and open-ended coaxial cathodes are 

11.22 MW, 11.27 MW, and 12.65 MW, respectively. Unlike 

the simulations, the annular cathode generates the same amount 

of average microwave power compared with the solid cathode. 

The open-ended coaxial cathode enhances microwave power by 

13%. From the deviations in the microwave power, it can be 

seen that the proposed cathode generates a more consistent 

microwave compared with the other cathodes. In addition, the 

three cathodes have different geometric factors. These geometric 

factor affects the space charge limited current, resulting in a 

change in microwave power. In addition to the cavity condition, 

the geometric factor of the proposed cathode affects microwave 

power enhancement. The simulated efficiencies of the solid, 

annular, and proposed cathodes are 1.41%, 1.11%, and 2.08%, 

respectively. The experimental efficiencies of the solid, annular, 

and proposed cathodes are 1.37%, 1.38%, and 1.55%, respec-

tively. The efficiency difference between the simulations and 

experiments is caused by the difference in the beam current of 

the simulations and experiments. 

V. CONCLUSION 

The current paper proposes a cathode with an open-ended 

coaxial structure to enhance microwave power from an axial 

vircator. The operation features of the proposed cathodes are 

compared with those of the solid and annular cathodes through 

simulations and experiments. The vircator is driven using a 10-

stage PFN-Marx generator. The microwave peak is achieved 

when the diode voltage is around -155 kV and current is at 

-5.5 kA. The proposed cathode generates a microwave with a 

peak power of 12.65 MW and a dominant frequency of 3.4 

GHz. The experimental results show that the proposed cathode 

enhances microwave power by 13% compared with the solid 

and annular cathodes, and the dominant frequency shifts to a 

lower frequency. When a solid cathode is used, a larger A-K gap 

needs to be used to generate a microwave with a lower frequency. 

The larger A-K gap is accompanied by an increase in the oper-

ating voltage. However, the proposed cathode allows for the 

generation of a microwave with a lower frequency, without in-

creasing the operating voltage. Therefore, we expect that the 

proposed cathode can be used to enhance and modulate the 

microwave output from axial vircators. In future experiments, 

we intend to investigate the effects of the geometric factor of the 

proposed cathode on the operation features of the axial vircator 

by changing the inner radius, the outer radius, and the depth of 

the open-ended coaxial cathode. 
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I. INTRODUCTION 

Ultra-wideband (UWB) technology was first introduced in 

1962, and UWB-related technology has rapidly developed since 

the late 1980s. In particular, UWB technology is applied to military 

communication requiring high security and surface penetration 

radars. In 2002, the Federal Communications Commission ter-

minated civilian use regulations to enable wireless communica-

tions only within 9 m of indoor environments. UWB communi-

cation technology has become a very attractive technology in 

modern wireless communication systems because of its advantages: 

a high data rate, interference immunity to multipath propagation, 

low power consumption, omnidirectional radiation patterns, and 

wide bandwidths [1]. The UWB communication system allows 

wireless data transmission and reception between devices and 

can be applied to smart home networks, such as multimedia 

content, electronic product operation, and security. Therefore, 

UWB antennas have been actively researched as the most im-

portant element affecting UWB data transmission and recep-

tion [2–8]. To reduce the size of the antenna and obtain UWB 

characteristics, a ring resonator and a matching stub were used, 

and a notch stub was added inside the ring resonator to remove 

the IEEE 802.11a frequency band [2]. In [3], UWB characteris-

tics were obtained using trapezoid-shaped patches and steps, 
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and various types of notch slots were formed inside the patch. 

The semi-circle slot UWB antenna is miniaturized by configuring 

matching steps, a trapezoidal patch, and hat-shaped notch slots 

inside the semi-circle slot [4]. The UWB chip antenna induces 

a coupling phenomenon by inserting a diagonal slot on the patch 

surface to obtain miniaturization and broadband [5]. A UWB 

antenna using a band-pass filter (BPF) is a structure that passes 

a desired band by connecting a 3-channel BPF to the UWB 

antenna [6]. To selectively acquire different notch band band-

widths, the quadruple-band notch UWB antenna is composed 

of a trapezoidal patch, quadruple notch slot, filter, and comple-

mentary split-ring resonator [7]. The UWB monopole antenna 

can control the return loss by varying the shape of the cactus-

shaped monopole [8]. In UWB antenna technology, the multi-

input multi-output (MIMO) antenna system is a technique for 

improving high-speed communication while increasing data 

capacity and efficiency. The MIMO system is a multi-antenna 

signal processing method for transmitting and receiving data 

using multiple antennas in a mobile communication environ-

ment [9]. MIMO technology has the advantage of broadening 

the range of wireless communication and significantly improving 

the speed by transmitting two or more data signals in the same 

radio channel using several antennas.  

However, as MIMO systems use multiple antennas, electro-

magnetic interference can occur between antennas. Interference 

between antennas reduces the performance of each antenna (volt-

age standing wave ratio [VSWR], gain, and efficiency) and affects 

the overall MIMO system performance. To avoid mutual inter-

ference, the distance between the antennas should be at least λ/2. 

However, if the distance between the antennas increases, the size 

of the mobile terminal increases, and application to a mobile 

handheld terminal becomes difficult. Therefore, many studies 

have been published to reduce mutual interference while main-

taining the performance of the antenna and miniaturizing the 

antenna [10–14]. In the dual-band notched UWB antenna, two 

antenna elements with a compact size of 5.5 mm × 11 mm are 

connected to two protruded ground parts, respectively, and a 

notch characteristic is obtained using a metal strip and an open 

slot [10]. The UWB MIMO antenna improves the isolation 

characteristics by inserting a tree-shaped structure between 

triangular patches [11]. The UWB MIMO antenna using a 

quasi-self-complementary antenna (QSCA) consists of two 

QSCA monopoles, which can easily achieve UWB operation. 

By arranging the two monopoles symmetrically, with their main 

radiation directions oppositely oriented, a UWB MIMO anten-

na with high isolation has been proposed [12]. The study in [13] 

improved the isolation of the UWB MIMO antenna by using a 

carbon black film, which could absorb electromagnetic signals. 

The surface of the MIMO antenna element (18 mm × 20 mm) 

was covered by a polystyrene block with a cylindrical hole, and a 

thin graphite sheet fixed with a polystyrene cylindrical block 

was fabricated in the column hole [14]. 

To improve the isolation characteristics of MIMO antennas, 

methods such as adjusting the separation distance between each 

antenna, inserting a decoupling circuit, and directly connecting a 

suspended line between the antenna patches can be used [15–

17]. However, adjusting the spacing between the antennas has a 

disadvantage, as it may reduce the isolation limit and the anten-

na’s performance, and it can relocate the antenna every time the 

antenna is applied to the mobile handheld terminal. In addition, 

the method of inserting a decoupling circuit and a suspended 

line can be applied only to a single frequency, as it is difficult to 

apply in broadband and multiband antennas. In contrast to the 

isolation enhancement technique, the method of deforming the 

ground plane by inserting slits and stubs on the ground plane 

can improve isolation because each antenna appears to have 

independent ground planes [18–20]. 

In this paper, we present a compact UWB chip antenna with 

sector-shaped and bandwidth extension (BWE) patches. We 

improved the bandwidth of the proposed chip antenna by using 

sector-shaped and BWE patches on the printed circuit board 

(PCB) pad and partial ground plane. The proposed UWB chip 

antenna operates in the frequency band of 2.45 to 9 GHz, and 

the measured group delay variation is less than 1 ns. The pulse 

characteristics were simulated and measured, and they had a 

small dispersion and negligible chirp. We used four UWB chip 

antennas for the application of mobile handheld terminals in 

MIMO systems and added a simple stub to the ground plane to 

improve isolation without affecting the reflection coefficient 

characteristics. We performed the simulation by applying a hand 

phantom to analyze the performance of the MIMO antenna 

when a hand is placed on the chip antenna. 

II. UWB CHIP ANTENNA DESIGN AND EXPERIMENTAL 

RESULTS 

Conventional UWB chip antennas use a dielectric with a 

high dielectric constant to reduce the size of the antenna and 

cannot cover the entire UWB frequency band, owing to their 

small size compared to the wavelength [5]. 

The proposed antenna improves the bandwidth by adding a 

BWE patch to the bottom of the chip antenna. We extended 

the bandwidth of the lower band without changing the anten-

na’s size and shape. Fig. 1 shows the geometry of the UWB 

chip antenna. The proposed antenna is composed of a chip 

antenna and a PCB (30 mm × 30 mm). The size of the chip 

antenna is 10 mm × 10 mm, and it consists of a sector-shaped 

patch, a via, and a chip pad. The PCB consists of a BWE patch, 

a microstrip (MS) feed line, and a partial ground plane. The 

proposed antenna uses FR4 dielectric substrates with a dielectric 
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constant of 4.4 and a thickness of 0.8 mm for both the chip 

antenna and the PCB. A sector-shaped patch is located on the 

top of the chip antenna, and a chip pad attached to the BWE 

patch is located on the bottom plane. The sector-shaped patch 

is electrically connected to the BWE patch by the via hole, and 

the signal is applied through the MS feed line. The BWE patch 

with the MS feed line is located on the PCB, and the partial 

ground plane is located on the bottom plane. A typical UWB 

antenna forms a notch slot or stub on the radiation patch plane 

to reject a 5- to 6-GHz frequency band. In this study, it is not 

necessary to redesign the notch slot, even if the shape of the 

chip antenna element has been changed by configuring the 

notch slot on the BWE patch plane. 

Fig. 2 shows the simulated and measured results of the reflec-

tion coefficient and group delay. The UWB chip antenna was 

evaluated using a vector network analyzer (Anritsu MS46122A) 

 
(a) 

 
(b) 

 
(c) 

Fig. 1. Proposed UWB antenna: (a) chip antenna, (b) PCB plane, 

and (c) the combination should be a combined chip antenna 

with PCB. 

 

 
(a) 

 
(b) 

 
(c) 

 
(d) 

Fig. 2. Simulated and measured results: (a) reflection coefficient 

without notch slot, (b) reflection coefficient with notch slot, 

(c) group delay set-up, and (d) group delay.
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in an anechoic chamber. Fig. 2(a) shows the reflection coeffi-

cient of the proposed antenna. As shown in the figure, when 

only the chip antenna elements are used, the frequency band of 

4 to 9.8 GHz is satisfied. However, with the BWE patch, the 

low-frequency band is extended to obtain the 2.45- to 9-GHz 

frequency band. Fig. 2(b) shows the simulation results of the 

frequency characteristics according to the change in the hori-

zontal length of the notch slot. The width of the notch slot is 

calculated as follows [21]: 
 𝑍 = 113.19 − 23.257𝑙𝑛𝜀+ 1.25𝑊ℎ (114.59 − 22.531𝑙𝑛𝜀 )+ 20 𝑊ℎ − 0.2 1 −𝑊ℎ− 0.15 + 0.1𝑙𝑛𝜀 +𝑊ℎ (−0.79+ 0.899𝑙𝑛𝜀 )× 10.25 − 2.17𝑙𝑛𝜀+𝑊ℎ (2.1 − 0.617𝑙𝑛𝜀 ) − ℎ𝜆× 10 . (1)
 

Here, 𝑍  is 100 Ω, ℎ is the substrate thickness, 𝜀  and λ0 

are the substrate permittivity and wavelength, respectively, and 

w is the slot width. The notch slot length is λ0/4 at 5.5 GHz. 

The total length of the notch slot (NSLX + (NSLY × 2)) is 10 

mm. The slot width (NSW) based on Eq. (1) is 0.38 mm. As 

shown in Fig. 2(a), as the length of the notch slot increases, the 

notch frequency band moves to the lower band. The simulation 

results confirmed that we could adjust the rejection frequency 

band by changing the slot length. In this study, only the notch 

characteristics were confirmed through simulation, and the 

fabrication and measurement led to a structure without a notch 

slot. For the group delay measurement, the measurement envi-

ronment was set up as shown in Fig. 2(c). We connected the 

transmit/receive antennas to the vector network analyzer ports 1 

and 2, separated the two antennas by a distance of 30 cm [22], 

and measured the group delay characteristics. Fig. 2(d) shows 

the measured group delay, and the group delay variation is less 

than 1 ns in the operating frequency. 

Fig. 3 shows the simulation and measurement of radiation 

patterns at 3, 5, 7, and 9 GHz in the yz- and xz-planes. The 

experimental results for the radiation patterns were obtained in 

an anechoic chamber. The radiation patterns are similar to those 

of a conventional dipole antenna in the yz-plane and an omnidi-

rectional antenna in the xz-plane. The antenna gain variation in 

the operating band is 2 dBi, and the antenna gain varies from 1 

to 3 dBi over the operating frequency range. 

The most important factor in UWB communication systems 

is minimal pulse distortion. The measurement setup for measuring 

the pulse characteristics of the UWB chip antenna is shown in 

Fig. 4(a). The transmitting antenna is connected to the pulse 

generator (PulsON200), and the receiving antenna is connected 

to a digital oscilloscope (TDS6604). A digital oscilloscope has a 

20 GS/s sampling rate and a 6 GHz bandwidth [2]. Fig. 4(b) 

shows the source signal of the pulse generator for the simulated 

and measured Tx/Rx characteristics of the UWB chip antenna. 

The Gaussian pulse used for the measurements had a pulse 

width of 600 ps and a peak amplitude of 1 V. The proposed chip 

antenna is characterized for different orientations of the receiving 

antenna. The receiving antenna is fixed in the vertical (θ) direction 

 

 
(a) 

 
(b) 

Fig. 3. Simulated and measured radiation patterns: (a) yz-plane and 

(b) xz-plane. 
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and positioned at 0°, 30°, 60°, 90°, 120°, 150°, and 180° in the 

horizontal (Φ) direction. Fig. 4(c)–4(i) shows the received signal 

from the proposed UWB chip antenna as a function of hori-

zontal rotation (Φ). The impulse response of the UWB chip 

antenna is a damped sinusoid with a duration of approximately 

0.5 ns and a measured peak amplitude of approximately 1.5 mV 

in all cases. The measured received signals rarely show a reflected 

signal without dispersion. Therefore, the UWB chip antenna 

provides an exceptionally clean transient response. The proposed 

chip antenna has excellent pulse characteristics despite being a 

compact dielectric patch antenna [21]. 

III. DESIGN OF UWB MIMO ANTENNA USING SIMPLE 

ISOLATOR STUB AND EXPERIMENTAL RESULTS 

To verify the MIMO characteristics of the proposed UWB 

chip antenna, we simulated the isolation characteristics accord-

ing to the antenna positions in four cases. The proposed UWB 

chip antenna with a 2 × 2 chip size is located inside the mobile 

terminal. Simulations were performed using the Ansys High-

Frequency Structural Simulator (HFSS). We selected the best 

position of the antenna element by comparing the coupling co-

efficient (isolation) of each case. 

Fig. 5(a)–5(d) shows four cases depending on the antenna 

position. Fig. 5(e)–5(h) shows the coupling coefficients for the 

four cases. As shown in the figure, the coupling characteristics 

of case 2 (Fig. 5(f)) and case 3 (Fig. 5(g)) are relatively good. 

However, we chose case 3 because it has the best overall isola-

tion characteristics over 3 GHz. 

Fig. 6 shows the addition of a simple isolation stub to improve 

the isolation characteristics. Fig. 6(b) shows a prototype with a 

simple isolation stub at each end of the bottom ground plane 

based on the structure of case 3. As shown in the results of Fig. 

5(g), the isolation characteristics are poor in the 2- to 3-GHz 

frequency band. In addition, the isolation characteristics of S21 

are poor in the 4- to 7-GHz frequency band. Fig. 6(c) shows 

the measurement of the isolation characteristics of the proposed 

antenna with the addition of a simple isolation stub. As shown 

in the figure, the 2- to 3-GHz frequency band isolation has 

improved, and the S21 characteristics have also improved. 

We simulated the E-field and surface current using Ansys 

HFSS to analyze the effect of a simple isolation stub on isolation. 

Fig. 7 shows the E-field and surface current distribution simula-

tion results with and without a simple isolation stub, respectively. 

As shown in the figure, without a simple isolation stub, the E-

field and surface currents distributed vertically along the bottom 

ground side plane affect the antenna via port 4. With a simple 

isolation stub, the E-field and surface currents that exited at 

port 1 mostly focused on simple isolation stubs. 

The measured radiation patterns of the proposed UWB MIMO 

antenna at 3, 5, 7, and 9 GHz are plotted in Fig. 8. We measured 

the patterns for the xz- and yz-planes at 3, 5, 7, and 9 GHz on 

all ports (1 to 4). The radiation patterns of the proposed UWB 

MIMO antenna are typical compared with those of conven-

tional MIMO antennas. An independent pattern is formed for  

 

(a) (b) 

 
(c) (d) 

 
(e) (f) 

 
(g) (h) 

 

 

(i)  

Fig. 4. Measured pulse characteristics: (a) experimental setup, (b) 

source signal of pulse generator, (c) φ = 0°, (d) φ = 30°, (e) φ = 60°, (f) φ = 90°, (g) φ = 120°, (h) φ = 150°, and (i) φ 

= 180°. 
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(a) (b) (c) (d) 

  
(e) (f) (g) (h) 

Fig. 5. Comparisons of simulated isolation of the proposed UWB MIMO antenna: (a) configuration of case 1, (b) configuration of case 2, (c) 

configuration of case 3, (d) configuration of case 4, (e) isolation of case 1, (f) isolation of case 2, (g) isolation of case 3, and (h) isola-

tion of case 4. 

 

 
(a) (b) (c) 

Fig. 6. UWB MIMO antenna with isolation stub: (a) antenna structure, (b) photograph, and (c) measured isolation. 

 

 
(a) (b) (c) (d) 

Fig. 7. Simulated E-field and surface current at 3 GHz: (a) E-field without isolation stub, (b) E-field with isolation stub, (c) surface current 

without isolation stub, and (d) surface current with isolation stub.
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each port. Although there is a change in the pattern according 

to the measurement plane (xz- and yz-planes), the pattern for 

each port (1 to 4) in the same measurement plane is opposite in 

direction but has the same shape. 

IV. SPECIFIC ABSORPTION RATE CHARACTERISTICS OF 

HAND PHANTOM 

To analyze the characteristics of the UWB MIMO antenna 

when located in a hand, a hand phantom simulation of the pro-

posed antenna was performed. The mobile terminal was mod-

eled to embed the proposed antenna into the mobile terminal. 

The mobile terminal included a mobile case, LCD panel, and 

battery. The mobile case was made of polycarbonate (𝜀  = 2.8, 

loss δ = 0.009), and the LCD panel and battery were perfect 

conductors. The hand phantom was modeled using dielectric 

materials that mimic the human skin (𝜀  = 5, loss δ = 0.05, and 

material density = 1,000 kg/m3) and blood (𝜀  = 42, loss δ = 

0.99, and material density = 1,000 kg/m3). Fig. 9 shows the spe-

cific absorption rate (SAR) simulation model and the simulated 

1-g SAR values for the UWB MIMO antenna. The SAR values 

were simulated using the IEEE C95.3 averaging method, and 

the input power for the SAR simulation was 0.126 W (24 dBm) 

for the full band (2.45 to 9 GHz) [23, 24]. We performed the 

simulation for three cases (only the antenna, with a mobile case, 

and with the hand phantom). Subsequently, we analyzed the 

characteristics according to the position of the hand grip when 

the mobile case was applied. 

Fig. 10 shows the simulated reflection coefficient and isola-

tion (S21–S41) resulting from five cases. As shown in Fig. 10(a), 

with the mobile case and hand phantom applied, the reflection 

coefficient around 3 GHz increased to approximately -6 dB. 

However, in frequency bands above 3 GHz, the reflection coef-

ficient was more than -10 dB. Fig. 10(b)–10(d) shows the iso-  

 
(a) (b) 

 
(c) (d) 

 
(e) (f) 

 
(g) (h) 

Fig. 8. Measured radiation patterns of the proposed MIMO an-

tenna with the isolation stub: (a) xz-plane at port 1, (b) xz-

plane at port 2, (c) xz-plane at port 3, (d) xz-plane at port 4, 

(e) yz-plane at port 1, (f) yz-plane at port 2, (g) yz-plane at 

port 3, and (h) yz-plane at port 4. 

 

 
(a) (b) 

 
(c) (d) 

 

Fig. 9. SAR simulation modeling: (a) mobile case, (b) hand-phantom, 

(c) top position, and (d) bottom position. 
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(a) 

 
(b) 

 
(c) 

 
(d) 

Fig. 10. Measured and simulated reflection coefficient and isolation: 

(a) reflection coefficient, (b) S21, (b) S31, and (d) S41. 

lation characteristics of the five cases. Although the isolation 

values increased near 2 GHz for the mobile case and hand 

phantom, the isolation value was typically above -20 dB at 

higher frequencies. 

Fig. 11 shows the changes in 3D radiation patterns with the 

position of the hand phantom grip. Here, the simulation fre-

quency was 5 GHz, and the changes in 3D radiation patterns 

are shown at P-1 and P-4 with center, top, and bottom hand 

phantom grips. Fig. 11(a) and 11(b) shows the 3D radiation 

patterns when the hand phantom was located in the center posi-

tion. It can be seen that the hand phantom did not affect the 

radiation pattern, and the maximum power was radiated in each 

chip antenna’s (P-1 and P-4) direction. Fig. 11(c) and 11(d) 

shows the 3D radiation patterns when the hand phantom was at 

1 2 3 4 5 6 7 8 9 10 11 12
-50

-40

-30

-20

-10

0

R
ef

le
ct

io
n 

C
oe

ffi
ci

en
t [

dB
]

Frequency [GHz]

 Only Antenna [S11]

 With Mobile Case [S11]

 Both Mobile Case and Hand-phantom [S11]

 Hand-phantom Top Position [S11]

 Hand-phantom Bottom Position [S44]

1 2 3 4 5 6 7 8 9 10 11 12
-90

-80

-70

-60

-50

-40

-30

-20

-10

0

 Only Antenna [S21]

 With Mobile Case [S21]

 Both Mobile Case and Hand-phantom [S21]

 Hand-phantom Top Position [S21]

 Hand-phantom Bottom Position [S21]

Is
ol

at
io

n 
[d

B]

Frequency [GHz]

1 2 3 4 5 6 7 8 9 10 11 12
-90

-80

-70

-60

-50

-40

-30

-20

-10

0

 Only Antenna [S31]

 With Mobile Case [S31]

 Both Mobile Case and Hand-phantom [S31]

 Hand-phantom Top Position [S31]

 Hand-phantom Bottom Position [S31]

Is
ol

at
io

n 
[d

B]

Frequency [GHz]

1 2 3 4 5 6 7 8 9 10 11 12
-90

-80

-70

-60

-50

-40

-30

-20

-10

0

 Only Antenna [S41]

 With Mobile Case [S41]

 Both Mobile Case and Hand-phantom [S41]

 Hand-phantom Top Position [S41]

 Hand-phantom Bottom Position [S41]

Is
ol

at
io

n 
[d

B]

Frequency [GHz]

 

(a) (b) 

 
(c) (d) 

 
(e) (f) 

Fig. 11. Simulated radiation patterns for hand phantom position: (a) 

center position at 5 GHz (P-1), (b) center position at 5 

GHz (P-4), (c) top position at 5 GHz (P-1), (d) top posi-

tion at 5 GHz (P-4), (e) bottom position at 5 GHz (P-1), 

and (f) bottom position at 5 GHz (P-4). 
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the top position. The hand phantom affected the top-position 

antennas, and the radiated power of the 1-chip antenna (left top 

side) connected to the P-1 feed line was reduced. Fig. 11(e) and 

11(f) shows the 3D radiation patterns when the hand phantom 

was at the bottom position. The hand phantom affected the 

bottom-position antennas, and the radiated power of the 4-chip 

antenna (right bottom side) connected to the P-4 feed line was 

reduced. 

Fig. 12 shows the antenna gains for the simulated and measured 

results at P-1 and P-4 for five cases. Only the antenna was 

measured, and the remainder (with mobile case and hand phan-

tom) were simulated. As shown in Fig. 11, the antenna gains in 

the area where the hand phantom grip was located decreased 

drastically. 

Table 1 shows a comparative summary of the fundamental 

properties of the proposed antenna with the reported UWB 

MIMO antennas available in the references [25–29]. When 

compared with the reported antennas, the proposed antenna has 

a simple and compact structure, as shown in Table 1. 

Table 1. Comparison of existing and proposed UWB antenna 

Study Frequency 

(GHz)

Isolation 

(dB) 

Gain 

(dBi)

Patch size 

(mm)

Wu et al. [25] 3.1–10.6 -18 - 25 × 35 × 0.8

Parchin et al. [26] 2.5–10.2 -20 4–6 34 × 34 × 1.6

Najam et al. [27] 3.2–10.6 -15 2.3–4.1 12(R) × 0.8

Zhao et al. [28] 3–12 -15 3–6.9 17.6 × 8 × 1.6

Zehra et al. [29] 3.39–9.1 -15 1.8–4.6 18 × 25 × 1.0

This work 2.45–9 -20 3–4.5 10 × 10 × 0.8

V. CONCLUSION 

A compact UWB chip antenna with high isolation for MIMO 

systems for mobile handheld terminals was designed and pre-

sented in this study. The proposed UWB chip antenna was de-

signed with a simple structure that satisfied the UWB charac-

teristics even though it was implemented in a compact size. The 

isolation between antennas in close proximity to each other was 

improved by adding a simple stub instead of a complicated 

structure. To analyze the characteristics of the UWB MIMO 

antenna when the antenna was positioned in the hand phantom, 

we analyzed the reflection coefficient, isolation, radiation pattern, 

and gain for different positions of the hand phantom. The 

proposed UWB MIMO antenna exhibited excellent MIMO 

performance regardless of the hand phantom grip position. 
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I. INTRODUCTION 

Circular polarization (CP) diversity has received much atten-

tion in the communication field because it can implement right-

handed circular polarization (RHCP) and left-handed circular 

polarization (LHCP) in the same frequency band [1]. The CP 

polarization diversity antenna has two advantages. First, it has 

CP characteristics, which make it less susceptible to polarization 

mismatch than linear polarization (LP) and have the advantage 

of reducing fading loss [2, 3]. These characteristics are appropri-

ate for the propagation environment in urban areas, where tall 

buildings are closely located. Second, the isolation between two 

polarizations (LHCP and RHCP) is very high, so different 

communication systems can be used at the same frequency [4]. 

In recent years, many communication services have been sup-

ported owing to the development of wireless communication 

technology, and resources in the low-frequency band below 10 

GHz are rapidly becoming exhausted. Polarization diversity is 

one solution to this problem. 

In general, the CP polarization diversity antenna uses a sin-

gle-feed method, which is structurally less complex than an an-

tenna with a dual-feed. However, in the case of a single-feed 

antenna, at least two PIN diodes are generally used, and DC 

power and a bias circuit are required to implement control of the 

diodes. This may distort the radiation pattern of the antenna or 

degrade the antenna gain [5–7]. 

When the CP polarization diversity antenna is implemented 

with a dual-feed structure, it is common to use a wide-slot or 

monopole structure to obtain broadband characteristics. A wide 

slot with a curved edge is used instead of a rectangular or square 

slot to maximize the bandwidth of the antenna in a given space 

[8]. Both structures exhibit a wide CP bandwidth of 72.5% and 
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54%, respectively, but they are difficult to redesign because the 

numerical value or shape of the curve is unclear. In [9], a mono-

pole structure is used, the 3 dB axial ratio (AR) bandwidth is 

80%, and the isolation is less than –15 dB. This structure has 

the disadvantage of using 13 design parameters. 

In [10], LP and CP antennas operating in the same frequen-

cy band are implemented on different layers, but the isolation 

characteristic is not as high as approximately –15 dB, and the 

polarization mismatch between LP and CP is theoretically 50%. 

Therefore, the antennas are limited to polarization diversity use. 

A dual-feed polarization diversity antenna has been proposed 

using two different slots. In [11], a CP bandwidth of 7.8% is 

obtained using slots of different shapes, and a CP bandwidth of 

2% is achieved using different size H-shaped slots in [12]. 

In addition, in [13], a dual-feed polarization diversity antenna 

using a dielectric resonator (DR) structure is proposed, and it 

has a CP bandwidth of 13.23%. When power is supplied to port 

1, the beam is inclined 30° to the left, and when it is fed to port 

2, it is inclined 30° to the right. Therefore, a problem arises 

where the radiation pattern is not constant according to polari-

zation. In [14], CP bandwidths of 3.2%/7.7% are obtained at 

the downlink/uplink using a phased power divider with embedded 

filtering functions and phase control. Here, the isolation is 

greater than 20 dB. 

The antenna proposed in [15] has a very wide CP bandwidth 

of 72.5% and 56%, respectively, in the dual band. On the other 

hand, design parameters for curved slots are not presented, and 

there are many disadvantages in the design parameters. The 

antenna proposed in [16] has a small size, but it also has a nar-

row CP bandwidth of 4.16%. 

In this work, optimal CP characteristics are obtained by properly 

placing a monopole antenna at the end of a partial ground plane, 

and bidirectional radiation pattern and isolation characteristics 

are realized by placing the same monopole antenna back to back. 

The proposed antenna shows LHCP characteristics in the +z 

direction and RHCP characteristics in the -z direction when 

port 1 is excited. If port 2 is excited, the polarization reverses. 

II. SINGLE-LAYER DUAL-FEED DUAL-CP ANTENNA 

Extensive research has been conducted on two printed mon-

opole antennas with a rectangular partial ground plane. Two 

monopole antennas are located within λg/2, and the isolation 

between the two antennas is higher than –10 dB. The closer the 

distance between the two antennas, the worse the isolation 

characteristics tend to be. Various decoupling networks, such as 

a partially extended ground plane [17], slit [18], and neutraliza-

tion line [19], are used between the two antennas to improve 

isolation. 

As shown in Fig. 1(a), when the ground plane is oblique, it 

becomes structurally asymmetric. Therefore, unlike in previous 

research, the monopole antenna can easily obtain CP charac-

teristics. Fig. 1(b) shows the simulation result of the antenna 

shown in Fig. 1(a). As shown in Fig. 1(b), the resonant frequency 

of the antenna is 1.68 GHz, and the isolation is better than 

–30 dB even though there is no decoupling network. However, 

the frequency with the minimum AR is 1.21 GHz, which is a 

considerable distance from the resonant frequency of the antenna. 

As a result, the CP bandwidth satisfying 10 dB impedance band-

width and 3 dB AR bandwidth is 7.8% (1.48–1.6 GHz). S21 is 

less than –15 dB. 

To broaden the CP bandwidth of the antenna shown in Fig. 

1(a), the resonant frequency of the antenna and the frequency 

with the minimum AR should be matched. As is well known, 

the resonant frequency of the antenna depends on the length of 

the radiating element located on the non-ground plane. However, 

when the length of the antenna is changed, the frequency re-

sponse of the AR also changes, so that the resonant frequency of 

the antenna and the frequency with the minimum AR do not 

coincide. 

Fig. 2(a) shows four monopole antennas with various feeding 

shapes. At this time, the length, position of the monopole antenna, 

and GND shape do not change, but only the feeding structure 

changes. Fig. 2(b) shows the simulated AR characteristics when 

the length of the horizontal line increases in the feeding structure. 

 
(a) 

 
(b) 

Fig. 1. Dual-feed dual-circular polarized monopole antenna: (a) 

geometry and (b) simulated antenna performance. 
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At this time, the length of the vertical line of the feeding structure 

is fixed to 15.8 mm. In Model A, the feeding structure consists 

only of vertical lines, and the feeding point is 57 mm away from 

the left corner. The simulated AR of Model A shows good CP 

characteristics near 1.4 GHz. In Model B, the feed point is 

shifted to the left by 22 mm, and the horizontal line of the feed 

structure is increased to keep the other parameters. Accordingly, 

a new AR dip is formed at 2.4 GHz. At this time, there is little 

change in the position of the previously formed AR dip. In 

Model C, the feeding point is moved further to the left, and the 

length of the horizontal line is further increased. Accordingly, 

the first AR dip frequency is hardly affected, and the second AR 

dip frequency decreases. The feeding structure of Model D con-

sists of only horizontal lines without vertical lines. Accordingly, 

the first AR dip frequency increases, and the second AR dip 

frequency decreases. 

Fig. 3(a) shows three models with different antenna positions. 

The antenna represented by the dotted line in Fig. 3 indicates 

Model A in Fig. 2(a). Model E moves Model A to the right by 

10 mm, and Models F and G move Model A to the left by 10 

mm and 20 mm, respectively. To move the antenna without 

changing the length and shape, the length of the vertical line in 

the feeding structure is changed. It can be seen that the frequency 

with the minimum AR decreases as the length of the vertical 

line increases. Based on these facts, it can be seen that the first 

AR dip is formed by the vertical line of the feeding structure, 

and the second AR dip is formed by the horizontal line of the 

feeding structure. 

Fig. 4 shows the surface current distribution at the two fre-

quencies with the minimum AR. At the two frequencies with 

the minimum point, a surface current is formed in the right 

diagonal direction on the monopole antenna, a surface current is 

formed in the left diagonal direction along the hypotenuse of 

the GND, and the two surface currents are perpendicular to 

each other. Accordingly, the proposed structure exhibits CP 

characteristics. At the first minimum AR frequency, the surface 

current formed in the entire GND rotates clockwise, and at the 

second minimum AR frequency, the surface current formed in 

the GND located below the feed structure rotates clockwise. 

Based on this fact, it is confirmed that LHCP characteristics 

appear in both frequency bands. 

With feeding point D, the feed line is implemented in a 

straight line. As the frequency at the second minimum point 

decreases slightly, the values of the two minimum points are low, 

and good CP characteristics are obtained over a wide operating 

band. However, when feeding point D is used, the feeding 

(a) 

 
(b) 

Fig. 3. Monopole antennas with different positions: (a) geometry 

and (b) simulated AR. 

 
(a) 

 
(b) 

Fig. 2. Monopole antennas with different feeding points: (a) geometry 

and (b) simulated AR. 
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structure is overlapped geometrically, so that two monopoles 

cannot be implemented on a single layer. To solve these problems, 

two monopoles are implemented on a dual layer. 

III. ANTENNA GEOMETRY 

Fig. 5 shows the proposed dual-feed dual-circularly polarized 

antenna structure. The proposed antenna is implemented using 

two substrates. Both substrates are FR4 (loss tangent = 0.02) 

with a thickness of 1.6 mm. Monopole #1, shown in blue in Fig. 

5, is located in the top layer and lies horizontally. Monopole #1 

uses a line width w corresponding to 50 ohms for the substrate 

used for the simple structure and is located a distance s away 

from the lower edge of the substrate. The GND, shown in 

green in Fig. 5, is implemented in the middle layer and is locat-

ed between the two substrates. It acts as the GND of the two 

antennas (Monopole #1 and Monopole #2). 

Monopole #1 is mainly divided into two parts. In the area 

with the ground plane, the shape of the monopole is imple-

mented horizontally, and its length is L1. In the region where 

there is no ground plane, the stripline is tilted counterclockwise 

by α° with respect to the horizontal axis, and its length is L2. On 

the other hand, Monopole #2, shown in red in Fig. 5, is placed 

vertically and is located a distance away from the left edge of the 

substrate. In the non-GND region, the stripline is tilted clock-

wise by α° with respect to the vertical axis. Monopole #1 and 

Monopole #2 are symmetrical with respect to the right diagonal 

when viewed from above. The distance between the two anten-

nas is set to d, and the overall size of the substrate is 100 mm × 

100 mm (0.63λ0 × 0.63λ0). The antenna parameters are L1 = 

64 mm, L2 = 38.5 mm, s = 15.8 mm, w = 3 mm, d = 66 mm, α 

= 25°, and G = 80 mm. 

IV. PARAMETER STUDY 

Since L1 is the area with the ground plane, its length can 

change with no change in the resonant frequency of the antenna. 

Therefore, as shown in Fig. 6(a), the resonant frequency of the 

antenna versus the length of L2 is examined, while the other 

parameters remain unchanged. As L2 increases, the resonant 

frequency of the antenna decreases, but the matching charac-

teristic deteriorates and the operating bandwidth decreases. The 

frequency at which the null in isolation is formed hardly changes 

with respect to the change in length of L2. As shown in Fig. 

6(b), the AR frequency response is less affected by the change 

in the length of L2 than the resonant frequency. In this case, 

although the AR characteristics somewhat deteriorate as L2 

increases, the AR is lower than 3 dB from 1.7 to 2.1 GHz and 

still shows good characteristics. As L2 increases from 36.5 mm 

to 40.5 mm, the CP bandwidths satisfying both S11 < –10 dB 

and AR < 3 dB are 16.6% (1.659–1.96 GHz), 18.4% (1.624–

1.953 GHz), and 17.3% (1.599–1.901 GHz), respectively. 

Accordingly, L2 is selected to be 38.5 mm. 

Fig. 7 shows the simulation result versus distance d between 

the two antennas. In this case, L1 = 64 mm, L2 = 38.5 mm, s = 

15.8 mm, w = 3 mm, α = 25°, and G = 80 mm. As the distance 

between the two antennas increases from 62 mm to 70 mm, the 

resonant frequency of the antenna increases from 1.79 GHz to 

(a) 

(b) 

Fig. 4. Surface current distribution according to phase change: (a) 

first minimum AR point and (b) second minimum AR point.

 

Fig. 5. Proposed dual-feed dual-circularly polarized antenna.
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1.86 GHz, and the matching characteristics of the antenna 

worsen. In addition, the frequency of the isolation null increases 

from 1.71 GHz to 1.85 GHz. As d increases, the frequency of 

the isolation null gradually approaches the resonant frequency of 

the antenna. In the case of a dual-feed antenna, it is desirable to 

match the frequency of the isolation null and the resonant fre-

quency of the antenna. In the case of the proposed structure, the 

resonant frequency of the antenna is equal to the frequency of 

the isolation null when d is 70 mm. However, the antenna 

matching and isolation null characteristics are the worst among 

the five cases considered above. 

The lower edge of the AR frequency response increases rap-

idly as d increases, but the upper edge hardly changes. The CP 

bandwidth gradually decreases to 13.8% when d = 66 mm, 16.1% 

when d = 64 mm, and 18.3% when d = 62 mm. In terms of CP 

bandwidth, the smaller d, the better the characteristic. However, 

when d is 62 mm and 64 mm, the isolation characteristics are 

poor. Accordingly, d is selected to be 66 mm. 
Fig. 8 shows the simulation results of the antenna characteris-

tics versus the size G of the ground plane. Except for G, there is 

no change in the other parameters as follows: L2 = 38.5 mm, w 

= 3 mm, d = 66 mm, and α = 25°. As G increases, both the 

resonant frequency of the antenna and the null frequency of the 

isolation decrease but the change in null frequency is faster than 

the change in resonant frequency. The AR frequency response 

also decreases as G increases. As G increases from 75 mm to 85 

mm, the bandwidth satisfying both S11 < –10 dB and AR < 3 dB 

is 16.2% (1.649–1.94 GHz), 18.4% (1.624–1.953 GHz), and 

17.4% (1.6–1.905 GHz), respectively. Accordingly, G is selected 

to be 80 mm. 

Fig. 9 shows the simulation results of the reflection coeffi-

cient and AR versus the rotation angle α. In this case, L1 = 64 

mm, L2 = 38.5 mm, s = 15.8 mm, w = 3 mm, d = 66 mm, and 

    
(a) 

 
(b) 

Fig. 6. Simulated results according to the change in length L2: (a) 

reflection coefficient and isolation performance and (b) axial 

ratio. 

 

   
(a) 

 
(b) 

Fig. 7. Simulated results according to the change of distance d: (a) 

reflection coefficient and isolation performance and (b) axial 

ratio. 

 

    
(a) 

 
(b) 

Fig. 8. Simulated results according to the change of ground plane 

G: (a) reflection coefficient and isolation performance and 

(b) axial ratio.
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G = 80 mm. As the rotation angle α increases, the distance be-

tween the two monopole antennas becomes greater. This is 

similar to the increase in distance d mentioned above. Thus, the 

effect of the rotation angle α on the reflection coefficient, isola-

tion, and AR is similar to that shown in Fig. 7. One notable 

difference is the change in the isolation null value. As d changes, 

the isolation null value changes greatly, but it is hardly affected 

by the change in the rotation angle. When the rotation angle α 

is 30° or 35°, the AR value is greater than 3 dB, and good CP 

characteristics cannot be obtained. When the rotation angle is 

15° or 20°, there is a big difference between the resonant fre-

quency of the antenna and the isolation null frequency, and the 

isolation characteristics are poor at the resonant frequency. 

Accordingly, the rotation angle α is selected to be 25°. Fig. 10 

shows the fabricated antenna. 

 

 

Fig. 10. Fabricated antenna. 

V. SIMULATION AND MEASURED RESULTS 

Fig. 11 presents the simulated and measured frequency re-

sponse of the fabricated antenna. The measured 10 dB impedance 

bandwidth is 20.8% (1.64–2.02 GHz) and is indicated by the 

shaded yellow area in Fig. 8(a). In addition, the measured 3-dB 

AR bandwidth of the proposed antenna is 21.3% (1.76–2.18 

GHz), denoted by the shaded yellow area in Fig. 8(b). Here, 

AR is a value in the boresight direction (θ = 0°) of the proposed 

antenna. The overlapping CP bandwidth (S11 < –10 dB and AR 

< 3 dB) is 13.8% (1.76–2.02 GHz). 

Fig. 12 presents the simulated and measured radiation pat-

terns of the proposed antenna. Note that the proposed antenna 

is a bidirectional radiator, meaning that the radiation patterns 

on both sides of the antenna are similar. The measured peak 

gain at φ = 0°, θ = 0° is 1.39 dBic and the measured peak gain 

at φ = 0°, θ = 180° is 1.26 dBic. The radiation efficiency is 78%. 

VI. CONCLUSION 

In this study, a dual-CP antenna using two curved mono-

poles and an isosceles triangle-shaped partial ground plane is 

implemented. Owing to the asymmetry of the antenna relative 

to the ground plane, CP performance is easily obtained. By 

analyzing the AR frequency response according to the position 

of the feed structure, the broadband CP characteristic is obtained. 

 
(a) 

 
(b) 

Fig. 11. Simulated and measured results: (a) reflection coefficient 

and (b) axial ratio.

   
(a) 

 
(b) 

Fig. 9. Simulated results according to the change in rotation angle 

α: (a) reflection coefficient and isolation performance and 

(b) axial ratio. 
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A good isolation characteristic of –45 dB is achieved without the 

additional structure. In addition, the proposed structure has the 

advantage of being able to independently control the resonant 

frequency and isolation null frequency. 
 

This work was supported by a Kyonggi University Research 
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I. INTRODUCTION 

An AlGaN/GaN high electron mobility transistor (HEMT) 

is a III-V compound semiconductor device to be used in the 

field of radio frequency (RF) and high-power applications as it 

has the material properties of wide bandgap, high critical electric 

field and velocity saturation compared to silicon and GaAs [1–

4]. In addition, the two-dimensional electron gas (2DEG) is 

formed at the AlGaN/GaN heterojunction due to the sponta-

neous and piezoelectric polarizations, resulting in the high elec-

tron mobility and normally-on operation [5]. 

While the device performance is important for commerciali-

zation of AlGaN/GaN HEMT for RF and power applications, 

the strong reliability is also another requirement to be fulfilled. 

Since an AlGaN/GaN HEMT can be operated at a high volt-

age with high frequency compared with the conventional coun-

terpart, the hot electron effect is inevitable. Therefore, investi-

gating the hot electron effect in the short channel AlGaN/GaN 

HEMT is essential. 

In this paper, we analyzed the degradation characteristics in-

duced by the semi-on state stress test in which the hot electron 

generation is enhanced thanks to a high electric field with the 

low channel current (i.e., low channel temperature). 

II. DEVICE STRUCTURE AND METHODOLOGY 

The structure of the AlGaN/GaN HEMTs fabricated using 

the cleanroom process is shown in Fig. 1. The devices consisted 

of a buffer layer with 1.75 μm thickness, a 300-nm i-GaN, a 1-

nm AlN, a 12-nm Al0.3Ga0.7N, a 2.5-nm GaN cap, and a SiN 

passivation [6]. The devices had a gate length of 0.25 μm, a gate 

width of 100 μm, and the spacing of the gate-source and gate- 
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Fig. 1. Cross-sectional schematic of AlGaN/GaN HEMT. 

 

drain was 1 μm and 2.75 μm, respectively. To analyze the hot 

carrier effect, the semi-on stress test was performed using 

Keithley’s 4200A-SCS with an auto-sequence. The stress dura-

tion was 1,800 seconds, and DC characteristics were measured 

after each duration to analyze the device degradation. In the 

AlGaN/GaN HEMT, it is difficult to observe the bell-shape 

form of IG-VG characteristics often observed in AlGaAs/GaAs 

HFET, which is a typical signature of hot electron effect [7]. 

The drain stress voltage was 40 V, which is below the break-

down voltage, to provide a high electric field along the channel. 

A gate voltage of -3.8 V was determined to set the drain current 

at 10% of the maximum. This semi-on condition can be in favor 

of the hot electron generation, which requires the high electric 

field and a certain number of electrons to be accelerated. As 

shown in Fig. 2, the pulsed I-V was measured with a 1.23% 

duty cycle, 30-μs period, 350-ns width, and a 20-ns rise and fall 

time, which was compared before and after stress. 

III. MEASURED RESULTS 

The transfer characteristics before and after the semi-on stress 

were measured at VD = 1 V. As shown in Fig. 3(a), a threshold 

voltage extracted using linear extrapolation method from the 

fresh device was -4.05 V, with a maximum transconductance 

(Gm,max) of 263 mS/mm, and a maximum drain current (ID,MAX) 

of 370 mA/mm. After a 180-minute semi-on stress, the thresh-

old voltage was positively shifted to -3.7 V, with a reduced 

Gm,max and ID,MAX of 230 mS/mm and 300 mA/mm, respectively. 

It corresponds to approximately 12.5% and 19% reduction 

compared to the pre-stress characteristics. The leakage current 

was significantly increased due to the increase of the gate leakage 

current by the degradation. As shown in Fig. 3(b), the output 

characteristics were also degraded after the stress test. The time-

dependent characteristics of the device parameters are shown 

in Fig. 4. As the semi-on stress progressed, drain current was 

gradually decreased and the threshold voltage showed a positive 

shift indicating that electrons were trapped underneath the gate 

region. 
During the stress test, energetic electrons can be injected into 

the traps under the gate and the surface states in the gate-drain 

access area. Trapped electrons will cause the depletion of 2DEG 

channel gradually as the stress test progresses. The positive shift 

of the Vth can be attributed to the trapped electrons underneath 

the gate region. The trapping process seems to become saturat-

ed under the gate region earlier than in the G-D access region, 

because the LG is much shorter than LGD. 

To evaluate the electron trapping effects, the gate lag and 

drain lag were investigated through pulsed I-V measurements. 

       
(a) 

 
(b) 

Fig. 3. I-V characteristics of the AlGaN/GaN HEMT before and 

after semi-on stress at VG = -3.8 V and VD = 40 V: (a) 

transfer characteristics with a transconductance (the line is a 

tangent line at maximum Gm) and (b) output characteristics.

 
Fig. 2. Pulse measurement condition. 
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Various characterization methods have been utilized to investi-

gate the trapping effect of AlGaN/GaN HEMTs [8–12]. For 

example, Klein et al. [9] investigated the deep traps in GaN 

metal-semiconductor field-effect transistors by means of the 

spectral dependence of the optical quenching measurements, 

and Zhang et al. [10] characterized interface acceptor-like traps 

by pulse-drain-voltage measurements. In addition, Kim et al. 

[11] observed that the trapping phenomenon was more pro-

nounced in the GaN HEMT submitted to hot electron stress 

by means of the gate lag measurement and deep level transient 

spectroscopy. Larger discrepancy between DC and the pulsed 

I-V was attributed to the traps generated by the hot electron 

effect. The gate and drain lag measurement has been widely 

accepted as an efficient tool to probe the trapping effect in GaN 

HEMT devices since Binari et al. [12] characterized the effects 

of the surface and buffer traps on the microwave performance. 

The pulsed ID-VD characteristics of fresh and stressed devices 

are shown in Fig. 5(b), where the quiescent bias point (Q-point) 

is at the gate voltage of -10 V and the drain voltages of 10 V 

and 20 V. The pulsed I-V characteristics revealed the larger gate 

and drain lags after stress.  
The gate lag before stress was 9.5% and increased to 13.1% 

after stress. The gate-drain lag at VGQ = -10 V and VDQ = 20 

V before the stress was 18.4% and increased to 21% after stress 

caused trapping in the buffer layer. As shown in Fig. 6, lucky 

electrons gain high energy while drifting across the channel and 

are injected into the AlGaN layer under the gate causing the 

positive shift of the Vth. Hot electrons can also be trapped into 

the buffer layers and aggravates gate-drain lag phenomenon. 

Temperature dependence of the hot electron-induced degrada-

tion should be analyzed to clarify the hot electron effect.  

IV. CONCLUSION 

This work presents the hot carrier-induced degradation in the 

AlGaN/GaN HEMTs based on the semi-on stress tests. The 

degradation characteristics include the positive shift of Vth and 

the larger gate-drain lag, suggesting that the electron trapping 

was facilitated by the stress test. The Vth shift is attributed to 

hot electrons trapped in the AlGaN barrier under the gate. 

Hot-electron trapping in the buffer worsened the gate-drain lag. 
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(a) 

 
(b) 

Fig. 4. Time-dependent parameter change of AlGaN/GaN HEMT 

during semi-on stress: (a) drain current and (b) distribution 

of threshold voltage. 

 

 
Fig. 5. The pulsed ID-VD characteristics before and after the semi-on 

stress. 

 

 
Fig. 6. Cross-sectional schematic of degradation mechanism by hot 

carrier. 
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I. INTRODUCTION 

Since 5G’s commercialization, the number of 5G users has 

been increasing rapidly. 5G users are predicted to account for 45% 

of global mobile data traffic by 2025 [1]. According to the 3rd 

Generation Partnership Project (3GPP), 5G new radio (NR) 

n257 (26.5–29.5 GHz), n258 (24.25–27.5 GHz), n259 (39.5–

43.5 GHz), n260 (37–40 GHz), and n261 (27.5–28.35 GHz) 

bands are allocated as high-frequency 5G bands. Furthermore, 

several countries have adopted 5G NR n257, n258, and n261 

(24.25–29.5 GHz) bands as high-frequency 5G bands [2]. It is 

important to consider that these bands enable the handling of 

tremendous amounts of 5G data traffic and offer an improved 

5G experience. Most research on 5G antennas has used stacked 

structure or cavities to enhance bandwidth and consider 5G 

bands [3–7]; however, this structure requires an additional sub-

strate or structure, which results in higher manufacturing costs. 

To avoid this, a single substrate and direct feeding method are 

recommended. The wireless communication antenna must be 

considered for high-gain and high cross-polarization discrimi-

nation (XPD) [8, 9]. 

In this study, a 2 × 16 array antenna with a direct microstrip 

line feed and parasitic elements was fabricated on a single sub-

strate for 5G NR n257, n258, and n261 bands (24.25–29.5 

GHz); the proposed antenna exhibited high XPD and high 

gain. A single Rogers RT/Duroid 5880 substrate (𝜀  = 2.2, tanδ 

= 0.0009) was used. A wide bandwidth was achieved by using 

gap-coupled parasitic elements. Moreover, high XPD values 

were achieved due to the use of orthogonal dual polarization. 

II. ANTENNA CONFIGURATION AND DESIGN 

The overall structure of the proposed single microstrip patch 

antenna using parasitic elements fabricated on a Rogers RT/ 
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Duroid 5880 substrate (thickness = 0.508 mm) is shown in Fig. 

1(a). Fig. 1(b) shows the side view of the proposed antenna. 

The overall dimensions are 12 mm × 10 mm, and it consists of 

one driven element and four parasitic elements. The driven ele-

ment is matched with a quarter-wave transformer and the other 

parasitic elements are matched with the gap between the driving 

element and parasitic elements. 

The impedance characteristic between the driven element 

and the parasitic element can be analyzed with even- and odd-

mode capacitance [10]. The even- and odd-mode capacitance 

can be defined by Eqs. (1) and (2). The impedance can be cal-

culated by Eq. (3): 
 𝐶 = 𝐶 + 𝐶 + 𝐶  (1)𝐶 = 𝐶 + 𝐶 + 𝐶 + 𝐶  (2)𝑍 = 𝑍 𝑒𝑣𝑒𝑛 + 𝑍 𝑜𝑑𝑑  (3)

where 𝐶  is the parallel plate capacitance between the driven 

element and the ground plane, 𝐶  is the fringe capacitance, 𝐶  

is the modified fringe capacitance due to the parasitic element, 𝐶  is the gap capacitance, and 𝐶  is the capacitance that 

occurs due to the electric flux between the air and a dielectric. 

Based on this analysis, the input impedance was calculated. The 

results of the calculated and simulated input impedance at 

24.25–29.5 GHz are shown in Fig. 2. This figure shows that the 

calculated input impedance and the simulated input impedance 

do not perfectly match. However, the calculated input imped-

ance based on the analysis provided in [10] helps to predict the 

simulated input impedance. 
 

 
(a) 

 
(b) 

Fig. 1. Structure of the proposed antenna: (a) overall view and (b) 

side view. 

 
Fig. 2. Calculated and simulated input impedance of the proposed 

single antenna at 24.25–29.5 GHz. 

 

Fig. 3 shows the simulated current distribution on a single 

element. The first resonance at 24.8 GHz is due to the driven 

element (Fig. 2(a)), and the second and third resonances at 26.7 

GHz and 28.7 GHz are due to the parasitic elements (Fig. 2(b) 

and 2(c)). 

 

 
(a) 

 
(b) 

 
(c) 

Fig. 3. Current distribution of the proposed single element at (a) 

24.8 GHz, (b) 26.7 GHz, and (c) 28.7 GHz. 
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Fig. 4 shows the simulated E-field at each resonant frequency 

with a phase change of 90°. The distance between the proposed 

single antenna and the face on which the electric field is plotted 

is a quarter wavelength of each resonant frequency. It shows 

that the proposed single antenna is vertically polarized at each 

resonant frequency. 

The simulated return loss (dB magnitude of 𝑆 ) of the pro-

posed single element is shown in Fig. 5. The proposed single 

element antenna achieved sufficient impedance bandwidth (dB 

magnitude of 𝑆  < –10) of 24.2% (23.75–30.3 GHz) to cover 

5G NR n257, n258, and n261 bands (24.25–29.5 GHz). Fig. 6 

shows the simulated gain of the single element. It exhibits a 

minimum and maximum gain of 5.8 dB at 26.15 GHz and 

7.69 dB at 28.55 GHz, respectively. 
In an array antenna, feed networks are important. The feed 

loss, unwanted feed radiation, and wide feed impedance band 

must be considered when designing a feed network. In this 

feed network, multi-section or stepped transformers are used to 

achieve a wide impedance band [11, 12]. It is harder to match 

impedance in multi-section or stepped transformers than in a 

conventional feed network. Therefore, a detailed analysis of 

multi-section or stepped transformers is essential. Fig. 7 shows a 

detailed analysis of multi-section or stepped transformers. 

The return loss of the microstrip line feed of multi-section or 

stepped transformers can be calculated by Eq. (4). 
 𝑆= 𝑆 + 𝑆 {Σ [𝑆 𝑆 𝑒 ] }𝑆 𝑆 𝑒 (4)

 

where 𝑆  is the S-parameter at the start of one stepped section 

and 𝑆  is the S-parameter at the end of one stepped section. 𝛽 

is the propagation constant, and 𝑙 is the length of one stepped 

section. 

 
(a) 

 
(b) 

 
(c) 

Fig. 4. E-field distribution of the proposed single element at (a) 

24.8 GHz, (b) 26.7 GHz, and (c) 28.7 GHz. 

 
Fig. 5. Simulated return loss of the proposed single element. 

 

 
Fig. 6. Simulated gain of the proposed single element. 
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Fig. 7. A detailed analysis of multi-section or stepped transformers. 

 

Since it uses a lot of multi-section or stepped transformers to 

achieve sufficient bandwidth, there are lots of discontinuous 

microstrip line parts in a feed network. The discontinuous and 

bent parts in a feed network cause electric charges to accelerate 

and result in unwanted radiation [13]. This unwanted radiation 

from the feed network destroys the array antenna’s radiation 

pattern and reduces gain. 

The cover, which is to be placed above the feed network, is 

proposed to prevent unwanted feed radiation and achieve high 

gain. To reduce the feed loss, the bent part of the feed is modi-

fied into a curve. 

Fig. 8(a) shows the overall view of the 2 × 16 antenna with 

the feed network and cover. The radiators were tilted ±45° for 

orthogonal polarization. In the proposed array antenna, the 

space between elements is 3.8 mm (≈ λ/2 at 28 GHz). The total 

size of the antenna is 90 mm × 240 mm. Fig. 8(b) shows the 

side view of the 2 × 16 antenna. The cover is located 4 mm above 

the Rogers RT/Duroid 5880 substrate. Fig. 9 shows a detailed 

view of the 2 × 16 array antenna feed network. Fig. 10 shows 

the prototype of proposed antenna. 

 

 
Fig. 9. Detailed view of the 2×16 feed network. 

 

 
Fig. 10. Prototype of the proposed antenna.  

 
(a) 

 
(b) 

Fig. 8. A 2×16 array antenna: (a) overall view and (b) side view.
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III. SIMULATED AND MEASURED RESULTS 

The simulated and measured return loss with and without 

covering (dB magnitude of 𝑆 ) the proposed 2 × 16 element 

array is shown in Fig. 11. Many ripples are exhibited because of 

multi-section or stepped transformers and bent parts in the feed. 

Despite the many ripples, the return loss measurement result 

indicates that the proposed array antenna provides a sufficient 

impedance bandwidth of 29.8% (23.7–32 GHz) when taking 

into account the 5G NR n257, n258, and n261 bands (24.25–

29.5 GHz). Fig. 12 shows the simulated and measured gain of 

the proposed array antenna. The proposed array antenna exhibits 

a peak measured gain of 18.69 dB at 25.5 GHz and a simulated 

peak gain of 19 dB at 27 GHz. The simulated and measured 

radiation patterns and the XPD of the proposed array antenna 

are shown in Figs. 13 and 14, respectively. The XPD can be cal-

culated by Eq. (5): 
 𝑋𝑃𝐷 =  . 

(5)
 

The proposed array antenna exhibits a minimum and maxi-

mum measured XPD of 30.69 dB at 24.5 GHz and 46.7 dB at 

27.5 GHz, respectively, whereas a minimum and maximum 

XPD of 32 dB at 25.95 GHz and 49 dB at 26.5 GHz were 

obtained in the simulated result. 

IV. CONCLUSION 

A wideband patch array antenna for 5G NR n257 (26.5–

29.5 GHz), n258 (24.25–27.5 GHz), and n261 (27.5–28.35 

GHz) bands was proposed. The proposed antenna was fabricated 

on a single substrate to reduce manufacturing costs. Parasitic 

elements and an array antenna feed with multi-section or 

stepped transformers were used to achieve sufficient bandwidth 

to cover the 5G NR n257, n258, and n261 bands (24.25–

29.5 GHz). The radiators were tilted ±45° to achieve polariza-

tion diversity and high polarization discrimination while per-

forming orthogonal dual polarization. A cover was proposed to 

prevent unwanted radiation from the feed line. Based on the 

measurements, the antenna supplied an impedance bandwidth 

(dB magnitude of 𝑆  < –10) of 29.8% (23.7–32 GHz). The 

measured peak gain was 18.69 dB. The measured gain was slightly 

lower than the simulated gain owing to the loss of the connector 

 
Fig. 11. Simulated and measured return loss of the proposed 2×16 

array antenna. 

 

 
Fig. 12. Simulated and measured gains of the proposed array antenna.

(a) (b) 

(c) (d) 

Fig. 13. Simulated and measured radiation pattern of the proposed 

array antenna at (a) 25 GHz, (b) 26 GHz, (c) 27 GHz, 

and (d) 28 GHz. 

 

 
Fig. 14. Simulated and measured XPD of the proposed array antenna. 
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and the incorrect height of the feed cover. The measured XPD 

was higher than 30.69 dB. The proposed antenna presented was 

capable of covering the 5G NR n257, n258, and n261 bands 

(24.25–29.5 GHz) and was found to be suitable for high-

frequency 5G wireless communication. 
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I. INTRODUCTION 

For the last decade, sub-sampling phase-locked loop (SSPLL) 

and injection-locked phase-locked loop (ILPLL) have been 

actively researched to suppress in-band phase noise by N2 when 

transferred to PLL outputs [1–4], where N is the division num-

ber in the feedback path in Fig. 1(a). However, applying SSPLL 

and ILPLL at the millimeter wave (mm-wave) causes some 

significant problems. Because sub-sampling phase detectors 

(SSPD in Fig. 1(b)) and pulse width controls (PWC in Fig. 1(c)) 

are directly connected to the voltage-controlled oscillator (VCO) 

and injection-locked VCO (ILVCO), they consume lots of power 

and cause series spurs.  

(a) (b) (c) 

Fig. 1. PLL structures: (a) charge pump, (b) sub-sampling, and (c) 

injection-locked. 

 

Due to the low quality-factor of capacitors in mm-wave and 

CMOS (complementary metal-oxide-semiconductor) flicker 

noise, the phase noise of CMOS VCO is very poor and con-

sumes a lot of power. Instead of running VCO at mm-wave, 

various combined structures of lower frequency SSPLL or 
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to keep the HG amplitude output constant as well as keep it from oscillating. Further desired harmonic amplification and unwanted 

suppression can be achieved by the proposed cascode buffer. The proposed 12-times multiplier is fabricated on a 65-nm CMOS (com-

plementary metal-oxide-semiconductor) process and successfully tested. Chip die size is 0.4 mm2, and power consumption is only 4 mW. 

Key Words: Double-Balanced Mixer (DBM), Frequency Multiplier, Harmonic Suppression Ratio, Millimeter Wave, 5G Synthesizer. 
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ILPLL and following frequency multipliers have been preferred 

[5–9]. 

As shown in Fig. 2(a), a tuned-frequency multiplier (TFM) 

generally consists of a harmonic generator (HG), a band-pass 

filter (BPF), and an amplifier. Overdriving an amplifier generates 

weak higher harmonics of the fundamental tone and the desired 

harmonic is conserved by a simple BPF, such as a LC (inductor 

and capacitor) resonant tank. An additional LC-tuned amplifier 

is usually used to achieve a suitable amplitude to drive the next 

stage and suppress unwanted harmonics. While a TFM is the 

simplest frequency multiplier, it suffers from unwanted harmonics. 

Particularly, harmonic rejection of the fundamental tone is rela-

tively poor [9]. A more efficient method of performing better 

harmonic suppression is to inject high harmonics into a free-

running oscillator (Fig. 2(b)). An injection-locked frequency 

multiplier (ILFM) is able to suppress harmonics significantly by 

forcing oscillation at the desired harmonic, but it suffers from a 

limited injection-locking range, and additional error-correcting 

feedback circuitries are mostly required to secure a reliable oper-

able frequency range [10]. A multi-phase-based topology (Fig. 

2(c)) frequency multiplier can be considered a candidate [11], 

but output frequency accuracy directly depends on phase-shifting 

accuracy, which might shift due to PVT (process, power supply 

voltage, and temperature) variations without a phase-error correct-

ing loop.  

In this paper, we present a single-stage 12-times frequency 

multiplier which is based on TFM topology. To the best of our 

knowledge, no other published papers have achieved a more than 

4-times mm-wave frequency multiplier using one stage; rather, 

they have used more than two cascade stages, such as 2-times 

plus 4-times, resulting in 8-times frequency multipliers. This 

paper’s ultimate goal is to provide an efficient mm-wave fre-

quency multiplier solution for a 5G frequency synthesizer. This 

paper is organized as follows. In Section II, the proposed 12-

times frequency multiplier structure is introduced. In addition, 

the methods of optimizing conversion gain variations and a 

harmonic rejection ratio (HRR) for the target frequency band 

are described. Section III shows the chip fabrication and meas-

urement results. A comparison of this study with other recently 

published frequency multipliers is provided in Table 1 [11–14]. 

A summary and conclusion are reported in Section IV. 

II. 12-TIMES FREQUENCY MULTIPLIER DESIGN 

Fig. 3 shows the proposed 12-times frequency multiplier block 

diagram. It is composed of a modified double-balanced mixer 

(DBM)-type HG and a modified cascode buffer with constant-

gm, proportional absolute temperature (PTAT) current references, 

 
Fig. 3. Proposed 12-times frequency multiplier block diagram. 

(a) (b) (c) 

Fig. 2. Frequency multiplier block diagram: (a) tuned-amplifier, (b) 

injection-locked, and (c) multi-phase. 

Table 1. Comparison with published frequency multipliers

 This work Chan and Long [11] Shirazi et al. [12] Zong et al. [13] Fan et al. [14]

Technology (nm) 65 90 130 40 65

Frequency (GHz) 15.96–27.96 56–65 52.8–62.5 48.4–62.5 54.9–63.5

Frequency BW (%) 54.5 14 16.8 25.4 14.5

Power (mW) 4 9.6 7.6 24 9

Maximum spurs (dBc) 50.1 N/A 55 45 61

Multiplication 12 3 3 3 3

Output power (dBm) -2 -27 -28 -2.48 -11

Phase noise (dBc/Hz) @ 1 MHz -120.2 -113 -102.4 -100.08 -100.7

Area (mm2) 0.4 0.8 0.2 0.13 0.12

FoM -72.2 N/A -63.2 -50.0 -67.8
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and an automatic constant amplitude loop (ACAL). 

 

1. Proposed 12-Times Harmonic Generator 

The detail circuit schematic of the proposed 12-times HG is 

shown in Fig. 4. The circuitries inside the dotted box are a 

modified DBM. If Vp – Vn is big enough to turn M1 – M6 on 

and off completely, the corresponding differential current, 𝐼 , 

can be expressed as 
 

      𝐼 = (𝐼 − 𝐼 )𝐼 + (𝐼 − 𝐼 )𝐼 , (1)
 

where 𝐼 − 𝐼  are bias currents when M1 – M6 are turned 

on. The differential currents of the top pairs are 
 𝐼 − 𝐼 = ∑ sin cos(𝜔𝑛𝑡)  𝐼 − 𝐼 = − ∑ sin cos(𝜔𝑛𝑡). (2)
 

The currents of M1 and M2 are 
 𝐼 = + ∑ sin 𝑘𝜋 cos(𝑘𝜔𝑡)  𝐼 = + ∑ sin 𝑘𝜋 cos(𝑘𝜔𝑡 + 𝑘𝜋), (3)
 

where 𝐼  is the dc bias current, 𝜏 is the turn-on time, and T is 

the period of the applied first fundamental. Setting 𝜏 = T/24 in 

Eq. (3), Eq. (1) is re-arranged as 𝐼 = 𝛽 cos(2𝜔𝑡) + 𝛽 cos(4𝜔𝑡) + 𝛽 cos(6𝜔𝑡) +𝛽 cos(8𝜔𝑡) + 𝛽 cos(10𝜔𝑡) +𝛽 cos(12𝜔𝑡) + 𝛽 cos(14𝜔𝑡) + ⋯, (4)
 

where β2 – β14 are the calculated current coefficients, the values 

of which are: 
 𝛽 = 3.13,  𝛽 = 3.25,  𝛽 = 3.12,  𝛽 = 2.76,𝛽 = 2.74,  𝛽 = 2.5,  𝛽 = 2.25, … (5)
 

The current coefficient at the 12th harmonic is not dominant, 

but 20log (𝛽 /𝛽 ) is only 2.3 dB, which can be easily overcome 

by the LC resonated at the 12th harmonic. 

The output impedance is the LC bank, the states of which 

are controlled by 8 digital bits. The C bank is binary weighted 

as C8 = 2C7 = 22C6 = 23C5 = 24C4 = 25C3 = 26C2 = 27C1. As a 

result, the target frequency band from 16 GHz to 28 GHz is 

divided into 256 sub-frequency bands. The resonant frequency 

at each state can be represented as follows: 
 𝑓 = (∑ ∑ ( ) ), (6)
 

where 𝐷  is the kth capacitor digital control bit, which is either 

1 or 0, 𝐷  is the complement of 𝐷 , and 𝐶  is the total para-

sitic capacitance between the drain node of the Mk switch and 

ground. As the turn-on switch number increases, the parasitic 

parallel resistance, 𝑅 , in Fig. 4 will decreased, as shown in Fig. 

5. Therefore, the resonant amplitude will vary for the different 

C-bank states. To maintain the same amplitude, the 𝐼 𝑅  

product needs to be constant. Therefore, 𝐼  should be increased 

for a small 𝑅 , which not only causes the power consumption 

to increased but also makes the required input amplitude bigger 

than before. Instead, a negative-gm pair is added to the main 

core in parallel. The equivalent resistance of a parallel 𝑅  and 

–2/gm in Fig. 4 can be expressed as 
 𝑅 = ( ) = 𝑅 , 𝐻 > 1, (7)
 

where H = 2/(gmRp). For example, 𝑅  will be three times that 

of 𝑅  when H = 1.5, with a smaller current for the added neg-

ative-gm pair than the 𝐼  required to maintain the output am-

plitude. The negative-gm is able to improve the HRR perfor-

mance [10]. Parallel RLC impedance, 𝑍 (𝜔), is expressed as 
 

     |𝑍 (𝜔)| = . 
(8)

 

The HRR in dB, HRR (𝜔 ± ∆𝜔), at Δ𝜔 from the reso-

nant frequency, 𝜔0 is defined as the dB expression of the ratio of 

the impedance at 𝜔  and 𝜔 ± ∆𝜔, which can be derived as 
 HRR (𝜔 ± ∆𝜔) = 20 log 𝑅 + 10log + ( ±∆ ) −

(𝜔 ± ∆𝜔)𝐶 . (9)
 

Replacing 𝑅  with (𝐻/𝐻 − 1)𝑅  into Eq. (9), then Eq. (9) 

can become 

 
Fig. 4. Proposed 12-times frequency harmonic generator.

 
Fig. 5. Capacitor bank Ron (device-on resistance) C series-to-parallel 

impedance transformation. 
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 HRR (𝜔 ± ∆𝜔)| → = 20 log 𝑅 + 20 log 𝐻𝐻 − 1+10log + ( ±∆ ) − (𝜔 ± ∆𝜔)𝐶 . (10)

 

The HRR improvement, 𝐻𝑅𝑅𝐼 , can be defined by sub-

tracting Eq. (9) from Eq. (10): 
 

𝐻𝑅𝑅𝐼 = 20 log 𝐻𝐻 − 1 + 10 log 𝐾 − 1𝐾 + 𝑅 𝑌1 + 𝑅 𝑌 (11)
 

where 
 

     Y = ( ±∆ ) − (𝜔 ± ∆𝜔)𝐶 . (12)
 

For example, for 𝜔0 = 2π (27.96 GHz), Δ𝜔 = 2π (2.33 GHz), 

Lp = 298 pH, Cp = 108 fF, and Rp = 1,500 Ω HRRdB = 13 dB 

in Eq. (10) and 𝐻𝑅𝑅𝐼  = 20 dB in Eq. (11) when H = 

1.2. Consequently, HRR  at 2π (30.29 GHz) is 33 dB with 

the negative-gm pair. 

 

2. The Buffer with Constant Output Amplitude Control 

As shown in Fig. 6, we used the same cascode buffer topology 

in [10] to get more HRR and low power consumption, but we 

inserted a dc-blocking capacitor, Cc, for better power optimiza-

tion, as shown in Fig. 6. By applying an appropriate Cc size, the 

load of the negative-gm pair can be reduced. So, there is room to 

increase the M6 and M7 device size to maintain the same load as 

before, which leads the corresponding transconductance, gm, to 

increase with the constant current, Itail, because the overdrive 

voltage, (Vgs – Vth), is decreased. The buffer is composed of a 

typical cascode buffer, a negative-gm pair, and an automatic am-

plitude control loop (AACL). Just like the proposed HG, the 

buffer output of the LC-bank resonant is programmed by 8 

digital bits. The equivalent parallel of the LC-bank resistance 

can be also manipulated by the positive feedback pair transcon-

ductance, gm, as in Eq. (7).  

 

 
Fig. 6. Proposed cascode buffer with automatic amplitude control 

loop. 

For the buffer output, Vout, the peak is detected though the 

RF peak detector. The Vpeak is compared with the Vref. If Vpeak > 

Vref, VI is increased to reduce Iref. Consequently, Itail is decreased 

so the transconductance, gm, of the M6 and M7 pair results in the 

reduction of Req in Eq. (7), which is proportional to the output 

amplitude. Similarly, when Vpeak > Vref, the output amplitude is 

reduced. Therefore, the AACL is able to help to keep a con-

stant amplitude within 1 dB for a 6 dB input and the men-

tioned PVT variations. 

Fig. 7 shows the proposed 12-times frequency multiplier out-

put power simulation when the output power is 1.42 dBm and 

the worst harmonic rejection is 51.71 dBc. 

III. FABRICATION AND MEASUREMENT 

The prototype of the proposed 12-times frequency multiplier 

is fabricated on 65 nm CMOS technology and its size is 0.4 mm2, 

as shown in Fig. 8. The laboratory test environment is shown in 

Fig. 9.  

 
Fig. 7. Proposed 12-times frequency multiplier output power simu-

lation. 

 

 
Fig. 8. Photograph of the proposed 12-times frequency multiplier. 

 

Fig. 9. Test environment setup. 
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The harmonic measurements are shown in Fig. 10, where the 

worst harmonic rejection ratios are –50.1 dBc and –51.66 dBc 

on 15.96 GHz and 27.96 GHz, respectively. Fig. 11(a) shows 

the measurement of output power versus output frequency. The 

12-times frequency multiplier output powers at 15.96 GHz and 

27.96 GHz are –2.03 dBm and –1.94 dBm, respectively. The 

worst harmonic suppression versus output frequency is shown in 

Fig. 11(b), where the maximum harmonic suppression of the 

frequency multiplier is 51.5 dBc at 27.96 GHz. When com-

pared with the simulation results, almost similar measurement 

results are obtained. The phase noise degradation due to the 

proposed multiplier is measured. As shown in Fig. 12, only 0.1 dB 

phase noise is added when compared with the mathematical 

phase noise degradation (20log (12) = 21.6 dB). 

Table 1 presents a summary of recently published papers on 

mm-wave frequency multipliers, including the multiplier pro-

posed in this paper. The proposed multiplier has better frequen-

cy range percent and power consumption performances. How-

ever, the multiplier used in [12] and [14] has a better harmonic 

rejection ratio because the proposed multiplier has a much bigger 

multiplication factor (12 vs. 3). To achieve a fair comparison, 

figure-of-merit (FoM) is calculated for each paper. The proposed 

multiplier achieves the best FoM among them.  

The measurement results of the power consumptions for 

different frequencies and the output powers at different input 

powers when disabling AACL are summarized in Table 2.  

IV. SUMMARY AND CONCLUSION 

This paper proposed an unconventionally created frequency 

mm-wave HG based on a Gilbert cell DBM structure with a 

positive feedback pair. The nonlinear switching behaviors of a 

Gilbert cell’s top differential pair and bottom differential pairs 

create strong harmonics of double frequency of the fundamental 

tone. The consequent adjacent harmonics difference is twice the 

fundamental tone, which makes it easier to suppress unwanted 

harmonics. By adjusting a device’s turn-on time, 𝜏, the current 

coefficient at the desired 12th harmonic can be improved. Fur-

thermore, with the help of negative-gm, the proposed 12-times 

HG consumes only 4 mW. Since the HG is in the middle of a 

5G synthesizer, one of 256 different frequency bands can be 

simultaneously programmed when the synthesizer frequency is 

digitally programmed. Consequently, a 54.5% frequency range 

is accomplished by 8-bit capacitor banks. 

The cascode buffer proposed in this paper is able to suppress 

undesired harmonics further by applying an adequate current to 

a negative-gm pair and a PTAT reference current for each sub-

frequency band to achieve more than 50 dBc harmonic rejection. 

Also, a newly adapted ACAL helps to reduce the output power 

variation to within 1 dB for PVT variation (±3σ process, 

±10% power supply voltage, and temperature from –20℃ to 

100°C). 

(a) (b) 

Fig. 10. Harmonic measurement of (a) 15.96 GHz and (b) 27.96 

GHz. 

 

(a) (b) 

Fig. 11. Measurement of (a) output power and (b) harmonic sup-

pression versus output frequency. 

 

 
Fig. 12. Phase noise measurement of input versus output.

Table 2. Summarized frequency multiplier measurement results

Frequency (GHz)

15.96 19.92 24 27.96

Supply voltage (V) 1.2 1.2 1.2 1.2

Total current (mA) 3.9 3.5 3.1 2.9

Power consumption (mW) 4.68 4.2 3.72 3.48

Output power (dBm)   

At 0 dBm input -2.03 -1.96 -2.01 -1.94

At -5 dBm input -7.21 -6.82 -7.14 -6.87

At -10 dBm input -12.11 -12.01 -12.41 -11.72
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I. INTRODUCTION 

Wireless power transfer (WPT) is currently applied in vari-

ous fields because of its convenience, safety, and aesthetics [1–5]. 

WPT technology is essential in the medical field for operations 

of human-implantable medical devices such as artificial organs. 

In addition, WPT technology has already been widely used in 

electronic devices such as mobile phones to eliminate the hassle 

of the cable connections for charging and damage to cable pins. 

In particular, the advantage of being able to charge objects 

without specific human behavior encourages research to apply 

WPT to more diverse fields. 

Electric vehicles (EVs), which have emerged to solve envi-

ronmental pollution problems and fossil fuel depletion problems, 

are among the most suitable systems in which to apply WPT. If 

WPT technology is applied to EVs, it can reduce the driver’s 

dependence on driving and charging along with autonomous 

driving technology. The SAE-J2954 regulation related to WPT 

for EVs has already been enacted, and some vehicle companies 

and universities have already developed and operated EVs with  
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Abstract 
 

Wireless power transfer (WPT) technology has been applied to fields as diverse as medical, electronic devices and transportation because 

of its convenience, safety and aesthetics. In particular, electric vehicles (EVs) that have emerged to replace internal combustion engines, 

which cause environmental pollution problems, are most suitable for applying WPT. Not only does convenience increase by eliminating 

charging cables, but the issue of heavy batteries can also be resolved by using dynamic WPT technology, which allows charging of batter-

ies while driving. Furthermore, if dynamic WPT technology and autonomous driving technology are applied together to EVs, the driver’s 

convenience with regard to charging as well as driving will be greatly improved. In this paper, we propose a multi-purpose sensor coil system 

for use with dynamic WPT in an EV. Sensor coils detect any misalignment between the source coil and the load coil that occurs while the 

vehicle is being driven. Furthermore, the proposed system uses sensor coils and ferrite bars to transfer information, such as the lanes which 

vehicles are being driven. By transferring information, the proposed system can provide the benefits of autonomous driving technology as 

well as WPT technology. We theoretically analyze the proposed method and confirm that it can play two roles through simulations and 

experiments. 
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 WPT [6]. 

Among the various WPT methods currently available, the 

inductive power transfer (IPT) method is mainly applied to 

vehicles due to its small volume and high efficiency. The IPT 

method transfers power from a source coil to a load coil via a 

magnetic field [7]. As shown in Fig. 1, the IPT system applied 

to EVs has a source coil installed on the road and a load coil 

attached to the bottom of the vehicle. When the magnetic field 

from the source coil passes through the load coil, voltage is in-

duced in the load coil. If the source coil and load coil are aligned 

correctly, as shown in Fig. 1, the induced voltage on the load coil 

reaches its highest level. However, if a misalignment occurs 

between the load coil and the source coil, the magnetic flux 

passing through the load coil decreases, resulting in a decrease in 

the induced voltage and a decrease in the power transfer efficiency 

[8]. Furthermore, the occurrence of misalignment exacerbates 

these type of electromagnetic field (EMF) problems due to leaks 

of the magnetic field. 

Both static WPT, in which the vehicle is stopped and charged, 

and dynamic WPT, in which the vehicle is charged while driving, 

make it difficult for a person to align the vehicle with the source 

coil installed on the road. Therefore, the vehicles are equipped 

with assistive devices such as cameras, LIDAR (light detection 

and ranging) and GPS (global positioning system) to aid in 

alignment. These assistive devices have the disadvantage of not 

working properly in poor weather conditions and in places where 

satellite signals such as tunnels are not received, but they are 

essential devices in relation to autonomous driving technology, 

which requires considerable amounts of information for safe 

driving [9].  

In this paper, we propose a method that detects misalignment 

between the source coil and the load coil using small sensor coils 

that work well even in the problem situations mentioned above 

and a method to transfer information that can augment autono-

mous driving. Specifically, we propose a method by which transfer 

the information essential for autonomous driving, such as the 

lanes in which vehicles are being driven, but which is thus far 

difficult to verify due to GPS errors. 

II. OPERATING PRINCIPLES OF THE PROPOSED SENSOR 

COIL SYSTEM 

1. Sensor Coil 
The sensor coil acts as a sensor with a small loop. As shown 

in Fig. 2, sensor coils are also affected by Faraday law, like a 

load coil, because they form a loop. The sensor coils for WPT 

systems have previously been proposed in other papers [10–15]. 

In one paper [10], the author proposed a method to detect lateral 

misalignment of the load coil using two sensor coils. The direc-

tion and magnitude of the misalignment were detected through 

the voltage difference induced on two sensor coils wound ahead 

of the load coil. In a paper published a few years later, a single 

sensor coil was used to detect lateral misalignment of the load 

coil [11]. In addition, unlike the previous studies, the sensor 

coils were also wound around the source coil rather than the 

load coil to confirm the location of a train [12]. The location of 

the train was determined by the voltage change that occurred in 

the sensor coil when the load coil attached to the train passed 

the source coil. 
The main difference from the use of sensor coils in previous 

studies is the shape of the sensor coil and its role. In previous 

studies, the sensor coils were wound in the load coil or source 

coil, meaning that only a small amount of magnetic flux passes 

through the sensor coils. Therefore, in another paper [13], the 

author used an amplifier to check the induced voltage on the 

sensor coil. However, as shown in Fig. 3(a), the proposed sys-

tem uses attached sensor coils with planes perpendicular to the 

magnetic flux to increase the induced voltage on the sensor coil. 

When comparing the previous sensor coil and the proposed 

sensor coil in a situation with an identical amount of inductance 

 
Fig. 1. Wireless power transfer system for an electric vehicle.

 
Fig. 2. Equivalent circuit of the proposed sensor coil system.
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and same number of turns in a simulation, it was confirmed that 

the mutual inductance with the source coil was 60 times larger 

compared with when no misalignment occurred and at least 40 

times larger when a misalignment occurred. In addition, the 

proposed sensor coil has the advantage of simply being attached 

to the existing load coil. In the proposed system, two sensor 

coils are attached under the load coil to detect misalignment and 

to receive information. 
As mentioned in the introduction, a misalignment between 

the source coil and the load coil reduces the power transfer 

efficiency and causes EMF problems. Misalignment does not 

occur when a train travels along the rail, such as in a railway 

system, but misalignment must be considered when a vehicle 

travels along a road. Therefore, the proposed system can be 

applied to the dynamic WPT system of an EV. When no misa-

lignment occurs, the sensor coil is symmetrically attached under 

the load coil, resulting in induced voltage at an identical mag-

nitude. However, when a misalignment occurs to the left or 

right, the source coil and sensor coil are not symmetrical, result-

ing in induced voltage at different magnitudes on the two sensor 

coils. Therefore, the induced voltage on each sensor coil can be 

used to detect a misalignment of the vehicle in motion. 

In this paper, sensor coils are used for information reception 

as well as for misalignment detection. The voltage induced in 

the sensor coils can be used to receive information from the 

source coil part to the load coil part. The amount of magnetic 

flux reaching the sensor coils can be adjusted using ferrite bars, 

which will be described in detail later in the paper. A small 

ferrite bar exists between the source coil and sensor coil and it 

reduces the magnetic flux transferred to the sensor coil, thereby 

reducing the induced voltage on the sensor coil. The number of 

ferrite bars determines the number of induced voltage reduc-

tions on the sensor coil, which can be used to transfer infor-

mation. When applied to EVs, information about the lane in 

which the vehicle is currently being driven and about the driving 

environment can be transferred. 
 

2. Ferrite Bar 
Voltage of the load coil and sensor coil is induced when the 

magnetic flux Φ from the source coil passes through the area of 

the load coil and sensor coil. The magnetic flux generated from 

the source coil can be determined as shown in Fig. 3, as follows: 
 Φ = ℱℛ = ℱℛ ℛ . (1)
 

Here, ℱ is the magnetomotive force, an ℛ  and  ℛ  

are the reluctance values of air and ferrite, respectively. In addi-

tion, the reluctance values of air and ferrite can be obtained as 

follows: 
 ℛ =  𝑙𝜇 𝑆  (2)ℛ =  . (3)

 

In these equations, 𝑙  is the air gap, 𝑙  is the height 

of the ferrite, 𝜇  and 𝜇 𝜇  are correspondingly the permeability 

of air and ferrite, and 𝑆  and 𝑆  are the cross-section 

area perpendicular to the flux of the air and the ferrite, respec-

tively. According to (1)–(3), the two magnetic fluxes Φ  and Φ  are equal in the absence of a ferrite bar, resulting in the 

same magnitude of the voltage on the two sensor coils. However, 

if a ferrite bar exists between the source coil and sensor coil, the 

magnetic flux moves towards the ferrite bar with a low level of 

reluctance, as shown in Fig. 3(b) and Fig. 4(b). A ferrite bar can 

 
(a) 

 
(b) 

Fig. 4. Side view of the proposed sensor coil system: (a) magnetic 

flux path without a ferrite bar and (b) magnetic flux path 

with a ferrite bar.

 
(a) 

 
(b) 

Fig. 3. Front view of the proposed sensor coil system: (a) magnetic 

flux path without a ferrite bar and (b) magnetic flux path 

with a ferrite bar. 
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be used simply by positioning it in a system with a W-shaped 

source coil ferrite component [16]. Owing to the ferrite bar, the 

amount of magnetic flux passing through the sensor coil located 

above the ferrite bar decreases, which also reduces the induced 

voltage on the sensor coil. Because the width of the ferrite bar is 

as small as the size of the sensor coil, the voltage induced in the 

load coil decreases very little compared with that in the sensor 

coil. The equation below confirms that a small decrease in the 

induced voltage of the load coil does not cause a significant 

change in the mutual inductance between the source coil and 

load coil: 
 𝑀 = . 

(4)
 

Here, 𝜔 is the operating frequency, 𝑀  is the mutual in-

ductance between the source coil and load coil, and 𝐼  is 

the current of the source coil. Also, from the following WPT 

system efficiency equation, it can be seen that small changes in 

the mutual inductance do not significantly change power trans-

fer efficiency: 
 𝐸𝑓𝑓𝑖𝑐𝑖𝑒𝑛𝑐𝑦 = . (5)

 

In this equation, 𝑅  and 𝑅  are the resistance values 

of the source coil and load coil, respectively. The efficiency does 

not change significantly because the decrease in the mutual in-

ductance 𝑀  is small. In other words, even if a small ferrite 

bar exists between the source coil and sensor coil for infor-

mation transfer purpose, there is no significant change in the 

mutual inductance between the source coil and load coil, meaning 

that there is no significant decrease in power transfer efficiency. 

However, if it takes a long time to pass through the ferrite bar 

due to the slow speed of the moving load coil, a reduction in the 

efficiency can be further exasperated compared with when it 

quickly passes through. 

A ferrite position identification (FPID) system, which uses 

ferrite to identify locations, was proposed in a previous study 

[13]. The system used FPID blocks to determine the location of 

a running train. Using the FPID block, this system changes the 

reluctance ℛ of (1)–(3) to generate higher magnetic flux Φ 

and higher induced voltage on the sensor coil. However, the 

system can generate higher magnetic flux Φ precisely to the 

target location (sensor coil) only in systems where no misalign-

ment occurs, such as a train. In systems where misalignment 

occurs, such as a vehicle, the increased magnetic flux Φ does 

not reach the sensor coil, making the system inoperable. Fur-

thermore, according to the EV wireless charging regulation 

SAE-J2954, there is no space to position FPID blocks due to 

large number of turns per layer of the source coil, and even if 

located, there is a limit to reducing the reluctance ℛ. However, 

the ferrite bar system proposed in this paper can play not only a 

role in information transfer but also a role in detecting misa-

lignment even in systems where misalignment occurs, such as in 

vehicles. Furthermore, the proposed system simply positions a 

ferrite bar on top, meaning that even if the source coil for 

dynamic charging in the future has a large number of turns, as 

in the current static charging model of SAE-J2954, it can still 

be used. 

 

3. Operation of the Entire System 

The proposed system can play two roles. In sections where no 

ferrite bars exist, as shown in "section 1" in Fig. 5, sensor coils 

detect misalignment of a moving vehicle. When no misalign-

ment occurs, voltage of the same magnitude is induced in the 

two sensor coils such that there is no significant difference. 

However, the magnitude of the voltage induced in the two 

sensor coils differs when misalignment occurs. The difference in 

the induced voltage in the two sensor coils can be used to de-

termine not only whether a misalignment has occurred but also 

the direction of the misalignment. That is, as shown in Fig. 6, 

when the difference between the two induced voltages is zero, 

there is no misalignment, and the sign (+ or -) of the differ-

ence between the two induced voltages indicates the direction of 

the misalignment. Furthermore, the higher the voltage differ-

ence, the greater the misalignment from the center. 

In sections where ferrite bars exist, indicated as "section 2" in 

Fig. 5, sensor coils receive information. As shown in Fig. 3(b) 

and Fig. 4(b), the magnetic flux moves to a ferrite bar with a low 

level of reluctance, hence reducing the magnetic flux reaching 

the sensor coil. As a result, the voltage induced in the sensor coil 

 
Fig. 5. Overall view of the proposed sensor coil system. Two sensor coils are attached to the bottom of the load coil. In section 1, sensor 

coils detect a misalignment between the source coil and the load coil. In section 2, some ferrite bars are positioned to transfer infor-

mation and the sensor coils receive the information.

Vehicle moving

Load coil

Sensor coil Source coilSource coil ferrite Ferrite bar

Section 1 Section 2 Section 1
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decreases when the sensor coil passes over the ferrite bar, as 

shown in Fig. 7(a). As shown in Fig. 5, when the load coil and 

sensor coils pass section 1 and enter section 2, and sensor coil 

No. 1 passes over the ferrite bar. Subsequently, sensor coil No. 2 

passes over two ferrite bars, and section 2 ends as sensor coil No. 

1 passes over the ferrite bar. As a result, as shown in Fig. 7(b), 

the magnitude of induced voltage on sensor coil No. 1 decreases 

first, after which the magnitude of induced voltage on sensor 

coil No. 2 decreases two times, with the magnitude of induced 

voltage on sensor coil No. 1 then decreasing again. The number 

of induced voltage reductions serves as important information. 

For example, if information is given to the vehicle about the lane 

in which the vehicle is being driven, the result in Fig. 7 can be 

interpreted as information indicating that the vehicle is currently 

driving in the second lane, because there are two induced voltage 

reductions in sensor coil No. 2 between the induced voltage re-

ductions in sensor coil No. 1. If there is one ferrite bar passing 

through sensor coil No. 2, there will be one induced voltage re-

duction, which can be interpreted as the vehicle being in the 

first lane, whereas it is interpreted as being in the third lane if 

there are three ferrite bars. In addition to vehicle lane infor-

mation, the induced voltage reduction can be recognized as a 0 

(zero), allowing various forms of information, such as the cur-

rent location, to be delivered in binary form. 
In addition, even if the vehicles enter section 2 when misa-

lignment is occurring, information is received. Due to the occur-

rence of the misalignment, only the reference voltage level that 

checks for a decrease in the voltage changes, with the reference 

voltage level determined based on the induced voltage in the 

sensor coil at the entry point. 

III. SIMULATIONS OF THE PROPOSED SENSOR COIL SYSTEM 

1. Simulation Setup 

Simulations were conducted to identify the two roles (misa-

lignment detection and information transfer) of the proposed 

sensor coil system. The simulations were conducted using 

ANSYS Maxwell 3D, and the size of the load coil was designed 

to match the WPT3/Z2 dimension in accordance with the EV 

wireless charging regulation SAE-J2954. The dimensions of the 

air gap and operating frequency were also determined in accord-

ance with SAE-J2954, and the dimensions of the source coil 

was designed only according to the width and thickness of the 

static charging source coil model in the SAE-J2954 regulation, 

because there is no model of dynamic charging. The dimensions 

and electrical parameters of the source coil, load coil, sensor coil, 

and ferrite bar are shown in Fig. 8 and Table 1.  

 
Fig. 6. Induced voltage difference between sensor coil No. 1 and 

sensor coil No. 2 depending on the direction and size of the 

misalignment. 

 

 
(a) 

 
(b) 

Fig. 8. Overall setup for the simulation: (a) front view of the simu-

lation and (b) bird’s eye view of the simulation. The load 

coil and sensor coils move along the source coil, passing 

sections 1, 2, and then 1 again, in that order.

 
(a) 

 
(b) 

Fig. 7. Reduction of induced voltage on the sensor coil due to fer-

rite bar: (a) the induced voltage in the sensor coil decreases 

when passing through the ferrite bar and (b) variation of the 

induced voltage in two sensor coils over the distance in the 

situation shown in Fig. 5. 
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Table 1. Size and electrical parameters of source coil, load coil and 

sensor coil used in the simulation, and various parameters 

used in the simulation 

Parameter Value

Source coil size (mm) 500 × 5,800 × 10

Source coil turns (turns) 20 

Source coil inductance (mH) 10.15

Load coil size (mm) 320 × 320 × 10

Load coil turns (turns) 20 

Load coil inductance (μH) 375.5

Mutual inductance (Source – Load) (μH) 148.3

Sensor coil size (mm) 60 × 60 × 5

Sensor coil turns (turns) 5 

Sensor coil inductance (μH) 2.1

Air gap (coil to coil) (mm) 100

Operating frequency (kHz) 85 

Source coil current (A) 34 

Ferrite bar size (mm) 175 × 80 × 10

 
The simulation is shown in Fig. 8(b), where the load coil and 

sensor coils pass through section 1, section 2, and section 1 

again, in that order. Because the ferrite bar does not exist in 

section 1, the sensor coils detect a misalignment between the 

load coil and source coil, and in section 2, the ferrite bars are 

positioned to transfer information to the sensor coil. In section 

2, the ferrite bars are located at 1,640 mm and 2,840 mm on the 

right side of the source coil and at 2,440 mm on the left side of 

the source coil. 

 

2. Misalignment Detection in Section 1 

During section 1 (0–1,640 mm and 2,840–5,800 mm), simu-

lations were conducted for no misalignment and for 20 mm and 

40 mm misalignment to the left and right, respectively. As 

mentioned earlier, if a misalignment occurs, it can be seen that 

the EMF problem is exacerbated in the direction of the occur-

rence of the misalignment, as shown in Fig. 9. Furthermore, as 

shown in Table 2, the mutual inductance between the source 

coil and load coil is reduced, leading to a reduction in the power 

transfer efficiency.  

Sensor coils were used to solve those problems caused by a 

misalignment, and when no misalignment occurred, the sensor 

coils attached to both sides of the load coil were induced at the 

same voltage magnitude, indicating that the difference between 

the two induced voltages was zero, as shown in Fig. 10(a). 

However, if a misalignment occurs, the induced voltage difference 

between the two sensor coils is not zero, as shown in Fig. 10(b)–

10(d). A comparison between Fig. 10(b) and 10(c) confirms 

that the phase of the induced voltage difference is opposite de-

pending on the direction of the misalignment. In addition, a 

comparison between Fig. 10(c) and 10(d) shows that the larger 

the misalignment distance generated from the center is, the 

higher the induced voltage difference becomes. In other words, 

   
(a) 

 
(b) 

Fig. 9. Magnitude of the magnetic field from the source coil used 

in simulation. (a) When no misalignment occurs, a sym-

metrically small magnetic field occurs. (b) When a misa-

lignment occurs, a very large magnetic field occurs in one 

direction. This exacerbates the EMF problem. 

 
Table 2. Mutual inductance change between the source coil and 

load coil due to a misalignment 

Case Mutual inductance (μH)

No_misalignment 148.3

20 mm_misalignment 145.7

40 mm_misalignment 139.1

 



SON et al.: SENSOR COIL SYSTEM FOR MISALIGNMENT DETECTION AND INFORMATION TRANSFER IN DYNAMIC WIRELESS POWER TRANSFER…  

315 

  
 

the voltage induced in the two sensor coils attached under the 

load coil can be used to determine the occurrence of a misa-

lignment and the direction and magnitude of the misalignment. 

 

3. Information Transfer in Section 2 

In section 2 (1,640–2,840 mm), simulations were conducted 

to position the ferrite bars at a specific location and assess the 

possibility of information transfer. When the sensor coil passes 

over the ferrite bar, the path of the magnetic flux produced from 

the source coil is determined, as shown in Fig. 11. Unlike the 

right side of Fig. 11, a ferrite bar with low reluctance is located 

on the left side such that the magnetic flux moves through the 

ferrite bar. This reduces the magnetic flux passing through the 

sensor coil and the induced voltage every time it passes over the 

ferrite bar.  
In the simulation, a ferrite bar is located 1,640 mm, 2,440 

mm and 2,840 mm, as shown in Fig. 8(b). Sensor coil No. 2 

attached to the right bottom of the load coil will pass through 

the ferrite bar at 1,640 mm and 2,840 mm points, while sensor 

coil No. 1 attached to the left bottom of the load coil will pass 

through the ferrite bar at 2,440 mm. As shown in Fig. 12, when 

 
(a) 

 
(b) 

 
(c) 

 
(d) 

Fig. 10. Induced voltage difference between sensor coils. (a) When 

no misalignment occurs, the magnitude of induced voltage 

difference is almost zero. (b) When a left 20 mm misalign-

ment occurs and (c) when a right 20 mm misalignment occurs. 

Here, (b) and (c) confirm that the phase of the induced 

voltage difference is opposite depending on the direction. (d) 

When a right 40 mm misalignment occurs, (c) and (d) con-

firm that the greater the distance away from the center, the 

greater the magnitude of the induced voltage difference. 

 

 
Fig. 11. Magnetic flux travel path when the ferrite bar is present. 

 
(a) 

 
(b) 

 
(c) 

Fig. 12. Magnitude of the induced voltage in the sensor coils over 

certain distances. (a) In sensor coil No. 1, the induced volt-

age is reduced at 2,440 mm, where the ferrite bar is present. 

(b) In sensor coil No. 2, the induced voltage is reduced at 

1,640 mm and 2,840 mm, where the ferrite bars are present. 

(c) In sensor coil No. 1, when a misalignment occurs, the 

induced voltage also is reduced at 2,440 mm.
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the sensor coil passes over the ferrite bar, the magnitude of the 

induced voltage on the sensor coil decreases. In the case of 

sensor coil No. 1, one ferrite bar is located at 2,440 mm, so only 

the induced voltage on sensor coil No. 1 is reduced at 2,440 mm. 

Also, with regard to sensor coil No. 2, two ferrite bars are located 

at 1,640 mm and 2,840 mm such that the induced voltage in 

sensor coil No. 2 is reduced at 1,640 mm and 2,840 mm. Even 

when misalignment occurs, the reference voltage level changes, 

as shown in Fig. 12(c), but it can be seen that the induced voltage 

reduction for an information transfer still occurs. If the pro-

posed system is used for lane recognition, this system will trans-

fer information indicating that the vehicle’s driving lane is the 

first lane because the induced voltage reduction in sensor coil 

No. 1 occurred once between the induced voltage reductions in 

sensor coil No. 2. In addition, as the load coil passes over the 

ferrite bar, the mutual inductance between the source coil and 

load coil decrease by 3%, resulting in a 0.1% reduction in effi-

ciency. Given these findings, it can be confirmed that information 

can be delivered without significant reduction in the efficiency. 

IV. EXPERIMENTS OF THE PROPOSED SENSOR COIL  

SYSTEM 

1. Experiment Setup 
Experiments were conducted to verify the operation of the 

proposed sensor coil system. The dimensions and electrical 

parameters of the source coil, load coil, sensor coil, air gap, and 

operating frequency used in the experiment are shown in Fig. 13 

and Table 3. The experiments were conducted by downscaling to 

about a 1:2 ratio compared with the simulation model in Fig. 8. 

Also, simulations for the model that were downscaled to a 1:2 

ratio were carried out, and these results are presented in Fig. 14. 

As in the simulations, the load coil and sensor coils pass 

through section 1, where the ferrite bar does not exist, and then 

section 2, where the ferrite bars exist. In section 2 in the exper-

iments, as shown in Fig. 13(d), the ferrite bars are located at 

70 mm and 110 mm on the right side of the source coil and at 

90 mm on the left side of the source coil. 

 

2. Misalignment Detection 

The induced voltage difference between the two sensor coils 

when left and right misalignment occurs in section 1 is shown 

in Fig. 14(a) and 14(b), respectively. As in the simulation, the 

phase of the induced voltage difference between the two sensor 

coils is the opposite depending on the direction in which the 

misalignment occurs. Furthermore, the magnitude of the induced 

voltage difference is similar in the event of a misalignment at the 

same distance from the center. That is, the experiments show 

that two small sensor coils attached under both sides of the load 

coil detect the direction and magnitude of the misalignment. 

 
(a) 

 
(b) 

 
(c) 

 
(d) 

Fig. 13. Experimental process: (a) experiment setup, (b) bottom view 

of the load coil and sensor coils, (c) section 1 for misalign-

ment detection, and (d) section 2 for information transfer. 

 
Table 3. Size and electrical parameters of the source coil, load coil 

and sensor coil used in the experiment, and the various 

parameters used in the experiment 

Parameter Value

Source coil size (mm) 1,650 × 250 × 4

Source coil turns (turns) 20

Source coil inductance (mH) 1.35

Source coil compensation capacitor (nF) 2.73

Load coil size (mm) 160 × 160 × 4

Load coil turns (turns) 10

Load coil inductance (μH) 34.2

Load coil compensation capacitor (nF) 105.67

Sensor coil size (mm) 32 × 32 × 1.6

Sensor coil turns (turns) 5

Sensor coil inductance (μH) 1.22

Air gap (coil to coil) (mm) 100

Operating frequency (kHz) 85

Ferrite bar size (mm) 100 × 40 × 5
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(a) 

 
(b) 

 
(c) 

 
(d) 

Fig. 14. Results of the experiment: (a) induced voltage difference 

when a left misalignment occurs, (b) induced voltage difference 

when a right misalignment occurs. (c) In sensor coil No. 1, 

the induced voltage is reduced at 90 mm where the ferrite 

bar is present. (d) In sensor coil No. 2, the induced voltage 

is reduced at 70 mm and 110 mm where the ferrite bars are 

present. 

 

3. Information Transfer 

The magnitudes of the induced voltage in sensor coil No. 1 

and sensor coil No. 2 are shown in Fig. 14(c) and 14(d), respec-

tively. Sensor coil No. 1 attached to the bottom left of the load 

coil passes the ferrite bar at 90 mm, thus reducing the induced 

voltage at 90 mm. Also, sensor coil No. 2 attached to the bottom 

right of the load coil passes the ferrite bar at 70 mm and 110 

mm, thus reducing the induced voltage twice at 70 mm and 110 

mm. In other words, as in the simulation, the experiments 

showed that when the sensor coil passes over the ferrite bar, the 

magnetic flux passing through the sensor coil decreases, hence 

reducing the induced voltage. 

V. CONCLUSION 

In this paper, we proposed a sensor coil system that can be 

applied to the dynamic WPT systems used in EVs to detect 

misalignment and transfer information. This system detects the 

directions and magnitude of misalignment through the induced 

voltage difference between two sensor coils. If the detected in-

formation aligns the load coil attached to the vehicle with the 

source coil installed on the road, this can reduce EMF problems 

while improving the WPT efficiency. Furthermore, small ferrite 

bars can also be used to reduce instantaneously the magnitude of 

the induced voltage on the sensor coils, which can transfer in-

formation from the source coil. This information can assist with 

the autonomous driving of the vehicle by transferring information 

about the lane in which the vehicle is currently being driven. 

The proposed system was simulated with reference to 

SAE-J2954 and the experiment was conducted with 1:2 scaling. 

The simulations and experiments confirm that the proposed 

sensor coil system works well and that a system with a small 

sensor coil can play two roles, misalignment detection and in-

formation transfer. 
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I. INTRODUCTION 

In recent years, the demand for mounting S-band and X-

band radars together on the same antenna aperture for military 

ship radar systems has been increasing [1, 2]. In such system 

configurations, the S-band radar is often used to search for tar-

gets, whereas the X-band radar is utilized to accurately track the 

detected targets [3, 4]. In general, because these multi-function 

radar (MFR) antennas are mounted separately to perform their 

individual functions, an increase in the radar cross section (RCS) 

of the system is unavoidable [5]. Separately mounted MFRs 

require more aperture area than conventional radar systems, 

making shared-aperture radar technologies increasingly attrac-

tive for such applications considering their manufacturability [6]. 

However, this shared-aperture configuration integrates multiple 

array elements in a limited space, which degrades the perfor-

mance of the array antenna due to the electromagnetic (EM) 

coupling effects that arise from adjacent elements. To reduce 

this effect, various techniques have been introduced such as ma-

nipulating the orthogonal polarization properties, implementing 

meta-surfaces as isolators, and using shorting-pin structures [7, 

8]. However, although these techniques can be applied in the 

same planar aperture, they are difficult to apply in the stacked 

shared aperture. To solve this problem in stacked shared-aperture 

antennas, various techniques have been reported. For example, 

the dual-mode stub-loaded resonator having second-order fil-

tering characteristics was introduced to minimize the mutual 

coupling effect between the different band elements [9]. However, 

this antenna has a narrow matching bandwidth characteristic. In 

addition, a differential feeding method and perforated patch  
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antenna for a shared-aperture antenna were proposed to achieve 

good isolation [10, 11]. However, these studies have the sub-

array structure, which has a narrow scan range due to the grating 

lobe characteristic. Moreover, this structure cannot precisely 

adjust the phase of each element, and it is impossible to modu-

larize the radar due to the asymmetric feeding structures. Thus, 

research from the perspective of the shared-aperture radar with 

an expandable full array including all S/X-band elements has 

not been fully conducted yet. 

In this paper, we propose the S/X-band dual-loop shared-

aperture 2 × 2 array antenna, which is constructed using a 

number of unit-cells as the basic elements. The proposed unit-

cell comprises one S-band element being stacked on top of 3 × 3 

X-band elements. Since the proposed array consists of the module-

type symmetrical basic unit-cell, it is easy to expand to a full 

array having a large scale and is good for maintenance. In addi-

tion, the basic unit-cell includes overall configurations such as 

an S-band element, X-band elements, and simplified feeding 

networks, so that the unit-cell design can be directly applied to 

the full array. In order to obtain the broadband matching char-

acteristics, a coupled-fed dual-loop structure is employed for the 

X- and S-band elements. Furthermore, to reduce manufacturing 

error, the feed pin is directly connected to the upper loop, where 

there is an optimized airgap between the S-band layer and the 

X-band layer. The unit-cell configuration has the advantages of 

easy installation and low cost because a damaged unit-cell can 

easily be replaced with an identical one. Since the X- and S-

band elements should share a limited size aperture in a stacked 

configuration, the lower layer elements can be partially blocked 

by upper layer elements. To reduce these blockage effects, the 

thin loop structure of the upper layer S-band element is opti-

mized so that the S-band element has EM transparent charac-

teristics in the X-band. In addition, the extended via cavity wall 

is applied outside of the nine X-band elements to block the 

mutual coupling effect among the X-band elements. To verify 

the feasibility of the proposed antenna, the beamforming per-

formance and the active reflection coefficient (ARC) character-

istics of the fabricated 2 × 2 unit-cell array are investigated in 

the S/X-band. 

II. PROPOSED ANTENNA UNIT CELL STRUCTURE 

Fig. 1 shows the conceptual diagram for a modularized shared-

aperture radar. The basic unit-cell contains stacked-type multi-

band layers (S-band and X-band), which have a shared-aperture 

configuration for easy installation. The designed unit-cells are 

repeatedly assembled and expanded to form a full array module, 

which becomes the array antenna component of the MFR. This 

radar configuration has the advantages of enabling simple sys-

tem expansion and maintenance because a damaged cell can be 

easily replaced with an identical one. In addition, since identical 

unit-cells are repeatedly used, massive-scale production is possible 

at low manufacturing cost. 
Fig. 2 illustrates the configuration of the proposed unit-cell, 

 
(a) 

 
(b) 

Fig. 2. Configuration of the proposed unit-cell: (a) side view and (b) 

top view of the S/X-band element. 

 
Fig. 1. A conceptual diagram for the modularization of a shared-

aperture antenna using a unit-cell. 
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which consists of one S-band element and 3 × 3 X-band ele-

ments. To obtain the broadband matching characteristics, the 

coupled-fed dual-loop structure is employed for the X-band and 

S-band elements. The two layers of the S-band element are 

stacked on top of the two layers of the X-band elements, as 

shown in Fig. 2(a). An optimized airgap is present between the 

S-band layer and the X-band layer to reduce the manufacturing 

error for soldering. In general, soldering in stacked layers leads 

to an unavoidable space; however, the radiation element layer 

that is connected to the feed pin must be soldered. Therefore, 

the feed pin is directly connected to the upper loop for minimum 

manufacturing error, where the optimized airgap is present. On 

the other hand, since the X- and S-band elements should share 

a limited-sized aperture in a stacked configuration, the lower 

layer X-band elements may be partially blocked by the upper 

layer S-band elements. To reduce such EM blocking effects, the 

thin loop structures of the upper layer S-band element are opti-

mized so that the S-band element has EM transparent charac-

teristics in the X-band, which implies that the S-band element 

on top does not affect the X-band element operation. The top 

view of the optimized S/X-band element is shown in Fig. 2(b). 

The optimized thicknesses of the loop are ts1, ts2, tx1, and tx2 for 

the first and second S-band and X-band layers, respectively. The 

outer edge lengths of the loop are ls1, ls2, lx1, and lx2, and the outer 

edge widths of the loop are ws1, ws2, wx1, and wx2 for the first and 

second S-band and X-band layers, respectively. To block the 

mutual coupling effect among X-band elements, an extended via 

cavity structure is used instead of a normal cavity wall outside of 

the nine X-band elements for stable manufacturing. The heights 

of the first and second S-band and X-band layers are hs1, hs2, hx1, 

and hx2, respectively. The proposed antenna is made of TLY-50 

substrates (εr = 2.2, tan δ = 0.0009). The detailed geometrical 

parameters are derived using the FEKO electromagnetic simu-

lator [12] and are listed in Table 1. 

Fig. 3 shows the average gain and reflection coefficient per-

formance of the S/X-band element according to the thickness of 

S-band loop (Lsw) in the unit-cell. The average gain of the central 

X-band element is between 9.5 GHz and 10.5 GHz, and the 

average reflection coefficient of S-band loop is between 2.9 

GHz and 3.2 GHz. The average gain of the X-band central 

element decreases as the Lsw increases, as shown in Fig. 3. Since 

an increase in thickness of the S-band loop, Lsw, leads to an in-

crease of the blockage area for the central X-band element, the 

lower layer central X-band element may be affected. To reduce 

these EM blockage effects, the thin loop structures of the upper 

layer’s S-band element should be optimized so that the S-band 

element has minimum reflection coefficient and EM transpar-

ent characteristics for the X-band elements in the under-layer. 

At the optimum Lsw of 1.8 mm, the maximum average boresight 

gain of 5.29 dBi for the X-band center element and a minimum 

average reflection coefficient of -13.9 dB in the S-band are 

achieved. 
Fig. 4 presents the reflection coefficients and boresight gains 

of the S-band and X-band elements. The reflection coefficient 

of the S-band element has a bandwidth of 328 MHz (2.89 GHz 

to 3.22 GHz, |Γ| < -10 dB), for which the fractional band-

width is greater than 10.8%. The boresight gain is maintained 

above 3 dBi in the operating bandwidth, as shown in Fig 4(a). 

Among the X-band elements, the bandwidth of the central ele-

ment is 1.4 GHz (9.17 GHz to 10.57 GHz, |Γ| < -10 dB), for 
Table 1. Geometrical parameters of the proposed antenna

Parameter Value (mm) Parameter Value (mm)

ls1 17.8 ts1 1.8

ls2 20.1 ts2 1.8

lx1 7 tx1 1.1

lx2 5.6 tx2 1.05

ws1 27.1 hs1 3.965

ws2 20.3 hs2 2.379

wx1 9.1 hx1 2.379

wx2 6.1 hx2 1.586

 
(a) (b) 

Fig. 4. Reflection coefficient and boresight gain of the proposed 

unit-cell: (a) S-band and (b) X-band. 

 
Fig. 3. Average gain and reflection coefficient of the S/X-band 

element according to the thickness of the S-band loop. 
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which the fractional bandwidth is greater than 14.3%. Moreover, 

the boresight gain is maintained above 4.5 dBi in the operating 

bandwidth, as shown in Fig 4(b). 

III. VERIFICATION OF THE PROPOSED ANTENNA ARRAY 

To verify the feasibility of the proposed antenna, a 2 × 2 

unit-cell array is fabricated and measured in a full anechoic 

chamber. Fig. 5 shows the top and side views of the fabricated 

2 × 2 unit-cell array. The two S-band and X-band layers are 

combined using dielectric bolts, and each part is assembled on a 

metallic cage body. In the array configuration, the four identical 

unit-cells are separated from adjacent elements by a distance of 

Ds (51 mm), and the 36 elements of the X-band array, for which 

feed-to-feed distance is Dx (17 mm), are stacked under the S-

band elements as shown in Fig. 5. 

Fig. 6 shows the measurement setup in the full anechoic 

chamber. The test probe antennas in the yellow rectangle are 

placed around the antenna under test (AUT) in the red rectangle, 

where the proposed unit-cell array is fixed with the zig. The 

reflection and active element patterns for the 40 ports were fully 

measured in the S/X band. Fig. 7 shows the reflection coefficient 

of the fabricated 2 × 2 unit-cell array for the first S-band ele-

ment (S1) and central X-band element (X9). The solid, dotted, 

and dashed lines indicate the measured reflection coefficient, 

ARC, and simulated reflection coefficient, respectively. The 

ARC observed at an element m with the fully excited array for 

the θ0 steering is calculated as follows [13]: 
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where u0 is kd sinθ0 and d is the array distance. The reflection 

coefficient of S1 has a bandwidth of 390 MHz (2.83 GHz to 

3.32 GHz, |Γ| < -10 dB), and the measured results are in good 

agreement with the simulated ones, as shown in Fig. 7(a). The 

measured values of the ARC for 0° steering are almost similar to 

the passive reflection coefficient value. Further, Fig. 7(b) shows 

the reflection coefficient characteristics of X9. The bandwidth is 

1.1 GHz (9.3 GHz to 10.4 GHz, |Γ| < -10 dB), for which the 

fractional bandwidth is greater than 12.2%, and the bandwidth 

of the ARC for 0° steering is similar to that of the passive reflec-

tion coefficient. 

Fig. 8 illustrates the ARC in the UV domain [14, 15], when 

the steering weighting vectors are applied to each element of the 

 
Fig. 5. Configuration of the fabricated 2 × 2 unit-cell array. 

 

 
Fig. 6. Measurement setup in the full anechoic chamber. 

 
(a) (b) 

Fig. 7. Reflection coefficient and the active reflection coefficient 

(ARC) of the fabricated 2 × 2 unit-cell array: (a) S-band 

(S1) and (b) X-band (X9). 

 

 
(a) (b) 

Fig. 8. ARC in the UV domain: (a) at 3 GHz (for S1) and (b) at 10 

GHz (for X9).
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array. The dashed black line represents the 30° azimuth over 

elevation steering angle region. The color shows the ARC level 

in dB scale, where the darker blue indicates better matching 

characteristics. The peak ARCs in the 30° azimuth over eleva-

tion steering angle region are -11 dB and -6 dB for S1 and X9, 

respectively, as shown in Fig. 8(a) and Fig. 8(b). 

Fig. 9 shows the array beam pattern for the 2 × 2 unit-cell 

array. The boresight gains at 3 GHz for the simulated 0° steer-

ing beam pattern and measured 0°, 10°, and 20° steering patterns 

are 9 dBi, 9.4 dBi, 9.4 dBi, and 9.1 dBi, respectively. The 

measured and simulated results are in good agreement, as shown 

in Fig. 9(a). The boresight gains at 10 GHz for the simulated 0° 

steering beam pattern and measured 0°, 10°, and 20° steering 

patterns are 19.4 dBi, 18.4 dBi, 18 dBi, and 17.7 dBi, respectively, 

as shown in Fig. 9(b). 
The basic unit-cell of the proposed array includes overall con-

figurations such as an S-band element, X-band elements, and 

simplified feeding networks, so that the unit-cell design can be 

directly applied to the full array, where each element has equal 

phase delay. The full array can be various shapes because the 

proposed array consists of the modularized symmetrical basic 

unit-cell. Fig. 10 illustrates the 12 × 12 full-scale unit-cell array 

configuration with its expected radiation pattern, where the di-

mension L is 204 mm. The 12 × 12 array configuration can be 

obtained by extending the 2 × 2 array because the proposed 

array consists of the modularized basic unit-cells having sym-

metrical structure, as shown in Fig. 10(a). Fig. 10(b) shows the 

expected radiation pattern of the full array, where the black and 

red solid lines indicate the X-band beam pattern and the S-band 

beam pattern, respectively. The boresight gains are 36.1 dBi and 

26.9 dBi, respectively. 

IV. CONCLUSION 

We investigated the S/X-band dual-loop shared-aperture 

2 × 2 array antenna, which consisted of 2 × 2 S-band and 6 × 6 

X-band stacked dual-loops with a recursive coupled-fed struc-

ture to obtain the broadband matching characteristics. Moreover, 

we employed the upper loop direct feed structure for manufac-

turing tolerance. In addition, an extended via cavity structure 

and optimized S-band element with EM transparent character-

istics were applied to reduce the coupling effects. To confirm the 

feasibility of the proposed 2 × 2 unit-cell array, the beamform-

ing performance and ARC characteristics of the fabricated array 

were investigated in the S/X-band. 

The peak ARC in the 30° azimuth over elevation steering 

angle region were -11 dB and -6 dB for S1 and X9, respective-

ly, and the maximum gains at 3 GHz and 10 GHz for the 0° 

steering were 9.4 dBi and 18.4 dBi, respectively. 
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I. INTRODUCTION 

Synthetic aperture radar (SAR) [1] has been widely developed 

to obtain high-resolution two-dimensional (2D) images of ob-

jects. Usually, optical images are very limited to only day and clear 

weather conditions. However, SAR images could be obtained in 

almost any condition, regardless of daylight, cloud coverage, 

weather, and so on. The SAR system provides a 2D reflectivity 

map of regions of interest (ROIs) with bright spots from a high 

backscattered signal. Until recently, it has been impossible for im-

age analysts to process all the collected data from various re-

sources. Due to the rapid growth of such an enormous collection 

capacity, the demand for automatic target recognition (ATR) has 

been continuously increasing. 

In SAR-ATR [2, 3], it is very important to build a database 

(DB) of targets of interest (TOIs) from measurement images. 

However, it is very difficult to construct a measurement DB from 

various angles. Therefore, it is very hard to recognize the target 

signature. To overcome this difficulty, the simulation images of 

TOIs could be generated from inverse SAR (ISAR) [4] to supple- 
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ment the measurement images. 

There is a common procedure for generating simulation im-

ages of TOIs. First, the computer-aided design (CAD) model of 

a target can be generated from a laser scan or indirect information, 

such as an online CAD model or photos. The accuracy of the 

CAD model depends on the operating frequency of the SAR sys-

tem. Second, the radar cross-section (RCS) of the CAD model 

can be computed using various numerical techniques. In full-

wave methods, three main categories, namely, method of mo-

ments (MoM) [5], finite element method [6–8], and finite dif-

ference time domain (FDTD) [9–12], are very popular in the 

community of computational electromagnetics. However, these 

approaches require a lot of numerical complexity of memory and 

CPU time to solve the problem in the X-band (approximately 10 

GHz). To overcome these numerical complexities, fast algo-

rithms, such as the multilevel-fast multipole method (ML-FMM) 

[13], integral equation-fast Fourier transform (IE-FFT) [14, 15], 

domain decomposition-finite element method (DD-FEM) [16], 

and finite difference time domain-message passing interface 

(FDTD-MPI) [17], have been developed. However, these tech-

niques could still be limited to constructing a simulation DB for 

target recognition. Therefore, high-frequency techniques [18–20] 

are very useful and powerful methods, notwithstanding the inac-

curate results compared with full-wave methods. Finally, ISAR 

images can be generated from RCS data using a frequency sweep. 

Inaccurate modeling and high-frequency techniques should be 

carefully handled. 

Deep learning frameworks, such as TensorFlow [21], PyTorch 

[22], and others [23–25], have been widely used with GPU-ac-

celerated libraries. Frameworks based on convolutional neural 

networks (CNN) [26] have been developed and specialized in 

image recognition and computer vision. The Visual Geometry 

Group (VGG) network [27] by the University of Oxford has 

been very popular in its good performance despite its simplicity. 

The Pix2pix [28] network learns mapping from input images to 

output images. The network creates a desired image by the con-

ditions of the latent variables. The generative adversarial network 

(GAN) [29] efficiently learns to generate new images with the 

same statistics as a training set. The main disadvantage of this 

technique is that the network should have paired images for the 

training sets. CycleGAN [30] proposes an image translation 

technique from a source domain to a target domain without 

paired sets. In the area of SAR-ATR, deep learning research is 

continuously increasing. Deep learning research based on CNN 

[31], faster region-CNN (R-CNN) [32], you only look once ver-

sion 2 (YOLOv2) [33], etc., has been analyzed, tested, and de-

veloped. 

This paper proposes a measurement image translation-

automatic target recognition (MIT-ATR) method based on 

CycleGAN with an SAR simulation DB. The uniqueness of the 

proposed method is that it translates from measurement images 

to simulation-like images. The main reason for using a simula-

tion DB is that the measurement images are not sufficient at all 

angles. Therefore, CycleGAN is considered and recommended 

to supplement measurement images owing to unpaired image-

to-image translation. The main difficulty in using a simulation 

DB is generating images similar to measurements. Convention-

ally, simulation images are pre-processed by image adjustments, 

such as an image filter, intensity, histogram statistics, etc. These 

techniques are very inconvenient and time-consuming processes. 

The proposed approach is to generate simulation-like images us-

ing CycleGAN. The generated images are tested by a VGG neu-

ral network. The performance of the proposed approach is much 

better than that of the VGG. 

The outline of the article is organized as follows: Section II 

provides a description of the MIT-ATR technique, Section III 

demonstrates the accuracy and performance of the proposed ap-

proach, and finally, the paper is concluded in Section IV. 

II. A MEASUREMENT IMAGE TRANSLATION-AUTOMATIC 

TARGET RECOGNITION TECHNIQUE 

An MIT-ATR technique is proposed to enhance target classi-

fication when the simulation DB is available. The proposed ap-

proach has two steps. The first step is the translation process 

through CycleGAN. A measurement image with noise is trans-

lated into an image similar to a simulation image generated from 

a high-frequency technique, such as shooting and bouncing rays 

(SBR), physical optics (PO), etc. The second step is the classifi-

cation process through the VGG network. These steps are much 

better than the VGG network on its own. Fig. 1 shows the con-

ventional target recognition approach. Due to insufficient meas-

urement DB, the simulation DB is used. However, the accuracy 

of target recognition is extremely limited due to discrepancies be-

tween the measurement and simulation images. 

Therefore, an MIT-ATR approach based on the VGG net-

work with the simulation DB is shown in Fig. 2. In the training  

 

 
Fig. 1. Conventional target recognition approach based on VGG 

network with simulation DB. 
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Fig. 2. An MIT-ATR approach based on VGG network with simula-

tion DB. 

 
stage, the measurement images are trained on CycleGAN to 

construct simulation-like images. On the other hand, the simu-

lation images are trained on the VGG network with the simula-

tion DB due to the lack of measurement data. In the testing stage, 

the measurement images are translated into simulation-like im-

ages. The VGG network trained with the simulation DB classi-

fies the translated images as a softmax function of multiple classes. 

The main difference between the conventional and proposed 

approaches is the translation stage from measurement images to 

simulation-like images. 

 
1. VGG Network based on CNN 

In this section, a VGG network based on transfer learning is 

used for target classification by ImageNet [34]. The VGG16 net-

work is shown in Fig. 3. Originally, the input of VGG16 was a 

fixed-size 224 × 224 RGB image. In this paper, the size of the 

input images is a 50 × 50 gray image, which is the maximum size 

of TOIs. For transfer learning, 50 × 50 SAR images should be 

resized to fit the input size of VGG16 by bi-cubic interpolation. 

The resized SAR images train the basic VGG16, which consists 

of convolutional, max-pooling, fully-connected (FC), and soft-

max layers. The convolution filters have 3 × 3 pixel windows. Five 

max-pooling layers are followed by some of the convolutional lay-

ers. Finally, a stack of convolutional and max-pooling layers is fol-

lowed by three FC layers. The outputs of the softmax layer are the 

five classes in this paper. 

 

 
Fig. 3. VGG16 neural network with 50 × 50 × 1 input images. 

2. Cycle Generative Adversarial Network 

The use of a simulation DB could solve the lack of measure-

ment data. However, using only the VGG network does not 

guarantee the accuracy of the target classification. In this section, 

CycleGAN is proposed as the pre-processing of the VGG net-

work. A brief objective of CycleGAN is explained. There are two 

types of losses in CycleGAN. One is the adversarial loss, which 

is given by: 
 𝑚𝑖𝑛𝑚𝑎𝑥𝐿 𝐺, 𝐷 , 𝑋, 𝑌 = 𝐸 ∼ 𝑙𝑜𝑔 𝐷 𝑦  𝐸 ∼ 𝑙𝑜𝑔 1 − 𝐷 𝐺 𝑥  (1) 

 

and 
 𝑚𝑖𝑛𝑚𝑎𝑥𝐿 𝐹, 𝐷 , 𝑋, 𝑌 = 𝐸 ∼ 𝑙𝑜𝑔 𝐷 𝑥  𝐸 ∼ 𝑙𝑜𝑔 1 − 𝐷 𝐹 𝑦  (2) 

 

where G and F are mapping functions from one domain 𝑋 to 

the other 𝑌 and vice versa, respectively. 𝐷  and 𝐷  are dis-

criminators between translated samples and real samples. 𝑋 and 𝑌  are two domains for measurement and simulation images. 𝑥 ∼ 𝑝 𝑥  and 𝑦 ∼ 𝑝 𝑦  are data distributions of two 

domains, respectively. The key to GAN’s success is the idea of an 

adversarial loss that forces the generated images to be indistin-

guishable from real images. The other is cycle consistency loss, 

which is expressed as follows: 
 

( ) ( ) ( )( )

( ) ( )( )
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2

,
data

data
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        (3) 

 

where ‖⋅‖  indicates 𝐿  norm. Finally, the loss function of 

CycleGAN is written as follows: 
 

( ) ( )
( ) ( )

, , , , , ,

, , , ,
x y A Y
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=
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where λ is the weighting constant between two types of losses. In 

this paper, λ is 10. The details of the implementation of Cy-

cleGAN are shown by Zhu [30]. The procedure for CycleGAN 

is shown in Fig. 4. 

The input images could be measurement or simulation images. 

In this paper, a generator 𝐺 →  translates from a measurement 

image to a simulation-like image. To ensure cycle consistency, 

the generated image is translated into a reconstructed image by a 

generator 𝐺 → . The cycle consistency loss function tries to 

minimize the difference between a measurement and a recon-

structed image. A discriminator 𝐷  tries to force the generated 

images to be indistinguishable from real simulation images. The 

final goal is to translate measurement images into simulation-like 

image. 
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Fig. 4. Procedure of CycleGAN to generate a simulation-like image. 

 
3. A Simulation-Like Image Translation 

There are two ways to generate unpaired image-to-image 

translation using CycleGAN. One approach translates from sim-

ulation images to measurement images. The other is the other 

way around. Fig. 5 shows the 3D CAD model of a T-72 tank. In 

reality, it is not easy to obtain measurement data without a real 

model. CAD models from indirect information, such as Internet 

models or photos, could be required to compensate for insuffi-

cient measurement data. From the CAD model, a high-fre-

quency technique can create a simulation SAR image using mul-

tiple angle and frequency sweeps. However, the measurement 

images are quite different from the simulation images. Reducing 

the discrepancy between two images requires a lot of modifica-

tion based on indirect information. Due to the advent of Cy-

cleGAN, such complicated modifications are not necessary to 

obtain certain accuracy. However, an accurate matching process 

between measurement and simulation images should be handled 

carefully if more accurate results are required. 

Fig. 6 shows a comparison of the translation results between a 

measurement image and a simulation image by CycleGAN. The 

 

 

Fig. 5. The 3D CAD model of a T-72 tank. 

measurement image is obtained at elevation (EL) = 15° and 

azimuth (AZ) = 20°. The simulation is obtained from a slightly 

different angle at EL = 14° and AZ = 20°. The measurement 

data originated from moving and stationary target acquisition 

and recognition [35]. The original, translated, and reconstructed 

images from CycleGAN are described in Fig. 6(a)–6(f). The 

original measurement image 𝑋  and simulation image 𝑌 are 

shown in Fig. 6(a) and 6(d), respectively. The translated image 𝐺 𝑋  from the mapping 𝐺: 𝑋 → 𝑌  is shown in Fig. 6(b). 

The measurement image is translated into a simulation-like 

image. The reconstructed image 𝐹 𝐺 𝑋  is shown in Fig. 

6(c). The consistence loss function between the original and the 

reconstructed image is minimized by 𝐿  norm. The translated 

image 𝐹 𝑌  from the mapping 𝐹: 𝑌 → 𝑋 is shown in Fig. 6(e). 

For the consistency loss function, the reconstructed image is 

generated as 𝐺 𝐹 𝑌  in Fig. 6(f). In this paper, measurement 

images are used as an input image 𝑋 . The translated image 𝐺 𝑋  is a simulation-like image. To compute the consistency 

loss, the reconstructed image is generated as 𝐹 𝐺 𝑋 . The loss 

function is rewritten as follows: 
 𝐿 𝐺, 𝐹, 𝐷 , 𝐷 = 𝐿 𝐺, 𝐷 , 𝑋, 𝑌 𝜆𝐿 𝐺, 𝐹     (5) 

 

where 𝐿 𝐺, 𝐹 = 𝐸 ∼ 𝐹 𝐺 𝑥 − 𝑥 .      (6) 
 

The adversarial loss is the same as in Eq. (1). The generator 𝐺makes a translated image close to the other domain. The dis-

criminator 𝐷 compares the generated image 𝐺 𝑋  with the 

original simulation image 𝑌 to minimize the adversarial loss. 

     
(a)               (b)               (c) 

     
(d)               (e)                (f) 

Fig. 6. Comparison between a measurement image (at EL = 15° and 

AZ = 20°) and a simulation one (at EL = 14° and AZ = 20°) 

for a T-72 tank through CycleGAN: (a) measurement image, 

(b) a translated image from measurement to simulation-like, 

(c) a reconstructed image from simulation-like to reconstructed 

measurement-like, (d) a simulation image, (e) a translated 

image from simulation to measurement–like, and (f) a recon-

structed image from measurement-like to reconstructed sim-

ulation-like.
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Fig. 7 shows the original, translated, and reconstructed images 

at various angles. Fig. 7(a) shows the measurement images at EL 

= 15°, and AZ = 1°, 43°, and 89°. The simulation images are dis-

played in Fig. 7(d). Each translated image is shown in Fig. 7(b) 

and 7(e). Each reconstructed image is displayed in Fig. 7(c) and 

7(f). In the proposed approach, the simulation-like images in Fig. 

7(b) are tested with the simulation images in Fig. 7(d). The gen-

erated images are much more similar than the simulation images. 

Now, the correlation of the original images is compared with that 

of the translated images. The values of the correlation between 

Fig. 7(a) and 7(b) relative to Fig. 7(d) are computed. The coeffi-

cient of correlation between the measurement and the simulation 

images is computed by: 
 𝑟 = ,

                     (7) 

where 𝑐𝑜𝑣 𝑀, 𝑆 = ∑ 𝑀 − 𝜇 𝑆 − 𝜇 ,       (8) 
 𝜎 = ∑ 𝑀 − 𝜇 ,             (9) 

and 𝜎 = ∑ 𝑆 − 𝜇 .               (10) 

 𝑁 is the number of pixels for a chip. 𝑀  and 𝑆  are the 𝑖  

pixel intensity of the measurement and simulation images, re-

spectively. 𝜇  and 𝜇  are the average values of the pixel inten-

sity for the measurement and simulation images, respectively. 

The coefficients of correlation between the original and trans-

lated measurement images relative to the original simulation 

images are compared in Table 1. Five pairs of images are shown 

at different azimuth angles. The average correlation value of the 

original measurement image relative to the original simulation is 

0.5639. However, the average value for the translated measure-

ment images dramatically improved to 0.8076. Overall, the cor-

relation improved to 24%. 

III. NUMERICAL EXPERIMENTS 

The proposed approach was compared with the conventional 

VGG16 network. The proposed algorithm improves the proba-

bility of the target classification in five classes when the simula-

tion DB is used. There are two steps: CycleGAN for image 

translation and the VGG16 network for target classification. The 

first step generates simulation-like images using CycleGAN. 

The conventional approach is applied in the second step. Let us 

experiment with the conventional approach. Table 2 shows the 

training numbers of the simulation images and the testing numbers 

of measurement images. The resolution of the images is 30 cm 

× 30 cm. All SAR images are vertical-vertical (VV) imaginary. 

Table 3 shows the confusion matrix of the results of the con-

ventional approach.  

Due to the image discrepancy between the testing set and the 

training set, the accuracy is approximately 15%. The most im-

portant fact is that all testing sets are classified as class 2. The 

backscattered characteristics of class 2 are dominant in all classes. 

For the improvement of classification, complicated image adjust-

ment and verification processes should be required to reduce the 

discrepancy between measurement and simulation images. Usu-

ally, the measurement data cannot be equally distributed at all 

angles due to the difficulty of regular acquisition. Therefore, the 

      

      

       
(a)       (b)       (c)       (d)       (e)       (f) 

Fig. 7. Original, translated, and reconstructed images at various an-

gles: (a) original measurement images at EL = 15° and AZ 

= 1°, 43°, and 89°; (b) translated measurement images; (c) 

reconstructed measurement images; (d) original simulation 

images at EL = 14° and AZ = 0°, 44°, and 90°; (e) translated 

simulation images; and (f) reconstructed simulation images.

Table 1. Coefficient of correlation between measurement and simu-

lation SAR images 

 
Simulation SAR image DB at EL = 14°  

(AZ = 0°, 44°, 90°, 134°, and 178°)

EL = 15° AZ
Original measurement  

image 

Translated measurement 

image

1° 0.4358 0.8398

43° 0.5736 0.7848

89° 0.7052 0.8432

136° 0.5363 0.7787

180° 0.5687 0.7913

Average 0.5639 0.8076

Table 2. Number of training and testing images 

 
Number of images

1 2 3 4 5 Total

Training sets 7,020 7,020 2,340 4,680 2,340 23,400

Testing sets 47 126 259 205 196 833
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number of training sets is randomly distributed to each class for 

an unpaired image-to-image translation. There are two distinct 

problems. One is to generate simulation-like images. The other 

is using unbalanced datasets between measurement and simula-

tion images. The key ingredient processor is the unpaired meas-

urement to simulate image translation in the paper. In reality, 

there is only a small set of measurement data used as a training 

set. Therefore, the simulation data are randomly extracted in the 

same number as the measurement data. 

The summary of image sets for domain X  and Y  is shown 

in Table 4. Based on the proposed algorithm, the results of the 

target classification are given in Table 5. From the confusion 

matrix, the accuracy is approximately 80%. Fig. 8 shows the im-

provement and deterioration of each target class. Overall accuracy 

improved. The improvement of Class 5 is lower than those of the 

other classes. The reason is that the data of class 5 and the other 

classes are obtained from the heterogeneous SAR sensors. 

Fig. 9 shows the losses of adversarial and cycle consistency ver-

sus epochs. Here, epochs is 200, 𝛽 = 0.9, 𝛽 = 0.999, the 

learning rate 𝜇 = 10 , and batch size is 16. In the top figure, 

the solid line indicates adversarial loss, and the dashed is cycle 

consistency loss. The bottom figure shows the CycleGAN loss. 

After 110 epochs, the error converged less than 1.0. 

Fig. 10 shows the loss of the VGG network versus epochs. The 

VGG network uses the object function as an adaptive moment 

estimation (Adam) [36]. The loss is converged to almost 0 after 10 epochs. 

IV. CONCLUSION 

The proposed approach has the unique feature of SAR-ATR 

by two distinct deep learning networks when the simulation DB  

Table 3. Confusion matrix of the conventional approach 

  
Predicted 

1 2 3 4 5 Total

Actual 1 0 47 0 0 0 0

 2 0 126 0 0 0 100

 3 0 259 0 0 0 0

 4 0 205 0 0 0 0

 5 0 196 0 0 0 0

 Total 0 833 0 0 0 15.1
The bold diagonal indicates that the prediction and the ground truth are 

same. 

 

Table 4. Number of measurement images in domain 𝑋 and simula-

tion images in domain 𝑌 for CycleGAN 

 
Number of images 

1 2 3 4 5 Total

Measurement images in 

domain 𝑋 

465 752 803 838 691 3,549

Simulation images in 

domain 𝑌 

465 752 803 838 691 3,549

 

Table 5. Confusion matrix of the proposed approach 

  
Predicted 

1 2 3 4 5 Total

Actual 1 42 2 2 1 0 89.4

 2 25 101 0 0 0 80.2

 3 3 0 242 5 9 93.4

 4 9 24 6 160 6 78.1

 5 10 13 35 21 117 59.7

 Total 89 140 285 187 132 79.5
The bold diagonal indicates that the prediction and the ground truth are 

same. 

 
Fig. 8. Improvement and deterioration of an MIT-ATR technique.

 

 
Fig. 9. Adversarial, cycle consistency, and CycleGAN losses versus 

epoch.
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Fig. 10. Loss of VGG versus epochs. 

 
is used. The key ingredient of the algorithm is to translate from 

measurement images to simulation-like images using CycleGAN. 

From the confusion matrix of five classes, the accuracy is approx-

imately 80%. The accuracy improved by more than 60%. The 

correlation is close to almost 80%. The measurement images 

are translated to the images very similarly to the simulation by 

CycleGAN. The proposed approach demonstrates that the sim-

ulation DB can easily be used without any complicated pre-pro-

cessing techniques. 
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I. INTRODUCTION 

Gesture recognition is a hot topic in the field of computer vi-

sion and language technology, with the goal of interpreting hu-

man gestures using mathematical algorithms [1]. By under-

standing human actions, a device equipped with sensors can 

react as expected, such as by controlling a smart TV, a gaming 

box, a robot, or a computer. Nowadays, gesture recognition is 

popularly used for emotion recognition using vision-based 

methods [2, 3]. Despite achieving remarkable performance in 

terms of recognition accuracy, vision-based approaches are sus-

ceptible to failure under weak light conditions. To address this 

issue, Tan and Triggs [4] combined the strengths of robust illu-

mination normalization, local texture-based face representations, 

distance–transform-based matching, kernel-based feature ex-

traction, and feature fusion. As a result, the method achieved an 

88.1% face verification rate and a 0.1% false accept rate on the 

challenging FRGC-204 dataset. However, this accuracy level is 

still low compared to those of other approaches. 

An alternative to vision-based methods is the use of the fre- 
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quency-modulated continuous-wave (FMCW) radar, which can 

provide micro-Doppler features for gesture recognition [5]. 

Accordingly, Malysa et al. [6] used the hidden Markov model 

(HMM) for gesture recognition in their study, based on a 77-GHz 

FMCW radar system. By using micro-Doppler spectrogram 

images, HMM can classify four hand gestures with up to 82.3% 

overall accuracy within 30 frames. However, the study was per-

formed with a single target and small gesture classes, which are 

insufficient challenges for gesture recognition tasks. In a scenario 

involving multiple moving subjects, Peng et al. [7] investigated 

the effectiveness of a 5.8-GHz FMCW radar with range-Doppler 

processing in recognizing human gestures. They demonstrated 

that portable FMCW radars could recognize human gestures in 

the presence of multiple moving people. Nevertheless, no gesture 

identification model was presented in this study. With a similar 

processing method of range Doppler maps from raw signals of 

an FMCW radar, Ryu et al. [8] introduced a feature-based ges-

ture recognition method using a quantum-inspired evolutionary 

algorithm (QEA) to enhance gesture recognition accuracy. On a 

dataset of seven hand motion classes, gesture recognition was 

performed using the features selected by QEA, and 85.81% 

classification accuracy was obtained, higher than those of the k-

nearest neighbors (81.43%) and random forest (RF, 83.33%) 

classifiers. As expected, the handcrafted feature extraction ap-

proaches revealed a disadvantage: their classifiers work only with 

small datasets and cannot cover all realistic conditions. In con-

trast, deep neural networks (DNNs) can automatically extract 

useful features to improve classification accuracy. In particular, 

Vandersmissen et al. [9] proposed a robust feature learning ap-

proach based on deep convolutional neural networks (DCNNs) 

for use in identifying persons on the basis of their gait character-

istics through the micro-Doppler signatures of a low-power 

FMCW radar device. In the study, the DCNN model signifi-

cantly outperformed the support vector machine (SVM) and 

RF approaches by a margin of 17%. Moreover, in the experi-

ment with larger time windows, the DCNN model was able to 

further lower the error rate to 0% for above 25 seconds windows. 

In another study, a multidimensional parameter dataset was used 

for hand gesture recognition [10]. Specifically, Range-Frame-

Map, Doppler-Frame-Map, and Angle-Frame-Map were in-

cluded in the datasets for a meta-learning-based multi-branch 

network. As a result, the network obtained 97.3% recognition 

accuracy with seven gestures. However, the multidimensional 

parameters lead to high computational complexity in the pre-

processing stage and lengthen the model execution time. To 

improve the efficiency of hand gesture recognition systems 

based on the 60-GHz FMCW radar, Lee et al. [11] proposed a 

three-dimensional (3D) CNN with an Inception structure to 

process the range–Doppler matrix sequence, which yielded 

98.8% average accuracy. Although the 3D CNN model provided 

high precision, it suffered from a computational burden. The 

human gesture recognition task was also built on an edge-

computing platform combined with an FMCW radar sensor 

[12]. The system, including the radar and NVIDIA Jetson 

Nano, was embedded. The CNN model achieved 98.47% and 

93.11% average accuracy using gestures from taught and un-

taught subjects, respectively. In addition, a combination of long 

short-term memory and CNN is also employed for facilitating 

gesture recognition [13]. 

Despite remarkable achievements in gesture recognition, the 

aforementioned approaches still have one or more of the follow-

ing drawbacks: simple experiment context, high computational 

cost, and slow execution time. Thus, there is still room for 

researching and developing a novel DCNN model that can 

improve human gesture recognition performance in terms of 

recognition accuracy and computational complexity. Motivated 

by the Dop-Net dataset used in the study by Ritchie et al. [14], 

we propose the use of a dense CNN model, the so-called Dop-

DenseNet, to improve hand gesture recognition accuracy and 

reduce time-execution latency. Dop-DenseNet was designed 

with cross and skip connections to leverage the combination of 

the extracted features with the former ones for achieving high 

accuracy during the training process. The proposed model was 

evaluated using different numbers of filter channels and different 

time lengths of input data. Afterward, the Dop-DenseNet model 

with 64 3×3 filters was chosen to compete with several state-of-

the-art networks: GoogLeNet [15], ResNet-50 [16], NasNet-

Mobile [17], and MobileNet-V2 [18]. Consequently, our model 

remarkably outperforms other considered models in terms of 

accuracy and execution time.  

Thus, the following are the main contributions of our study: 

ㆍWe propose the Dop-DenseNet model and evaluated it 

using different configurations, such as changing the number 

of filter channels and the time lengths of the input data. 

ㆍWe compared our model with the other considered ones in 

terms of recognition accuracy, execution time, and memory 

cost on the Dop-Net dataset. 

The remainder of this paper is organized as follows. Section 

II describes our basis for using the FMCW radar for hand 

gesture recognition. Section III presents the proposed Dop-

DenseNet and its evaluation results. Section IV compares the 

performances of several state-of-the-art CNN models with that 

of our Dop-DenseNet model for hand gesture recognition. 

Finally, Section VI concludes the paper. 

II. FREQUENCY-MODULATED CONTINUOUS-WAVE  

RADAR FOR HAND GESTURE RECOGNITION 

In this section, we present an operation principle for the 

FMCW radar that can be used for hand gesture recognition 
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based on micro-Doppler signatures. 

 

1. Principles of the FMCW Radar 

FMCW radars are widely used for tasks involving human 

gesture recognition. They transmit electromagnetic FMCW 

power through antennas into a space for measuring objects. By 

processing the reflected signal and comparing it with the dupli-

cate of the transmitted signal, the radar can determine the target 

position. An example of an FMCW radar scheme for this appli-

cation is shown in Fig. 1. 

The signal transmitted by the FMCW radar can be expressed 

as follows: 
 

     𝑠 𝑡 𝐴 𝑐𝑜𝑠 2𝜋𝑓 𝑡 2𝜋 𝑓 𝜏 𝑑𝜏 , (1)
 

where 𝑓 𝜏 𝐵/𝑇 𝜏 is the transmitter sweep frequency, 𝑓  

is the center carrier frequency, B is the bandwidth, T is the 

signal period, and 𝐴  is the transmitted signal amplitude. 

Due to the motion of the hand, the frequency of the receiving 

signal is modulated by the Doppler shift, 𝑓 2𝑓 𝑣/𝑐. Thus, 

the receiving frequency is defined as follows: 
 

      𝑓 𝑡 𝑡 𝛥𝜏 𝑓 , (2)
 

where 𝛥𝜏 2 𝑅 𝑣𝑡 /𝑐 is the time delay of the received 

signal, R0 is the range of the hand from the radar antenna, v is 

the speed of hand motion, and c is the speed of light. Thus, the 

signal received by the radar antenna is presented as follows: 
 𝑠 𝑡 𝐴 𝑐𝑜𝑠 2𝜋𝑓 𝑡 𝛥𝜏 2𝜋 𝑓 𝜏 𝑑𝜏 𝑛 𝑡 , (3)
 

where 𝐴  is the received signal amplitude and n(t) is the 

Gaussian noise. The output of the mixer is an intermediate fre-

quency (IF) signal generated by mixing the received signal with 

the duplicate of the transmitted one. Afterward, the IF signal 

goes to a low-pass filter and an IF amplifier. If there is no re-

flected signal (meaning there is no detected target), the IF signal 

is only noise. Then, the IF signal is converted to digital form 

by an analog-to-digital converter for further processing in the 

digital signal processor. As a result, the IF signal can be written 

as follows: 
 𝑠 𝑡 𝑐𝑜𝑠 𝜋𝑓 2𝜋 𝑡 𝑛 𝑡  for target𝑛 𝑡  for no target

, (4)

 

where R0 is the range of the target at t = 0, and n(t) is the 

Gaussian noise. It can be seen in Eq. (4) that the existence of the 

target is detected by the strength of the IF signal, which is rep-

resented by the signal-to-noise ratio. The moving target is de-

termined by analyzing the micro-Doppler spectrogram of the IF 

signal. 

 

2. Micro-Doppler Effect 

The micro-Doppler effect is a phenomenon of secondary 

modulation in a reflected signal caused by the movements of 

parts versus a target center. The micro-Doppler effect facilitates 

determining the kinetic characteristics of the target; therefore, it 

can be used to identify hand gestures. In almost all cases, the 

Doppler frequency is produced by a combination of many 

complex and different micromovements, such as translation, 

rotation, and vibration. The oscillations of these micromotions 

produce frequency modulation phenomena on the reflected 

signal. They cause additional changes in the Doppler frequency 

shift constant of the entire translation motion of the target. For 

a target with only a translation motion with a constant velocity, 

the Doppler shift produced by this translation motion is a time-

invariant function. In contrast, if a target has a vibrating or 

rotating motion, the Doppler frequency produced by this rota-

tion or vibration is a function of time, which expresses a time-

varying modulation of the carrier frequency of the reflected 

signal. The general technique for micro-Doppler analysis is to 

represent the time-frequency spectrum. Nowadays, conventional 

spectrograms defined by the short-time Fourier transform (STFT) 

are widely used for micro-Doppler analysis, given as follows: 
 𝑋 𝜏, 𝜔 𝑆𝑇𝐹𝑇 𝑥 𝑡 𝑥 𝑡 𝑤 𝑡 𝜏 𝑒 𝑑𝑡

∞
, (5)

 

where x(t) is the input signal of transformation, and w(t−τ) is 
the kernel (so-called window) function. The resolution of the 

STFT spectrogram was identified via the window function and 

the overlapping rate. It is obvious that the micro-Doppler spec-

trum has two dimensions: time and frequency. The value of X is 

a complex number; therefore, X is designated as the neural net-

work model input, which has a size of M × N × 2, where M 

and N are the sizes of the frequency and time points, respectively, 

and 2 represents the real and imagined parts of complex values X. 

III. CONVOLUTION NEURAL NETWORK-BASED HAND 

GESTURE RECOGNITION 

In this section, we first introduce a dataset, Dop-Net, which 

we used to assess CNN models. We then propose a CNN model 

whose performance was evaluated using the Dop-Net dataset by 

changing the number of filter channels of the model and the 

time length of input data. 

\  

Fig. 1. Schematic of the FMCW radar for hand gesture recognition.
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1. Dop-Net Dataset 

Dop-Net is an FMCW radar dataset in which each *.mat file 

represents the data of a person divided into different gestures 

recorded from that person. The FMCW radar constantly trans-

mits a chirp signal, which increases (up-chirp) and decreases 

(down-chirp) its frequency linearly over time. The signal reflect-

ed from a hand is then mixed with the duplicate copy of the 

transmitted signal to downconvert the received signal to an in-

termediate frequency. The data for this classification issue are 

generated using a 24-GHz FMCW radar with a 750-MHz 

bandwidth. The other parameters of the radar are presented in 

Table 1. 

Each gesture is made directly in front of the radar at a ≈ 30 cm 

distance at the same height as the antenna. The FMCW radar 

captures 30 seconds of the reflected signal for each gesture. The 

dataset provides four separate hand gestures that can be applied 

in human–machine interface applications. By using the STFT-

based micro-Doppler analysis method and automatic segmenta-

tion with 75% overlapping, we generated 9,410 total time-

frequency spectral images with a size of 200 × 200. The distri-

bution of gestures is presented in Fig. 2, with the numbers of 

images for the click, pinch, swipe, and wave actions shown as 

2,063, 2,026, 2,821, and 2,500, respectively. 

Evidently, different hand gestures pose different micro-

Doppler signatures in STFT images (Fig. 3), which facilitate 

machine learning, and deep learning algorithms discriminate 

individual hand actions. Accordingly, Ritchie et al. [14] compared 

different machine-learning techniques in terms of classification 

accuracy. As a result, a quadratic SVM classifier obtained the 

best accuracy (74.2%). 

 

2. Dop-DenseNet Model 

For use in recognizing hand gestures, we propose a light-

weight CNN model based on a densely connected architecture: 

Dop-DenseNet. The overall scheme of our network is detailed 

in Fig. 4, where cross–skip connections and depth-wise concat-

enations are employed for leveraging the useful former feature 

maps, which can be lost when going through the model’s ex-

traction backbone flow. As shown in Fig. 4, our design reuses 

the former feature maps twice. Indeed, the output features from 

the first normalization (Norm) layer are concatenated with the 

backbone features at the first depth-concatenation (Concat) 

layer, and then they are reused once more at the second Concat 

layer. This process is continuously repeated to the last Concat 

layer. The reuse of former features helps enhance the repre-

sentative information of each output class and prevents gradient 

vanishing and overfitting problems during the training process. 

Therefore, this design can improve the classification accuracy of 

the model. In addition, maxpool layers with (2,2) strides were 

employed to reduce the number of learnable parameters in the 

model. All the convolutional (Conv) layers in the backbone flow 

were designed with 64 filters with a 3×3 size and a (1,1) stride. 

The Conv layers in skip connection flows have 64 filters with a 

1×1 size and a (2,2) stride. Maxpool layers were allocated for 

selecting the strong features and downsampling the feature 

Table 1. Main parameters of the FMCW radar for dataset generation

Parameter Value 

Frequency (GHz) 24 

Bandwidth (MHz) 750 

ADC resolution (bits) 12 

Transmit power (dBm) 13 

 

 
Fig. 2. Distribution of hand gestures in the Dop-Net dataset.

 
(a)                         (b) 

 
(c)                       (d) 

Fig. 3. Micro-Doppler spectra of different hand gestures: (a) wave, 

(b) pinch, (c) click, and (d) swipe. 
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maps. The last Conv layer is followed by an average pool layer 

instead of a maxpool layer. Then, two fully connected (FC) layers 

were deployed as classifiers. The FC 1 layer was set with 512 

neurons whereas the FC 2 layer was assigned four output neurons 

corresponding to four classes of hand gestures (click, pinch 

swipe, and wave). 
 

3. Experimental Results 

The dataset of micro-Doppler images was randomly divided 

into the training set (80%) and the validation/test set (20%). 

The Dop-DenseNet model was experimented with on the 

dataset with the same training and test configuration. Specifi-

cally, training options were set up, as presented in Table 2. The 

training and testing processes were executed on a laptop with a 

Core-i5 9300H, RAM 16 GB CPU and a GTX 1660ti 6 GB 

GPU. 

The learning/convergence progress was plotted in Fig. 5, where 

it can be observed that the cross-validation accuracies are appro-

priate for the training ones and approach ≈ 100% after 2,350 

iterations. 

The confusion matrix that presents the classification accuracy 

of our proposed model for four hand gestures is shown in Fig. 6, 

where it can be seen that the Dop-DenseNet model gained a 

very high rate of correct hand gesture classification. Specifically, 

the model predicted the swipe and wave gestures with 100% 

accuracy. Two other methods also achieved a high correct classi-

fication rate, with 99.7% and 99.9% for the click and pinch ges-

tures, respectively. 
Next, we analyzed the accuracy and prediction time of the 

Dop-DenseNet model by changing the number of filter channels 

in the Conv layers to 8, 16, 32, and 64 channels. The results 

comparison of the different numbers of filter channels in Fig. 7 

shows that the Dop-DenseNet model can improve classification 

accuracy by increasing the number of filters, but this will make 

the model bigger and slower. Specifically, the model’s perfor-

mance improved by about 1.1% when the number of filter 

channels increased from 8 to 16. Nevertheless, it enlarged the 

model capacity to about 50,300 learnable parameters and raised 

 
Fig. 4. Overall architecture of Dop-DenseNet. 

 

Table 2. Main parameters of the FMCW radar for dataset generation

Parameter Value 

MiniBatchSize 64 

MaxEpochs 30 

InitialLearnRate 0.01 

LearnRateDropFactor 0.5 

LearnRateDropPeriod 2 

Solving method SGDM 

 

 
Fig. 5. Training and validation accuracies of Dop-DenseNet.

 
Fig. 6. Confusion matrix of hand gesture recognition using the 

Dop-DenseNet model. 
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the prediction time delay from 2.1 ms to 2.4 ms. When we 

changed the number of channels in the model from 16 to 64, 

the classification accuracy improved by only about 0.5%. However, 

the model structure significantly increased by about 772,000 

learnable parameters, and its processing rate was reduced to 

3.1 ms. 
To determine the impact of time length on the gesture 

recognition performance of Dop-DenseNet, we assessed the 

model with different time lengths (100, 200, 300, and 400 time 

bins). The results in Fig. 8 show that the longer time length 

makes the model processing slower despite improving the ges-

ture recognition accuracy. Specifically, it can be seen in Fig. 8 

that the model’s accuracy was significantly improved when the 

time length was changed from 100 bins to 200 bins. However, 

when the time length was changed from 200 bins to 300 and 

400 bins, the model obtained only a small improvement in 

accuracy. In addition, the execution time of the model was 

slower with time-length increments. 

IV. COMPARISON OF IMPLEMENTATION RESULTS 

In this section, we compare the performance of the Dop-

DenseNet model with those of several state-of-the-art CNN 

models (GoogLeNet, DarkNet, ResNet-50, NasNet-Mobile, 

and MobileNet-V2) on the Dop-Net dataset. In the following 

subsections, we briefly describe the structures of the CNN models. 

Afterwards, we present the results of each model’s training with 

80% of the dataset, and of the model’s validation and testing 

with the remaining 20% of the dataset. Finally, we discuss the 

results of the performance comparison. 

 

1. Brief Description of CNN Models 

 

1.1 GoogLeNet  

GoogLeNet [15] is a CNN with 22 layers. It was built to 

classify images into 1,000 object categories, such as keyboard, 

mouse, pencil, and many different animals. The GoogLeNet 

model is based on the Inception architecture. It uses Inception 

modules, which allow the network to choose between multiple 

convolutional filter sizes in each block. An Inception network 

stacks these modules on top of each other, with occasional max-

pool layers with a stride of 2 to halve the resolution of the grid. 

The network has learned different feature representations for a 

wide range of images with a 224 × 224 size. However, on the 

Dop-Net dataset, the GoogleNet input size was reassigned to 

the 200 × 200 size, with "zero center" normalization. The out-

put classes of the fully connected layer were changed from 1,000 

to 4, which is appropriate for the number of gestures in the 

Dop-Net dataset. 

 

1.2 ResNet-50  

ResNet-50 [16] is a variant of the ResNet model, which has 

48 convolution layers, along with 1 maxpool layer and 1 average 

pool layer. Therefore, it is 50 layers deep. As a result, it has 3.8 

× 109 floating point operations. This architecture is used for 

computer vision tasks such as image classification, object detec-

tion, and localization. It can also be applied to other tasks to 

give them the benefit of depth and to reduce the computational 

expenses. The original ResNet-50 was trained on more than a 

million images from the ImageNet database to classify images 

into 1,000 object categories, similar to GoogLeNet. As a result, 

the network has learned rich feature representations for a wide 

range of images. The network has an input size of 224 × 224; 

however, in this work, we redesigned the 200 × 200 input size 

and the output size of four classes. 

 

1.3 NasNet-Mobile [17] 

NasNet stands for Neural Architecture Search Network, which 

was developed by the Google Brain team. The NasNet model 

employs the two main functionalities of normal and reduction 

cells. The idea of NasNet is to search for the best combination 

of parameters of the given search space: filter sizes, output chan-

nels, strides, number of layers, and others. As a result, NasNet 

 
Fig. 7. Performance comparison of Dop-DenseNet when configured 

with different numbers of filter channels. 

 

 
Fig. 8. Performance comparison of Dop-DenseNet with different 

time lengths of input data. 
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achieved state-of-the-art results in the ImageNet competition. 

However, it requires computation power. In this work, we applied 

NasNet-Mobile, a small version of NasNet, to classify hand 

gestures on the basis of the micro-Doppler feature maps analyzed 

by the FMCW radar. Similar to other networks, we redesigned 

the input and output sizes of NasNet-Mobile to make it appro-

priate for the Dop-Net dataset. 

 

1.4 MobileNet-V2  

MobileNet-V2 [18] is the second version of the MobileNet-

V1 model developed by Google. The MobileNet-V2 model is a 

better module as an inverted residual structure, which plays the 

role of a backbone for feature extraction, was introduced to it. 

Hence, MobileNetV2 achieves state-of-the-art performance in 

object detection and semantic segmentation. In MobileNet-V2, 

two types of blocks are used: a residual block with a stride of 1 

and another one with a stride of 2 for downsizing. Each block 

has three layers: the first layer is a 1 × 1 convolution with a 

ReLU activation function; the second layer is a depth-wise con-

volution; and the third layer is another 1 × 1 convolution but 

without any nonlinearity. 

 

2. Comparison of Results 

The performances of the Dop-DenseNet model (with a con-

figuration of 64 3 × 3 filters and an input data time length of 

200 time bins) and of four other CNN models are compared in 

Table 3, where it can be seen that our proposed model has the 

least number of learnable parameters (≈0.85 millions). It re-

markably outperforms the other models in terms of accuracy 

(overall, 99.87%) and execution time (≈3.1 ms). MobileNet-V2 

achieved the second-highest performance, with 99.38% classifi-

cation accuracy, 4.0 ms prediction time, and ≈2.22 million 

learnable parameters. The NasNet-Mobile model with ≈4.3 

million learnable parameters showed the worst average accuracy 

(98.77%) and prediction time (5.4 ms). Interestingly, ResNet-

50 has a large architecture of ≈23.68 million parameters, but its 

average classification accuracy (99.18%) is lower than that of 

MobileNet-V2. The comparison of all the five CNN models 

with machine learning techniques in [14] showed that the CNN 

models remarkably outperform the machine learning techniques. 

V. CONCLUSION 

This paper briefly presents the principles of the FMCW 

radar with the use of micro-Doppler signatures for hand gesture 

recognition. For use in recognizing hand gestures, we propose 

Dop-DenseNet, a lightweight CNN model with cross-dense 

connections and a skip connection. Our model achieved the 

highest overall accuracy (99.87%) and the fastest execution time 

(3.1 ms) when trained and tested on the Dop-Net dataset with 

a time length of 200 bins. We then compared the performance 

of the Dop-DenseNet model with 64 3 × 3 filters with those of 

four well-known CNN models: GoogLeNet, ResNet-50, NasNet-

Mobile, and MobileNet-V2 in terms of classification rate, 

prediction time, and number of learnable parameters. All the 

five models were trained and tested on the Dop-Net dataset, 

with the same training and testing option configuration. The 

Dop-DenseNet model remarkably outperformed the four other 

models in terms of classification accuracy, prediction time, and 

structural size. 
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I. INTRODUCTION 

To measure the radiation pattern of an antenna, a two-port 

measurement system is usually considered. In the two-port 

measurement system, the antenna under test (AUT) is driven by 

a known source, and the probe antenna, which is located in the 

far zone of the AUT, measures the radiation intensity. The radi-

ation pattern of the AUT is obtained directly by tabulating the 

measured radiation intensity and the angular location of the 

probe [1]. In millimeter-wave bands, the antenna systems are 

packaged such that it is difficult to disassemble. If it is necessary 

to disconnect the radiator antenna from the driving circuitry to 

measure the radiation pattern, it is difficult to drive the antenna 

and the radiation characteristics of the antenna would change. 

In such cases, an indirect antenna measurement technique needs  

 

to be considered. 

Many antenna systems are electrically large if the mounting 

platform is included [2, 3]. In such cases, a long distance is re-

quired to meet the far zone criteria. In some cases, it may be 

practically impossible to secure the required distance. Therefore, 

in this paper, a novel antenna measurement technique is pro-

posed. In the proposed technique, the radiation characteristics 

are measured using a scatterer that scans in the near-field of the 

AUT, as shown in Fig. 1. The scattered field is measured by the 

AUT itself, and the measured quantity is transformed to the far-

field pattern using a near-field to far-field transformation 

(NTFT) method that is proposed in this paper for the one-port 

measurement method. The proposed measurement technique is 

advantageous over two-port systems in many aspects. The system 

hardware configuration is simple. The scatterer can be made 
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light weight and, thus, the scanning is easy. There are no moving 

cables, and the distortion due to the cable can be minimized. 

Scatterer-based systems have previously been studied [4–6]. 

However, [4] is only focused on electric field data acquisition, [5] 

is valid for obtaining a single-plane radiation pattern for linear-

polarization and simple aperture antennas, and [6] requires other 

modulation systems. 

In general, the measurement accuracy can be improved by the 

probe compensation method in a two-port measurement system 

[7]. Similarly, by compensating the characteristics of the scatterer, 

the accuracy of the one-port measurement system could be im-

proved. In this paper, a scatterer compensation method for 

one-port planar NTFT is derived based on the reciprocity theo-

rem. The proposed compensation method is validated through 

experiment. 

II. ONE-PORT NEAR-FIELD ANTENNA MEASUREMENT 

SETUP 

When two antennas are in the far zone of each other, the 

relationship between the power received by one antenna and the 

power transmitted by the other antenna can be simply described 

by the Friis transmission equation [1]. For the case that each 

antenna is matched to their respective feeding circuit, the equa-

tion can be written as: 

2
22 ˆ ˆ21

4
r

t r
t

PS G G
P R

λ
π

 = ⋅ 
 

t r ρ ρ
,
 

(1)
 

where Gt and Gr are the gains of the antennas, ˆ tρ and 
ˆ rρ are 

polarization unit vectors of the transmitting and receiving an-

tennas, respectively, λ is the wavelength, and R is the distance 

between the two antennas. If we use a two-port measurement 

system, such as a network analyzer, |S21|2 may be proportional 

to the power ratio. If the characteristics of the transmitting 

antenna and the distance R are known, the radiation pattern of 

the receiving antenna Er can be obtained by the following rela-

tionship: 

         
ˆ21 rS ⋅ tE ρ , (2)

 

where S21 is what we measured using the two-port system. If 

the probe antenna and the AUT are connected to ports 1 and 2, 

respectively, S21 can be related to the radiation pattern of the 

AUT if a proper compensation method is used.  

Similarly, when a scatterer is present in the far zone of an an-

tenna, the backscattered field can be represented using the radar 

range equation [1]. For a monostatic antenna with no reflection 

loss, the equation can be written as: 
 

     

2
22 2

2
ˆ ˆ11

4 4
r

a
t

PS G
P R

σ λ
π π
 = ⋅ 
 

a s ρ ρ
, (3)

 

where Ga is the gain of the antenna, σ is the radar cross section 

of the scatterer, and 
ˆaρ  and 

ˆ sρ
 are the polarization unit vectors 

of the antenna and the scattered field, respectively. The measured 

quantity S11 is related to the radiation pattern of the antenna, as 

follows: 

   
( )2

ˆ11 aS ⋅ sE ρ
. (4)

 

If the scatter is responsive to a single polarization and its 

radar cross section is known, the one-way radiation pattern of 

the antenna can be obtained as follows: 
 

   
ˆ11 aS ⋅ sE ρ . (5)

 

If the antenna is connected to port 1, both transmitting and 

receiving, 11S  can be related to the radiation pattern of the 

AUT if a proper compensation method is used. 

In the above descriptions, far-field conditions are assumed. 

However, Eqs. (2) and (5) can be applied to the measurement 

of the near-field of the AUT. The measured near-field data can 

be transformed into a far-field radiation pattern using an NTFT 

technique. In a two-port system, the field should be sampled 

with a half wavelength spacing or less, for a planar near-field 

scanning surface [7]. The NTFT requires two components that 

are orthogonal to each other on the scanning surface. Therefore, 

a far-field pattern can be obtained by using two different probe 

antennas, or by adjusting the orientation of one probe antenna. 

Likewise, in the proposed one-port system, the field should 

be sampled with proper spacing. According to the Nyquist 

sampling theorem, sampled signals with less than a half wave-

length can be properly reconstructed. In the case of a squared 

function, the phase velocity will be twice as fast as the original 

function. Therefore, a one-port measurement system using an 

NTFT technique requires space sampling with at least a quarter 

wavelength or less. Because the quantity of interest is the square 

root of what we measure, its phase could be considered as having 

180° of uncertainty [8]. The phase can be restored using a two-

dimensional phase unwrapping method [9]. For example, for 

S11 = aexp(jψ), the phase is first unwrapped to φ = unwrap2-D 

 
(a)                         (b) 

Fig. 1. Near-field antenna measurement concept for (a) two-port 

system and (b) proposed one-port system. 
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(S11) using both the amplitude and phase of what we measure, 

then, the NTFT input can be: 
 

        
( )ˆ exp / 2a a jϕ⋅ =sE ρ . (6)

 

Similar to the two-port system, the NTFT technique requires 

two components that are orthogonal to each other on the scan-

ning surface. Therefore, the far-field pattern can be obtained by 

using two different scatterers or adjusting the orientation of one 

scatterer and properly applying the compensation method to 

near-field data. 

III. SCATTERER GEOMETRY AND COMPENSATION 

METHOD 

In a two-port antenna measurement system, the measured 

near-field data contains probe-dependent characteristics. Thus, 

the far-field radiation pattern is improved by compensating for 

the probe-dependent characteristics [7]. Similarly, in the proposed 

one-port antenna measurement system, the far-field radiation 

pattern can be improved by compensating for the scatterer-

dependent characteristics. 

In this work, a linear wire scatterer was chosen because of its 

simple current distribution and linear polarization. Let us sup-

pose that a wire scatterer is aligned along the z-axis, as shown in 

Fig. 2, and a plane wave of unit amplitude with an arbitrary 

direction of propagation ˆ ik  is incident on the scatterer. Then, 

the current induced on the scatterer is dependent on only the θ 

component of the incident wave, and the shape of the current 

distribution should be essentially the same for a small scatterer. 

For a specific reference, current distribution, Jn, a plane wave 

incident in a direction ˆ ik  can be considered to induce the 

following current distribution: 
 

       
( ) ( ) ( )ˆ ˆ, i i

s nz c z=J k k J , (7)

where ( )ˆ ic k
 is a function of the incident direction. If we can 

write the radiated field from the current distribution Jn as: 
 

      
( ) ( )n nj G dvω ′= − E r J r , (8)

the scattered field due to wave incident in the ˆ ik  direction can 

be written as: 
 

     
( ) ( ) ( )ˆ ˆ, i i

s nc=E r k k E r , (9)

 

where ( )G r  is the free-space Green’s function. 

The equation indicates that the scattered field has the same 

pattern, except for the amplitude, regardless of the direction of 

the incident wave. Since the compensation method is derived 

from these characteristics, the wire scatterer needs to be electri-

cally small. If the other scatterer geometries are considered, they 

must meet the conditions above.  

The scattering (re-radiation) pattern of the wire scatterer, 

having a wide beamwidth, linear polarization, and smooth 

shape without a side lobe, could be advantageous for scatterer 

compensation and phase restoration. 

 
1. Scatterer Compensation 

Fig. 3 shows the geometry of an AUT and a scatterer in iso-

tropic and lossless media. The AUT at the coordinate origin is 

connected to a port, which is both transmitting and receiving, 

and the scatterer is in the plane x = x0. Suppose that the current 

on the AUT is Ja, which is produced by the source generator. 

When there is no scatterer, Ja produces the fields Ea and Ha. 

When the scatterer is present, Js is induced on the scatterer due 

to Ea and Ha. Then Js is reradiated to produce Es and Hs, and 

subsequently Jas is induced on the AUT due to Es and Hs. These 

are shown in Fig. 4(a). Higher-order interactions are ignored 

for simplicity of explanation. 

In the simplified geometry described above, there are two 

states. Ja, Ea, and Ha are present for a state when there is no scat-

terer, and Ja + Js + Jas, Ea + Es + Eas, and Ha + Hs + Has are 

present for the other state when there is a scatterer. 

First, we show that what we measure on the scanning surface 

S1 is electromagnetic power coupled between the AUT and the 

scatterer by applying the reciprocity theorem between the two 

states in the two regions. For the AUT volume Va, which is 

enclosed by the closed surface Sa, the reciprocity applied for the 

two states can be described as [1, 10]: 

 
Fig. 2. Induced current distribution on a small wire scatterer corre-

sponding to plane wave incidence. 

 
Fig. 3. Geometry and coordinate system for one-port antenna 

measurement.
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( ) ( ){ } ˆ
a

a a s as a s as a aS
da× + + − + + × ⋅ E H H H E E E H n

 
( ) ( )

a
a a s as a s as aV

dv= ⋅ + + − + + ⋅ E J J J E E E J . (10)
 

The products Ea ⋅ Jas, Eas ⋅ Ja, Ea × Has, and Eas × Ha vanish 

due to the symmetry, and the induced current on the scatterer Js 

does not exist in Va [11]. Therefore, (10) can be simplified as: 
 

      
( ) ˆ

a
a s s a aS

da× − × ⋅ E H E H n
 

      
( )0

a
s a aV

dv P= − ⋅ E J r ,
 

(11)
 

where r0 is the position vector between the AUT and the scat-

terer. It can be thought that Pa(r0) is proportional to the open-

circuit voltage produced by the scattered field of the scatterer 

and could also be related to the S-parameter as follows: 
 

       
( ) ( )0 011aP Sr r . (12)

 

Next, we consider the reciprocity theorem between the two 

states for the source-free volume V1, which is enclosed by S1, S∞–, 

and Sa. In this source-free region, the reciprocity for V1 can be 

written as: 

 

       
( ){

1 a
a a s asS S S∞−+ +

× + + E H H H
 

       ( ) } 1ˆ 0a s as a da− + + × ⋅ =E E E H n . (13)
 

Because all fields should be plane waves at S∞–, the integral 

{ } 1ˆ 0
S

da
∞−

⋅ = n . We then obtain the following: 
 

  
( )

1
1ˆa s s aS

da× − × ⋅ E H E H n
 

 
( ) ( )0ˆ

a
a s s a a aS

da P= × − × ⋅ = E H E H n r , (14)
 

where 1ˆ ˆa= −n n . By applying the reciprocity theorem in the 

two regions, we obtained the same quantity Pa(r0). Thus, the 

electromagnetic power coupled between the AUT and the scat-

terer passing through S1 can be measured using Pa(r0) at AUT. 

Now, consider the geometry in Fig. 4(b), which shows the 

volume containing the scatterer. Suppose that we can model the 

scatterer as a wire antenna with a pair of imaginary terminals. 

An independent current source with In is placed across the 

terminals, producing the current Jn on the scatterer, which then 

produces En and Hn. Applying the reciprocity theorem in 

volume Vs and in the source-free volume V2, we can obtain the 

following two equations for the two volumes: 
 

   
( ) ˆ

s s
a n n a s a nS V

da dv× − × ⋅ = ⋅ E H E H n E J , (15)

and 

  
( )

2
2ˆ 0

s
a n n aS S S

da
∞++ +

× − × ⋅ = E H E H n , (16)

 

where the higher-order interactions are ignored. If the scatterer 

is electrically small, we can define In such that 
 

      s
a n ocV

dv V⋅ = E J , 
(17)

 

where Voc is the open-circuit voltage across the terminals of the 

scatter due to fields Ea and Ha. From (15), (16), and (17), we can 

obtain the following: 
 

  
( )

2
2ˆa n n a ocS

da V× − × ⋅ = E H E H n . (18)

 

Note that the current induced on the scatter due to the fields 

Ea and Ha is a scaled version of Jn, as shown in (7). In elabo-

rating (17), Ea and Ha can be thought to induce an open-circuit 

voltage Voc across the scatterer terminals. The current across the 

terminals of the scatterer could be Voc/Zs, where Zs is the input 

impedance of the scatterer. Thus, (7) can be rewritten as: 
 

      

oc
s n

s

V
Z

α=J J
, (19)

 

where α is a proportionality constant. Accordingly, (9) and (14) 

can be rewritten as: 
 

 
(a) 

 
(b) 

Fig. 4. Geometry definition for reciprocity: (a) volumes around the 

AUT and (b) volumes around the scatterer. 
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( ) ( )
1

1 0ˆoc
a n n a aS

s

V
da P

Z
α × − × ⋅ = E H E H n r

. (20)
 

Combining (18) and (20) gives: 
 

  

( ){ }
1

1ˆa n n aS
s

da
Z
α × − × ⋅ E H E H n

 

  
( ){ } ( )

2
2 0ˆa n n a aS
da P⋅ × − × ⋅ = E H E H n r

. (21)
 

If we take that the surfaces S1 and S2 are identical, and 

1 2ˆ ˆ= −n n  in (21), using (12) we can obtain the following: 
 

       
( )

1
1ˆa n n aS
da× − × ⋅ E H E H n

 

       
( ) ( )0 011 aS pβ= r r

, (22)
 

where β is a proportionality constant. 

Eq. (22) represents the relationship between the fields pro-

duced by Ja and Jn in the near zone. The above relationship can 

be transformed into a new relationship in the far field by using 

the plane wave spectrum and Fourier transform [11]. Here, we 

adopted the process described in [11] and [12]. Fields in the far 

zone can be represented using a spherical coordinate system (r, 

θ, ϕ), and the related wavenumber can be expressed as 

ˆ ˆ ˆsin cos sin sin cos .k k kθ φ θ φ θ= + +k x y z  When the near-field 

plane S1 is the yz-plane located at x = x0, (22) can be written as: 
 

     
( ) ( ) ( ) ( ), , , ,a n a nE E E Eθ θ φ φθ φ π θ φ θ φ π θ φ− − −

 

     0sin cos exp( )xC jk xθ φ=
 

     
( ) ( )0, , expa y zp x y z jk y jk z dydz

∞ ∞

−∞ −∞
⋅ +  , (23)

 

where ( ) ˆ ˆ, a a
a E Eθ φθ φ θ φ= +E  is the radiation pattern of the 

AUT, ( ) ˆ ˆ, n n
n E Eθ φθ φ θ φ= +E  is the scattering pattern of the 

small wire scatterer, which is assumed to be known, and C is a 

constant generated during the conversion process. Using two 

different scatterers, or adjusting the orientation of a single scat-

terer, the radiation pattern of the AUT can be calculated using a 

known pair of scattering patterns. The measured data according 

to the orientation of the scatterer are expressed as pv,h, where the 

subscripts v and h imply that the scatterer is either aligned 

vertically or horizontally, respectively. Then, the radiation pattern 

of the AUT, ignoring the constant C, can be written as follows: 
 

     

( ) ( ) ( ) ( ){sin cos, , ,
,

a v
hE I Eθ φ

θ φθ φ θ φ π θ φ
θ φ

= −
Δ

 

     
( ) ( )}, ,h

vI Eφθ φ π θ φ− − , (24)

and 
 

     

( ) ( ) ( ) ( ){sin cos, , ,
,

a v
hE I Eφ θ

θ φθ φ θ φ π θ φ
θ φ

= −
Δ

 

    
( ) ( )}, ,h

vI Eθθ φ π θ φ− − , (25)

where 
 

     
( ) ( ), 0, expv h xI jk xθ φ =

 

    
( ), 0 , , exp( )v h y zp x y z jk y jk z dydz

∞ ∞

−∞ −∞
⋅ +  (26)

 

and 
 

    
( ) ( ) ( ), , ,h vE Eθ φθ φ π θ φ π θ φΔ = − −

 

   
( ) ( ), ,v hE Eθ φπ θ φ π θ φ− − − . (27)

 

Here, ( ) ˆ ˆ, v v
v E Eθ φθ φ θ φ= +E

 
and ( ) ˆ ˆ, h h

h E Eθ φθ φ θ φ= +E are 

the scattering patterns for vertically and horizontally aligned scat-

terers, respectively. The processes represented in (23) through 

(27) are different from those in [11] and [12] as follows: 

(i) unwrapped square root of S11 is used instead of S21, 

(ii) the quantity S11 is obtained from the AUT, and 

(iii) the scattering pattern of the scatterer is used instead of the 

radiation pattern of the probe antenna. 

IV. EXPERIMENT AND VALIDATION 

To verify the performance of the one-port near-field antenna 

measurement technique with a small wire scatterer, we performed 

a radiation pattern measurement. Fig. 5 shows the measurement 

setup. A 2 × 1 horn antenna was used as an AUT because it 

has significantly different near- and far-field patterns. A 0.68 

cm long wire with a diameter of 0.5 mm was used as a scatterer. 

The length of the wire was chosen to be a half wavelength at the 

highest frequency of interest. A robot arm scans the scatterer 

over the near-field scanning surface, whereas a network analyzer 

measures the S11 at frequencies from 15 to 22 GHz at each grid 

point. The scanning surface was 5 cm from the AUT and 20 cm 

× 20 cm in area with a 0.2 cm grid spacing. The measurement 

area was empirically chosen such that the variation over the 

main lobe is relatively small. The spacing needs to be less than a 

quarter wavelength according to the Nyquist theorem, which is 

0.34 cm. In practice, slightly less spacing interval is desired, and 

we chose 0.2 cm for simplicity. To reduce the reflections from 

the robot arm, the scatterer is located at the top of a 50 cm high 

truncated expanded polystyrene (EPS) cone, whose bottom is 

attached to the robot arm.  

In many cases, the AUT may not be matched to the driving 

circuit. Therefore, the reflections from the input port could be 

significant. The AUT consists of two horn antennas, cables, and 

a power divider. The time-domain waveform shows the internal 

reflections from these components, as shown in Fig. 6(a). To  



YANG and KIM: ONE-PORT PLANAR NEAR-FIELD ANTENNA MEASUREMENT AND CORRESPONDING SCATTERER COMPENSATION METHOD 

349 

  
 

 
(a) 

 
(b) 

 
(c) 

Fig. 5. One-port near-field antenna measurement technique valida-

tion: (a) concept of measurement setup, (b) photograph of 

the AUT and scatterer arrangement, and (c) photographs of 

the AUT and scatterer. 

 

 
(a) 

 
(b) 

Fig. 6. Time domain waveform of measured S11 (a) including the 

internal reflections of the AUT and (b) without the internal 

reflections. 

remove these internal reflections, we measure the differences 

between the signal with the scatterer, S11, and the signal with-

out the scatterer, S11′. Because both S11 and S11′ contain the 

same internal reflections, we can obtain the signal without the 

internal reflections from ΔS11 = S11–S11′. The time-domain 

waveform of ΔS11v for r0 = (x0, 0, 0) is shown in Fig. 6(b). To 

further reduce the signals from laboratory clutter, such as the 

robot arm, walls, and floors, time gating was applied. 
Fig. 7 shows the measured amplitudes and phases of the 

near-field data from the vertically aligned scatterer at 18 GHz. 

Fig. 8 shows the far-field radiation patterns obtained from the 

proposed compensation method at 18 GHz. The phases were 

restored using the weighted least-squares 2D phase unwrapping 

method [9]. Figs. 7(a), 7(b), and 8(a) were obtained by having 

the main beam of the AUT aligned to the x-axis, and Figs. 7(c), 

7(d), and 8(b) were obtained by tilting the main beam by 20° in 

 
(a)                       (b) 

 
(c)                        (d) 

Fig. 7. Amplitude (a, c) and phase (b, d) of near-field data pv: (a) 

and (b) are for 0° tilted AUT, and (c) and (d) are for 20° 

tilted AUT. 

 
(a)                          (b) 

Fig. 8. Radiation patterns of 2 × 1 horn antenna in the θ–ϕ domain: 

(a) 0° tilted case and (b) 20° tilted case. 
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the E-plane. The figures show the near- and far-field pattern 

differences and the well-transformed radiation patterns with the 

main beam in the corresponding tilt angles. 

In order to show the accuracy of the proposed method, the 

radiation patterns obtained from the proposed method are 

compared with those measured in a conventional direct meas-

urement facility, which is a 16 m × 11 m × 9.5 m commercial 

anechoic chamber. Fig. 9 shows the radiation patterns of the 

AUT in both the E- and H-planes at 18 GHz. The red solid 

lines show the conventional measurement, and the blue dashed 

lines and black dotted lines show the proposed measurement 

with and without the proposed compensation, respectively. As 

shown in the figures, the proposed measurements, both with 

and without the proposed compensation, agree well with the 

conventional measurement within the range of ±30° from the 

center. Because the planar scanning surface is suitable for the 

directive antennas, only the patterns near the center are con-

sidered accurate. Nevertheless, the compensation method still 

shows the improvement in the off-center region, so the agree-

ment is closer to the proposed compensation. 

Thus, the proposed one-port near-field antenna measurement 

technique was validated for a planar scanning surface. 

V. CONCLUSION 

In this work, a one-port near-field antenna measurement 

technique with a small wire scatterer was proposed. In the con-

ventional near-field measurement technique, a probe antenna is 

scanned in the near-field scanning surface with a sampling in-

terval of less than a half wavelength. The S21 parameter was 

measured between the probe and AUT. The data obtained in 

the near-field were transformed to the far-field pattern. The 

probe radiation pattern was compensated for better measure-

ments. However, in the proposed technique, a wire scatterer is 

scanned with an interval of less than a quarter wavelength, and 

the measurement is made only at the port of the AUT. The 180° 

phase uncertainty was removed by applying a 2D phase un-

wrapping method. The data obtained in the near-field were 

transformed to a far-field pattern. The scatterer scattering pat-

tern was compensated for better measurements.  

The proposed measurement technique was validated by 

measuring the radiation pattern of an AUT, which is a 2 × 1 

horn antenna. The far-field radiation pattern obtained using the 

proposed technique was compared with that obtained from a 

conventional commercial anechoic chamber. It was shown that 

they agree well, especially in the region near the center, which is 

expected because of the nature of the rectangular near-field 

scanning surface. In future studies, the precision of the proposed 

technique will be further improved by enhancing the scattered 

signal using other types of scatterers. 
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I. INTRODUCTION 

The aviation industry currently uses multiple installed sys-

tems on the runway to guide the aircraft to touchdown points. 

These include instrument landing system (ILS), microwave 

landing system (MLS), and precision approach radar (PAR), 

where the main purpose is to assist the alignment of aircraft 

with a pre-defined glide path.  

A traditional ILS system consists of a ground-based trans-

mitter system and an airborne receiver. The transmitter system 

consists of two distinct modules, the localizer and the glideslope. 

The localizer module is located at the far end of the runway 

from the approaching direction and provides the aircraft with its 

horizontal deviation from the runway centerline. The glide slope 

system provides the aircraft with the vertical positioning along a 

predetermined glideslope, usually 3° with the runway [1]. The 

ILS system uses a large array of antennas operating at VHF to 

transmit and generate the localizer beams, but this makes the 

overall system heavy and non-portable. To address the limita-

tions of the traditional ILS system and the demand for tactical 

deployments during disasters and emergency landing scenarios, 

MLS was introduced in 1960 [2]. 

A basic MLS system consists of azimuth and elevation ground 

stations and conventional distance measurement equipment 

(DME). The azimuth and elevation ground stations generate 

pencil fan beams scanning to and from, to cover a coverage area 

of ±40° around the runway centerline and 15° above the ground. 

A traditional phased array is used to produce such scanning of 

antenna beam patterns [3]. 

Due to he requirement of a very high scan rate in MLS, portable 

tactical approach guidance (PTAG) system for aerial landing 

applications is used [4]. Like ILS, the PTAG system consists of 
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a split-site localizer and glideslope operation but has four fixed 

beams that are projected in space to provide landing assistance 

to an approaching aircraft. However, unlike ILS, the PTAG 

system enjoys the benefit of portability and fast deployment. In 

addition, the low complexity of the system architecture as well as 

operating at high frequency (X-band) makes PTAG suitable to 

be used for UAV landing. The PTAG system uses multiple 

pulse transmissions using a switching technique and therefore 

requires four switched beams with different gain and beam-

width requirements. The antenna system is designed to provide 

coverage from ±53°. The centerline of four beam patterns 

forms the proper approach for landing safely. During landing, if 

the aerial vehicle is not on the center of the four beam patterns, 

then the intensity of the beam is not balanced. A graphical rep-

resentation of the four beams is shown in Fig. 1, where two cen-

tral beams are required to have high gain (maximum 30 dBi) 

and need to be pointing at +5° and -5°, while the other two 

antenna are required to have a maximum gain of 20 dBi with 

main beams pointing towards ±53°. 

Compared to the previously reported designs (operating at X-

band), the proposed antenna achieves the highest gain, largest 

scanning range, and smallest size. 

Leaky-wave antennas take their inspiration from popular me-

tallic waveguide structures but generally are pieces of microstrip 

transmission line fabricated on a dielectric substrate with their 

fields restricted at sides by rows and columns [5, 6]. These an-

tennas are gaining importance due to their high efficiency, high 

gain, narrow beamwidth, and beam scanning capabilities [7]. 

Several leaky-wave antennas have been reported in the literature 

targeting different applications [8–16]. Moreover, different 

techniques have been applied to the base-slotted waveguide de-

sign for performance improvement of different parameters [8, 9, 

11, 12, 15–21]. Long slots are placed on the centerline of the 

substrate-integrated waveguide (SIW) leaky-wave antenna to 

suppress cross-polarization, while a sinusoidal ridge is placed to 

create a controllable asymmetric electric field [17]. The periodic 

phase reversal radiating leaky-wave antenna offers to scan from 

the broadside to end-fire direction obtaining grating lobe. The 

antenna element is an antipodal tapered slot and is fabricated 

with Rogers3210 substrates [18]. A surface wave holographic 

traveling wave patch array antenna proposed in [22] can scan 

from end-fire to broadside direction in the H-plane. However, 

the antenna only radiates at approximately 7.7 GHz [22]. A 

leaky-wave antenna using piercing periodic dielectric is reported 

as the best candidate for millimeter-wave applications. The an-

tenna is fabricated on an alumina substrate and can scan from 

-35° to 70° over a frequency range from 98 to 108 GHz with a 

moderate gain [10]. The theory of effective radiation section 

proposed a leaky-wave antenna that generates a radiation null 

around the desired direction or reduces the sidelobe level of the 

antenna simply and efficiently. The antenna can be controlled by 

changing the slot width [23]. The leaky-wave antenna with 

transverse slots propagates in TE10 mode. Periodic and uniform 

sets of transverse slots are introduced on the top of the leaky-

wave antenna enabling it to scan from broadside to end-fire [24]. 

To reduce the opening or cavity size of resonators, different 

techniques have been proposed such as half-mode, quarter-

mode, and eighth-mode. This technique allows for decreasing 

the size of the resonators [25–30]. The eighth-mode substrate 

leaky-wave antenna operates in TE110 mode. The antenna 

operates in eighth-mode providing miniaturization and high 

gain as well as improving scanning performance. The leaky-wave 

antenna operates from 8 GHz to 10 GHz frequency with a 

beam scanning angle of 51° and maximum gain of 13.3 dBi [8]. 

In this paper, we have presented an X-band leaky-wave an-

tenna array for an autonomous UAV landing system following 

the PTAG approach. Leaky-wave technology is used for its 

natural beam squint, making the overall design process easier. 

Moreover, a single input feed allows seamless connectivity to an 

SP4T RF switch for switching from one beam to another. 

Four such arrays are designed to direct the precision beams at 

±5° and sector beams at ±53°. The arrays are placed sequen-

tially to achieve continuous coverage of 75° where two central 

arrays achieve the maximum gain of 30 dBi with 60 elements 

each while the side arrays achieve 20 dBi gain with 30 elements 

each. The ADR5040 SP4T RF switch is selected to change 

between different beams. Section II elaborates on the design 

procedure of the proposed leaky-wave antenna. Section III pre-

sents the theoretical analysis of the designed prototype. Section 

IV presents a discussion on results, while Section V presents the 

conclusion. 

II. ANTENNA DESIGN 

The overall antenna design process was accomplished in two 

 
Fig. 1. The PTAG antenna beam pattern: (a) precision beam patterns 

at ±5° and (b) sector beam patterns at ±53° [4].
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steps. Firstly, an appropriate shape was selected based on the 

highest achievable gain. Once an appropriate shape was selected, 

several parameters such as feeding length, resonating tip, tilt 

angle, inter-element distance, and so on were analyzed and ad-

justed to optimize the performance. 

 

1. Design Selection 

Five previously reported resonator shapes [8, 27, 28]—bowtie, 

polygon, circle, rectangle, and triangle—were designed and 

compared against achievable gain and efficiency. Performance 

based on a single element is presented in Table 1, where it can 

be seen that the polygon shape performs best with regards to 

gain and radiation efficiency.  

In contrast to previously reported designs, an elliptical-shaped 

element is proposed as the primary radiating element for the 

leaky-wave antenna. An ellipse with specific major and minor 

axes has a great impact on the antenna performance. The ellipse 

antenna can offer larger gain, bandwidth, and beam scanning 

compared with previously reported shapes due to its tip. Table 1 

shows the performance advantage of the ellipse shape over the 

other previously proposed shapes, where the elliptical element 

achieves the highest gain and radiation efficiency. 

 

2. Parametric Analysis 

Once the base design was selected to be an ellipse, its other 

design parameters were calculated and implemented in the 

simulation software. Several design parameters were analyzed to 

find out the optimum dimensions for achieving the desired 

performance. Parametric analysis of important parameters along 

with simulation results is presented in the following. 

 

2.1 Feeding length 

Feeding length was the first parameter that was varied to see 

the effect on antenna performance. The results of changing 

feeding length are shown in Fig. 2, and the S11 (reflection coeffi-

cient) result shows the best performance for a feeding length of λ = 16 mm. 

 

 
Fig. 2. Feeding length reflection coefficient response. 

 

2.2 Ellipse shape 

Another important parameter that affects the impedance 

bandwidth of the antenna is the overall shape of the ellipse. Dif-

ferent values of major and minor axes were studied to assess S11 

performance, and it was observed that the best performance is 

achieved for major axis and minor axis values of 4 mm and 

12 mm, respectively. This changes the ellipse direction from 

horizontal to vertical. Simulation results of the same are pre-

sented in Fig. 3. 

 

2.3 Tilt angle 

The tilt angle of the antenna also has a huge impact on the 

S11 parameter. The reflection coefficient performance of the 

antenna was observed for several tilt angle values and is presented 

in Fig. 4. A straight vertical ellipse with 0° tilt angle demonstrated 

Table 1. Comparison of the proposed shape of the antenna to other 

shape designs 

Shape Gain (dBi) Efficiency

Ellipse (proposed design) 5.71 0.99

Rectangle 4.83 0.93

Bowtie 3.94 0.88

Circle 4.33 0.93

Polygon 5.46 0.94

Triangle 3.91 0.94

Fig. 3. S-parameter results for variable major and minor axis. 

 

Fig. 4. Variation of tilt angle against frequency. 
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the best results for the input reflection coefficient. 

 

2.4 Periodic distance 

The periodic distance (P) between the resonating ellipses has 

a very high impact on the antenna radiation characteristics; it 

not only controls the beam direction but also changes the an-

tenna mode of operation. The beam scans from the backward 

quadrant (270°) to the forward quadrant (5°) by increasing the 

periodic distance (P), as shown in Fig. 5. Periodic distances are 

fixed at 19 mm and 15 mm for pointing the beam at 5° and 53°, 

respectively. 

Table 2 shows the optimized values of the key design parame-

ters. These values have been selected based on the parametric 

simulations and have been shown to demonstrate the best results. 

III. SIMULATION RESULTS 

The final values of the key design parameters are presented in 

Table 2. A leaky-wave antenna based on these design values was 

simulated in High-Frequency Structural Simulator (HFSS). 

The antenna was designed using Rogers Duroid5880 (𝜀  = 2.2, 

tanδ = 0.0009) with a thickness of 1.575 mm. Simulation re-

sults such as reflection coefficient, radiation patterns, and an-

tenna efficiency are presented in Figs. 6–8. It can be seen from 

Fig. 6 that the antenna operates from 9.3 GHz to 12.5 GHz, 

which is more than is required for the PTAG system. Moreover, 

simulated radiation patterns showing antenna beams at the  

 

 

 
Fig. 6. Precision antenna beam pattern at ±5° beam at 10 GHz. 

 

 
Fig. 7. Sector beam antenna pattern at ±53° at 10 GHz. 

 

 
Fig. 8. S11 result of the leaky-wave antenna array. 

 
(a) (b) 

 
(c) (d) 

Fig. 5. Simulated radiation patterns for different values of periodic 

distance (P): (a) P = 14 mm, (b) P = 15 mm, (c) P = 16 

mm, and (d) P = 17 mm. 

 
Table 2. Optimized parameter values of the antenna 

Parameter Value 

Feeding length (mm) 8 

Periodic distance (mm) 19 

Tilt angle (°) 0 

Feeding width (mm) 2.32 

Major axis (mm) 4 

Minor axis (mm) 12 

Layout size (mm) 20 × 30 

Thickness (mm) 1.575 
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Fig. 9. Plot of radiation efficiency against the frequency of the 

antenna. 

 
required ±5° and ±53° are shown in Figs. 7 and 8, where the 

designed array achieves the required gain. 

Antenna efficiency is plotted against frequency in Fig. 9, and 

the value is more than 90% for most of the bandwidth. The 

antenna leakage rate is also plotted in Fig. 10, where leakage 

loss (α) is gradually increased with the frequency while the 

propagation phase constant (β) shows the forward wave region 

within the operating frequency band. Outside the operating 

frequency band, the phase propagation constant is in the back-

ward-wave region, where antenna performance is poor. 

IV. THEORETICAL ANALYSIS 

This section verifies the performance of the proposed struc-

ture against theoretical formulas. This is done to further the 

confidence in the selected design parameters, presented in Table 

2, as only a sub-array is fabricated and measured.  

The dominant mode of the periodic leaky-wave antenna is 

slow-wave mode and calculated from Eq. (1): 
 

        𝑣 𝑐. (1)
 

Calculating the values at 10 GHz and parameters reported in 

Table 2, we find that: 
 

          𝑘 ∗∗ 209.  
 

Thus, β = 220. Calculated from the simulation at the given 

frequency the phase velocity is: 
 

          𝑣 𝑐 𝑐 0.95𝑐.  
 𝑣  = 0.95c, which is less than the speed of light, indicating that 

the traveling wave antenna is propagating in slow-wave mode. 

The radiation condition for the periodic leaky-wave antenna is 𝛽 𝑑 1, where 𝛽   is the phase propagation constant and 𝑘  

is the wave number. The antenna can scan from end-fire (back-

ward quadrant) to broadside (forward quadrant) within the 

range of 9.3–12.3 GHz. Beyond the proposed frequency range, 

the antenna goes to 𝛽 𝑑 1, which is a necessary condition 

for stopband, where the antenna radiation performance starts 

declining. The dispersion characteristic of the periodic antenna 

is presented by the Brillion or 𝑘 𝛽 diagram, shown in Fig. 

11, and is determined by: 
 

     𝛽 𝑘 𝑘   or      𝑘 𝛽 𝑘 , (2)
 

where 𝑘  is the cut-off wavenumber mode. 

When 𝑘 𝑘 , no real solution is possible for 𝛽, so the pe-

riodic antenna will be in non-propagating mode. However, 

when 𝑘 𝑘 , the antenna will be in propagating mode. 

 
Fig. 11. The Brillion diagram shows the cut-off, operating, and 

propagating mode [29]. 

 
(a) 

 
(b) 

Fig. 10. (a) Variation of attenuation constant result. (b) The forward 

wave region of the propagation constant. 
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Further to the Brillion diagram, the equation for pass band 

and stop band is given by: 
 

       cos 𝛽𝑑 cos 𝑘𝑑 1.4𝑘𝑑 sin 𝑘𝑑. (3)
 

The most straightforward way is to calculate the numerical 

value of the right hand of Eq. (3) with the value of 𝑘𝑑, starting 

from 0. For the magnitude of the right-hand side less than or 

equal to the unity, we have pass band, and Eq. (3) can be solved 

for 𝛽𝑑. However, when the magnitude of the right-hand side is 

greater than unity we have a stop band. Fig. 12 shows the pass 

band and stop band values at different positions.  

In the pass band region, the wave propagates along with the 

structure and the characteristic parameters of the antenna show 

optimal results. In stop band, the characteristic parameters of S11, 

efficiency, gain, and so on are declined. Moreover, the wave 

does not propagate along with the structure but is attenuated 

along the line. It can be seen from Fig. 12 that the proposed 

elliptical structure operates in a pass band for the desired fre-

quency.  

Boresight direction (𝜃 ) of the antenna and beamwidth (∆𝜃) 

are calculated using: 
 

      𝜃 sin sin 𝑛 , (4)
 

where 𝜃  is measured from the broadside direction while 𝛽  

is the fundamental space harmonic propagation phase constant. 
 

       ∆𝜃 ≅ , (5)
 

L is the length of the leaky-wave antenna, ∆𝜃 is the beam- 

width of the antenna, and 𝑘  is the wavenumber = . 

V. FABRICATION AND MEASURED RESULTS 

To validate the performance, a smaller sub-array of 15 

elements was designed and manufactured. The fabricated 15 

element array is shown in Fig. 13. 

A comparison of the simulated and measured patterns is pre-

sented in Fig. 14. It can be seen from the figure that the antenna 

can scan from 10° to 85°. The measured and simulated gain is 

plotted in Fig. 15. The gain varies from 10 dBi to 17 dBi, and 

the frequency where the maximum gain is achieved is 10.5 GHz. 

The fabricated 3 dB gain bandwidth is on 10.2 and 10.3 GHz.  
Table 3 compares the performance of the proposed design 

with that of previously reported works. Parameters chosen for 

comparison are percentage bandwidth, achievable gain, and 

scanning range. In comparison to [22], the proposed antenna 

achieves a higher gain with fewer resonating elements. In terms 

of bandwidth, gain, and beam steering over, the proposed de-

sign performs better against [14] while having the same size and 

resonating elements. Fig. 12. The pass band and stop band position for 𝛽 𝑘.

(a) 

 
(b) 

Fig. 13. The 15-element antenna arrays: (a) simulated and (b) 

fabricated. 

 

(a) (b)

 
(c) (d)

Fig. 14. Simulated and measured beam scanning of ellipse array 

in the xy-plane: (a) at 9.5 GHz (𝜃 85 ), (b) at 10.5 

GHz (𝜃 45 ), (c) at 11.5 GHz (𝜃 22 ), and (d) 

at 2.3 GHZ (𝜃 10 ). 
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VI. CONCLUSION 

A new ellipse-shaped traveling leaky-wave antenna is pre-

sented. The antenna operates from 9.3 GHz to 12.3 GHz, 

achieving a maximum gain of 30 dBi. A smaller sub-array is 

fabricated for performance verification, achieving a gain from 

10 dBi to 17 dBi over the operating frequency range. A 75° 

beam scanning is achieved. The proposed antenna can be easily 

designed and has a simple feeding mechanism, with low cost 

and high gain. This proposed antenna is a proficient antenna for 

different microwave applications at X-band, such as for use in 

autonomous landing systems. 
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I. INTRODUCTION 

With the advent of 5G communications, millimeter-wave 

(mm-wave) frequencies at Ka-band, which are allocated for 

high-band 5G use, have recently garnered considerable interest 

[1–3]. In addition, improved data rates provided by 5G technol-

ogy have become a springboard for the development of Inter-

net-of-Things (IoT) technology in various applications [4–6]. 

Improved data rates require higher energy consumption of bat-

tery-powered IoT devices, but compact IoT devices inevitably 

have a short battery lifetime due to battery-size limitations. To 

solve the battery problem of IoT devices in 5G wireless systems, 

far-field wireless power transfer (WPT) and RF energy harvest-

ing have the potential as a means for supplying energy to com-

pact, low-power devices using mm-waves [7–9]. 

 

In these WPT and energy harvesting scenarios, it is essential 

to design an optimal mm-wave receive antenna to efficiently 

collect electromagnetic waves [10, 11]. Although it is common 

for mm-wave antennas to be configured in an array due to their 

small physical size [12–14], arrays may still be too large for im-

plementation on compact, low-power IoT devices with small 

footprints. For this reason, a compact single antenna with good 

radiation characteristics would be desirable for devices with a 

limited size. Moreover, a compact, single antenna has the 

advantage of being applied not only to IoT devices that make 

use of 5G communications but also to ultra-compact devices 

that do not need 5G capability but can still benefit from using 

compact antennas for energy harvesting. Various single antenna 

designs have been proposed in recent studies that can be utilized 

for mm-wave WPT and energy harvesting schemes [15–21]. In  
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particular, a wideband mm-wave antenna has the advantage of 

being able to accommodate a wide range of mm-wave frequencies 

[16–21]. 

In this regard, a bowtie antenna with wideband characteristics 

can be a reasonable option, but an additional feeding structure, 

such as a balun, is required due to its dipole-based configuration. 

To compensate for this structural complexity, a self-complementary 

design can be applied to the bowtie antenna to simplify the 

feeding structure, thereby minimizing antenna size while main-

taining a wide bandwidth [22, 23]. 

In this study, we propose a novel wideband directive self-

complementary bowtie antenna (SCBA) that covers the entire 

Ka-band (26–40 GHz), which can be utilized as a single receive 

antenna for WPT and energy harvesting in compact devices. 

Unlike the conventional SCBA based on a design without a 

ground plane [23], the proposed SCBA design includes a ground 

plane to prevent unnecessary backward radiation, thereby en-

hancing directivity. Despite the presence of a ground plane that 

reduces bandwidth, the optimized design with a ground plane 

exhibits a wideband characteristic that covers the entire Ka-band. 

In other words, the proposed SCBA not only has enhanced gain 

through the ground plane but also maintains the wide band-

width of the conventional SCBA. The proposed wideband di-

rective SCBA is demonstrated via numerical simulation and 

measurement. 

II. WIDEBAND SELF-COMPLEMENTARY BOWTIE DESIGN 

Fig. 1 illustrates the geometry of the proposed wideband 

SCBA. The SCBA consists of a bowtie-shaped structure with 

one conductive triangular patch and a complementary slot 

printed on the front side and a ground plane on the backside of 

the substrate. The patch and slot are symmetric with the same 

shape, forming the basis of a self-complementary structure. The 

substrate used in this design is a Rogers RT/Duroid 6002 

laminate (εr = 2.94), which is known for low loss at high fre-

quencies. The thickness of the substrate is chosen to be 1.524 

mm, which is the standard thickness of the substrate that pro-

vides the best fit for our frequency band of interest. To elaborate, 

this allows us to set the ground plane distance to be a quarter 

wavelength at 28.7 GHz, which falls within the Ka-band. We 

then optimized the design parameters of the proposed SCBA to 

acquire a wide bandwidth. To accommodate the compact size 

of the SCBA, an SMPM connector is used as the coaxial feed. 

Using a compact coaxial feed connector should minimize its 

influence on the radiation pattern. The effect of the ground 

plane can be confirmed by comparing the radiation pattern of 

the SCBA with and without the ground plane. Fig. 2(a) and 2(b) 

show three-dimensional (3D) radiation patterns simulated at 

28.5 GHz with and without the ground plane of the proposed 

SCBA, respectively. In the absence of a ground plane, the radia-

tion pattern is visible as nearly symmetrical upward and down-

ward, whereas in the presence of a ground plane, radiation occurs 

mostly in the upward direction. For this reason, the proposed 

design, which includes a ground plane, provides an enhanced 

gain compared to a conventional design. 

As shown in Fig. 1(a), the feed line is in the form of a co-

planar structure. The length and angle of the bowtie-shaped 

structure and the width of the center co-planar strip connected 

 
(a) 

 
(b) 

Fig. 1. Geometry of the wideband SCBA: (a) top view and (b) 

perspective view (W1 = 4.25 mm, W2 = 2 mm, W3 = 1.655 mm, 

W4 = 0.262 mm, W5 = 0.21 mm, W6 = 0.518 mm, L1 = 

7.171 mm, L2 = 3.35 mm, L3 = 1.486 mm, L4 = 1.404 mm, 

L5 = 1.422 mm, L6 = 1 mm). 

 

(a) (b) 

Fig. 2. Simulated 3D radiation patterns of the SCBA: (a) with 

ground plane and (b) without ground plane. 
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to the conductive patch are optimized for impedance matching. 

By adding an upper extra substrate region to the basic self-

complementary structure, impedance matching at lower fre-

quencies (below 27 GHz) is improved. A trapezoidal-shaped 

ground patch at the co-planar feed line improves impedance 

matching at higher frequencies (above 37 GHz). In addition, 

the triangular slot added at the co-planar feed line contributes to 

an enhanced broadside gain. As a result, the overall design is 

optimized to significantly improve the impedance bandwidth 

(IBW) and gain of the proposed SCBA in the Ka-band. The 

proposed SCBA has dimensions of 9.2 mm × 8.7 mm, and the 

optimized geometrical parameter values are listed in Fig. 1. 

III. MEASUREMENT AND ANALYSIS 

We tested the IBW of the proposed wideband SCBA via 

numerical simulation using SEMCAD X [24] and measure-

ment using an Anritsu MS46122B vector network analyzer. As 

mentioned previously, the antenna was fabricated on a Rogers 

RT/Duroid 6002 substrate and connected with an SMPM 

connector (see Fig. 3(a)). In Fig. 3(b), the simulated and measured 

|S11| of the proposed SCBA are plotted. There is a reasonable 

agreement between the simulated and measured IBWs. The 

measured IBW (between –10 dB points) is about 43.4% (25.8–

40.1 GHz), demonstrating that the proposed wideband SCBA 

covers the entire Ka-band. 

The radiation performance of the proposed wideband SCBA 

was also verified via simulation and measurement. The simula-

tion was carried out using SEMCAD X, while the measure-

ment was performed in an mm-wave spherical nearfield anechoic 

chamber, as shown in Fig. 4. Seven multiple dual-polarized probes 

inside the chamber measure a 3D nearfield pattern through 

mechanical and electronic omnidirectional scans. The near-field 

data are then transformed into far-field quantities to obtain 

radiation characteristics. From this measurement, full 3D co-

polarized radiation patterns for five selected frequencies within 

the IBW of the antenna are obtained, as illustrated in Fig. 5. 

These results clearly show the effect of the ground plane on 

suppressing unnecessary radiation in the downward direction 

and, therefore, improving broadside gain as expected. 

Fig. 6(a) and 6(b) show the simulated and measured radiation 

patterns for five selected frequencies, respectively, in the E- and 

H-plane (i.e., yz-plane and xz-plane in Fig. 5). There are some 

discrepancies between the simulated and measured co-polarized 

(co-pol) patterns, which are possibly attributed to an additional 

loss in the SMPM connector and substrate, and a misalignment 

of the antenna in the measurement setup. Nevertheless, the 

simulated and measured co-pol patterns, in general, exhibit good 

agreement in both the E- and H-plane. Although the main 

beam direction of the co-pol patterns in both the E- and H-plane 

tends to be slightly tilted at some frequencies, the broadside 

gain in the entire Ka-band belongs to the half-power beam-

width of the main beam. Furthermore, it can be seen that the 

simulated and measured cross-polarized (cross-pol) radiation 

patterns maintain a significantly lower level compared to the co-

pol patterns, where the difference in the broadside gain of the 

 
Fig. 5. Measured 3D co-polarized gain patterns at selected frequencies of the proposed wideband SCBA. 

(a) (b) 

Fig. 3. (a) Fabricated wideband SCBA and (b) reflection coeffi-

cient (|S11|) of the proposed SCBA. 

 

 
Fig. 4. Photograph of the anechoic chamber measurement setup.
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co-pol and cross-pol patterns is more than about –10 dB (up to 

–27.5 dB) at all five selected frequencies in both the E- and H-

plane. 

In Fig. 7, the maximum realized gain values at each discrete 

frequency point within the IBW are plotted, where the simulat-

ed and measured values also follow a similar trend with respect 

to each other. The peak simulated gain value of 9 dBi occurs at 

28.5 GHz, while the peak measured value of 10.4 dBi occurs at 

29.5 GHz. Note that the maximum gain values in Fig. 6 are 

obtained from the radiation patterns in the E- and/or H-plane, 

but if the antenna is not aligned perfectly, the actual maximum 

gain direction may deviate from the measured E- and/or H-

plane patterns. Therefore, the gain measurement of the antenna 

can be further improved through a more precise antenna align-

ment and connection, which is a very delicate procedure, espe-

cially in the mm-wave frequency regime. The overall results 

demonstrate that the proposed SCBA design allows a wide 

IBW covering the entire Ka-band through an optimized design 

despite the presence of the ground plane; in addition, it provides 

a high broadside gain with improved directivity by pre-venting 

downward radiation. 
Table 1 compares the performance of the proposed wideband 

SCBA with that of the ones in other recently reported works. 

 
Fig. 7. Maximum realized gain versus frequency. 

Table 1. Comparison with other reported single mm-wave antenna 

designs 

Study, year 
Frequency 

(GHz)

IBW  

(%) 

Max. gain 

(dBi) 

Size  

(𝜆 ) 

Karthikeya et al. 

[15], 2019

27–30 10 9.2 @ 28.8 

GHz

2.95 × 2.95

Ta et al. [16], 

2017

26.5–38.2 36.2 5.8 @ 31 

GHz

N/A 

Jilani et al. [17], 

2018

28–39 32.8 10.2 @ 36 

GHz

1.41 × 3.35

Karthikeya et al. 

[18], 2019

25–30 18.2 8.3 @ 33.5 

GHz

1.83 × 0.92

Karthikeya et al. 

[19], 2019

27–33 20 6.6 @ 29.8 

GHz

2 × 0.95 

Magray et al. 

[20], 2020

26–32 20.7 7.5 @ 29 

GHz

0.58 × 0.97

Ozpinar et al. 

[21], 2020

20–28.5 35.1 9 @ 28 

GHz

0.97 × 1.29

This work 25.8–40.1 43.4 10.4 @ 29.5 

GHz

1.01 × 0.95

𝜆 is the wavelength at the center frequency of the bandwidth.

 
(a) 

 
(b) 

Fig. 6. Simulated and measured gain patterns at selected frequencies of the proposed sideband SCBA: (a) E-plane patterns and (b) H-plane 

patterns. 
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For a reasonable comparison, only single-element antennas 

designed for frequency bands similar to this work are considered. 

The proposed wideband SCBA features the largest IBW cover-

ing the entire Ka-band and a relatively small electrical antenna 

size while maintaining the maximum gain as high as 10.4 dBi. 

In particular, the presence of a ground plane can be a more 

suitable choice when the antenna is used for a device-mounted 

application. Therefore, our proposed wideband SCBA has good 

potential for use in mm-wave WPT and energy harvesting 

scenarios for compact IoT devices. 

IV. CONCLUSION 

A novel wideband SCBA that covers the entire Ka-band with 

a ground plane for enhanced broadside gain was proposed and 

tested. By adding the ground plane and optimizing the antenna 

design accordingly, the proposed SCBA exhibits an IBW of 

43.4% (from 25.8 to 40.1 GHz) and a maximum gain of 10.4 

dBi at 29.5 GHz. The proposed design allows for high IBW 

with a small antenna size despite the presence of a ground plane; 

therefore, it is well suited for use in future mm-wave WPT and 

energy harvesting scenarios for compact devices, especially for 

device-mounted applications. 

 

This work was supported by the Office of Naval Research 

Global (Grant No. 62909-19-1-2049). 
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I. INTRODUCTION 

An open area test site (OATS) is used to calibrate electro-

magnetic compatibility (EMC) antennas for field strength 

measurements and radiated emission measurements. The evalu-

ation methods used to verify the performance of OATS use site 

attenuation (SA), which is known as classical site attenuation 

(CSA) [1–6], and of normalized site attenuation (NSA) [7]. 

The NSA concept is very useful because the subtraction of the 

AFs from CSA makes the NSA independent of the antenna 

type and has become the standard method for the validation of 

OATSs and semi-anechoic chambers. However, accurate anten-

na factors for transmit (TX) and receive (RX) antennas are nec-

essary to determine the measured NSA. 

For a tuned dipole antenna with a Roberts balun, these AFs 

are determined as specified in ANSI C63.5 [8]. The theoretical 

NSA of an ideal OATS has been developed and calculated by 

many researchers [9–14]. Mutual impedance correction factors 

for tuned dipole antennas were developed by Smith et al. [7] 

and revised by Berry et al. [9] and Pate [11]. The relevant 

standard for the theoretical NSA is provided for three antenna 

categories: tuned dipole, biconical, and all other antennas [1]. 

Recently, differential site attenuation without using free-space 

AFs (FSAFs) was proposed by Yun et al. [15] as a new approach. 
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The theoretical NSA values, including mutual impedance 

correction factors, were provided for an ideal 3-m site using 

tunable dipoles [1, 9, 10]. In ANSI C63.4 [1], the mutual im-

pedance correction factors are provided only for tuned dipoles 

with a Roberts balun and a 3-m site. If other types of antennas 

are used, new mutual impedance correction factors are necessary 

for site validation. 

The method proposed by ANSI [1] and many researchers [9–

15] for the evaluation of NSA is obtained with a geometrical-

optics approximation based on the Friis transmission equation. 

In addition, there are also some other assumptions included; for 

example, mutual impedance is much less than the sum of self 

and load impedances, and the antenna factor does not change 

with the antenna height [12]. In [13], the effect of a finitely 

conducting ground plane as well as near-field effects were inves-

tigated using the complex image theory. Many studies have 

been conducted to accurately evaluate NSA, and most have in-

cluded one of the above-mentioned assumptions. This paper 

presents a more accurate NSA that does not include these 

assumptions. 

Theoretical NSA values for an ideal OATS, using calculable 

dipole antennas (CalDAs) with a 3-dB 180° hybrid balun, are 

considered in the frequency range of 30 MHz to 1 GHz. The 

CalDAs with a 3-dB hybrid balun were developed for the field 

strength standard [16–21]. To calculate the theoretical NSA 

values, the CSA of the OATS and AFs of the TX and RX an-

tennas are required. Most of the studies on CSA calculation 

employ the concept of insertion loss (also known as substitution 

loss) with and without considering the test site. Therefore, the 

NSA calculation is based on this substitution loss concept. 

However, another study [21] directly derived a new equation for 

an SA measurement system using power mismatch and dissipa-

tive loss, instead of substitution loss. 

In this paper, the theoretical NSA values for an ideal OATS 

for a pair of CalDAs are newly calculated using power mis-

match and dissipative loss, as previously shown for the CSA 

calculation [21]. In the calculation of the theoretical NSA, the 

TX and RX antenna system analysis is required, in which case 

piecewise sinusoidal Galerkin’s methods of moment are used. 

The analysis of the results shows that the CSA of an ideal 

OATS can be successfully characterized from the SA measure-

ment system. The resulting CSA and AFs are in good agree-

ment with the results derived from the S-parameters using the 

substitution loss and also with the measured results. 

Accordingly, the theoretical NSA values using the CalDA 

were newly calculated based on this CSA calculation method. 

Also, AFs above the ground plane are needed to determine the 

theoretical NSA and were calculated using the concept of the 

power mismatch and dissipative loss [19]. In addition, when the 

FSAFs are used for a validation test of a constructed site using 

the NSA, AF correction factors, known as mutual impedance 

correction factors, are necessary and were calculated for the 

CalDA. The resulting theoretical NSA values and AFs are use-

ful for a validation test using the CalDAs. 

II. FORMULATION OF THE NORMALIZED SITE  

ATTENUATION 

1. Classical Site Attenuation 

Fig. 1 shows the configuration of the SA measurement system 

using calculable dipole antennas with a 3-dB hybrid balun on 

the OATS. Two dipole antennas are located along the x-axis 

(horizontal polarization, HP) or the z-axis (vertical polarization, 

VP) above the ground plane with a TX antenna height of ℎ  

and RX antenna height of ℎ . Further, d is the distance between 

the TX and RX antennas. 
Fig. 2 shows the power mismatch and dissipative loss factors 

of the SA measurement system and the basic structure of the 

CalDA. The balun was designed so that its complex S-parameters 

could be easily measured. Two semi-rigid cables with a length of 𝐿  from the 3-dB hybrid coupler are connected to the antenna 

terminal, as shown in Figs. 1 and 2. A 50-Ω load is connected to 

 
Fig. 1. Normalized site attenuation measurement system. 

 

 
Fig. 2. Normalized site attenuation measurement system using CalDAs. 

The CalDAs are placed horizontally or vertically.
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the sum port (Σ) of the hybrid, and a matched measuring in-

strument is connected to the other port (Δ), using a coaxial cable 

with a length of 𝐿 . The inner conductors of the two semi-rigid 

cables are connected to the balanced dipole elements. Their 

outer conductors are in contact with each other electrically (i.e., 

short-circuited) at the feeding point of the dipole elements. 

The TX antenna is excited by a signal generator (SG), and 

the RX antenna receives the signal radiated by the TX antenna 

through the OATS, as shown in Fig. 2. The SA accounts for all 

power losses occurring between the RX and TX antennas over 

the ground plane. Two kinds of losses generally occur: conjugate 

mismatch losses and dissipative losses. 

The CSA is defined as the minimum site power loss between 

the two antennas, including the baluns, as the RX antenna scans 

over a given height range. The CSA can be expressed in decibels 

in a simplified form [21]: 
 𝐶𝑆𝐴 = 10 log 𝑍( ) + 𝑍( )4𝑅( )𝑅( ) 𝑍 + 𝑍( )𝑍  

= 10 log 𝑍( ) + 𝑍( ) 𝑍 + 𝑍( )
2 𝑅( ) 𝑅( ) 𝑍   

(1)
 

where 𝑍( ) = 𝑅( ) + 𝑗𝑋( )
 is the input impedance from the 

RX antenna terminal to the TX antenna and 𝑍  is the im-

pedance parameters of the TX and RX antennas as a two-port 

network. 𝑍( ) = 𝑅( ) + 𝑗𝑋( )
 is the input impedance from the 

input terminal of the TX hybrid balun to the SG, and 𝑍( ) =𝑅( ) + 𝑗𝑋( )
 is the input impedance from the input terminal of 

the RX hybrid balun to the receiver. 

The expression of CSA can be evaluated by using impedance 

parameters of the TX and RX antennas. As shown in Appendix, 

the result is as follows: 
 

  𝐶𝑆𝐴 = 10 log 𝑍 + 𝑍( ) 𝑍 + 𝑍( ) − 𝑍 𝑍2 𝑅( ) 𝑅( ) 𝑍  .
(2)

 

Eq. (2) is the CSA expressed with antenna impedance parame-

ters and balun impedances of the TX and RX parts. It is em-

phasized that Eq. (2) is a newly derived equation using the con-

cepts of power mismatch and dissipative loss. 

 

2. Normalized Site Attenuation 

The theoretical NSA of an ideal OATS is defined as the 

normalized SA from CSA using AFs: 
 𝑁𝑆𝐴 = 𝐶𝑆𝐴𝐴𝐹 ∙ 𝐴𝐹  (3)
 

where 𝐴𝐹  and 𝐴𝐹  are the AFs for the TX and RX antennas, 

respectively. These include the mutual coupling effect between 

the ground plane and two antennas when TX and RX antennas 

are located for the measurement of the NSA. Note that the 

quantities in Eq. (3) are linear. All quantities in decibels appearing 

in the rest of the paper are given with (dB). 

The theoretical NSA can be expressed in decibels as follows: 
 𝑁𝑆𝐴 = 𝐶𝑆𝐴 − 𝐴𝐹 − 𝐴𝐹 .     (dB) (4)

In relevant international standards, the theoretical NSA of an 

ideal OATS is defined as follows: 
 𝑁𝑆𝐴 = 𝐶𝑆𝐴 − 𝐴𝐹 − 𝐴𝐹 − ∆𝐴𝐹 (dB) (5)
 

where 𝐴𝐹  and 𝐴𝐹  are the FSAFs of the TX and RX 

antennas, respectively. ∆𝐴𝐹  is the mutual impedance cor-

rection factor [1]. The relevant parameters for NSA calculation 

are listed in Table 1. 

 

3. Normalized Site Attenuation by Free-Space Antenna Factors 

If we use FSAFs for measurements of the NSA, the mutual 

impedance correction factor is necessary. In this paper, the theo-

retical NSA by the FSAFs, 𝑆𝐴 , is normalized from the CSA 

by using the FSAFs. 𝑁𝑆𝐴 = 𝐶𝑆𝐴𝐴𝐹 ∙ 𝐴𝐹 . (6)
 

 

Note that quantities in Eq. (6) are linear. In decibel form, Eq. 

(6) is expressed as follows: 
 𝑁𝑆𝐴 = 𝐶𝑆𝐴 − 𝐴𝐹 − 𝐴𝐹 .  (dB) (7)
 

In this case, an AF correction factor, ∆𝐴𝐹 , is necessary to 

obtain the true NSA, as shown in Eq. (5). 

From Eqs. (5) and (7), the theoretical NSA of an ideal site is 

expressed as follows: 
 

Table 1. List of parameters for NSA calculation 

Parameter Description𝐶𝑆𝐴 Classical site attenuation 𝑁𝑆𝐴 Normalized site attenuation 𝑁𝑆𝐴  Normalized site attenuation by free-space antenna 

factors∆𝑁𝑆𝐴 Difference between 𝑁𝑆𝐴 and 𝑁𝑆𝐴𝐴𝐹 , 𝐴𝐹  Antenna factors of TX and RX antenna, respec-

tively𝐴𝐹 , 𝐴𝐹  Free-space antenna factors of TX and RX antenna,

respectively ∆𝐴𝐹 , ∆𝐴𝐹 Differences between 𝐴𝐹 ,  and 𝐴𝐹 ,∆𝐴𝐹 Total antenna factor correction factor
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        𝑁𝑆𝐴 = 𝑁𝑆𝐴 − ∆𝐴𝐹 .   (dB) (8)
 

The difference between the true AF (𝐴𝐹  and 𝐴𝐹 ) and the 

FSAFs (𝐴𝐹  and 𝐴𝐹 ) is expressed as follows: 
 

       ∆𝐴𝐹 = 𝐴𝐹 − 𝐴𝐹     (dB) (9a)

       ∆𝐴𝐹 = 𝐴𝐹 − 𝐴𝐹 .      (dB) (9b)
 

Hence, the total AF difference is expressed as follows: 
 

        ∆𝐴𝐹 = ∆𝐴𝐹 + ∆𝐴𝐹 .      (dB) (10)
 

This is known as the mutual impedance correction factor that 

appears in Eq. (5) and the ANSI C63.4 standard [1]. 

Therefore, the difference between the true NSA and 𝑁𝑆𝐴  

is expressed as ∆𝑁𝑆𝐴: 
 

           ∆𝑁𝑆𝐴 = 𝑁𝑆𝐴 − 𝑁𝑆𝐴  .      (dB) (11)
 

From Eqs. (4) and (7), ∆𝑁𝑆𝐴 is expressed as follows: 
 ∆𝑁𝑆𝐴 = −(𝐴𝐹 − 𝐴𝐹 ) − (𝐴𝐹 − 𝐴𝐹 )         = −∆𝐴𝐹 − ∆𝐴𝐹          = −∆𝐴𝐹 .    (dB) (12)
 

Therefore, the total mutual impedance correction factor ∆𝐴𝐹  is the same value as −∆𝑁𝑆𝐴. 

 

4. Antenna Factors 

In order to consider the theoretical NSA, the AFs of the TX 

and RX antennas, 𝐴𝐹  and 𝐴𝐹 , are needed to calculate the 

NSA. Fig. 3 shows the TX and RX antennas for the evaluation 

of the AFs. Note that the power loss parameters of the TX an-

tenna part in Fig. 3(a) are different from those in Fig. 2 because 

the AF is defined in the receiving mode. To unify the AF repre-

sentation, the TX and RX parts are represented by the super-

scripts T and R, respectively. For the RX part, Fig. 3(b) is the 

same as Fig. 2—i.e., 𝑃( ) = 𝑃( )
, 𝑀( ) = 𝑀( )

, 𝑃( ) = 𝑃( )
, 

and so on. 

The details of the CalDA analysis using the power mismatch 

and dissipative loss concepts are given in other studies [19, 20]. 

The desired AFs of the TX and RX antennas above a ground 

plane, 𝐴𝐹 (ℎ , ℎ , 𝑑) and 𝐴𝐹 (ℎ , ℎ , 𝑑), can be expressed as 

follows: 

𝐴𝐹 = 4𝑅( )ℎ( ) 𝑅 ∙ 𝑀( )𝐾( )𝑀( )𝐾( )𝑀( )
= 𝐴𝐹( ) ∙ 𝑀( )

 (13a)

𝐴𝐹 = 4𝑅( )ℎ( ) 𝑅 ∙ 𝑀( )𝐾( )𝑀( )𝐾( )𝑀( )
= 𝐴𝐹( ) ∙ 𝑀( )

 (13b)
 

where ℎ( )
 and ℎ( )

 are the effective length of TX and RX 

antennas, respectively. 𝑅( )
 is the input resistance from the TX 

antenna terminal to the RX antenna, 𝑅( )
 is the input re-

sistance from the RX antenna terminal to the TX antenna. 𝑅  

and 𝑅  are the input resistance of the SG and receiver, re-

spectively. The major parameters for AF calculation are listed 

in Table 2. 𝐴𝐹( )
 and 𝐴𝐹( )

 are the AFs when the SG and 

receiver are directly connected to the TX and RX antennas, 

 
(a) 

 
(b) 

Fig. 3. TX and RX antennas for calculation of AFs: (a) TX antenna 

and (b) RX antenna. 

Table 2. List of parameters for AF calculation 

Parameter Description𝑃( )
, 𝑃( )

, 𝑃( )
 Available powers from each section of the TX 

antenna part 𝑃( )
, 𝑃( )

, 𝑃( )
 Delivered powers to each section of the TX 

antenna part 𝑃( )
, 𝑃( )

, 𝑃( )
 Available powers from each section of the RX 

antenna part 𝑃( )
, 𝑃( )

, 𝑃( )
 Delivered powers to each section of the RX 

antenna part 𝑀( )
, 𝑀( )

, 𝑀( )
 Power mismatch losses at each section of the 

TX antenna part 𝐾( )
, 𝐾( )

 Power dissipative losses in each section of the 

TX antenna part 𝑀( )
, 𝑀( )

, 𝑀( )
 Power mismatch losses at each section of the 

RX antenna part 𝐾( )
, 𝐾( )

 Power dissipative losses in each section of the 

RX antenna part 
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respectively. 𝑀( )
 and 𝑀( ) are the power dissipative loss and 

mismatch-loss factors and can be expressed as follows: 
 𝑀( ) = 𝑀( )𝐾( )𝑀( )𝐾( )𝑀( )        

= 𝑍( ) + 𝑅8𝑅( )𝑅 𝑍 + 𝑍( )𝑍 1 − 𝛤 𝑒(1 − 𝛤 )𝑒  
(14a)

 𝑀( ) = 𝑀( )𝐾( )𝑀( )𝐾( )𝑀( )
= 𝑍( ) + 𝑅8𝑅( )𝑅 𝑍 + 𝑍( )𝑍 1 − 𝛤 𝑒(1 − 𝛤 )𝑒  (14b)

 

where 𝑍  and 𝑍  are the impedance parameters of the TX 

and RX baluns, respectively, as a two-port network. 

Since the hybrid balun has a 100-Ω balanced port and a 50-Ω 

unbalanced port [19], 𝑀( )
=𝑀( )  and 𝐾( ) = 1/𝑀( )  from 𝑍( ) = 𝑍( )/2 and 𝑍( ) = 2𝑍( )  for the TX part. We also 

obtain 𝑀( ) =𝑀( )  and 𝐾( ) = 1/𝑀( )  from 𝑍( ) = 𝑍( )/2 

and 𝑍( ) = 2𝑍( )  for the RX part. Therefore, 𝑀( )  and 𝑀( ) are expressed as follows: 𝑀( ) = 𝑀( )𝐾( )𝑀( ) 
      = (𝑍( ) + 𝑅 )(1 − 𝛤 𝑒 )(1 − 𝛤 )𝑒  

(15a)
 𝑀( ) = 𝑀( )𝐾( )𝑀( ) 

     = (𝑍( ) + 𝑅 )(1 − 𝛤 𝑒 )(1 − 𝛤 )𝑒 . 
(15b)

 

The true 𝐴𝐹  and 𝐴𝐹  values are different from the FSAFs 

(𝐴𝐹  and 𝐴𝐹 ). The 𝐴𝐹  is also different from the 𝐴𝐹  

because the height of the TX antenna is fixed, but the RX an-

tenna’s height is scanned above the ground plane. 

As shown in Eqs. (9) and (10), the total AF difference be-

tween the true AF and the FSAF is expressed as follows: 
 ∆𝐴𝐹 = ∆𝐴𝐹 + ∆𝐴𝐹           = (𝐴𝐹 − 𝐴𝐹 ) + (𝐴𝐹 − 𝐴𝐹 ).   (dB) (16)

 

The total AF difference ∆𝐴𝐹  corresponds to the total 

AF correction factor and is known as the mutual impedance 

correction factor, as explained in Section II-3. 

III. NUMERICAL RESULTS AND DISCUSSIONS 

1. Normalized Site Attenuation 

In the calculation of the theoretical NSA of an ideal OATS 

from Eqs. (3), (13), and (14), the TX and RX antenna system 

analysis is required, in which case a thin-wire kernel approxima-

tion with a segment length of 0.0125λ is used for the piecewise 

sinusoidal Galerkin’s methods of moment analysis, as presented 

in [19–21]. The dipole radius (𝑎 = 3.175 mm;  30 MHz f300 MHz  and 𝑎 = 0.794 mm;  300 MHz f 1 GHz ) was 

chosen to be less than 0.007λ (thin-wire approximation). A 

nominal value of 50 Ω was used for the characteristic imped-

ance 𝑍 . A coaxial cable (RG-214/U) with a length of 10 m 

was selected for the numerical calculation (the velocity of propa-

gation is 66% of the velocity in free space, and the dielectric 

constant 𝜀  is 2.3). Fig. 4 shows the frequency characteristics 

of the calculated theoretical NSA from Eq. (3) for the horizon-

tal and vertical polarizations at given distances of 3 m, 10 m, and 

30 m. The detailed values of the theoretical NSAs calculated in 

this paper are shown in Table 3. In these tables, the resonant 

dipole lengths for a CalDA with a 3-dB hybrid balun in the 

frequency range of 30 MHz to 1 GHz are shown for 24 indi-

vidual frequencies. The height of the RX antenna when measur-

ing the CSA at the given distances is also shown. These theoret-

ical NSA values (Fig. 4, Table 3) were used as reference theoreti-

cal NSA values for the validation test of an OATS or a semi-

anechoic chamber using the CalDAs. 
 

 
(a) 

 
(b) 

Fig. 4. Calculated site attenuations for (a) horizontal polarization 

and (b) vertical polarization. 
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2. Antenna Factors 

Tables 4 and 5 show the 𝐴𝐹 , 𝐴𝐹 , and CSA values calculat-

ed from Eqs. (13) and (1). For example, a CSA of 13.34 dB is 

obtained when ℎ = 2 m and ℎ = 1.72 m with 𝑑 = 3 m, 

H-polarization, and 𝑓 = 100 MHz. In this case, TX and RX 

AFs are 𝐴𝐹 (2 m) = 8.15 dB(1/m) and 𝐴𝐹 (1.72 m) =7.87 dB(1/m), respectively. From these CSAs, 𝐴𝐹 , and 𝐴𝐹 , 

the theoretical NSA from Eq. (4) is calculated as −2.68 dB. 
The resulting NSA values for 24 individual frequencies are 

shown in Fig. 4 and Table 3. Tables 4 and 5 are also useful for 

checking the AFs (𝐴𝐹  and 𝐴𝐹 ) above the ground plane giving 

the NSA. 

In general, AFs provided with the antenna are inadequate un-

less they are specifically or individually measured and the cali-

bration is traceable to a national standard. In an actual validation 

test, the use of the AFs above the ground plane is inadequate 

because individual AF calibration at a given antenna height 

above the ground plane is needed, and this procedure is ineffi-

cient. For this reason, the FSAFs for the TX and RX antennas 

were used to determine the NSA measurements. 

Table 3. Calculated NSA for 3 m, 10 m, and 30 m 

f (MHz) 

Dipole 

length,  

L (m) 

d = 3 m d = 10 m d = 30 m

HP      VP HP     VP HP      VP

h1 = 2 m h1 = 2.75 m h1 = 2 m h1 = 2.75 m h1 = 2 m h1 = 2.75 m

h2 

(m) 
𝑁𝑆𝐴 

(dB) 

h2 

(m) 
𝑁𝑆𝐴 

(dB)

h2 

(m) 
𝑁𝑆𝐴 

(dB)

h2 

(m) 
𝑁𝑆𝐴 

(dB)

h2 

(m) 
𝑁𝑆𝐴 

(dB) 

h2 

(m) 
𝑁𝑆𝐴 

(dB)

30 4.805 2.37 15.47 2.81 17.44 4.00 24.70 4.00 24.52 6.00 38.50 6.00 36.52

35 4.114 4.00 10.06 2.58 13.96 4.00 21.94 4.00 21.93 6.00 35.84 6.00 33.84

40 3.596 4.00 7.33 2.73 10.91 4.00 19.92 4.00 19.87 6.00 33.55 6.00 31.55

45 3.194 4.00 6.44 2.93 8.78 4.00 17.70 4.00 17.75 6.00 31.53 6.00 29.56

50 2.872 3.81 6.20 3.00 7.48 4.00 16.08 4.00 16.29 6.00 29.74 6.00 27.81

60 2.389 3.04 4.42 2.83 6.15 3.40 13.98 3.99 13.64 6.00 26.67 6.00 24.84

70 2.045 2.44 2.82 2.57 5.07 4.00 11.11 3.51 11.96 6.00 24.12 6.00 22.40

80 1.787 2.02 0.52 2.39 3.69 4.00 9.30 3.23 10.38 6.00 21.95 6.00 20.36

90 1.587 1.86 –1.91 2.18 2.74 3.79 7.80 2.89 9.01 6.00 20.07 6.00 18.64

100 1.426 1.72 –2.68 1.88 2.46 3.40 6.90 2.62 8.02 6.00 18.43 6.00 17.18

125 1.138 1.32 –4.03 3.02 –0.27 2.74 4.72 2.16 5.77 6.00 15.13 6.00 14.46

150 0.946 1.10 –6.00 2.63 –2.64 2.28 2.97 1.81 3.99 6.00 12.70 5.35 12.65

175 0.809 1.00 –7.03 2.25 –3.53 1.95 1.63 1.56 2.59 6.00 10.93 4.62 11.18

200 0.707 2.38 –8.38 3.19 –4.45 1.71 0.40 1.37 1.38 5.45 9.68 4.06 9.93

250 0.564 1.84 –10.52 2.56 –7.06 1.37 –1.59 1.10 –0.65 4.36 7.69 3.26 7.89

300 0.468 1.48 –12.22 3.01 –8.42 1.14 –3.22 1.00 –2.22 3.63 6.07 2.73 6.25

350 0.408 1.25 –13.54 2.51 –9.94 1.00 –4.60 2.47 –3.11 3.11 4.72 2.34 4.88

400 0.357 1.07 –14.76 2.88 –11.06 3.05 –5.52 2.15 –4.41 2.72 3.55 2.05 3.69

500 0.285 1.43 –16.73 2.80 –13.05 2.42 –7.54 1.71 –6.50 2.18 1.59 1.64 1.73

600 0.237 1.16 –18.33 2.74 –14.65 2.01 –9.17 1.42 –8.16 1.81 0.01 1.37 0.13

700 0.202 1.42 –19.64 2.70 –16.00 1.60 –10.54 1.22 –9.55 1.56 –1.34 1.17 –1.22

800 0.177 1.22 –20.81 2.67 –17.16 1.40 –11.74 1.06 –10.74 1.36 –2.50 1.03 –2.38

900 0.157 1.08 –21.90 2.65 –18.18 1.24 –12.77 1.59 –11.64 1.21 –3.53 1.00 –3.31

1000 0.141 1.26 –22.74 2.63 –19.09 1.11 –13.67 1.43 –12.59 1.09 –4.45 2.47 –4.23
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Table 4. Calculated CSA (dB) and AF (dB(1/m)) for horizontal polarization

f (MHz) 

Horizontal polarization

d = 3 m d = 10 m d = 30 m

CSA 𝐴𝐹 (h1) 𝐴𝐹 (h2) CSA 𝐴𝐹 (h1) 𝐴𝐹 (h2) CSA 𝐴𝐹 (h1) 𝐴𝐹 (h2)
30 10.15 –3.03 –2.29 21.07 –2.36 –1.27 33.05 –2.41 –3.05

35 11.14 0.56 0.52 20.94 –0.38 –0.63 34.16 –0.47 –1.21

40 11.11 2.74 1.05 20.53 0.96 –0.34 35.29 1.11 0.64

45 10.75 3.26 1.05 20.73 2.47 0.56 35.63 2.37 1.73

50 10.60 3.11 1.30 21.09 3.37 1.65 35.25 3.36 2.15

60 10.32 3.63 2.26 22.08 4.74 3.36 34.91 4.67 3.56

70 10.06 3.99 3.26 21.75 5.28 5.36 34.89 5.36 5.42

80 11.03 5.28 5.23 20.89 5.74 5.86 33.73 5.81 5.98

90 12.77 7.24 7.44 21.38 6.60 6.98 34.03 6.50 7.46

100 13.34 8.15 7.87 22.28 7.62 7.76 34.29 7.65 8.21

125 15.79 10.42 9.40 25.05 10.62 9.72 35.92 10.64 10.14

150 16.95 11.76 11.18 26.06 11.74 11.35 36.13 11.70 11.73

175 18.24 12.85 12.43 26.96 12.70 12.63 36.71 12.72 13.06

200 20.35 14.66 14.07 28.73 14.52 13.80 38.30 14.53 14.09

250 21.60 16.01 16.12 30.05 15.90 15.74 39.63 15.91 16.03

300 23.42 17.78 17.86 31.86 17.75 17.33 41.42 17.74 17.61

350 24.82 19.20 19.15 33.30 19.21 18.69 42.84 19.22 18.90

400 25.62 19.99 20.40 34.61 20.03 20.10 43.63 20.03 20.05

500 27.82 22.24 22.31 36.74 22.24 22.05 45.81 22.24 21.97

600 29.15 23.66 23.83 38.15 23.68 23.65 47.21 23.67 23.54

700 30.36 24.90 25.11 39.33 24.90 24.97 48.42 24.90 24.86

800 31.56 26.22 26.14 40.60 26.23 26.11 49.73 26.23 26.00

900 32.41 27.17 27.14 41.50 27.16 27.10 50.64 27.16 27.01

1000 33.24 27.99 27.99 42.31 28.00 27.98 51.47 28.00 27.92
 

Table 5. Calculated CSA (dB) and AF (dB(1/m)) for vertical polarization 

f (MHz) 

Vertical polarization

d = 3 m d = 10 m d = 30 m

CSA 𝐴𝐹 (h1) 𝐴𝐹 (h2) CSA 𝐴𝐹 (h1) 𝐴𝐹 (h2) CSA 𝐴𝐹 (h1) 𝐴𝐹 (h2)
30 10.57 –3.46 –3.41 19.28 –3.19 –2.05 31.00 –3.33 –2.19

35 11.83 –0.95 –1.18 19.77 –1.44 –0.72 31.40 –1.45 –0.99

40 12.71 0.91 0.89 20.14 –0.03 0.30 31.83 0.10 0.18

45 13.24 2.19 2.27 20.68 1.47 1.46 32.20 1.35 1.28

50 13.46 2.99 2.99 20.76 2.35 2.12 32.42 2.38 2.23

60 13.54 3.71 3.68 21.48 4.03 3.81 32.50 3.92 3.74

70 14.28 4.58 4.64 21.99 5.04 4.99 32.62 5.10 5.12

80 16.02 6.12 6.21 22.73 6.14 6.21 32.82 6.18 6.28

90 17.75 7.49 7.52 23.65 7.31 7.34 33.17 7.25 7.28

100 19.07 8.31 8.30 24.37 8.20 8.16 33.64 8.23 8.22

125 19.66 9.98 9.96 26.01 10.11 10.13 34.75 10.14 10.15

150 21.01 11.84 11.82 27.50 11.75 11.77 36.10 11.73 11.72

175 22.45 13.00 12.97 28.74 13.07 13.08 37.31 13.07 13.06

200 24.10 14.27 14.28 29.81 14.20 14.23 38.36 14.22 14.22

250 25.34 16.19 16.20 31.70 16.16 16.19 40.19 16.15 16.15

300 27.11 17.76 17.77 33.29 17.73 17.78 41.71 17.73 17.73

350 28.16 19.05 19.06 34.95 19.02 19.03 42.93 19.03 19.03

400 29.34 20.20 20.20 35.96 20.18 20.18 44.06 20.18 20.18

500 31.19 22.12 22.12 37.71 22.11 22.10 45.94 22.11 22.10

600 32.72 23.69 23.69 39.18 23.68 23.67 47.48 23.68 23.67

700 34.01 25.01 25.00 40.44 25.00 25.00 48.78 25.00 24.99

800 35.14 26.15 26.15 41.55 26.15 26.14 49.90 26.14 26.14

900 36.14 27.16 27.16 42.68 27.16 27.16 51.01 27.16 27.16

1000 37.06 28.08 28.08 43.55 28.08 28.07 51.92 28.08 28.07
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3. Normalized Site Attenuation by Free-Space Antenna Factors 

ANSI C63.5 gives the FSAFs for a tuned dipole with a Rob-

erts balun. Tables 6 and 7 show the theoretical FSAFs for a 

CalDA. A comparison of both FSAFs, the Roberts dipole and 

the CalDA, is not adequate because the dipole radius, resonant 

lengths, and balun types are different. Nevertheless, the FSAF 

differences between both antennas are within 0.56 dB. 

In a relevant standard, the theoretical NSA of an ideal OATS 

is developed and calculated using FSAFs and mutual impedance 

correction factors. ANSI C63.4 [1] provides theoretical NSA 

values and mutual impedance correction factors for the tuned 

dipoles with a Roberts balun and a 3-m site. When the theoreti-

cal NSA from FSAFs, 𝑁𝑆𝐴 , is used for the NSA measure-

ment using the CalDA, the measured NSAs are different from 

the true NSA. Hence, ∆𝐴𝐹  for the CalDA is necessary. 

Tables 6 and 7 show the calculated 𝑁𝑆𝐴  from the FSAFs 

of the TX and RX antennas and the mutual impedance correc-

tion factors ∆𝐴𝐹  for the CalDA. ∆𝐴𝐹  is calculated 

from Eq. (16) and is known as the total AF difference, as ex-

plained in Section II-3. Hence, the FSAFs, 𝐴𝐹  and 𝐴𝐹 , 

are used to measure the NSA. Further, the mutual impedance 

correction factor, ∆𝐴𝐹 , is provided to obtain the true NSA. 

For example, the 𝑁𝑆𝐴  of –3.06 dB is obtained from the CSA 

of 13.34 dB using the free space, 𝐴𝐹 , of 8.20 dB(1/m) at 𝑑 = 3 m, H-polarization, and 𝑓 = 100 MHz. In this case, the 

mutual impedance correction factor, ∆𝐴𝐹 , is necessary, and 

from Table 6, since ∆𝐴𝐹 = −0.38 dB, the desired 𝑁𝑆𝐴 =−2.68 dB is obtained from Eq. (8). Tables 6 and 7 are useful for 

Table 6. Calculated 𝑁𝑆𝐴  using the FSAFs and AF correction factor in dB for horizontal polarization 

f (MHz) 
Dipole length,  

L (m) 

𝐴𝐹 , 𝐴𝐹  

(dB(1/m)) 

Horizontal polarization 𝑑 = 3 m 𝑑 = 10 m 𝑑 = 30 m𝑁𝑆𝐴 ∆𝐴𝐹 𝑁𝑆𝐴 ∆𝐴𝐹  𝑁𝑆𝐴  ∆𝐴𝐹
30 4.805 –2.26 14.67 –0.80 25.59 0.89 37.57 –0.94

35 4.114 –0.92 12.98 2.92 22.78 0.83 36.00 0.16

40 3.596 0.24 10.63 3.31 20.05 0.14 34.81 1.27

45 3.194 1.27 8.21 1.77 18.19 0.49 33.09 1.56

50 2.872 2.18 6.24 0.05 16.73 0.66 30.89 1.15

60 2.389 3.77 2.78 –1.65 14.54 0.56 27.37 0.69

70 2.045 5.11 –0.16 –2.97 11.53 0.42 24.67 0.56

80 1.787 6.27 –1.51 –2.03 8.35 –0.94 21.19 –0.75

90 1.587 7.29 –1.81 0.10 6.80 –1.00 19.45 –0.62

100 1.426 8.20 –3.06 –0.38 5.88 –1.02 17.89 –0.54

125 1.138 10.14 –4.49 –0.46 4.77 0.06 15.64 0.50

150 0.946 11.72 –6.49 –0.50 2.62 –0.35 12.69 –0.01

175 0.809 13.06 –7.88 –0.84 0.84 –0.79 10.59 –0.34

200 0.707 14.22 –8.09 0.29 0.29 –0.12 9.86 0.18

250 0.564 16.16 –10.72 –0.19 –2.27 –0.68 7.31 –0.38

300 0.468 17.74 –12.06 0.16 –3.62 –0.40 5.94 –0.13

350 0.408 19.07 –13.32 0.21 –4.84 –0.24 4.70 –0.02

400 0.357 20.23 –14.84 –0.07 –5.85 –0.33 3.17 –0.38

500 0.285 22.16 –16.50 0.23 –7.58 –0.03 1.49 –0.11

600 0.237 23.72 –18.29 0.05 –9.29 –0.11 –0.23 –0.23

700 0.202 25.04 –19.72 –0.07 –10.75 –0.21 –1.66 –0.32

800 0.177 26.17 –20.78 0.02 –11.74 0.0 –2.61 –0.11

900 0.157 27.15 –21.89 0.01 –12.80 –0.04 –3.66 –0.13

1000 0.141 28.03 –22.82 –0.08 –13.75 –0.08 –4.59 –0.14
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actual NSA measurement, using the FSAFs and the mutual 

impedance correction factors of the CalDA. 

To validate a constructed site, the true theoretical NSA values 

are very important as a reference, and the measured NSA should 

be within ±4 dB. The use of AFs over the ground plane is inad-

equate because the AF calibration for an individual height over 

the ground plane is very hard and time consuming. Hence, the 

use of FSAFs is recommended for easy AF calibration and to 

save time. Consequently, we considered the true theoretical 

NSA of an ideal OATS, the FSAFs, and the AF correction 

factors (mutual impedance correction factors) for a CalDA and 

for 3-m, 10-m, and 30-m sites. 

In order to calculate the NSA, the CSA and AFs are needed. 

To verify these theoretical analyses, the theoretical results of 

CSA and AF are compared with the experimental results [16, 

17] in Figs. 5 and 6. The AF is measured by the two-antenna 

method. The results show that the calculated CSA and AF 

values are in good agreement with the measured results. 

IV. CONCLUSION 

The theoretical NSA values of an ideal OATS for a CalDA 

with a 3-dB hybrid balun in the frequency range of 30 MHz to 

1 GHz were considered using the power mismatch and dissi-

pated loss concept of an NSA measurement system. We also 

considered the accurate AFs above the ground plane to obtain 

the theoretical NSA. In addition, when the FSAFs were used to 

determine the measured NSA, the AF correction factors for the 

CalDAs were also considered. 

Table 7. Calculated 𝑁𝑆𝐴  using the FSAFs and AF correction factor in dB for vertical polarization

f (MHz) 
Dipole length,   

L (m) 

𝐴𝐹 , 𝐴𝐹  

(dB(1/m)) 

Vertical polarization 𝑑 = 3 m 𝑑 = 10 m 𝑑 = 30 m𝑁𝑆𝐴 ∆𝐴𝐹 𝑁𝑆𝐴 ∆𝐴𝐹  𝑁𝑆𝐴  ∆𝐴𝐹
30 4.805 –2.26 15.09 –2.35 23.80 –0.72 35.52 –1.00

35 4.114 –0.92 13.67 –0.29 21.61 –0.32 33.24 –0.60

40 3.596 0.24 12.23 1.32 19.66 –0.21 31.35 –0.20

45 3.194 1.27 10.70 1.92 18.14 0.39 29.66 0.09

50 2.872 2.18 9.10 1.62 16.40 0.11 28.06 0.25

60 2.389 3.77 6.00 –0.15 13.94 0.30 24.96 0.12

70 2.045 5.11 4.06 –1.00 11.77 –0.19 22.40 0.0

80 1.787 6.27 3.48 –0.21 10.19 –0.19 20.28 –0.08

90 1.587 7.29 3.17 0.43 9.07 0.07 18.59 –0.05

100 1.426 8.20 2.67 0.21 7.97 –0.04 17.24 0.05

125 1.138 10.14 –0.62 –0.34 5.73 –0.04 14.47 0.01

150 0.946 11.72 –2.43 0.22 4.06 0.08 12.66 0.01

175 0.809 13.06 –3.67 –0.15 2.62 0.03 11.19 0.01

200 0.707 14.22 –4.34 0.11 1.37 –0.01 9.92 0.0

250 0.564 16.16 –6.98 0.07 –0.62 0.03 7.87 –0.02

300 0.468 17.74 –8.37 0.05 –2.19 0.03 6.23 –0.02

350 0.408 19.07 –9.98 –0.03 –3.19 –0.09 4.79 –0.08

400 0.357 20.23 –11.12 –0.06 –4.50 –0.10 3.60 –0.10

500 0.285 22.16 –13.13 –0.08 –6.61 –0.11 1.62 –0.11

600 0.237 23.72 –14.72 –0.06 –8.26 –0.09 0.04 –0.09

700 0.202 25.04 –16.07 –0.07 –9.64 –0.08 –1.30 –0.09

800 0.177 26.17 –17.20 –0.04 –10.79 –0.05 –2.44 –0.06

900 0.157 27.15 –18.16 0.02 –11.62 0.02 –3.29 0.02

1000 0.141 28.03 –19.00 0.10 –12.51 0.09 –4.14 0.09
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Fig. 5. Calculated and measured site attenuations. 

 

 
Fig. 6. Calculated and measured antenna factors. 

 

This work was initially based on the KRISS/University 

cooperative research program. It was supported by the 

Basic Science Research Program at the National Research 

Foundation of Korea (NRF), funded by the Ministry of 

Education (No. 2021R1I1A3053429). 

  

REFERENCES 

[1] American National Standard for methods of measurement of 

radio-noise emissions from low-voltage electrical and electronic 

equipment in the range of 9 kHz to 40 GHz amendment 1: test 

site validation, ANSI C63.4a-2017 (Amendment to ANSI 

C63.4-2014), 2017. 

[2] W. S. Bennett, "An error analysis of the FCC site-

attenuation approximation," IEEE Transactions on Electro-

magnetic Compatibility, vol. 27, no. 3, pp. 107-114, 1985. 

[3] R. G. Fitzgerrell, "Site attenuation," IEEE Transactions on 

Electromagnetic Compatibility, vol. 28, no. 1, pp. 38-40, 1986. 

[4] T. Kawana, S. Horiguchi, and Y. Yamanaka, "Evaluation of 

3-N site attenuation by the moment method," IEEE 

Transactions on Electromagnetic Compatibility, vol. 28, no. 3, 

pp. 117-124, 1986. 

[5] K. C. Kim, Y. C. Chung, and N. S. Chung, "On the theo-

retical curves of site attenuations at frequencies below 80 

MHz," in Proceedings of Conference on Precision Electromag-

netic Measurements, Ottawa, Canada, 1990, pp. 422-423. 

[6] J. Iwashige, K. Y. Yoon, and K. C. Kim, "On the effect of 

finite ground plane on site attenuation," IEICE Transac-

tions on Communications, vol. J79-B2, no. 12, pp. 1039-1044, 

1996.  

[7] A. A. Smith, R. F. German, and J. B. Pate, "Calculation of 

site attenuation from antenna factors," IEEE Transactions 

on Electromagnetic Compatibility, vol. EMC-24, no. 3, pp. 

301-316, 1982. 

[8] American National Standard for electromagnetic compatibility 

- radiated emission measurements in electromagnetic interference 

(EMI) control - calibration and qualification of antennas (9 

kHz to 40 GHz), ANSI C63.5-2017 (Revision of ANSI 

C63.5-2005), 2017. 

[9] J. Berry, B. Pate, and A. Knight, "Variations in mutual cou-

pling correction factors for resonant dipoles used in site 

attenuation measurements," in Proceedings of IEEE Inter-

national Symposium on Electromagnetic Compatibility, 

Washington, DC, 1990, pp. 444-450.  

[10] D. N. Heirman, "Definitive open area test site qualifica-

tions," in Proceedings of 1987 IEEE International Symposi-

um on Electromagnetic Compatibility, Atlanta, GA, 1987, 

pp. 1-8.  

[11] J. B. Pate, "Potential measurement errors due to mutual 

coupling between dipole antennas and radio frequency 

absorbing material in close proximity," in Proceedings of 

1984 National Symposium on Electromagnetic Compatibility, 

San Antonio, TX, 1984, pp. 1-7.  

[12] A. Sugiura, T. Shinozuka, and A. Nishikata, "Correction 

factors for normalized site attenuation," IEEE Transac-

tions on Electromagnetic Compatibility, vol. 34, no. 4, pp. 

461-470, 1992. 

[13] P. T. Trakadas and C. N. Capsalis, "A mixed model for the 

determination of normalized site attenuation in OATS," 

IEEE Transactions on Electromagnetic Compatibility, vol. 

43, no. 1, pp. 29-36, 2001. 

[14] T. Morioka and K. Hirasawa, "Proper antenna factors for 

the normalized site attenuation above a ground plane," 

IEEE Transactions on Electromagnetic Compatibility, vol. 

56, no. 2, pp. 246-258, 2014. 

[15] J. Yun, D. G. Camell, D. R. Novotny, G. H. Koepke, and J. 

R. Guerrieri, "Differential site attenuation without using 

free space antenna factor," Electronics Letters, vol. 15, no. 4, 

pp. 310-311, 2015. 

[16] M. J. Salter and M. J. Alexander, "EMC antenna calibra-

tion and the design of an open-field site," Measurement 

Science and Technology, vol. 2, no. 6, pp. 510-519, 1991. 



KIM et al.: CALCULATION OF NORMALIZED SITE ATTENUATION FOR CALCULABLE DIPOLE ANTENNAS 

377 

  
 

[17] M. J. Alexander and M. J. Salter, "Low measurement un-

certainties in the frequency range 30 MHz to 1 GHz us-

ing a calculable standard dipole antenna and national ref-

erence ground plane," IEE Proceedings - Science, Measure-

ment and Technology, vol. 143, no. 4, pp. 221-228, 1996. 

[18] M. Alexander, M. Salter, B. Loader, and D. Knight, 

"Broadband calculable dipole reference antennas," IEEE 

Transactions on Electromagnetic Compatibility, vol. 44, no. 

1, pp. 45-58, 2002. 

[19] K. C. Kim, S. M. Kim, J. Y. Kwon, T. W. Kang, and J. H. 

Kim, "The design of calculable standard dipole antennas 

in the frequency range of 1~3 GHz," Journal of the Korean 

Institute of Electromagnetic Engineering and Science, vol. 12, 

no. 1, pp. 63-69, 2012. 

[20] K. C. Kim, J. Y. Kwon, T. W. Kang, and J. H. Kim, 

"Broadband calculable dipole reference antenna in the 

1 GHz to 3 GHz frequency range," IEICE Electronics 

Express, vol. 12, no. 17, article no. 20150622, 2015. 

https://doi.org/10.1587/elex.12.20150622 

[21] K. C. Kim, H. J. Seo, T. W. Kang, J. Y. Kwon, and J. H. 

Kim, "Calculation of site attenuation for calculable dipole 

antennas," Journal of Electromagnetic Engineering and 

Science, vol. 20, no. 2, pp. 145-154, 2020. 

APPENDIX 

The CSA of Eq. (1) is determined by the antenna input im- 

pedance 𝑍( )
, which is directly calculated from the coupled in-

tegral equations of the TX and RX antennas. The antenna sys-

tem shown in Fig. 1 can be treated as a two-port network using 

the impedance parameters, 𝑍  (i, j = 1 or 2), and the expression 
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for CSA can be derived using the antenna impedance parameters. 

The desired CSA can be written as follows [21]: 
 𝐶𝑆𝐴 = 𝑀( ) ∙ 𝐾 ∙ 𝑀( )

 (A1)
 

where power mismatch and dissipative losses using the imped-

ance parameters are expressed as 

𝑀( ) = 𝑍 + 𝑍( ) 𝑍( ) + 𝑍 − 𝑍 𝑍2 𝑅( ) 𝑅( ) 𝑍 + 𝑍( )  

(A2)
 

𝐾 = 2 𝑅( ) 𝑅( ) 𝑍 + 𝑍( ) 𝑍 + 𝑍( )𝑍 + 𝑍( ) 𝑍( ) + 𝑍 − 𝑍 𝑍 𝑍 (A3)
 

𝑀( ) = 𝑍 + 𝑍( ) 𝑍( ) + 𝑍 − 𝑍 𝑍2 𝑅( ) 𝑅( ) 𝑍 + 𝑍( ) . 
(A4)

 

Using Eqs. (A2)–(A4), the CSA is obtained: 
 

𝐶𝑆𝐴 = 𝑍 + 𝑍( ) 𝑍 + 𝑍( ) − 𝑍 𝑍2 𝑅( ) 𝑅( ) 𝑍  ∙ 
(A5)

 

Therefore, the desired CSA by means of the impedance 

parameters of the antenna system can be expressed in dB as 

follows: 
 

𝐶𝑆𝐴 = 10 log 𝑍 + 𝑍( ) 𝑍 + 𝑍( ) − 𝑍 𝑍2 𝑅( ) 𝑅( ) 𝑍  . 
(A6)
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I. INTRODUCTION 

In recent years, fifth generation (5G) wireless mobile technol-

ogies have received increasing attention. This is because wireless 

communication systems operating at millimeter-wave (mmWave) 

frequencies provide significantly higher channel rates and ca-

pacity compared with their lower-frequency counterparts [1]. 

However, to realize this potential, you need directional, broad-

band, low-loss, and low-cost antennas that can be easily inte-

grated with mmWave circuits in the transceiver package [2]. 

Typically, standard horn antennas are used as convenient meas-

urement devices. However, it is difficult to integrate them with 

5G devices due to their large size, hard platform, and high cost 

[3]. Recently, a planar-type antenna has shown the merits of 

offering a wide impedance bandwidth and being low cost and 

easy to maintain [4]. However, due to linear polarization (LP), 

polarization losses can be easily experienced. Circular polariza-

tion (CP) antennas are a good solution because they reduce 

fading problems due to the suppression of multipath interference 

by surrounding objects and the ground; they also provide good 

resiliency against polarization inconsistencies caused by a misa-

lignment between transmitter (Tx) and receiver (Rx) antennas. 

The familiar quad rigid horn antenna with two ports can 

measure horizontal and vertical polarization, but it requires an 

RF switch, which requires an additional circuit design and a 

complex structure, as shown in [5]. To design a compact and  

JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 3, 379~385, MAY. 2022 

https://doi.org/10.26866/jees.2022.3.r.100

ISSN 2671-7263 (Online) ∙ ISSN 2671-7255 (Print)

 

Design of 24–40 GHz Ultra-Wideband Circularly  

Polarized Monopole Antenna with a Defected  

Ground Plane 
Ju Seong Park1,* · Ji Hun Hong1 · Kang Wook Kim2,*  

 

 
   

Abstract 
 

A new design method for an ultra-wideband circularly polarized microstrip-fed monopole antenna with a ground defect is proposed in 

this paper. To achieve ultra-wideband circular polarization performance, a parallelogram-shaped ground defect is employed in the bottom 

layer. The analysis of the ultra-wideband axial ratio (AR) and the impedance bandwidth of the proposed antenna is performed both in the 

top and bottom layers. A semi-circular aperture is designed to achieve impedance matching in the 24–40 GHz frequency range. Then, the 

AR bandwidth is discussed considering the surface current distribution produced by the parallelogram-shaped ground defect to rote current in 

each orthogonal phase. A prototype of the proposed circularly polarized antenna with a 50% ultra-wide bandwidth (from 24 to 40 GHz), 

a 10-dB return loss, and a 3-dB AR was fabricated and measured. A 6-dBic right-hand circular polarization gain was also achieved. 

Key Words: Axial Ratio, Circular Polarization, Monopole Antenna, Ultra-Wideband Width. 

 

 

Manuscript received August 14, 2021 ; Revised December 8, 2021 ; Accepted February 22, 2022. (ID No. 20210814-092J)  
1Hanwha Systems, Yongin, Korea. 
2School of Electronics Engineering, Kyungpook National University, Daegu, Korea. 
*Corresponding Author: Ju Seong Park (e-mail: acckidi@naver.com), Kang Wook Kim (e-mail: kkmc@knu.ac.kr)   
 

 

This is an Open-Access article distributed under the terms of the Creative Commons Attribution Non-Commercial License (http://creativecommons.org/licenses/by-nc/4.0) which permits 

unrestricted non-commercial use, distribution, and reproduction in any medium, provided the original work is properly cited. 

ⓒ Copyright The Korean Institute of Electromagnetic Engineering and Science. 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 3, MAY. 2022 

380 
   

  

low-price antenna, it is necessary to create CP with a single 

feeding. Possible polarization misalignment between transmit-

ting and receiving antennas leads to degraded performance 

when measuring antenna gain, axial ratio (AR), and efficiency. 

The type of polarization that is suitable for a measurement 

antenna for 5G device testing is CP, which provides the best 

performance compared to all linear polarizations. A large num-

ber of studies on CP in antenna arrays, right- or left-handed 

components, substrate-integrated waveguides (SIWs), and other 

structures has been conducted to provide small and efficient 

antenna modules. 

Generally, a spiral antenna with a cavity is suitable for measur-

ing a demanding broadband frequency range, high efficiency, CP, 

and so on. However, most of these characteristics are obtained at 

the balanced center-fed spiral, making the structure non-planar, 

complex, and large. As a result, many fabrication limitations may 

be encountered [6, 7]. Other CP antenna structures have been 

used in various planar configurations, such as arrays, SIWs, and 

monopoles. An SIW aperture antenna array structure exhibits 

high gain and is suitable for mmWave applications. An SIW 

antenna array with a CP mmWave fabricated in a single layer 

was proposed in [8–10]. A ring-shaped wideband CP antenna 

structure using multi-layer technology was presented in [11]. 

Due to the limitations of the waveguide cut-off frequency and 

less flexible SIW compared to a microstrip line (MSL) and a 

coplanar waveguide (CPW), the bandwidth of SIW CP is 

generally inferior to conventional transmission-line antennas. A 

CPW-fed monopole antenna employing a ground defect as a 

stub was reported in [12]. A single-fed CP stacked square 

microstrip antenna exhibiting wide impedance bandwidth (IBW) 

and axial ratio bandwidth (ARBW) was reported in [13, 14]. 

Printed planar shapes, such as circular, semi-elliptical, and rec-

tangular patches, have resulted in linearly polarized compact 

omnidirectional antennas [15]. Typically, CP antennas operating 

in mmWave frequency bands cannot cover the entire 5G fre-

quency range. As a result, they cannot be applied to over-the-air 

(OTA) test systems since the maximum achievable bandwidth 

of a wideband AR antenna is 20%. 

In this paper, a new planar CP antenna employing a parallelo-

gram ground defect is proposed. This antenna is capable of 

achieving a wideband AR and frequency range. The proposed 

design is based on a surface current flow analysis between the 

ground defect and the semi-circular in-band slab aperture. By 

combining a broadband aperture and a ground defect, the pro-

posed CP antenna can be used to measure any device being 

tested in the mmWave frequency band. To validate the perfor-

mance of the design concept, a prototype of the antenna was 

fabricated and measured. A detailed discussion of the proposed 

antenna is presented in the following sections. 

 

II. ANALYSIS OF THE PROPOSED CIRCULARLY  

POLARIZED ANTENNA 

1. Antenna Configuration 

The structure of the proposed ultra-wideband CP antenna 

with a ground defect is shown in Fig. 1(a), and a cross-sectional 

cutaway view is shown in Fig. 1(b). The current distribution of 

the semi-circular aperture can be rotated according to each 

phase component. This can be achieved by inserting a parallelo-

gram-shaped ground defect at the bottom layer with a 30° incli-

nation with reference to the feeding line. The semi-circular aper-

ture acts as both a transmitter and radiator, whereas the carving 

of the tilted quadrangle forms the physical circular current dis-

tribution of the proposed antenna through which energy mainly 

radiates. The design parameters of the proposed CP antenna are 

the radius of the semi-circular aperture rc, the strip slab width 

wc, the length lc, the defect length lg, width wg, spacing sg, the 

parallelogram angle θg, and length l0. A schematic diagram of 

the surface current distribution for different phase values in the 

range 0°–270° with a 90° step in the in-band is shown in Fig. 2. 

 
(a) 

 
(b) 

Fig. 1. Layout of the proposed CP antenna: (a) top view and (b) 

cross-sectional cutaway view. 

 

 
(a) (b)

 
(c) (d)

Fig. 2. Schematic diagram of the surface current distributions for 

the proposed antenna at 28 GHz for different phase in-

stants: (a) 0°, (b) 90°, (c) 180°, and (d) 270°.
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The surface current JA flowing in the aperture in the direction of 

the second quadrant is divided into two surface currents, Jgu and 

Jgd, which flow in the ground defect, as shown in Fig. 2(a). 

When shifting by 90°, the rotation of the surface current in the 

antenna aperture is affected by the surface current, Jfeed, flowing 

in the feed line, as shown in Fig. 2(b). In this case, it is assumed 

that the ground defect surface currents, Jgu and Jgd, are weaker 

than the feed surface current, Jfeed. Fig. 2(c) and 2(d) show the 

opposite direction of the surface current flowing in the aperture 

for the cases depicted in Fig. 2(a) and 2(b), respectively. The 

following relationships can be expressed for the surface currents, 

Jfeed, Jgu, and Jgd : 
 

( )A a gu gdJ J J= −
  

(1)

( )( )  A b feed gu gd feed gJ J J J J J= + − >
     

 
(2)

( )A c gd guJ J J= −
  

(3)

( )( )  A d feed gu gd feed gJ J J J J J= − − + >
     

. 
(4)

 

The surface current distributions of the proposed antenna at 

28 GHz were simulated using a 3D electromagnetic (CST 

Microwave Studio), as shown in Fig. 3. The eight design pa-

rameters of the proposed CP antenna are summarized in Table 1. 

 

 
(a) (b) 

 
(c) (d) 

Fig. 3. Simulated circular polarization direction of the proposed 

antenna at 28 GHz for different phase instants: (a) 0°, (b) 

90°, (c) 180°, and (d) 270°. 

 

Table 1. Proposed antenna design parameters 

Parameter Value (mm) 

l0 4.7 

rc 1.1 

lc 2 

wc 1.2 

sg 2.7 

θg π/6 

lg 11 

wg 6.5 

2. Circular Polarization Operation 

The proposed design process can be divided into two stages 

at the top and bottom layers, respectively. The reflection loss 

(RL) and AR are related to the top and bottom layers, respec-

tively. The radiation principle of the antenna can be obtained 

from the simulated surface current distributions on the parallel-

ogram-shaped ground defect in the bottom layer when the an-

tenna is excited at 28 GHz, as shown in Fig. 3. It can be ob-

served that four orthogonal comparable amplitudes are excited 

on the top layer. 

The simulated surface current distribution of the proposed 

CP antenna at 28 GHz for four orthogonal phases in the range 

0°–270° with a 90° step is shown in Fig. 3. The predominant 

surface current flow is in the direction shown in Fig. 3(a), where 

a dominant third quadrant-directed current flow is observed. It 

can also be observed that the surface current distribution at 270° 

is equal in magnitude and opposite in phase to the 90° case 

shown in Fig. 3(a). The surface currents located at the azimuth 

angle turn in a counterclockwise direction as time progresses. As 

a result, the sequencing rotation of these currents on the radiators 

produces a strong 360° E-field radiated by the planar antenna. 

In this way, CP radiation in the z-axis can be achieved [16]. 

III. PARAMETRIC STUDY 

Many parameters in the proposed antenna structure intro-

duce complexity in the design process. In this section, the effect 

of some key parameters on the RL and AR is investigated by 

varying only one parameter at a time while keeping the other 

parameter values fixed. Parameters with a small impact, such as 

wg and lg, are not examined since they can be determined after 

the design of other parameters of the proposed CP antenna. 

Further, wg is 4.5 mm in half-wavelength, which is the mini-

mum spacing that is not coupled to the antenna. 
 

1. Effects of rc + wc and lc 

The proposed antenna is specially formed into a semi-circular 

strip slab of width wc and fed by a 50-Ω microstrip line. To 

achieve impedance matching, the strip slab, which is located 

between the radiator and the 50-Ω microstrip line (see Fig. 1), 

is used as an impedance transformer. The slab radius rc is de-

termined by the lowest and highest operating frequencies of the 

antenna. The width of the strip slab wc and the antenna aper-

ture radius rc are also determined by the lowest and highest op-

erating frequencies and can be calculated with the following 

equations: 
 

    
(5)

    . (6)

_

4 4
g h ig h

c
h ig h e e

cw
f

λ
μ ε

= =

_

4 4
g low

c c
low e e

cw r
f

λ
μ ε

+ = =
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In (5) and (6), c is the speed of light in the free space, flow and 

fhigh are the lowest and highest operating frequencies (24 GHz 

and 40 GHz, respectively), and μe and εe are the equivalent 

magnetic permeability constant and dielectric constant, respec-

tively. The wavelengths in (5) and (6), which correspond to the 

lowest and highest operating frequencies, are 12.2 mm and 

1.1 mm, respectively. 

The results in Fig. 4 show that impedance matching at the 

center frequency fc is significantly affected by lc. When deter-

mining the lowest and highest operating frequencies, the radius 

of the semi-circular aperture, aperture length, and slab length 

affect each other. Therefore, these parameters need to be care-

fully adjusted. If lc is too small (for example, lc = 0.8 mm), it 

cannot operate properly as an antenna in-band aperture. For 

better performance, lc is set to 2 mm. 

 

2. Effects of Sg 

The microstrip line impedance of the feeding structure is 

maintained at 50 Ω to provide a stable antenna feed. The paral-

lelogram-shaped ground defect in the bottom layer significantly 

affects the impedance when a point in sg is close enough to the 

50-Ω line on the top layer. Since the overlap position between 

the semi-circular aperture on the top layer and the laminated 

part of the bottom layer changes, resulting in a different surface 

current distribution flow, a stable energy source is needed. The 

50-Ω microstrip line meets a point in sg, where there is a ground 

defect in the bottom layer of the antenna. This is a key parameter 

for wideband operation. Fig. 5 shows RL results when sg is varied. 

It can be observed that the RL is noticeably changed. As shown 

in the surface current flow in Fig. 5, if sg becomes too large or 

too small, the surface current flow may not be smooth on the 

semi-circular antenna aperture. For effective impedance match-

ing, sg should be set to 2.7 mm. 

 
Fig. 5. Simulated return loss of the proposed antenna when varying 

sg (l0 = 4.7, lc, = 2, rc = 1.1, wc = 1.2, θg = 6.5). 

 
3. Effect of θg and l0 

In this paper, the proposed ground defect shape improves CP 

performance. The surface current on the antenna aperture de-

pends on the combination of the feeding length l0 and the 

ground angle θg. Therefore, to obtain better CP performance 

for the proposed antenna, the parallelogram ground inclination 

must be optimized. The simulation results are presented in Fig. 

6. It can be observed that the RL changes slightly with the vari-

ation of θg and does not affect antenna performance. The AR 

also depends on the angle of the ground defect θg for a fixed sg = 

2.7 mm. The ARBW exhibits a significant change in the 24–30 

GHz range. The best performance can be obtained by adjusting 

the ground defect shape at the center frequency and selecting θg 

= π/6 for sg = 2.7 mm. 

The ground defect spacing sg is related to the parallelogram 

angle θg and the microstrip line length l0 through the following 

equation: 
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Fig. 4. Simulated return loss of the proposed antenna by variation 

with lc (l0 = 4.7, rc = 1.1, wc = 1.2, sg = 2.7, θg = 6.5).

 
Fig. 6. Simulated return loss of the proposed antenna when varying 

θg (l0 = 4.7, lc, = 2, rc = 1.1, wc = 1.2, sg = 2.7).
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0 tan

g

g

s
l

θ
=

. (7)

IV. SIMULATED AND MEASURED RESULT 

Based on the above analysis, a prototype of the proposed an-

tenna was fabricated on a TLY-5 substrate with εr = 2.2 and 

thickness h = 0.25 mm. Photographs of the fabricated antenna 

(with a connector) based on printed circuit board technology are 

shown in Fig. 7. A comparison between the simulation and 

measured RL and AR results is shown in Fig. 8. All measure-

ments were conducted in a microwave anechoic chamber. The 

S-parameters were measured using a vector network analyzer. 

The maximum radiation points were measured in the broadside 

direction, and the AR was recorded at these points. In Fig. 8, it 

can be observed that in the 24–40 GHz frequency range (50% 

IBW), the maximum RL is more than 10 dB. In the 24–38 GHz 

frequency range (approximately 45.2% ARBW), the maximum 

AR is less than 3 dB and approximately 3.5 dB in the 38–39 

GHz frequency range. The simulated and measured radiation 

patterns in the XZ and YZ planes at 28 GHz and 39 GHz are 

plotted in Fig. 9(a) and 9(b), respectively. A good agreement is 

observed between the measured and simulated results. The 

polarization at the topside of the antenna is the left-hand CP 

(LHCP). The results also show that the maximum radiation 

points are in the 0° angle directions. The radiation patterns in 

the YZ and XZ planes are almost identical. The simulated and 

measured antenna gains are shown in Fig. 10. The measured 

antenna gains at 28 and 39 GHz is −0.1 and 4.8 dBic, respec-

tively. The discrepancy between the simulated and measured 

gain is within 1 dB, and it is caused by errors during the fabrica-

tion process and the high substrate loss tangent. A performance 

comparison of the proposed CP antenna with previously reported 

 
(a)                           (b) 

Fig. 7. Fabricated antenna prototype: (a) top layer and (b) bottom 

layer. 

 

 
Fig. 8. Simulation and measurement result (return loss and axial 

ratio) of the fabricated CP antenna. 
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Fig. 9. Radiation patterns of the proposed antenna in the XZ and YZ 

planes at (a) 28 GHz, (b) 32 GHz, and (c) 39 GHz. 

 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 3, MAY. 2022 

384 
   

  

results is summarized in Table 2. The antenna reported in [8] 

shows even higher center frequencies; however, their IBW 

(31.8%) and ARBW (24.6%) are lower than the proposed an-

tenna. Compared with [11], the IBW of the proposed antenna 

is in close agreement, but its ARBW is much wider. In addition, 

compared to [9, 13] uses sequential feeding networks. The 

ARBW of the proposed antenna is about 50% higher and is 

easier to fabricate, even if the antenna gain is higher. This com-

parison verifies that the proposed antenna exhibits outstanding 

performance and a simple structure. The remaining [10], [11], 

and [14] also show a narrower IBW and ARBW compared to 

the proposed antenna. In particular, [10] has a 63% lower IBW 

and [14] a 69% lower ARBW than shown by the proposed CP 

antenna’s result. In addition, the size comparison clearly con-

firmed that the proposed antenna is at least three to 256 times 

smaller than previous research. The proposed CP antenna ex-

hibits a compact size and low gain; therefore, the low gain of the 

antenna is a trade-off that arises as the aperture becomes smaller. 

V. CONCLUSION 

A new ground defect CP antenna design exhibiting a wide 

ARBW and IBW based on a current distribution model was 

presented and demonstrated for mmWave wireless communica-

tion systems operating in the 24–40 GHz frequency range. By 

employing a parallelogram-shaped ground defect in its bottom 

layer, the antenna is capable of producing CP radiation in a wide 

bandwidth with good polarization purity. The proposed antenna 

is compatible with standard planar circuit technology and can be 

realized on a double-layer laminate, resulting in a low-cost and 

low-profile device. The simulation and measurement results 

demonstrated good antenna performance. Most importantly, 

the proposed antenna is capable of achieving CP, depending on 

the specific application. As a result, the use of multiple antennas 

with different polarizations integrated with RF systems is avoided. 

Furthermore, the proposed design can be easily adopted in 5G 

mobile and measurement systems and applied to a variety of 

mmWave circuits. 
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I. INTRODUCTION 

Various numerical methods have been used to analyze mi-

crostrip antennas, such as the method of moments (MoM) and 

the finite element method (FEM) [1, 2]. The accuracy and con-

vergence properties of the methods can deteriorate in a thin 

imperfect conductor (lossy metal). Therefore, the metal is usual-

ly assumed to be a perfect electrical conductor (PEC) with zero 

thickness. It can be efficiently modeled by the electric field inte-

gral equation [1]. A resistive (impedance) sheet model is used 

for a lossy metal, but its accuracy may not be satisfactory [2].  

In general, the impedance boundary condition (IBC) may be 

more accurate for lossy metal with a wide range of conductivity 

than the resistive sheet model. The combined field integral 

equation for the IBC is given by:   
 

0

0 tantan

ˆ
ˆ

inc
e

inc
m

jkL ZI YK n IY E J
ZK Zn I jkL IZ H J

η
η

   + − × 
=    − + × +    

 
 

.  (1) 
 

The parameters in Eq. (1) are found in a previous study [3]. 

Due to the K-operator in Eq. (1), the IBC surface should be 

closed. Therefore, the zero-thickness lossy metal cannot be ana-

lyzed based on the IBC. We proposed a technique for a zero-

thickness lossy metal based on the complete IBC formula in Eq. 

(1). We compared the proposed scheme with two commercial 

tools, FEKO and HFSS, in terms of the scattering parameter 

(|S11|), directivity (D), gain (G), and efficiency (eff.) of a mi-

crostrip antenna consisting of lossy metal. 
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To analyze a microstrip antenna consisting of a lossy metal, we proposed a scheme for a method of moments (MoM) to completely im-

plement a zero-thickness impedance boundary condition (IBC). This model is more accurate for lossy metal than other boundary condi-
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ters, such as the scattering parameter, directivity, gain, and efficiency, computed by two commercial tools, FEKO and HFSS. These tools 

and the proposed scheme were applied to two microstrip antennas made from lossy metals with various conductivity. 

Key Words: Delta Gap Source, Impedance Boundary Condition, Method of Moments, Microstrip Antenna. 

 

 

Manuscript received May 28, 2021 ; Revised July 7, 2021 ; Accepted July 13, 2021. (ID No. 20210528-057J)  

Department of Electronic Engineering, Inha University, Incheon, Korea. 
*Corresponding Author: Il-Suek Koh (e-mail: ikoh@inha.ac.kr)   
 

 

This is an Open-Access article distributed under the terms of the Creative Commons Attribution Non-Commercial License (http://creativecommons.org/licenses/by-nc/4.0) which permits 

unrestricted non-commercial use, distribution, and reproduction in any medium, provided the original work is properly cited. 

ⓒ Copyright The Korean Institute of Electromagnetic Engineering and Science. 



NAM and KOH: IMPLEMENTATION OF ZERO-THICKNESS IMPEDANCE BOUNDARY CONDITION FOR METHOD OF MOMENTS AND APPLICATION … 

387 

  
 

 II. ZERO-THICKNESS IMPEDANCE PLATE 

The feeding source is modeled by the delta gap [1]. 𝐸 and 𝐻  in Eq. (1) are given by 𝐸 = 𝑙 𝑉  and 𝐻 ≈ 0, 

respectively. Here, 𝑙  and 𝑉  are the edge length of the port 

and the source voltage. Here, it is assumed that 𝑉 = 1 𝑉. 

When the thickness (t) of the metal becomes zero, mesh 1 

and mesh 2 on the opposite surfaces coincide with each other, as 

shown in Fig. 1. The opposite meshes facing the free-space and 

dielectric can be separately assembled. In addition, due to the 

non-penetrating properties of the IBC, no direct interactions 

happen among the meshes on the opposite surfaces. Therefore, 

strong direct interactions can be avoided. As a result, the zero-

thickness IBC surface is closed, and the K-operator in Eq. (1) 

can be calculated exactly. 

We considered a PEC antenna (η = 0) made with very thin 

metal (17 μm or 0 μm thick). The antenna geometry is shown 

in Fig. 2(a); the units are in millimeter, and it operates at 76 

GHz. The dielectric substrate is RO3003, which has a dielectric 

constant and loss tangent of 3.0 and 0.0013, respectively. The 

reference impedance is assumed to be 50 Ω. The delta gap port 

has a separation of 40 μm from the substrate [4], as shown in 

Fig. 2(b). Table 1 shows a comparison of the results of the pro-

posed IBC formula and FEKO, which have excellent agree-

ment for the zero-thickness case. Fig. 2(c) shows the conver-

gence rate of the IBC formula. The low thickness can generate 

strong interactions on the metal surface. Therefore, the conver-

gence stagnates. But zero thickness can prevent strong interac-

tions, as explained earlier, resulting in fast convergence. Hence, 

the results for the 0 μm case agree well with those of FEKO, 

but do not for the 17-μm case. 

For a larger structure, a 1-by-7 single-series-fed antenna is 

considered and operates at 10.1 GHz. It consists of PEC or 

copper plates with zero thickness. The detailed dimensions of 

the antenna can be found in another study [5]. The conductivity 

(σ) of the copper is 5.96 × 107 (S/m) [6]. The substrate of the 

antenna is Duroid5880, which has a dielectric constant and loss 

tangent of 2.2 and 0.0009, respectively. When the metal thick-

ness is greater than the skin depth, the normalized impedance is 

calculated as 𝜂 = 𝜋𝑓𝜀 /𝜎 ∙ (1 + 𝑗). Here, f and 𝜀  are the 

frequency and permittivity of free space, respectively. For the 

copper, 𝜂/(1 + 𝑗) is given by 0.00007 at 10.1 GHz. Fig. 3(b) 

 
Fig. 1. Zero-thickness metal configuration. 

 

   
(a)                          (b)  

 
(c)  

Fig. 2. Microstrip patch antenna geometry and convergence rate of 

iterative method of IBC MoM: (a) top view, (b) side view, 

and (c) convergence rate. 

Table 1. Simulation results of Fig. 2(a) antenna 

Thickness Simulator D (dB)  G (dB)

17 μm FEKO 7.6544 6.9486

Proposed 5.3447 3.7413

0 μm FEKO 7.6135 7.3448

Proposed 7.5947 7.3343

 

 
(a)  

 

  
(b)  

Fig. 3. (a) 1-by-7 single-series-fed taper antenna array and (b) |S11|.
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shows |S11| obtained from the proposed scheme and FEKO over 

a frequency range of 9.8–10.2 GHz. Table 2 shows a compari-

son of the antenna parameters computed by the proposed 

scheme and FEKO at 10.1 GHz. For the copper plate, the gain 

and efficiency have slightly larger discrepancies due to the 

different algorithms used to deal with the lossy metal.  

We investigated the effect of the conductivity on the final an-

tenna simulation accuracy by considering the conductivities of 

several lossy metals, of which the type, and conductivity are giv-

en in [6]. The conductivity range includes that of the transpar-

ent conductor indium tin oxide (ITO), 𝜎 ≈ 1.3 × 10 . The 

antenna in Fig. 2(a) is considered.  

FEM can provide more accurate results for this kind of lossy 

conductor. Therefore, the results of HFSS were also compared. 

Fig. 4 shows |S11| and efficiency at 76 GHz, and for a clear 

comparison, the results of 𝜎 = 1 × 10  and PEC are added. 

The PEC current can be used to estimate the absorbed power 

by the imperfect conductor, based on which the efficiency and 

|S11| can be modified [7]. This approximation, the proposed 

scheme, HFSS and FEKO results are compared in Fig. 4. In 

the FEKO simulation, the conductor is modeled by the imped-

ance sheet. The accuracy of the proposed scheme is far over the 

whole conductivity range. For high conductivities, the results of 

FEKO and the proposed scheme are very similar, but slightly 

different from that of HFSS, because of the usage of different 

port models and the delta gap being located slightly away from 

the substrate in Fig. 2(b). 

III. CONCLUSION 

A MoM scheme was proposed to deal with zero-thickness los-

sy metal based on the IBC and was applied to the analysis of a 

microstrip antenna. A lossy metal can usually be modeled by the 

IBC, so the advantage of the proposed scheme can provide 

more accurate results over a wide range of conductivity, which 

was numerically verified by comparing the results of the pro-

posed scheme, FEKO, and HFSS. However, the major disad-

vantage of the proposed scheme is that the number of meshes 

increases, because meshes are required for the closed IBC metal, 

resulting in more memory required and computation time. 
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Table 2. Simulation results of Fig. 3(a) antenna 

Metal Simulator D (dB)  G (dB) eff. (%)

PEC FEKO 14.9783 10.4067 34.90

Proposed 14.8872 9.6751 30.12

Copper FEKO 14.9784 10.3979 34.83

Proposed 14.8805 8.7992 24.65

 

     

Fig. 4. |S11| and efficiency versus conductivity. 
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I. INTRODUCTION 

As electronic devices operate at higher frequencies, concerns 

about unwanted electromagnetic (EM) radiation from printed 

circuit boards (PCBs) are also increasing. When a high-speed 

signal passes over a slotted ground plane, the radiation, as well as 

the crosstalk between signals, increases. This is a typical PCB-

level EM interference problem that has been studied for a long 

time. In [1], crosstalk and radiation that occur when a signal line 

passes through a split reference plane in a high-speed multilayer 

PCB were analyzed using a slot waveguide model. Recently, an 

EM radiation model of a stripline with a slotted ground plane 

using a partial-element equivalent-circuit method was proposed 

[2]. These methods focused on the crosstalk between signals and 

applied numerical methods to calculate the radiation.  

In this letter, analytic models for EM radiation analysis of a 

microstrip line on a slotted ground plane are proposed. Using 

these models, the radiation mechanism can be intuitively under-

stood, and accuracy similar to that of a numerical simulation can 

be obtained by a quick calculation. 

II. ANALYTICAL FORMULATION  

Fig. 1 shows the structure of a microstrip line (trace) passing 

over a slotted ground plane. The radiated fields can be calculated 

by dividing region (I) over the microstrip line and region (II) 

over the ground plane. In this paper, as shown in Fig. 2, the trace 

and slot radiation models were separately derived and calculated. 

Therefore, the radiated field in region (I) can be expressed as the 

sum of the trace and slot radiations, and the radiated field in 

region (II) can be expressed by the slot radiation as follows: 
 𝐸 = 𝐸 + 𝐸         (1) 
 

 𝐸 = 𝐸 .                (2) 
 

The magnetic fields are obtained by 𝐻 , = 𝐸 , /𝜂 , 

where 𝜂  is the intrinsic impedance of free space. 

First, when a microstrip line is terminated with a resistor 

equal to its characteristic impedance, the radiated electric field in 

the far region by the microstrip line can be expressed as follows 

[3]: 
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In this Letter, analytic models for electromagnetic (EM) radiation analysis of a microstrip line (trace) on a slotted ground plane are pro-

posed. The EM radiation is separated by the effects of trace and slot, and analytic radiation models for each effect are presented. The radi-

ated electric field in the far region is calculated at a frequency up to 10 GHz, and the effect of the slot size on the radiation is examined. 

The proposed models are in good agreement with the numerical results while requiring a negligible computation time. 
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(a)                         (b) 

Fig. 1. Problem of electromagnetic radiation from a microstrip line 

on a slotted ground plane: (a) perspective view and (b) 

cross-sectional view.  

 

 
(a)                           (b) 

Fig. 2. Equivalent problem: (a) trace radiation model and (b) slot 

radiation model.  

 
 𝐸 𝑟, 𝜃, 𝜙 = − 𝐼 𝑑 cos 𝜃 sin𝜙 ,  (3) 

 

where 𝐼  is the current flowing along the trace, 𝑙 is the length 

of the trace, 𝑑 is the thickness of the dielectric substrate, α =𝜖 , − sin 𝜃 cos𝜙, 𝑘 = 𝜔 𝜇 𝜖  is the wave number of 

free space, and 𝜔 is the angular frequency. 𝜖 ,  indicates 

the effective dielectric constant when region (I) is homogene-

ously filled with the same dielectric material, and it is calculated 

using the dielectric constant 𝜖  of the substrate [4], as follows: 
 𝜖 , = + / 1 +           (4) 

 

where 𝑡𝑤 is the width of the trace. 

Next, let us look at the slot radiation model. As shown in Fig. 

2(b), a long slot is 𝐿 ×𝑊 of the length and width, and it lies 

long along the y-axis. When the direction of the microstrip line 

and the slot are perpendicular to each other, EM coupling be-

comes the maximum and then EM radiation by the slot is the 

greatest. Recently, the radiated field from a long slot induced by 

an infinite line current was calculated using an equivalent mag-

netic dipole moment on the slot [5]. However, this method is 

inaccurate in the microstrip structure, where the line current and 

the slot on a ground plane are remarkably close to each other. 

Therefore, we propose a slot antenna model excited by a current 

source, which is the microstrip line current, to be directly ap-

plied to the slot, as depicted in Fig. 2(b). In the radiation model 

of a slot antenna, a voltage source is typically applied to the cen-

ter of the slot [6]. However, this study employs a current source. 

The radiation equation of the slot antenna is modified as: 
 𝐸 𝑟, 𝜃, 𝜙 = − 𝐼 𝑍 ∙ / // ,  

(5) 
 

where 𝑘 = 𝜔 𝜇 𝜖 𝜖 , . As depicted in Fig. 2(b), we as-

sume the slot is filled with a homogeneous medium with the 

equivalent dielectric constant 𝜖 , , which is defined by averag-

ing the effective dielectric constant of region (I) and the air die-

lectric constant of region (II) as 𝜖 , = 𝜖 , + 1 /2. 𝑍  is 

the slot impedance given by [7], which is expressed as: 
 𝑍 = 𝑍 tan 𝑘 𝐿/2              (6) 
 

where 𝑍  is the characteristic impedance of the coplanar strip 

line [4, 7]. 

III. ANALYSIS RESULTS AND VERIFICATION 

To verify the accuracy of the proposed radiation models, 𝐸  

and 𝐸  were calculated for the slots with two varied sizes, and 𝐸  and 𝐸  were also calculated using Eqs. (1) and (2). Then, 

they were compared with the numerical results using CST 

Microwave Studio [8]. The parameters were set as 𝑑 = 1 mm, 𝑡𝑤 = 1 mm, 𝑙 = 125 mm, 𝜖  = 4.3, and 𝐼  = 1 A. The PCB 

size was assumed 200 × 150 mm. In Figs. 3 and 4, the radiated 

electric fields were calculated at the position of 𝑟 = 3 m on the 

± z-axis. When the slot size (L = 20 mm, W = 1 mm) is small 

(case 1), the trace radiation is larger than the slot radiation. 

However, when the slot size (L = 80 mm, W = 4 mm) is large 

(case 2), the slot radiation is dominant. Above 1 GHz, the slot 

radiation prevailed regardless of its size and had peaks at its 

resonant frequencies. In Fig. 5, the radiated electric field patterns 

at 0.5 GHz on the yz plane were also calculated as a function of 𝜃. Compared with the numerical results (CST), the differences 

are less than 3 dB at 𝜃 ≤ 60° for 𝐸  and 𝜃 ≥ 120° for 𝐸 . 

The analytic models of 𝐸  and 𝐸  agree well with the numer-

ical results for all cases.  

Table 1 shows the computation time required to obtain the 

results in Fig. 4. When using an ordinary PC (Intel Core i5-

7500 and 8-GB memory), the computation time of the analytic 
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 (a)                         (b) 

Fig. 3. Radiated electric fields of case 1: (a) trace and slot radiations 

and (b) total radiations in regions (I) and (II).  

 

 
(a)                        (b) 

Fig. 4. Radiated electric fields of case 2: (a) trace and slot radiations 

and (b) total radiations in regions (I) and (II).  

 

 
(a)                       (b) 

Fig. 5. Radiated electric field patterns at 0.5 GHz on yz plane: (a) 

case 1 and (b) case 2.  

 
Table 1. Comparison of computation times for Fig. 4 

 Computation time

Analytic models 1.51 sec 

Numerical method (CST) 13 min 45 sec

 

models is less than 2 seconds, while that of the numerical 

simulation is more than 13 minutes. This implies that the pro-

posed analytic models are computationally efficient, as well as 

accurate. 

IV. CONCLUSION 

Analytic models for the radiation analysis of microstrip lines 

on a slotted ground plane were proposed. The radiation was 

separated by the effects of trace and slot, and the radiated elec-

tric field in the far region was examined in terms of the slot size 

up to 10 GHz. The proposed models were in good agreement 

with the numerical results while requiring a negligible computa-

tion time. 
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I. INTRODUCTION 

Recently, the trend in mobile handsets has been a full display, 

multi-functionality, and a highly rapid network service. With 

these requirements, the wireless performance of mobile antennas 

may be degraded by the narrow bezel for the full display and the 

mobile antenna should have a broad bandwidth and multi-

bands to improve communication speed. A metal-rimmed 

antenna could be one of the attractive candidates for improving 

wireless performance because the antenna is spaced a little 

farther away from the PCB ground and metallic components. 

In addition, a metal-rimmed antenna can increase the product’s 

durability and improve its aesthetic design. The metal rimmed 

antennas applied to most mobile handsets have one or more slits 

at the top and bottom to obtain wireless performance in low 

bands [1–5]. However, this kind of metal-rimmed antenna may 

cause severe wireless performance degradation by the human 

body because the dominant radiation is generated in the slits 

located at the outermost part of the mobile handsets. Moreover, 

the metal-rimmed antenna with slits gives rise to a decline in 

product durability and an increased cost of bonding the metal 

rim and the dielectric. 

To overcome the expected problems of metal-rimmed antennas 

with slits, this letter proposes a full metal-rimmed antenna 

without slits using a capacitive feed and ground for LTE mobile 

handsets. The capacitive feed and the capacitive ground are 

employed to reduce the length of the antenna and to obtain 

additional resonance in the high band. In Section II, the design 

procedure of the proposed antenna, including the input im-

pedance and current distribution, is described. The simulated 

and measured results are discussed in Section III. Finally, the 

conclusions are presented in Section IV. 
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In this letter, a full metal-rimmed antenna using a capacitive feed and ground is proposed and designed for LTE mobile handsets. The 

full metal rimmed antenna can be structurally represented by a loop antenna formed along the metal rim and PCB ground. The capacitive 

feed decreases the large reactance seen at the half wavelength mode for the loop antenna, which leads to excitation of the half wavelength 

mode for the loop antenna and reduces the length of the proposed antenna. In addition, a gap-coupled ground is employed to obtain addi-

tional resonance in the high band. To verify its feasibility and performance, we simulated and measured the characteristics of the proposed 

antenna, such as the reflection coefficient, total efficiency, and far-field radiation patterns. The overall dimension of the metal rimmed 

antenna is 75 mm × 10 mm (length × width), and the total efficiencies are measured more than 60% in the quad-band. 
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 II. DESIGN OF FULL METAL RIMMED ANTENNA 

Fig. 1 shows the structure of a full metal-rimmed antenna 

with a capacitive feed and ground. The PCB ground, whose 

dimensions are chosen to be 75 mm in width and 130 mm in 

length, is printed on an FR4 substrate with a thickness 0.8 mm, 

relative permittivity of 4.4, and loss tangent of 0.02. The metal 

rim has a height of 5 mm and a thickness of 1 mm, and the 

ground clearance is 10 mm. The side metal rim is electrically 

connected to the main board electrically. To verify the effect of 

the capacitive feed and ground, we simulated the input im-

pedance of the proposed antenna, as shown in Fig. 2. In the 

case of the direct feed, the length of the metal loop antenna is 

120 mm, corresponding to one wavelength of 1.92 GHz con-

sidering the substrate. To design a half wavelength metal loop 

antenna in the low band without increasing the antenna length, 

the imaginary part of the input impedance should be moved to 

the capacitive region [6]. Thus, the capacitive feed is employed 

to generate a series capacitance in this letter, resulting in a half 

wavelength resonance at 880 MHz. The capacitive ground gives 

rise to an additional current path so that it is utilized to form 

resonance in the high band. The other resonance in the high 

band is a second resonance of the metal loop antenna, as shown 

in Fig. 2. As the gap distance increases, the capacitance value is 

reduced, and the imaginary part of the input impedance is 

moved to the inductive region. From this principle, the reso-

nance frequency is down-shifted. In addition, as the gap distance 

between the feeding and ground line increases, the first reso-

nance frequency in the high band is downshifted. To confirm 

the resonance modes at each resonant frequency, the simulated 

surface current distribution on the metal rim and PCB ground 

of the proposed antenna are presented in Fig. 3. 

III. EXPERIMENTAL RESULTS AND DISCUSSION 

The fabricated full metal-rimmed antenna with its capacitive 

feed and ground is shown in Fig. 4. The gap distance between 

the feeding line and the metal rim is 0.2 mm. A metal stub with 

a length of 15.2 mm and a width of 3 mm connected inside the 

metal rim is added to obtain a broad bandwidth at the high 

band. The simulated and measured reflection coefficients of the 

proposed antenna are compared, as shown in Fig. 5. The measured 

results were obtained using an Agilent 8510C vector network 

analyzer (VNA). The -6 dB bandwidths in the low and high 

band are measured as 60 MHz (850–910 MHz) and 480 MHz 

(1,710–2,190 MHz), respectively. The simulated and measured 

results agree well with each other at the desired bands except for 

a shifted resonance frequency. It seems that the slight dis-

crepancies are caused by manufacturing tolerance and the 50 Ω 

SMA connector. Total efficiency is measured in the full anechoic 

chamber system. The measured total efficiency of the proposed 

antenna is larger than 60% over the quad-band, including the 

GSM 850/1800/1900 bands and WCDMA 2100 band, as 

 
Fig. 1. Structure of the full metal-rimmed antenna with capacitive 

feed and ground. 
 

 
Fig. 2. Input impedance of the proposed metal rimmed antenna.

 
(a) (b) (c) 

Fig. 3. Simulated surface current distributions on metal rim and 

PCB ground: (a) λ/2 resonance (880 MHz), (b) capacitive 

GND (1,780 MHz), and (c) λ resonance (2,020 MHz). 

 

 
Fig. 4. Photograph of the fabricated antenna prototype. 

 

 
Fig. 5. Simulated and measured reflection coefficients of the pro-

posed antenna.
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shown in Fig. 6. Fig. 7 shows the measured far-field radiation 

patterns at resonant frequencies. The simulated and measured 

results agree well with each other at the desired bands. For a 

lower resonant frequency at 900 MHz, monopole-like radiation 

patterns are seen, and this pattern characteristic is similar to 

those observed on conventional internal mobile phone antennas 

at a low band. On the other hand, more variations are observed 

in the radiation pattern at 1,760 MHz, 1,860 MHz, and 2,120 

MHz. This is because the length of the PCB ground is longer 

than the wavelength of the higher bands, and there are nulls of a 

surface current on the PCB ground. To demonstrate the per-

formance of the proposed antenna, this work is summarized and 

compared with the performances of some recently published 

metal antennas in Table 1. Since the proposed antenna is a 

loop-type antenna without any slits, it is thought to be stronger 

in body effect than metal antennas with slits. 
 

 
Fig. 6. Simulated and measured total efficiency of the proposed 

antenna. 

 

 
(a) (b) 

Fig. 7. Measured far-field radiation patterns at resonant frequencies: 

(a) xz-plane (φ = 0°) and (b) yz-plane (φ = 90°). 
 

Table 1. Comparison of the performance of the proposed antenna 

with recently published designs 

Study Number of slit Clearance (mm) Efficiencya (%)

Liu et al. [1] 2 1 35/55

Wong and Huang [2] 1 7 50/60

Stanley et al. [3] 1 10 50/50

Chen and Zhao [4] 2 10 50/50

Choi et al. [5] 2 2 50/50

This work None 10 60/60

aValues are presented as the lowest efficiencies at the lower/higher 

bands, respectively. 

IV. CONCLUSION 

A full metal-rimmed antenna using a capacitive feed and 

ground is proposed and designed for LTE mobile handsets in 

this letter. The proposed metal-rimmed antenna can be minia-

turized by the capacitive feed and obtain broad bandwidth at 

high bands through the capacitive ground and metallic stub. 

The measured results, including the reflection coefficient and 

total efficiency, show that the proposed antenna can provide 

operation bands of 850–910 MHz and 1,710–2,190 MHz and 

indicate that the proposed antenna is one of solutions for full 

metal-rimmed mobile handsets. 
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I. INTRODUCTION 

Optoelectronic oscillators (OEOs) have attracted significant 

attention owing to their ultra-low phase noise performance in 

generating micro-/millimeter wave signals. The OEO signal can 

be used in various applications, such as next-generation wireless 

communications, remote sensing, and frequency standards [1]. 

The low loss and long delay of optical fiber in the OEO loop 

can provide superior phase noise performance compared with 

the other types of electrical oscillators. Furthermore, high fre-

quency generation can be achieved owing to the high frequency 

nature of optical sources [2]. 

Despite the low noise and high frequency performances, spu-

rious tones closely spaced near the target oscillation signal hin-

der the application of OEO in real-world situations. They are 

located at intervals of hundreds of kHz around the oscillation 

signal for a several kilometer fiber loop. They cannot be easily 

filtered out by an electrical bandpass filter because the passband 

is too narrow. Therefore, the spurious-tone suppression ratio 

(SSR) is a major factor in evaluating OEO performance and 

ensuring a single-frequency operation at a target frequency. 

Multi-loop OEO (MOEO) has been experimentally reported 

and successfully exhibited SSR improvement [3]. Interference 

between the signals in the MOEO loop with different delays  
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We theoretically evaluate the performance of spurious-tone suppression of a multi-loop optoelectronic oscillators (MOEO) based on 
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suppresses the spurious tones through the Vernier effect [4]. The 

accurate extraction of the loop parameters of MOEO, which are 

length and power ratios between multiple loops, is critical for 

achieving high SSR and low phase noise simultaneously. The 

open-loop response has been a typical analysis method for pre-

dicting OEO performances based on amplitude and phase 

responses [5]. Although open-loop response analysis is simple 

and intuitive, the OEO signal magnitude finally generated 

cannot be calculated by the method because the feedback effect 

is not considered in the analysis.  

To overcome the limitations of open-loop analysis and to 

extract the optimal parameters of the MOEO with increased 

SRR and high-phase noise performance, we propose a closed-

loop analysis that involves the feedback effect of the MOEO. 

First, we derived the magnitude and phase response of the 

closed-loop MOEO. Second, we calculated the spectrum of all 

oscillation signals, including target and spurious signals, for 

various loop power ratios. Finally, we extracted an optimum 

power ratio to achieve SSR improvement with low phase noise. 

We successfully achieved a theoretical demonstration of a triple-

loop OEO signal with an SSR of 86 dB and a phase noise of 

-115 dBc/Hz at 10 kHz offset. 

 

II. EVALUATION OF SPURIOUS-TONE SUPPRESSION BASED 

ON CLOSED-LOOP ANALYSIS OF MOEO 

Fig. 1 shows the configuration of MOEO [3]. Blue and black 

solid lines represent the optical and electrical signal paths, 

respectively. The optical path consists of a laser, beam splitter, 

beam combiner, and optical fibers. The electrical path consists 

of an electrical bandpass filter and an amplifier. The optical and 

electrical paths are connected by a photodetector. The target 

output signal with micro-/millimeter-wave frequency is tapped 

in front of an external optical modulator. The modulator realizes 

the feedback loop through optical modulation. Oscillation 

signals can be achieved in the feedback loop when the loop gain 

approaches higher than unity and the phase change satisfies the 

in-phase condition through a single path. The Vernier effect 

uses the overlap responses of individual loops with different loop 

parameters. The effect was adjusted by controlling the loop 

parameters of power (a1:a2:a3) and length ratio (d1:d2:d3) for the 

triple loop in our calculation. By a long loop delay in the optical 

fiber combined with the adjustment of the loop parameters, a 

pure micro-/millimeter-wave oscillation signal with a high SSR 

and low-phase noise can be achieved. An open-loop response of 

MOEO is derived based on the configuration in Fig. 1 as follows: 
 

    𝐻 𝜔 = 𝐾 𝐻 ∑ 𝑎 𝑒𝑥𝑝 𝑗𝜔 𝑑 , (1)
 

where 𝐻  is the comprehensive response of non-dominant 

devices in spurious-tone analysis, including an external modulator, 

electrical bandpass filter, and photodetector. 𝐾  is the gain of 

the electrical amplifier, 𝑘 is the number of multiple loops, m is 

the natural number, 𝑎  is the loop power ratios of the beam 

splitter, 𝜔 is the angular frequency in the electrical domain, n 

is the refractive index of the fiber, 𝑐  is the speed of light, and 𝑑  is the length of the fibers. The loop power ratios of the optical 

beam splitter is defined by the following: 
 

            1 = ∑ 𝑎 . (2)
 

The closed-loop response of feedback loop oscillators [6] can 

be expressed by the following: 
 

            𝐻 𝜔 = , (3)
 

where 𝜌  is the noise floor. Since MOEO and feedback-loop 

oscillator exhibit the same operation principle [1], the closed-

loop response of MOEOs can be derived as Eq. (3) based on 

noise floor calculation and the open-loop response of MOEOs 

of Eq. (1). We set the calculation parameters as follows: 𝐻  is 

unity, 𝐾  is 1.5, 𝑘 is 3, n is 1.5, 𝑐  is 3 × 108 m/s, and 𝜌  is 

-120 dBm/Hz. The loop length ratio is fixed at d1:d2:d3 = 

1:5.5:10 km because the loop power ratio is an easier control 

parameter than the length ratio in real application. We simulated 

the closed-loop response as a function of angular frequency 𝜔 

by adjusting the loop power ratios using MATLAB. 

Fig. 2 shows the calculated SSR for various loop power ratios 

with a fixed length ratio of 1:5.5:10 for the triple-loop OEO 

case. Note that the number of loops and loop parameters may 

vary depending on the configuration. The closed-loop responses 

are calculated by controlling the power ratio with Eqs. (1)–(3). 

The area shaped as a right triangle occupying half of the left 

part of the plot represents the calculated SSR for various values 

of a1 and a2 (a3 = 1 - (a1 + a2)). The SSR in the gray region 

ranges from 0 to 10 dB, exhibiting the high-power oscillation of 

 
Fig. 1. A multi-loop optoelectronic oscillator configuration for 

MOEO with 𝑘 loops. RF = radio frequency, BPF = band-

pass filter. 
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the spurious modes. The SSR in color grade abruptly increases 

compared with the gray region and exhibits an SSR of >86 dB 

owing to the Vernier effect. We also calculated the phase noise 

(not shown in the figure) for the various power ratios to achieve 

high SSR and low phase noise simultaneously. For example, the 

MOEO exhibits a high SSR of 86 dB and a low phase noise 

performances of -115 dBc/Hz at 10 kHz offset for the loop 

power ratio of 0.332:0.131:0.537. The target frequency is set at 

10 GHz. Since we could calculate the spectrum of all oscilla-

tion signals, including the target and spurious signals, we finally 

evaluated the phase noise performance. Fig. 3 shows the phase 

noise of the triple-loop OEO for the highest SSR case. The 

MOEO case exhibits a significant reduction of spurious tone 

(SSR of 86 dB at 20 kHz offset) and a slight increase in phase 

noise (2 dB at 10 kHz offset). It also exhibits an improved phase 

noise reduction (>6 dB at 10 kHz offset) compared with a short 

optical fiber (1 km). 

 

 

III. CONCLUSION 

We evaluated the SSR and phase noise performance of 

MOEO based on the closed-loop response. The oscillation signal 

spectrum, including a target and spurious tones, was calculated 

using closed-loop analysis. We accurately extracted the operation 

parameters of the MOEO using the analysis and achieved high 

SSR and low-phase noise simultaneously. The MOEO with 

accurate loop parameters can be applied to various applications, 

including wire/wireless optical communications, remote sensing, 

and frequency standards. 
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Fig. 2. Spurious-tone suppression ratio (SSR) for various loop power 

ratios (a1:a2:a3). a3 calculated as follows: a3 = 1 - a1 - a2. 

 

 
Fig. 3. Phase noise comparison between the optimized MOEO 

(power ratio 0.332:0.131:0.537), single-long loop (1 km), 

and single-short loop (10 km) OEOs. 
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