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I. INTRODUCTION 

As global warming progresses, the Earth is rapidly changing, 

with polar glaciers thinning and sea levels rising. To detect these 

changes and predict the rate of global warming, it is essential to 

continuously observe the ocean. In 1978, the National Aero-

nautics and Space Administration (NASA) launched the 

world’s first Earth-orbiting satellite called "SEASAT". SEA-

SAT is equipped with L-band SAR for remotely acquiring im-

ages of the ocean [1]. Since high frequencies are advantageous 

for precise observation, the operating frequency of satellite SAR 

has been gradually increased. Fig. 1 shows the operating fre-

quencies of synthetic aperture radar (SAR) satellites that have 

been or will be launched worldwide [2]. It can be seen that the 

operating frequencies of SAR satellites are upper limited to the 

X-band frequency. When designing an SAR system, the higher  

 
Fig. 1. Operating frequencies of SAR satellites. Adapted from [2]. 

 

the operating frequency, the easier it is for the antenna to be 

miniaturized, which improves the azimuth resolution of SAR 

images [3]. 
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Abstract 
 

Synthetic aperture radar (SAR) obtains two-dimensional images of the Earth’s surface. Spatial resolution is one of the most important 

factors in evaluating SAR performance. Therefore, high operating frequencies are preferred for obtaining high resolution images. In fact, 

Ku-band and Ka-band are used in the automobile SAR (Auto-SAR) and the aircraft SAR (Airborne-SAR). However, the operating fre-

quencies of the satellite SAR (Spaceborne-SAR) are limited to the X-band because of the wide Doppler frequency band caused by the 

satellite’s high velocity. To overcome this frequency limitation in satellite SAR, we propose a low-complexity SAR algorithm that forms 

images of the ocean using satellite altimeter data with an operating frequency of the Ku-band (13.575 GHz). The algorithm requires the 

burst mode pulse transmission technique frequently used in SAR altimeters. To validate the proposed algorithm as being suitable for 

ocean image formation, point target simulation and analysis are performed, and some quantitative results are provided. 
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Considering that the radar bandwidth is just a small fraction 

of the operating frequency and range resolution is inversely pro-

portional to signal bandwidth, a high operating frequency also 

helps to improve the range resolution of SAR images. Despite 

these facts, the frequency of the satellite SAR is limited to the 

X-band frequency due to the upper limit of the PRF (pulse 

repetition frequency) value of the SAR system. The azimuth 

bandwidth of the target is well known as the following [3]: 
 ∆𝑓 = 𝜃 = 0.886          (1) 
  

where Δ𝑓  is the azimuth bandwidth, 𝑉  is the velocity of 

SAR platform, 𝜃  is the squint angle, 𝜆 is the radar wavelength, 𝜃  is the azimuth beamwidth of SAR antenna, and 𝐿  is the 

azimuth length of SAR antenna. Even though the 𝜆 term dis-

appears in the azimuth bandwidth equation, 𝐿  becomes 

shorter as the frequency increases to keep 𝜃  at a reasonable 

value. The antenna beamwidth should be thin enough to ensure 

high antenna gain to compensate for long distances between the 

satellite and the target. At the same time, the beamwidth should 

be wide enough to obtain a reasonable length of range swath. 

Therefore, the ratio of radar wavelength and antenna length 

should be fixed to some extent. In order words, the shorter the 

radar wavelength, the shorter the antenna length and the wider 

the Doppler bandwidth. Meanwhile, in order to prevent aliasing 

that causes ghost effects in the SAR image, the PRF should be 

larger than the Doppler bandwidth to satisfy the Nyquist sam-

pling rate. However, the PRF cannot be arbitrarily large since it 

is necessary to secure a sufficient pulse interval for a sufficient 

size of receiving window. 
As represented in Fig. 2, if the PRF is too high, there is not 

enough room to receive the reflected signal from the range 

swath width. For automobile and aircraft SAR, even with the 

operating frequency of Ku-band or Ka-band, the azimuth 

bandwidth can be kept small because the platform is slow 

enough. However, for satellite SAR, the platform is tens or hun-

dreds of times faster than automobile or aircraft cases, so fre-

quencies beyond the X-band cannot be used. 

For the next generation of the satellite SAR to advance to 

higher frequencies, we propose a low-complexity SAR algo-

rithm that forms images of the ocean using satellite altimeter 

data. We have used data from CryoSat-2, which is a satellite 

altimeter developed by the European Space Agency (ESA). 

This paper is organized as follows. In Section II, an explanation 

about the burst mode pulse transmission and the data acquisi-

tion geometry of SAR altimeter is given, which is essential for 

the proposed algorithm. Section III introduces the proposed 

algorithm and presents a comparison with the existing algo-

rithms. An example of ocean image results from CryoSat-2 data 

is also given. In Section IV, point target simulations and analysis 

are performed and some quantitative results are provided to 

verify the proposed algorithm. Finally, the conclusion of this 

paper is given in Section V. 

II. BURST MODE PULSE TRANSMISSION AND DATA  

ACQUISITION GEOMETRY OF SAR ALTIMETER 

As mentioned in Section I, the frequency of the satellite SAR 

is limited to X-band frequency due to the upper limit of the 

PRF value. However, CryoSat-2 (Ku-band) is free from this 

problem because it utilizes a modified pulse transmission tech-

nique called "Burst mode", as shown in Fig. 3. For CryoSat-2, 

one burst consists of 64 pulses, and the interval between adjacent 

bursts is defined as the burst repetition interval (BRI). These 64 

pulses are emitted explosively with very high PRF to satisfy the 

Nyquist sampling rate. The reflected echoes are received through 

64 receiving windows. Corresponding to these 64 pulses, the 

radar beam is divided into 64 narrow sub-beams in the along-

track (azimuth) direction, and therefore, the illuminated area is 

also divided into 64 very narrow stripes of cross-range space, as 

illustrated in Fig. 4(a). CryoSat-2’s data acquisition geometry 

resembles that of real-aperture radar in that it utilizes narrow 

azimuth beamwidth and each pulse observes a different stripe. 

Therefore, an azimuth compression process is not required be-

cause there is no phase history in the azimuth direction (low-(a) 

(b) 

Fig. 2. Timing of transmitted radar pulses and reflected echoes: (a) 

proper PRF value and (b) too high PRF value. 

Fig. 3. Timing of transmitted radar pulses and receiving windows 

of Burst mode.
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complexity). However, a sample stripe cell is continuously de-

tected by each burst while the sample is in the beam-illuminated 

area; therefore, the synthetic aperture concept can be applied, as 

illustrated in Fig. 5. 𝐿  is the synthetic aperture length. As the 

satellite moves along the track from position A to C, the sample 

stripe cell is detected by each burst with different Doppler fre-

quencies (i.e., different look angle). However, since BRI is a 

fairly long value of 11.7 ms, each reflected echo is uncorrelated 

in terms of phase. 
Before explaining the algorithm, the actual data acquisition 

geometry of CryoSat-2 must be clarified. Since the original 

function of CryoSat-2 is an altimeter, the data acquisition 

geometry follows that of nadir-looking radar, as illustrated in 

Fig. 4. In this case, it is not possible to discriminate points on 

the left and on the right of the sensor placed at the same range, 

and therefore it is not possible to obtain an SAR image. How-

ever, since the CryoSat-2 satellite antenna is somewhat tilted in 

the cross-track (range) direction, actual data acquisition geome-

try follows that of side-looking (near-nadir) radar [4], as illus-

trated in Fig. 6. The CryoSat-2 data we used were obtained 

when the antenna was tilted about 1.1° in the cross-track direc-

tion. Considering that the antenna beamwidth in the range di-

rection is about 1.2° in Table 1, there is no need to worry about 

the left/right range ambiguity. 

 
(a) 

     
(b) 

Fig. 4. Ideal CryoSat-2 radar data acquisition geometry: (a) side 

view and (b) top view (although there are 64 Doppler 

beams, only 10 beams are shown for sake of simplicity). 

 

 
Fig. 5. Synthetic aperture concept applied to a sample stripe cell.

 
(a) 

 
(b) 

Fig. 6. Actual CryoSat-2 radar data acquisition geometry: (a) side 

view and (b) top view. 
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III. OCEAN IMAGE FORMATION ALGORITHM USING 

SATELLITE ALTIMETER DATA 

Table 1 shows main system specifications of the CryoSat-2. 

It is notable that the operating frequency is Ku-Band (13.575 

GHz). The block diagram of the proposed ocean image for-

mation algorithm is shown in Figs. 7 and 8 shows raw data of 

CryoSat-2. Each red box represents received raw data from a 

single burst. A single burst structure consists of 64 columns 

corresponding to 64 complex time domain echoes. 

1. Two-dimensional Fourier Transform 

Transmitted pulses are linear frequency modulated continuous 

wave (FMCW), and the received echoes are de-ramped at the 

radar receiver. That is, the data in the range direction is com-

posed of many continuous waves with frequencies proportional 

to the satellite-to-sample ranges. Therefore, range compression 

is implemented by the range Fourier transform [6]. Meanwhile, 

the azimuth direction of each burst consists of 64 received puls-

es. Since these 64 reflected echoes are obtained from successive 

pulses with explosive PRF and slightly different look angles, the 

data can be separated into each echo corresponding to Doppler 

cell stripes by azimuth Fourier transform. Fig. 9 shows the two-

dimensional Fourier transform result of a single burst. It has 

distinct features in that the central beam receives the reflected 

echo with the greatest power at the nearest distance and the 

wider the angle between the Doppler beam and the central 

beam, the longer it takes for the reflected echo to be received 

and the less the received power. These are natural phenomena 

since the central beam observes the surface in a near-nadir di-

rection with the shortest distance to the surface and the least 

power attenuation. 

Another distinct feature is that the signal is detected in the 

same range for every Doppler stripe cell. This weird horizontal 

line is near-nadir clutter caused by the antenna side lobe ambi-

guity effect [7]. The echo from near-nadir sneaks through the 

antenna side lobe and aliases the signal that is received from the 

main lobe. Therefore, the near-nadir echoes exist at the same 

time (same range) in all Doppler beams in a single burst. 

 

2. Nadir Echo Compensation 

Fundamentally, SAR imaging is the process of determining 

the ground reflectivity of the observed area by mapping the re-

ceived signal to the correct location. Since CryoSat-2 is actually 

a side-looking radar, it is possible to obtain an image by finding 

out from which exact sample the received signal originates. In 

fact, from the data acquisition geometry and specification of the 

Table 1. CryoSat-2 system specification [5] 

System parameter Value 

Center frequency Ku-band (13.575 GHz)

Frequency bandwidth 320 MHz

PRF / PRI 17.8 kHz / 56 μs

BRF / BRI 85.7 Hz / 11.7 ms

Height 718 km 

Velocity 7,518 m/s

Beamwidth (range) 1.20° 

Beamwidth (azimuth) 1.08° 

 

 
Fig. 7. Block diagram of the proposed ocean image extraction 

algorithm. 

 

 
Fig. 8. Raw data of CyroSat-2. Fig. 9. Two-dimensional Fourier transform result of a single burst.
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SAR system, the slant range of closest approach and, therefore, 

the number of range bins of every single ground-sample can be 

calculated, although the task is very tedious. However, by using 

Nadir Echo Compensation (NEC), slant range correction is 

possible without such a tedious task. In each Doppler beam, the 

range bin number where the nadir (actually, near-nadir) echo is 

present is the position where the first return of echo should be 

located. This is because these points will be nadir points of the 

satellite’s orbit. Therefore, by using the nadir echo line shown in 

Section I, range misalignment can be fixed in every single burst. 

This is the core idea behind the NEC. This process is illustrated 

in Fig. 10(a). NEC is similar in effect to the range correction 

process used in other existing SAR algorithms in that it com-

pensates for the range misalignment between adjacent azimuth 

sample stripes. The advantage of NEC over other range correc-

tion processes is that it is simple and much faster because it 

doesn’t need an interpolation process that requires a lot of com-

putational loads. 

 

 
(a) 

 
(b) 

 
(c) 

Fig. 10. (a) NEC, (b) azimuth windowing, and (c) NPA. 

3. Azimuth Windowing 

After NEC is finished, nadir echoes that are no longer needed 

are removed by applying a window along the azimuth direction 

at raw data level, as shown in Fig. 10(b). Since windowing 

suppresses only the side lobe effect, nadir echo due to the an-

tenna main lobe still remains. This remaining nadir echo will 

additionally be used in "nadir position aligning (NPA)" as a 

reference point that represents the nadir point of the satellite. 
 

4. Nadir Position Aligning 

While the NEC corrects range misalignments within a single 

burst, the NPA corrects range misalignments between adjacent 

bursts. If there is a drastic change in the nadir point of the satel-

lite between adjacent bursts, the drastically changed nadir point 

of satellite is rearranged to the reference point of the previous 

burst. This process corrects the nadir line to match with the 

ground track of the satellite. The NPA is illustrated in Fig 10(c). 

 

5. Range Frequency Interpolation 

In general image SAR satellites, the look angle is wide 

enough that the relationship between the slant range and the 

ground range is approximately linear, as shown in Fig. 11(b). 

However, in the case of CryoSat-2, the look angle is so narrow 

that the relationship between the slant range and the ground 

 
 (a) 

  
(b) 

Fig. 11. Ground range versus slant range of (a) CryoSat-2 and (b) 

ERS-1.
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range is nonlinear, as shown in Fig. 11(a). Due to this nonline-

arity, the resultant ground range samples become unevenly 

spaced. In Fig. 12, the white circles represent given unevenly 

spaced data points, and the black squares represent the evenly 

spaced data points to be found. Therefore, interpolation from 

unevenly spaced data was performed to provide evenly spaced 

samples in the ground range domain. We named this process 

"range frequency interpolation" since it is performed on the 

range frequency domain. 

 

6. Beam-Stacking Process 

As described in Section II and Fig. 5, there are many inde-

pendent Doppler beams that observe a particular sample stripe 

cell in the synthesized antenna. These independent Doppler 

beams point a sample stripe cell at different look angles from 

different bursts. Collecting these independent Doppler beams 

into a single stack is called the beam-stacking process. Fig. 13 

visually illustrates the beam-stacking process. In the beam-

stacked data, the x-axis represents the beam order that observes 

the sample stripe cell. 

 

7. Multi-Look Process 

Since BRI is a fairly long value of 11.7 ms, the reflected 

beams in the beam-stacked data are uncorrelated in terms of 

phase, meaning that each observation was a completely inde-

pendent look. Therefore, by simply accumulating the statistically 

independent beams in the stack, an accurate complex reflectivity 

function for the sample stripe cell can be obtained. This simple 

incoherent summation process that suppresses speckle and 

thermal noise is a multi-look process. By combining the multi-

look processed data for all the sample stripe cells in the along-

track direction, the two-dimensional image of the Sea of Okhotsk 

is obtained, as in Fig 14(a). The range resolution is about 70 m, 

and the azimuth resolution is about 77 m. This level of resolu-

tion is utilized when exploring certain natural features such as 

mountains, oceans, and forests [8]. 

 

8. Antenna Pattern Calibration 

The bright line at the top of Fig. 14(a) is a nadir line that cor-

responds to the ground track of the satellite. The further away 

from the nadir line, the harder the image identification becomes. 

This is because the signal at other points is suppressed during 

the power normalization process because the nadir echo power 

is relatively strong compared to other points. Another critical 

factor causing this phenomenon is the antenna gain pattern [9]. 

Since the antenna gain in the cross-track decrease as the beam 

angle from the center beam becomes wider, the power of the 

reflected echo decreases. This is especially true for satellites, 

which have a long distance between the target surface and the 

radar platform. Therefore, a proper antenna pattern calibration 

process should be applied to show up the invisible sight. Fig. 

14(b) shows the image with antenna pattern calibration applied. 

The full range of the image is clearly visible. 

As mentioned earlier, since CryoSat-2 does not record the 

phase history of samples in the azimuth direction, the azimuth 

compression process is not required in the proposed ocean im-

age formation algorithm. Therefore, the proposed SAR algo-

 
Fig. 12. SAR frequency mapping for discrete data. 

 

 
Fig. 13. Beam-stacking process. 

 
(a) 

(b) 

Fig. 14. Ocean image of Sea of Okhotsk: (a) before antenna pat-

tern calibration and (b) after antenna pattern calibration.
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rithm is less complex than other SAR algorithms. 

To quantitatively prove the low complexity of the proposed 

algorithm, a comparison of computational load with other SAR 

algorithms is conducted. The range Doppler algorithm (RDA), 

the chirp scaling algorithm (CSA), and the omega-K algorithm 

(ωKA) are selected for comparison because they are well known 

as efficient and accurate SAR algorithms [3]. Each SAR algo-

rithm consists of some or all of the following three basic opera-

tions: fast Fourier transform (FFT/IFFT), phase multiplication, 

and interpolation. Since most of the computation quantity is in 

the above three operations, the computation quantity in other 

operations is neglected in the following analysis. Required float-

ing point operations per second (FLOPs) for the three basic 

operations are given as: 
 FFT(IFFT) ∶  5𝑁 𝑙𝑜𝑔 𝑁  FLOPs             (2) Phase multiplication ∶  6 FLOPs            (3) Interpolation ∶  2(2𝑀 − 1) FLOPs          (4)  

 

N is the FFT length and 𝑀  is the interpolation kernel 

length. Eq. (2) means the number of FLOPs required for the 

FFT of one-dimensional array of length N. Eq. (3) and (4) 

mean the number of FLOPs required per output point for each 

operation. Table 2 shows the number of basic operations 

constituting each SAR algorithm and their total computation 

load. For ease of comparison, it is assumed that the number of 

range lines and the number of azimuth lines of virtual raw data 

are the same as N. Fig. 15 visualizes the computational load of 

each SAR algorithm according to N. It can be seen that the 

proposed algorithm has the lowest computaional load.  

Table 3 summarizes the advantages of the proposed algorithm 

compared to the SAR altimeter and image SAR algorithms. 

The proposed algorithm can utilize the Ku-band frequency even 

in the case of satellite platforms and is compatible with the 

altimeter system to extract images. As represented in Table 2 

and Fig. 15, the computational load is also the lowest. Although 

the swath width of CryoSat-2 is somewhat narrower than the 

standard mode of other X-band image SAR satellites [10–12], 

it still has a wide enough swath width for SAR imaging. 

IV. VALIDATION OF ALGORITHM 

Since CryoSat-2 only searches areas with an almost uniform 

ground reflectivity, such as an ice glacier or open ocean, it is 

difficult to find any specific features in the image. Thus, one 

may hesitate to conclude that the proposed ocean image for-

mation algorithm is reliable. Therefore, Section IV is added to 

prove that the algorithm is reliable; that is, Fig. 14 is a proper 

ocean image. As the SAR system is a linear system, the charac-

teristics of the system can be analyzed through the impulse 

response. The impulse response of the SAR system refers to the 

system response to a single isolated scatterer, and such a scatter-

er is called a point target. The reflected signal from the point 

target is received through the SAR system and SAR processed. 

The processed signal in the SAR image is called the impulse 

response function (IRF). Essential SAR quality parameters, 

such as impulse response width (IRW) and peak side lobe ratio 

(PSLR), are estimated from IRF. Therefore, IRF has been ob-

tained and analyzed to verify SAR performance in many studies 

[3, 13–16]. If the IRF of the proposed algorithm is similar to 

that of the existing SAR algorithm, so that appropriate values of 

the SAR quality parameters are obtained, the proposed algo-

rithm can be said to be a reliable SAR algorithm. Therefore, a 

virtual point target simulation is conducted to validate the pro-

Table 2. Comparison of computational load 

SAR  

algorithm 

# of 

FFT 

# of phase 

multi-

plication 

# of 

inter-

polation 

Total  

computational load 

(FLOPs)

RDA 4 2 1 20𝑁 log 𝑁 + 42𝑁
CSA 4 3 0 20𝑁 log 𝑁 + 18𝑁 ωKA 4 2 0 20𝑁 log 𝑁 + 12𝑁
Proposed 

algorithm 

2 2 1 10𝑁 log 𝑁 + 42𝑁
 

 
Fig. 15. Comparison of computation load of the proposed algo-

rithm with other SAR algorithms. 

Table 3. SAR altimeter algorithm versus image SAR algorithm 

versus proposed algorithm 

Algorithm 
SAR  

altimeter 

Image  

SAR
Proposed

Availability of frequency 

above X-band (satellite case)

Available Unavailable Available

Compatibility with altimeter 

system

Possible Impossible Possible 

Image extraction Impossible Possible Possible

Computational complexity Low High Low

Swath width Narrow Wide Wide
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posed algorithm. 

ESA provided simulation results for the expected received 

signal for a single burst in the two-dimensional frequency 

domain. The simulation assumed that the radar altimeter is 

observing point targets and an ocean-like surface, respectively. 

The results are given in Fig. 16 [17]. This simulation result is 

reliable because the simulated result for an ocean-like surface 

and the actual received signal for an ocean-like surface are simi-

lar, as shown in Fig. 17. Expected received signals for a point 

target are assumed on the basis of these simulation results. 
First, to analyze the performance of the proposed algorithm 

in an ideal case, we conducted a simulation assuming that only a 

point target exists. The expected received signals from a point 

target were used. These reflected signals became like Fig. 16(a) 

when two-dimensional Fourier transform was applied. The 

point target result of the proposed algorithm is given in Fig. 

18(a)–(c). For visual clarity, interpolation by a factor of 16 was 

implemented. Fig. 18(a) shows the normalized intensity of IRF 

in 3D, and Fig. 18(b) and 18(c) show the one-dimensional pro-

file of the IRF in the range and azimuth directions, respectively. 

IRW is about 1.1 samples in both directions and PSLR is about 

-13 dB in both directions. Considering that the general SAR 

algorithm produces a value of 1.0–1.5 for IRW and -13 dB for 

PSLR [3], the IRF of the proposed SAR algorithm satisfies the 

standards of the SAR algorithm.  

        (a) (b) (c) 

       (d) (e) (f) 

Fig. 18. IRF of a point target: (a) 3D IRF (ideal), (b) range profile (ideal), (c) azimuth profile (ideal), (d) 3D IRF (practical), (e) range 

profile (practical), and (f) azimuth profile (practical).

(a) (b) 

Fig. 16. Simulation results for expected received signal of a single 

burst for (a) the point targets and (b) an ocean-like sur-

face. 

 

(a) (b) 

Fig. 17. Received signals for a single burst for an ocean-like surface: 

(a) expected and (b) actual. 
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Second, to analyze the performance of the proposed algo-

rithm in a practical case, we conducted a simulation assuming 

that some point targets with high reflectivity, such as corner 

reflectors (point targets), are located over the ocean. The ex-

pected received signals from the point targets are added to the 

raw data of CryoSat-2. After that, by following the ocean image 

formation algorithm again for the modified CryoSat-2 data, we 

checked whether the point targets properly emerged over the 

ocean image. As shown in Fig. 19, virtual point targets are well 

emerged on the two-dimensional ocean image. The IRF of the 

circled point target in Fig. 19 is shown in Fig. 18(d)–18(f). Fig. 

18(d) shows the normalized intensity of IRF in 3D, and Fig. 

18(e) and 18(f) show the one-dimensional profile of the IRF in 

range and azimuth directions, respectively. The SAR quality 

parameter values of the proposed algorithm are given in Table 4 

in both cases (ideal, practical). From the fact that the shape of 

the IRF is very similar to that of the existing SAR algorithm 

and the fact that SAR quality parameter values correspond to 

the general SAR algorithm, the reliability of the proposed algo-

rithm is proved. 

An ambiguity analysis is also performed to present another 

quantitative result that proves the reliability of the proposed 

algorithm. The analysis was performed for the range component 

and the azimuth component separately. The existence of azi-

muth ambiguities is caused by the antenna side lobes in the az-

imuth direction. Considering the antenna side lobe ambiguity 

effect in Section III-1, the azimuth ambiguity to signal ratio 

(AASR) can be obtained by the following equation [18]: 
 AASR = =                (5) 
 𝑆  is the signal power from side lobes of antenna, 𝑆  

is the signal power from main lobe of antenna, and 𝑆  is 

the total signal power from azimuth antenna beam pattern. 

Before the azimuth windowing, the AASR is about -13 dB and 

after the azimuth windowing, it is about -29 dB. Considering 

that the AASR of the typical SAR antenna is about -20 dB [18], 

it seems to be a reasonable value. On the other hand, the range 

ambiguity is significant for a typical space-borne SAR system. 

This is because the reflected signal of a specific pulse is received 

after several pulses have been transmitted. However, CryoSat-2 

is free from range ambiguity problems since it utilizes burst 

mode pulse transmission with a long value of BRI (11.7 ms).  

By conducting point target simulations (qualitative and 

quantitative results) and ambiguity analysis (quantitative results), 

we proved the reliability of the proposed algorithm. 

V. CONCLUSION 

A critical goal of this study is overcoming the frequency limits 

of the current SAR imaging satellites. SAR imaging satellites 

beyond X-band are difficult to design because of the limits of 

the Doppler frequency band that the system PRF can cover. 

In this paper, the author proposed a method to form SAR 

images using satellite (CryoSat-2) altimeter data. The operating 

frequency of CryoSat-2 is 13.575 GHz (Ku-band), which is 

beyond the current satellite SAR frequency limit (X-band). IRF 

and ambiguity analysis are conducted to provide quantitative 

results to show the applicability of the proposed algorithm. This 

paper also shows the possibility of two functions (SAR altimeter 

and image SAR) being implemented with only one radar. Due 

to unwanted tilting of the antenna, it was possible to obtain 

ocean images from SAR altimeter data. This means that, with a 

little intentional tilt, a satellite can switch its function from 

altimeter to image radar and vice versa. In addition, the research 

results are creative in that image reconstruction is implemented 

by non-image sensors. This research is a good example of how 

signal processing is key to a wide range of applications, from 

acquisition (altimeter data) to display (ocean image). 
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I. INTRODUCTION 

The single-section rat-race coupler is a key passive compo-

nent in RF/microwave circuits. Its important feature is that it 

has the ability to split the signal, providing power when in-

phase and out-of-phase. The in-phase division operates like a 

Wilkinson divider, and when an out-of-phase signal is divided, 

it can be used for balanced amplifiers, balanced mixers, and an-

tenna feed networks [1–3]. However, conventional rat-race cou-

plers are large and have narrow band characteristics. 

Many researchers have studied various methods to overcome 

these shortcomings. For example, a combination of microstrip-

slot transitions and a three-line parallel-coupled microstrip 

structure [4], the addition of a fifth port to the conventional 

four-port design [5], a cascadable hybrid-ring coupler [6], 

broadside-coupled asymmetric coplanar striplines [7], a novel 

coplanar waveguide phase inverter [8], a vertically installed pla-

nar coupler [9], and a unit element at each port and ideal phase 

inverter at one of the ring arms [10] have all been used to in-

crease the bandwidth significantly. However, because these 

methods use air bridges, narrow slots in the ground, or narrow 

transmission lines, the rat-race hybrid coupler does not have 

sufficient power capacity. Furthermore, some of these methods 

have complex structures, are expensive to manufacture, and are 

not suitable for microstrip circuits. 

In this paper, we propose a multi-section wideband rat-race 

coupler consisting of only microstrip lines. In this structure, the 

λ/4 and λ/2 transmission lines that constitute a rat-race coupler 

are connected in series and in parallel. The proposed coupler 

structure is shown in Fig. 1. This structure is presented in [11], 

and no interpretation method for it is presented. Here, we intro-

duce the interpretation method through even- and odd-mode 

analysis. Such a multi-stage rat-race coupler can increase the 

bandwidth to more than 50% from the 20% bandwidth of a  
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single structure. The proposed coupler analysis method is con-

firmed through theory, simulation, and measurement. 

II. THEORY 

Fig. 1 shows the structure of our multi-stage rat-race coupler. 

It consists of transmission lines of two types with electrical 

lengths of θ1U, θ2U, θ3U, θ1D, θ2D, θ3D, θ2C, and θ3C. The im-

pedance of port #1 to #4 is Zo = 50 Ω. 

The proposed rat-race coupler is analyzed using even- and 

odd-mode analysis methods; Fig. 2(a) and 2(b) show the even- 

and odd-mode equivalent circuits, respectively. In the even mode, 

the voltage at ports #3 and #4 of the structure of Fig. 1 should 

have equal amplitude and be in phase. In this case, port #2 is 

virtually open circuit. Thus, the equivalent circuit for the even-

mode excitation is shown in Fig. 2(a). In addition, in the odd 

mode, the voltage at ports #3 and #4 of the structure of Fig. 1 

should have equal amplitude and be out of phase. In this case, 

port #2 is virtually short circuit. Thus, the equivalent circuit for 

the odd-mode excitation is shown in Fig. 2(b). 
The S-parameters of the proposed coupler can be calculated 

from the even- and odd-mode reflection and transmission coef-

ficients of the two ports (port #3 and port #4), which are excited 

by the even- and odd-mode excitation according to the follow-

ing equations: 
 

( )1
13 31 31 31 41 412 o e o eS S T T T T= = + − + (1)

( )1
14 41 41 41 31 312 o e o eS S T T T T= = + − + (2)

( )1
33 33 33 34 342 o e o eS T T= Γ + Γ − + (3)

( )1
44 44 44 43 432 o e o eS T T= Γ + Γ − + (4)

( )1
43 34 34 34 33 332 o e o eS S T T= = + − Γ + Γ (5)

2 2
11 13 141S S S= − −

 (6)
 

where, respectively, Γ , Γ  are the reflection coefficients at 

port #3 for odd- and even-modes; Γ , Γ  are the reflection 

coefficients at port #4 for odd- and even-modes; 𝑇 , 𝑇  

are the transmission coefficients from port #1 to port #3 for 

odd- and even- modes; 𝑇 , 𝑇  are the transmission coeffi-

cients from port #1 to port #4 for odd- and even-modes; 𝑇 = 𝑇 , 𝑇 = 𝑇  are the transmission coefficients 

from port #4 to port #3; and vice versa for odd- and even-modes.  

In addition, in the equivalent circuit of Fig. 2, port #2 operates 

as open or short, so the S-parameters between port #1 and #2 

are as follows. 
 

12 21 0S S= =  
(7)

 

1. Calculation of 𝛤 , 𝛤 , 𝑇 , and 𝑇  

In this case, port #4 is terminated with a matched load. The 

equivalent ABCD matrix is the product of the cascaded matri-

ces representing different circuit elements connected between 

ports #1 and #3, including the effect of terminated port #4. 

 

Even mode 
In Fig. 2(a), the impedance values of ZXe and ZYe are as follows: 

 

( )1 1

1 1

2 tan
1 2 tan/ / o D D

D o D

Z jZ
Xe o D Z j ZZ Z Z θ

θ
+
+=

, 
2 2

2 2

tan
2 tan

Xe D D

D Xe D

Z jZ
Ye D Z jZZ Z θ

θ
+
+=

 
(8)

 
Fig. 1. Structure of the proposed rat-race hybrid coupler. 

 

 
(a) 

 
(b) 

Fig. 2. Equivalent circuits of the proposed rat-race coupler: (a) even 

mode and (b) odd mode. 
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In addition, the ABCD matrices of the circuit composed of 

the Z2C - ZYe - Z3D - Z3C and Z3U networks are as follows: 
 

2 2 2

2 2 2

cos( ) sin( )
[ 1]

sin( ) cos( )
C C C

C C C

jZ
t

j Z
θ θ

θ θ
 

=  
   (9)

1 0
[ 2]

1 1Ye

t
Z

 
=  
    (10)

3 3 3

3 3 3

cos( ) sin( )
[ 3]

sin( ) cos( )
D D D

D D D

jZ
t

j Z
θ θ

θ θ
 

=  
   (11)

3 3 3

3 3 3

cos( ) sin( )
[ 4]

sin( ) cos( )
C C C

C C C

jZ
t

j Z
θ θ

θ θ
 

=  
   (12)

       
1 1

1 1

[ 1] [ 2] [ 3] [ 4]Se Se

Se Se

A B
t t t t

C D
 

= × × × 
   (13)

3 3 3

3 3 3

cos( ) sin( )
[ 5]

sin( ) cos( )
U U U

U U U

jZ
t

j Z
θ θ

θ θ
 

=  
   (14)

 

Because the circuits shown in Eqs. (13) and (14) are connected 

in parallel, it is necessary to convert these equations into admit-

tance matrices. After adding the transformed admittance matrix, 

we transform back to the ABCD matrix (A11t /B11t /C11t /D11t). 

Finally, after obtaining the ABCD matrix from port #3 to port 

#1, the reflection and transmission coefficients can be calculated 

as follows: 
 

2 2 2

2 2 2

cos( ) sin( )
[ 6]

sin( ) cos( )
U U U

U U U

jZ
t

j Z
θ θ

θ θ
 

=  
   (15)

1 1

1 1 1

31 31 11 11
2 tan

31 31 11 11(2 tan )

1 0
[ 6]

1U o U

U o U U

e e t t
Z j Z

e e t tZ Z jZ

A B A B
t

C D C Dθ
θ

+
+

    
= × ×    

       (16)

31 31 31 31

31 31 31 3133
e e o e o e

e e o e o e

A B Z C Z D
e A B Z C Z D

+ − ⋅ −
+ + ⋅ +Γ =

 (17)

31 31 31 31

2
31 e e o e o ee A B Z C Z DT + + ⋅ +=

 (18)

 

Odd mode 
In Fig. 2(b), the impedance values of ZXo and ZYo are as follows: 

 

( )1 1/ / tanXo o D DZ Z jZ θ= , 
2 2

2 2

tan
2 tan

Xo D D

D Xo D

Z jZ
Yo D Z jZZ Z θ

θ
+
+=

(19)
 

In addition, the ABCD matrices of the circuit composed of 

the Z2C - ZYo - Z3D - Z3C and Z3U networks are as follows: 
 

1 0
[ 7]

1 1Yo

t
Z

 
=  
   (20)

1 1

1 1

[ 1] [ 7] [ 3] [ 4]So So

So So

A B
t t t t

C D
 

= × × × 
   (21)

 

Because the circuits expressed by Eqs. (14) and (21) are con-

nected in parallel, it is necessary to convert these equations into 

admittance matrices. After adding the transformed admittance 

matrix, we transform back to the ABCD matrix (A22t /B22t /C22t 

/D22t). Finally, after obtaining the ABCD matrix from port #3 

to port #1, the reflection and transmission coefficients can be 

calculated as follows: 
 

1 1

31 31 22 22
1
tan31 31 22 22

1 0
[ 6]1

U U

o o t t

jZo o t t

A B A B
t

C D C Dθ

    
= × ×    

      (22)

31 31 31 31

31 31 31 3133
o o o o o o

o o o o o o

A B Z C Z D
o A B Z C Z D

+ − ⋅ −
+ + ⋅ +Γ =

 (23)

31 31 31 31

2
31 o o o o o oo A B Z C Z DT + + ⋅ +=

 (24)

 

2. Calculation of 𝛤 , 𝛤 , 𝑇 , and 𝑇  

In this case, port #3 is terminated with a matched load. The 

equivalent ABCD matrix is the product of the cascaded matri-

ces representing different circuit elements connected between 

ports #1 and #4, including the effect of terminated port #3. 

 

Even mode 
In Fig. 2(a), the impedance values of ZNe and ZMe are as follows: 

 

        
( )1 1

1 1

2 tan
1 2 tan/ / o U U

U o U

Z jZ
Ne o U Z j ZZ Z Z θ

θ
+
+=

, 

2 2

2 2

tan
2 tan

Ne U U

U Ne U

Z jZ
Me U Z jZZ Z θ

θ
+
+=  (25)

 

Furthermore, the ABCD matrices of the circuit composed of 

the Z2C - ZMe - Z3U and Z3D - Z3C networks are as follows: 
 

1 0
[ 8]

1 1Me

t
Z

 
=  
   (26)

2 2

2 2

[ 1] [ 8] [ 5]Se Se

Se Se

A B
t t t

C D
 

= × × 
   (27)

21 21

21 21

[ 3] [ 4]Se Se

Se Se

A B
t t

C D
 

= × 
   (28)

 

Because the networks expressed by Eqs. (27) and (28) are 

connected in parallel, it is necessary to convert these equations 

into admittance matrices. After adding the transformed admit-

tance matrix, we transform back to the ABCD matrix (A33t /B33t 

/C33t /D33t). Finally, after obtaining the ABCD matrix from port 

#4 to port #1, the reflection and transmission coefficients can be 

calculated as follows: 
 

2 2 2

2 2 2

cos( ) sin( )
[ 9]

sin( ) cos( )
D D D

D D D

jZ
t

j Z
θ θ

θ θ
 

=  
   (29)
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1 1

1 1 1

41 41 33 33
2 tan

41 41 33 33(2 tan )

1 0
[ 9]

1D o D

D o D D

e e t t
Z j Z

e e t tZ Z jZ

A B A B
t

C D C Dθ
θ

+
+

    
= × ×    

       (30)

41 41 41 41

41 41 41 4144
e e o e o e

e e o e o e

A B Z C Z D
e A B Z C Z D

+ − ⋅ −
+ + ⋅ +Γ =  (31)

41 41 41 41

2
41 e e o e o ee A B Z C Z DT + + ⋅ +=  (32)

 

Odd mode 
In Fig. 2(b), the impedance values of ZNo and ZMo are as follows: 

 

( )1 1/ / tanN o o U UZ Z jZ θ=
, 

2 2

2 2

tan
2 tan

No U U

U No U

Z jZ
Mo U Z jZZ Z θ

θ
+
+= (33)

 

In addition, the ABCD matrices of the circuit composed of 

the Z2C - ZMo - Z3U and Z3D - Z3C networks are as follows: 
 

1 0
[ 10]

1 1Mo

t
Z

 
=  
   (34)

     
2 2

2 2

[ 1] [ 10] [ 5]So So

So So

A B
t t t

C D
 

= × × 
   (35)

21 21

21 21

[ 3] [ 4]So So

So So

A B
t t

C D
 

= × 
   (36)

 

Because the circuits of Eqs. (35) and (36) are connected in 

parallel, it is necessary to convert these equations into admit-

tance matrices. After adding the transformed admittance matrix, 

we transform back to the ABCD matrix (A44t /B44t /C44t /D44t). 

Finally, after obtaining the ABCD matrix from port #4 to port 

#1, the reflection and transmission coefficients can be calculated 

as follows: 
 

1 1
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2
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3. Calculation of 𝑇 = 𝑇  and 𝑇 = 𝑇  

In this case, port #1 is terminated with a matched load. The 

equivalent ABCD matrix is the product of the cascaded matrices 

representing different circuit elements connected between ports 

#3 and #4, including the effect of terminated port #1. 

 

Even mode 
In Fig. 2(a), when Port #1 is terminated, the ABCD matrices 

of the circuit composed of the Z3U - ZO - Z3C - Z3D and Z2C 

networks are as follows: 

1 0
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1 1O

t
Z

 
=  
   (40)

1 1
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= × × × 
   (41)

 

Because the circuits of Eqs. (9) and (41) are connected in par-

allel, it is necessary to convert these equations into admittance 

matrices. After adding the transformed admittance matrix, we 

transform back to the ABCD matrix (A55t /B55t /C55t /D55t). 

Finally, after obtaining the ABCD matrix from port #3 to port 

#4, the reflection and transmission coefficients can be calculated 

as follows: 
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Odd mode 
In Fig. 2(b), when port #1 is terminated, the ABCD matrices 

of the circuit composed of the Z3U - ZO - Z3C - Z3D and Z2C 

networks have the same values as in the even mode. Finally, the 

ABCD matrix from port #3 to port #4 is calculated as follows: 
 

1 1 1tanA o U UZ jZ θ= , 2 1 1tanA e D DZ jZ θ=  (47)
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The impedances of the microstrip lines that can be imple-

mented were set to 0.5 , , 2o iD iU iC oZ Z Z Z Z≤ ≤  i = 1, 2, 3, and 

the electrical lengths were set to θ1U = θ2U = θ3U = θ1D = θ2D = 

θ3D = 90° and θ2C = θ3C = 180°. In addition, the S-parameters of 

the two-stage rat-race coupler were obtained under the following 

conditions:  
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Reflection characteristics: 
 

11 22 33 4415 , 15 , 15 , 15≤ − ≤ − ≤ − ≤ −S dB S dB S dB S dB (52)

 

Coupling characteristics: 

( ) ( )2 2
1

31 32 41 421 1
, 20log , , 20log

+ +
≤ ≤k

k k
S S dB S S dB (53)

where k2 is the power dividing ratio. 

 

Isolation characteristics: 
 

        21 20S dB≤ − , 34 20S dB≤ −  (54)
 

The impedance values of the transmission line that satisfy the 

S-parameters of the multi-section coupler are determined by 

using the reflection and transmission coefficient equations 

through even- and odd-mode analysis. They were obtained 

while changing the eight impedance values constituting the rat-

race coupler under the previously set condition using MATLAB. 

Since the obtained impedance value satisfies the design condi-

tion at a specific frequency, and from these values, the imped-

ance value that satisfied the broadband bandwidth condition 

was selected. 

III. SIMULATION AND EXPERIMENTAL RESULTS 

To confirm the validity of the analysis method, we fabricated 

two-stage rat-race couplers with 1:1 and 1:2 splitting ratios at an 

operating frequency of 2.0 GHz. These were implemented on 

the substrate of an FR-4 printed circuit board with dielectric 

constant εr = 4.4, dielectric thickness h = 0.787 mm, and copper 

thickness t = 0.035 mm. The simulation was performed using 

Microwave Office software, version 13, developed by Cadence. 

The configuration process for the two-stage rat-race coupler 

with a 1:1 splitting ratio was as follows.  

The electrical lengths of each transmission line and the im-

pedance values of the transmission line constituting the coupler 

were calculated using the equations obtained in Section II. In k2
 

= 1 condition, the dimensions are listed in Table 1. The param-

eters for designing a two-stage rat-race coupler with a 1:2 split-

ting ratio were obtained using the same method, and the related 

information is summarized in Table 2.  

Fig. 3(a) and 3(b) show photographs of the two-stage rat-

race couplers with 1:1 and 1:2 splitting ratios. In the photo-

graphs, the implemented impedance values of each transmission 

line of each coupler are the result of an optimization process for 

electrical properties. 

Fig. 4(a)–4(c) show the measured and simulated S-parameters, 

respectively, of the proposed coupler with a 1:1 power ratio. The 

figures show insertion losses of |S31| = −3.93 dB, |S41| = −3.80 

dB, |S32| = −3.33 dB, and |S42| = −3.45 dB. The isolation of 

|S21| and |S43| was greater than 25 dB. 

The input return losses of |S11| and |S22| were better than −15 

dB, and the output return losses of |S33| and |S44| were better  

Table 1. Calculated dimensions of the proposed coupler with a 1:1 

splitting ratio  

Impedance Width (mm) Length (mm)

Z1D, Z1U 0.86 21.13

Z2D, Z2U 1.27 20.76

Z2C 3.18 39.68

Z4D, Z4U 0.73 21.26

Z3C 1.05 41.88

Table 2. Calculated dimensions of the proposed coupler with a 1:2 

splitting ratio 

Impedance Width (mm) Length (mm)

Z1D 0.46 21.61

Z1U 1.25 20.78

Z2D 1.65 20.51

Z2U 1.30 20.74

Z2C 2.97 39.82

Z3D 0.42 21.68

Z3U 1.37 20.69

Z3C 0.41 43.38

 

 
(a) 

 
(b) 

Fig. 3. Photographs of the proposed rat-race coupler (a) 1:1 and (b) 

1:2 splitting ratio.
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(a) 

 
(b) 

 
(c) 

Fig. 4. Measured and simulated S-parameters of the proposed cou-

pler with a 1:1 splitting ratio: (a) |S11|, |S31|, |S41|, (b) |S32|, 

|S42|, |S22|, and (c) |S21|, |S43|, |S33|, |S44|. 

 
than −15 dB at the center frequency of 2.0 GHz. The measured 

−15 dB bandwidths of return losses of |S11|, |S22|, |S33|, and |S44| 

were 1.57–2.62 GHz, 1.54–2.60 GHz, 1.30–2.72 GHz, and 

1.50–2.71 GHz, with fractional bandwidths of 52.5%, 53.0%, 

71.0%, and 60.5%, respectively; for isolation |S21|, |S43| the 

bandwidths were 1.49–2.85 GHz and 1.58–2.60 GHz with 

fractional bandwidths of 68.0% and 51.0%, respectively. 

Fig. 5(a)–5(c) show the measured and simulated S-parameters  

 

 
(a) 

 
(b) 

 
(c) 

Fig. 5. Measured and simulated S-parameters of the proposed cou-

pler with a 1:2 splitting ratio: (a) |S11|, |S31|, |S41|, (b) |S32|, 

|S42|, |S22|, and (c) |S21|, |S43|, |S33|, |S44|. 



KIM: ANALYSIS METHOD FOR A MULTI-SECTION RAT-RACE HYBRID COUPLER USING MICROSTRIP LINES 

101 

  
 

of the proposed coupler with a 1:2 power ratio. The figures show 

insertion losses of |S31| = −5.38 dB, |S41| = −2.66 dB and |S32| 

= −2.21 dB, |S42| = −5.05 dB, and isolations of |S21| and |S43| 

greater than 20 dB. The input return losses of |S11| and |S22| 

were better than −15 dB, and the output return losses of |S33| 

and |S44| were better than −15 dB at the center frequency of 2.0 

GHz. The measured −15 dB bandwidths of |S11|, |S22|, |S33|, 

and |S44| were 1.41–2.73 GHz, 1.62–2.52 GHz, 1.59–2.60 

GHz, and 1.49–2.68 GHz, with fractional bandwidths of 66.0%, 

45.0%, 50.5%, and 59.5%, respectively; for the isolations of |S21| 

and |S43|, the bandwidths were 1.48–2.89 GHz and 1.53–2.62 

GHz, with fractional bandwidths of 70.5% and 54.5%, respec-

tively. Fig. 6 shows that the amplitude and phase imbalances 

between the output ports in the two-stage coupler were ±0.5 dB 

in the 1.58–2.72 GHz range and ±5° in the 1.64–2.65 GHz 

range, respectively. Table 3 shows a comparison of our rat-race 

coupler with a conventional multi-section coupler. 

IV. CONCLUSION 

An analysis method for a two-stage rat-race coupler with a 

planar structure and wideband performance has been presented. 

The proposed device uses only microstrip lines and has the fea-

ture of being convenient to implement. Our measurements 

show more than 25 dB of isolation between ports #1 and #2 

across 70% fractional bandwidth, and between ports #3 and #4 

across 50% fractional bandwidth. Our device has more than 15 

dB return loss across 50% fractional bandwidth, and ±2.5° phase 

deviation across the 1.64–2.65 GHz band. 
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of the proposed coupler with a 1:1 splitting ratio. 

 

Table 3. Comparison of the proposed coupler with a conventional 

rat-race coupler  

 
Dividing 
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FBW 

(%) 

RL  

(dB) 

Isolation  

(dB) 

Design 

tech.

Henin and Abbosh 

[4] 

1:1 67 10 20 MS-slotline
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Yeung and Wang [7] 1:1 17 20 20 Coplanar-

stripline
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Chi and Chang [9] 1:1 96 10 20 VIP coupler

This work 1:1 

1:2 

70 15 25 MS-line
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I. INTRODUCTION 

The modern electronic warfare (EW) environment is charac-

terized by emitter systems, which are increasing in number and 

sophistication. To protect humans and equipment and com-

municate effectively in an electro-magnetically threatening sig-

nal environment, acquisition receivers capable of analyzing sev-

eral simultaneous threat signals that may be distributed over a 

wide band of frequencies are essential [1].  

An electronic support measurement (ESM) module is de-

scribed that meets these requirements and provides a dual channel 

architecture with close amplitude and phase matching is de-

scribed in this paper. The module may be used not only as a 

generic front-end for conventional ESM applications but also 

for mono-pulse or interferometry techniques. The amplitude 

and phase match that can be achieved be-tween the channels are 

the fundamental limitations to the accuracy of bearing assessment 

for direction-finding (DF) techniques [2]. 

Although numerous studies have been conducted to design 

millimeter-wave ultra-wideband receivers suitable for electronic 
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support systems, there are many constraints on the design and 

manufacturing of such broadband down converters such as wire 

bonding accuracy, printed circuit board (PCB) attachment 

tolerance. To produce receivers with low noise figures, smooth 

gain characteristics in the band, wide dynamic ranges, and band-

specific frequencies with low-loss transmission lines. A local 

oscillator circuit necessary for frequency conversion should be 

incorporated into the module, and a closed structure is required 

to avoid signal interference from other devices—identification, 

friend or foe (IFF) transponder, Doppler radar, communication 

system, etc.—in the system environment in which the receivers 

are installed [3, 4]. 

The direction of arrival (DOA) of an RF signal can be deter-

mined from amplitude measurements taken when scanning a 

high-gain parabolic dish antenna with low side lobes across the 

direction of the emitter. The most common approach to ampli-

tude comparison DF is to use four low-gain steady antennas 

displaced 90° from each other to provide four angular quadrants 

of azimuth coverage. The arrangement of the four antennas is 

shown in Fig. 1 [5].   
The concept for considering the operation scenario within 

the electronic support system was constructed so that the front-

end modules were installed in the east, west, south, and north to 

allocate 90° to each, enabling signals to be received across 360° 

as shown in Fig. 2. When a signal received in a specific direction 

is detected, only signals received from corresponding path are 

precisely analyzed. 
The module gain was required at the system level (from the 

front-end to signal processing) in advance and was predicted to 

allocate an appropriate gain for each device. The insertion loss of 

a 15-m cable in the middle of the device was included among 

the analysis items in the consideration of the structure to be 

mounted. To compensate for increased loss value as the frequency 

of the RF cable increases, a linear equalizer is applied so that the 

gain is relatively low at a low frequency. 

The device to be developed in this paper is an FE module 

mounted at the rear of the antenna, the frequency plan of which 

shown in Table 1. This is required to distinguish between direct 

paths or converting paths to prevent mutual influence between 

the frequencies introduced in each path. To efficiently down-

convert 0.5–18 GHz received over a wideband, 0.5–2 GHz is 

output without conversion, and 2–18 GHz is mixed with a local 

oscillation (LO) frequency to be converted into a 2–6 GHz in-

termediate frequency (IF) signal as shown in Table 1. 

In addition, because strict out-of-band suppression character-

 
Fig. 1. Arrangement of the four antennas for direction-finding 

amplitude. 

 

Fig. 2. Block diagram of system total gain for front end receiver (4 units) and filter bank (1 unit) from operation scenario point of view.
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istics is required for each sub-band frequency, the rejection value 

was designed to suppress spurious using a cavity filter with a 

suspended structure rather than a general inductor & capacitor 

(L/C) or coupled line type. 

In this paper, the input ports are classified by frequency 

band—low-band (0.5–2 GHz), mid-band (2–6 GHz), high-

band (6–18 GHz), and full-band (2–18 GHz)—so that only the 

relevant signals are collected. When 18 GHz was input, the de-

sign approach proposed in this paper was implemented so that 

the frequency conversion function (frequency mixer and LO 

unit) inside the module would be converted into the IF (0.5–6 

GHz) and transmitted it to the signal processing unit. The con-

tents proposed in this paper are as follows. 

First, the frequency of the 0.5–18 GHz band received by the 

antenna through the free space medium was designed to ensure 

isolation between paths to avoid affecting paths other than the 

corresponding path. 

Second, instead of implementing the LO signal generation 

methodology necessary to convert the high frequency of 6–18 

GHz to the middle frequency of 2–6 GHz, which would use a 

phase locked voltage controlled oscillator (PLVCO) for each of 

the three sub-bands, the system provides 1 GHz externally. The 

complexity of the circuit was simplified and the interference of 

signals was eliminated in advance through a design that enabled 

the reference frequency to be received and implemented in the 

form of multiplication. 

Third, to reduce the mixed product components generated 

during frequency conversion, the out-of-band suppression charac-

teristics of the band pass filter were improved, and an appro-

priate filter pass frequency was determined through spurious 

analysis. In addition, to suppress the original signal after multi-

plication of the LO path, cross-coupled band pass filters were 

applied by patterning the PCB.   

Fourth, as several sub-modules must be connected with RF 

cables in the device, the structure was designed from a disas-

sembly/assembly point of view for performance improvement 

(debugging) after assembly. 

II. WIDEBAND FREQUENCY DOWN-CONVERTER  

STRUCTURE 

In this study, a down-converter module that can receive 0.5–

18 GHz was mounted on the front end of the rear end of the 

antenna, with 6 RF inputs (0.5–2 GHz, 6–18 GHz, 2–18 GHz) 

and 1 IF output (0.5–6 GHz) and BIT input (0.5–18 GHz) 

ports. A limiter was applied in the first stage to protect internal 

components in the case that instantaneous over-input power 

was received, which also ensured an excellent noise figure. In 

addition, a high-pass filter was applied to remove unwanted low-

band frequency components for each path.  
Fig. 3 presents detailed configuration diagrams of the RF and 

LO sections of the multi-channel matrix and down-converter 

required for the ESM system. The frequency out of the 0.5–18 

GHz signals received from the antenna without going through 

a frequency converter (mixer) is up to 0.5–6 GHz. By selecting 

the switch of the output stage (red circle), it is directly trans-

ferred to the IF output port, and the 6–18 GHz input frequency 

is inputted to the frequency converter via a filter bank to be 

down converted to the IF signal.  

The required local oscillator signal was designed to receive an 

external reference frequency of 1 GHz from the system, multi-

ply it by four, and then go through three additional multiplica-

tion paths to generate 12 GHz and four additional multiplica-

tion paths to generate another 16 GHz. The two paths were 

selected through a switch at the final stage, and each path is 

designed/applied by PCB patterning the band pass filter to 

Table 1. Analysis of input and output frequency according to internal 

sub module structure (unit: GHz) 

Input freq. 
Internal  

sub-band 

Direct or 

converter 
LO Output freq. 

0.5–2 0.5–2 Direct No need 0.5–2

2–18 2–6 Direct No need 2–6

6–10 Converter Need (12) 2–6

10–14 Converter Need (16) 2–6

14–18 Converter Need (12) 2–6

 
Fig. 3. Block diagram of frequency down converter module.
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remove harmonic components generated at the rear end of 

multiplication and pass only the corresponding multiplication 

frequency. 

III. DESIGN AND SIMULATION 

1. Calculation of Frequency Plan for LO Path and Analysis of 

Mixed Product for IF Path 
In the 6-18 GHz path that requires frequency conversion, the 

complexity of the LO circuit can be reduced through the method 

of implementing the LO frequency, thereby reducing unnecessary 

signals. Accordingly, when implemented in a simple form, as 

shown in Table 2, three LO frequencies are required, but the 

LO frequency is allocated to the lower sideband (LSB) instead 

of only the upper sideband (USB). It may be possible to design 

the circuit simply so that it can be implemented with only two 

frequencies. In addition, as the possibility of crosstalk through 

free space can be reduced by as much as the LO frequency is 

reduced, there is an advantage in excluding mixed spurious that 

may occur in the IF frequency band. 

The frequency-specific images in Fig. 4 show the IF output 

frequency (2–6 GHz) for each RF path; these frequencies were 

used to attempt to predict in advance any unwanted product 

components that may be present in the IF frequency band of 

mixed product components generated in the frequency converter. 

These unnecessary components cannot be completely removed, 

and, as a result, the signal processing module must process the 

signal so that it is not affected by software. The expected spurious 

frequencies in the IF band are shown in Table 3. 

 

2. Phase Noise Analysis for LO Section 

The PLVCO method and the comb generator method can 

be used to implement a phase locked loop (PLL) LO that is 

phase-synchronized to an external reference frequency of 1 

GHz; however, the PLVCO uses a it operates the complex, 

PLL integrated circuit (IC) that require the design of a voltage 

controlled oscillator (VCO), PLLIC, and loop filter separately 

in each path, as shown in Fig. 5(a).  

In this study, after 1 GHz was received and multiplied by 

four, the required 12 GHz and 16 GHz were generated 

through X3 and X4 in each path, as shown in Fig. 5(b). The 

phase noise of the N-multiplied frequency from the external 

reference will be deteriorated by as much as the multiplying 

factor as per Eq. (1) [6]: 
 𝑃ℎ𝑎𝑠𝑒 𝑁𝑜𝑖𝑠𝑒 = 20𝐿𝑂𝐺10(𝑁)            (1) 
 

The results of phase noise analysis in the LO structure (comb 

generator, two paths) selected in this paper at 16 GHz, which is 

a high frequency path are shown in Table 4. Table 4 shows the 

Fig. 4. Spurious analysis near the bandwidth of IF output frequency 

(2–6 GHz) for each RF path. 

 

Table 3. Expected spurious frequencies near the bandwidth IF 

frequency (2–6 GHz) (unit: GHz) 

RF
Local freq. IF freq. 

Spurious 

(LO-2IF) Low High

6 10 12 2–6 2

10 14 16 2–6 4

14 18 12 2–6 8

Table 2. Frequency plan of LO frequency (unit: GHz) 

 
RF Local  

freq. 

IF

Low High Low High

Three types of 6 10 12 2 6

LO freq. 10 14 16 2 6

 14 18 20 2 6

Three types of 6 10 12 2 6

LO freq. 10 14 16 2 6

 14 18 12 2 6

Mixer

2
GHz

6

12
GHzBand Pass Filter 

(BPF) #1

6
GHz

10

6
GHz

3

 LO – 2 IF : 12 GHz – 2 x 3 GHz = 6 GHz
   (9 GHz RF input / 3 GHz IF output)

Mixer

2
GHz

6

16
GHz

10-14 GHz

10
GHz

14

4
GHz

6

 LO – 2 IF : 16 GHz – 2 x 6GHz = 4 GHz
   (10 GHz RF input / 6 GHz IF output)

Mixer

2
GHz

6

12
GHz

14-18 GHz

14
GHz

18

2
GHz

5

 LO – 2 IF : 12 GHz – 2 x 5GHz = 2 GHz
   (17 GHz RF input / 5 GHz IF output)

6-10 GHz

Band Pass Filter 
(BPF) #2

Band Pass Filter 
(BPF) #3
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analyzed values of phase noise for the 16 GHz LO path based 

on the comb generator method, which were -116 dBc/Hz at 

10 kHz offset and −131 dBc/Hz at 100 kHz offset. 

 

3. Filter Design with 16 GHz for LO Section 

Regarding the LO implementation method applied in Section 

III-2, to pass the 16 GHz frequency generated after multiplying 

the comb generator output of 4 GHz, the pass band is designed 

to be a very narrow and, efficient cross-coupled band pass filters 

for suppressing adjacent frequencies. 

We propose the use of the schematic shown in Fig. 6. The 

couplings between resonators 1 and 2 and between 3 and 4 were 

realized as mixed couplings (combination electric and magnetic), 

whereas the coupling between resonators 2 and 3 was magneti-

cally and that between 1 and 4 was electrical (negative coupling 

value). The couplings between resonators 1 and 2, 2 and 3, and 

3 and 4 were the direct couplings, whereas the coupling between 

resonators 1 and 4 was a cross coupling, which realizes a trans-

mission of zeros [7].   

Fig. 7(a) and 7(b) show the PCB artwork and a graph of the 

simulation graph for the 16 GHz LO path. As a result of the 

simulation shown in Fig. 7(b), the insertion loss is 2.0 dB at 16 

GHz, and the return loss is 20 dB or less (S11: red color). 

 

 
(a) 

 
(b) 

Fig. 7. (a) PCB artwork for realizing the coupling. (b) Simulation 

results for cross-coupled band pass filters. 

Port
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Frequency
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[dB]

 
(a) 

 
(b) 

Fig. 5. (a) PLVCO with a complex circuit. (b) Comb generator 

with a simple circuit. 

 
Table 4. Analyzed values of PN for the comb generator method 

(unit: dBc/Hz) 

 
Offset frequency 

100 Hz 1 kHz 10 kHz 100 kHz 1 MHz

External ref. PN -100 -130 -140 -155 -160

PN @ 12 GHz LO  -78 -108 -118 -133 -138

PN @ 16 GHz LO  -76 -106 -116 -131 -136

PN = phase noise. 

 

 
Fig. 6. Schematic for realizing the coupling. 
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4. Design of Broadband Bias Tee for RF Section 

In the 2–18 GHz RF path, excluding the low band input 

(0.5–2 GHz) port, a broadband switch must be used to select 

the antenna port and the built-in test (BIT) port. The first 

switch should be designed to minimize loss so as not to affect 

noise or break impedance matching, for instance by producing 

resonance within a broadband frequency. When supplying the 

control signal necessary for the operation of the switch to each 

path, the inductor must select a component with an infinite 

value within the frequency.  
Fig. 8(a) presents a circuit diagram of application schematic 

provided by the manufacturer showing and shows how the 

peripheral circuit of the broadband switch should be imple-

mented [8]. Fig. 8(b) and 8(c) present a photo and graph of an 

evaluation JIG with a high inductance value (1.65 uH @ 10 MHz), 

which was manufactured by PICON-ICS Inc. Its measurement 

result was designed to use a switch and inductor that operate 

infinitely within the frequency band. The measured data shows 

the insertion loss for the operating path (frequency, 2–18 GHz) 

with a loss of -1.1 dB min in the first -2.3 dB max in the edge, 

including losses for the micro strip line and subminiature version-

A (SMA) connector. 

 

5. Analysis of Output Third Order Intercept Point (OIP3) for 

Each Path 

A broadband receiver module is vital to maintaining line-arity 

without distortion and is defined as an OIP3. To ensure a good 

performance by OIP3, it should be analyzed using a budget 

analysis tool to identify its limitations. Typically, Gain and 

OIP3 represent trade-offs because they prevent two items from 

obtaining a good performance at the same time. Additionally, 

the characteristics of OIP3 are important because they affect the 

signal quality of an analog-to-digital (AD) converter.  

Fig. 9 shows the contents with a cascade path for each paths 

such a 0.5–2 GHz path (J7), a 2–6 GHz path (J3), and a 6–18 

GHz path (J4). The expected results of each path are shown in 

Table 5. 

IV. FABRICATION AND MEASUREMENT 

A broadband receiver module with six RF input ports (0.5–

18 GHz), one IF output port (0.5–6 GHz), and 1 GHz refer-

ence port was designed so that the RF and LO regions were 

first physically separated. Sub-module units were assembled in 

each area, and each sub-module was assembled using bare 

MMIC and Rogers RT/duroid 5880 (0.127 mm) PCB to 

achieve downsizing and weight reduction.  

A gallium arsenide (GaAs) MMIC chip was mounted on a 

gold-plated substrate to provide good grounding. A high-

frequency PCB was placed around the chip to connect the DC  

 
(a) 

 
(b) 

(c) 

Fig. 8. (a) Schematic for bias tee circuit of switch. Adapted from 

[8]. (b) Photo of bias tee circuit of evaluation JIG. (c) 

Measured results for bias tee circuit of evaluation.
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Table 5. Summarized values of OIP3 for each frequency band 

Port 
Freq. band 

(GHz) 

Gain  

(dB) 

OIP3  

(dBm)

J7 0.5−2 22.85 +24.20

J3 2−6 26.75 +26.38

J4 6−18 31.55 +24.41

 

bias, and the input and output lines were wire bonded through a 

chip-and-wire process [9]. 

The frequency of the 0.5−18 GHz band was transferred 

through the transmission line to ensure the signal was transmitted 

without loss or distortion. In addition, to overcome the low fre-

quency and narrow bandwidth limitations of existing products, 

bare-type MMIC devices with high operating frequencies and 

wide bandwidths instead of general package components were 

used to directly mount components to the housing. The chip-

and-wire process was applied to minimize the mismatch [10].  

Fig. 10 shows the assembled image of the whole box with 

four sub-modules (input, output, three channel filter bank, LO), 

control board, and RF semi-rigid cable. It can be seen that 

many cables are needed to connect the ports of the inner sub-

module to the interface of the outer side. Fig. 11 shows the 

assembly procedure of the sub-module in the form of an illustra-

tion, and Fig. 12 shows a photo of a manufactured module with 

four sub-modules using bare type MMIC. 

 
(a) 

 
(b) 

 
(c) 

Fig. 9. Budget analysis to determine OIP3 value for each path: (a) 0.5–2 GHz path (J7), (b) 2–6 GHz path (J3), and (c) 6–18 GHz path 

(J4). 

 

J7(0.5-2GHz)

Gain (dB)
NF (dB)
OP1dB (dBm)
OIP3 (dBm)

Po (dBm)
Pcomp (dB)

Input 
Connector

(TNC)

 -0.15
 0.15

 60.00
 60.00

 -13.15
 0.00

RF Cable
(Semi Rigid)

 -0.20
 0.20

 60.00
 60.00

 -13.35
 0.00

Input 
Connector

(SMA)

 -0.15
 0.15

 60.00
 60.00

 -13.50
 0.00

Limiter
(TGL2217)

 -0.40
 0.40

 11.00
 20.50

 -13.90
 0.00

SP3T
MA4AGSW3

-0.70
 0.70

 25.00
 39.30

-14.60
 0.00

LNA
MAAM-
011229

 19.00
 1.60

 19.00
 33.00

 4.40
 0.00

HPF
(HFCN-440+)

 -1.70
 1.70

 60.30
 60.00

 2.70
 0.00

ATT
(Fixed)

-7.00
 7.00

 60.00
 60.00

-4.30
 0.00

LNA
MAAM-
011229

 19.00
 1.60

 19.00
 33.00

 14.70
 0.00

LPF
(LFCN-

2000D+)

-1.20
 1.20

 60.00
 60.00

 13.50
 0.00

ATT
(Fixed)

-10.00
 10.00
 60.00
 60.00

 3.50
 0.00

SP4T
HMC641

-1.50
1.50

 21.00
 37.00

2.00
0.00

EQ
AEQ2199

-3.00
 3.00

 60.00
 60.00

-1.00
 0.00

SPDT
HMC347

-1.50
 1.50

 21.00
 40.00

-2.50
 0.00

AMP
CMD244

 17.00
 6.00

 21.80
 32.00

 14.50
 0.00

SPDT
HMC347

 -1.50
 1.50

 21.00
 40.00

 13.00
 0.00

ATT
(Fixed)

-3.00
 3.00

 60.00
 60.00

 10.00
 0.00

Output 
Connector

(SMA)

-0.15
 0.15

 60.00
 60.00

 9.85
 0.00

Input Pwr (dBm) -13.00 System Temp (K) 290.00

Total

22.85
4.19

14.15
24.20

J3(2-6GHz)

Gain (dB)
NF (dB)
OP1dB (dBm)
OIP3 (dBm)

Po (dBm)
Pcomp (dB)

Input 
Connector

(TNC)

 -0.15
 0.15

 60.00
 60.00

 -13.15
 0.00

RF Cable
(Semi Rigid)

 -0.30
 0.30

 60.00
 60.00

 -13.45
 0.00

Input 
Connector

(SMA)

 -0.15
 0.15

 60.00
 60.00

 -13.60
 0.00

Limiter
(TGL2217)

 -0.50
 0.50

 11.00
 20.50

 -14.10
 0.00

SPDT
MA4AGSW2

 -0.40
 0.40

 25.00
 39.00

 -14.50
 0.00

LNA
HMC-ALH482

 16.00
 1.80

 14.00
 21.00

 1.50
 0.00

SPDT
MA4AGSW2

 -0.40
 0.40

 25.00
 39.00

 1.10
 0.00

HPF
BWHF-2G

 -2.50
 2.50

 60.00
 60.00

 -1.40
 0.00

ATT

 -5.00
5.00

 60.00
 60.00

 -6.40
0.00

LNA
CMD244

 17.00
 4.50

 22.00
 32.00

 10.60
 0.00

SPDT
MA4AGSW2

-0.40
0.40

 25.00
 39.00

 10.20
0.00

LPF
LFCN-6000+

 -1.00
1.00

 60.00
 60.00

9.20
0.00

SP4T
HMC641

-1.50
1.50

21.00
37.00

7.70
0.00

EQ
AEQ2199

 -2.50
3.00

 60.00
 60.00

5.20
0.00

SPDT
HMC347

-1.50
1.50

21.00
40.00

3.70
0.00

ATT
(Fixed)

 -4.00
 4.00

 60.00
 60.00

 -0.30
 0.00

AMP
CMD244

 17.00
 6.00

 21.80
 32.00

 16.70
 0.00

SPDT
HMC347

 -1.50
 1.50

 21.00
 40.00

 15.20
 0.00

LPF
BWLF-6G

 -1.20
1.20

 60.00
 60.00

 14.00
0.00

Output 
Connector

(SMA)

-0.25
0.25

60.00
60.00

13.75
0.00

Input Pwr (dBm) -13.00 System Temp (K) 290.00

Total

26.75
4.67

18.77
26.38

J4(6-18GHz)

Gain (dB)
NF (dB)
OP1dB (dBm)
OIP3 (dBm)

Po (dBm)
Pcomp (dB)

Input 
Connector

(TNC)

 -0.40
 0.40

 60.00
 60.00

 -30.40
 0.00

RF Cable
(Semi Rigid)

 -0.60
 0.60

 60.00
 60.00

 -31.00
 0.00

Input 
Connector

(SMA)

 -0.40
 0.40

 60.00
 60.00

 -31.40
 0.00

Limiter
(TGL2217)

 -0.90
 0.90

 11.00
 20.50

 -32.30
 0.00

SPDT
MA4AGSW2

 -0.80
 0.80

 25.00
 39.20

 -33.10
 0.00

LNA
HMC-ALH482

 16.00
 2.30

 14.00
 21.00

 -17.10
 0.00

HPF
BWHF-6G

-1.80
1.80

 60.00
 60.00

 -18.90
0.00

ATT
(Fixed)

0.00
0.00

 60.00
 60.00

 -18.90
0.00

LNA
CMD244

 17.50
3.20

 21.00
 30.00

-1.40
0.00

HPF
BWHF-6G

-1.80
1.80

 60.00
 60.00

-3.20
0.00

SPDT
MA4AGSW2

 -0.80
 0.80

 25.00
 39.00

 -4.00
 0.00

RF Cable2

 -1.00
 1.00

 60.00
 60.00

 -5.00
 0.00

SP3T
MA4AGSW3

 -1.00
 1.00

 25.00
 39.00

 -6.00
 0.00

EQ
BWAES-2/18

-8

 -3.00
 3.00

 60.00
 60.00

 -9.00
 0.00

BPF1
Cavity

 -2.00
 2.00

 60.00
 60.00

 -11.00
 0.00

Input Pwr (dBm) -30.00 System Temp (K) 290.00

ATT
(Fixed)

 -2.00
 2.00

 60.00
 60.00

 -13.00
 0.00

SP3T
MA4AGSW3

 -1.00
 1.00

 25.00
 39.00

 -14.00
 0.00

RF Cable3

 -1.00
 1.00

 60.00
 60.00

 -15.00
 0.00

MIXER
T3-18LS

 -10.50
 10.50
 2.50

 13.50

 -25.50
 0.00

LNA
HMC ALH444

 16.00
 1.40

 19.00
 28.00

 -9.50
 0.00

ATT
(Fixed)

 -5.00
 5.00

 60.00
 60.00

 -14.50
 0.00

LNA
CMD240

 15.00
 3.80

 19.00
 28.00

 0.50
 0.00

BPF
Cavity

 -1.50
 1.50

60.00
60.00

 -1.00
 0.00

SP4T
HMC641

-1.50
1.50

21.00
37.00

-2.50
0.00

EQ
AEQ2199

-2.50
2.50

60.00
60.00

-5.00
0.00

SPDT
HMC347

 -1.50
 1.50

 21.00
 40.00

 -6.50
 0.00

ATT
(Fixed)

 -6.00
 6.00

60.00
60.00

 -12.50
 0.00

AMP
CMD244

 17.00
 6.00

 21.80
 32.00

 4.50
 0.00

SPDT
HMC347

 -1.50
 1.50

 21.00
 40.00

 3.00
 0.00

LPF
BWLF-6G

 -1.20
 1.20

 60.00
 60.00

 1.80
 0.00

Output 
Connector

(SMA)

 -0.25
 0.25

60.00
60.00

 1.55
 0.00

Total

31.55
6.23

18.70
24.41
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Fig. 10. Image of wideband frequency down converter module. 

 

 
Fig. 11. An image of the integration process of wideband frequency 

down converter module (0.5−18 GHz). 

 

 
Fig. 12. Real picture of wideband frequency down converter module 

(0.5–18 GHz). 

 

1. GAIN Measurement Results 

Fig. 13(a) shows the gain graph for the RF input port (J7, 

frequency 0.5−2 GHz, direct path) with a gain of at least 22.7 

dB in the band and a gain flatness of 3.4 dB at maximum. Fig.  

 
(a) 

 
(b) 

 
(c) 

 
(d) 

 
(e) 

Fig. 13. Results of RF input port: (a) J7 port (0.5−2 GHz), (b) J3 

port (2−6 GHz), (c) J4 port (6−10 GHz), (d) J4 port 

(10−14 GHz), and (e) J4 port (14−18 GHz). 
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13(b) shows the gain graph for the RF input port (J3, frequency 

2−6 GHz, direct path) with a gain of at least 26.6 dB in the 

band and a gain flatness of 2.0 dB at maximum. Fig. 13(c) 

shows the gain graph for the RF input port (J4, frequency 6−10 

GHz, converter path) with a gain of at least 30.5 dB in the band 

and a gain flatness of 4.87 dB at maximum. Fig. 13(d) shows 

the gain graph for the RF input port (J4, frequency 10−14 GHz, 

converter path) with a gain of at least 30.2 dB in the band and a 

gain flatness of 5.0 dB at maximum. Fig. 13(e) shows the gain 

graph for the RF input port (J4, frequency 14−18 GHz, con-

verter path) with a gain of at least 30.0 dB in the band and a 

gain flatness of 4.2 dB at maximum. 

The measured gain value is almost the same as the minimum 

gain value for each band required at the system level, as shown 

in Fig. 2; this demonstrates that it can be installed in a real sys-

tem and operate without problems. In addition, the higher the 

frequency, the higher the gain value was set to compensate for 

the gain reduction of other devices (especially the RF cable). 

The measured results of each path are shown in Table 6. 

 
2. Spurious (LO-2IF) Measurement Results 

The measured results of each path are shown in Table 7 and 

were the same as with spurious frequency, based on the predic-

tions presented in Fig. 4. These values shown in Fig. 14 cannot 

be deleted from the output port because they are in the band. 

Therefore, the signal process should account for these spurious 

frequencies when processing at the system level. 

3. Output Third Order Intercept Point (OIP3) Measurement 

Results 

The OIP3 from the measured intermodulation distortion 

(IMD) will be calculated by as per Eq. (2) [11]: 
 𝑂𝐼𝑃3 = Output Power   (𝑑𝐵𝑚)         (2) 

The measured results of each path are shown in Table 8 and 

Fig. 15. 

Table 6. Summarized values of the main items for each frequency band

 

Gain (dB) 

Expected Measured

J7 (0.5–2 GHz) 22.0 22.7

J3 (2–6 GHz) 26.0 26.6

J4 (6–10 GHz) 30.0 30.5

J4 (10–14 GHz) 30.0 30.2

J4 (14–18 GHz) 30.0 30.0

 
Table 7. Summarized values of the spurious delta for 6-18 GHz 

frequency 

RF (GHz) Spurious freq. 

(GHz) 

Measured value 

(dBc) Input freq. Output freq. 

6–10 5 2 34.97

10–14 6 4 51.14

14–18 2 8 53.39

 
(a) 

 
(b) 

 
(c) 

Fig. 14. Measurements of spurious for each path: (a) BPF1 (6−10 

GHz), (b) BPF2 (10−14 GHz), and (c) BPF3 (14−18 GHz). 
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Table 8. Calculated values of OIP3 for each frequency band 

Port 
Freq. band 

(GHz) 

Output power 

(dBm) 
IMD (dBc) OIP3 (dBm)

J7 0.5–2 -2.0 51.05 +23.52

J3 2–6 +2.0 47.32 +25.66

J4 6–18 +2.0 42.88 +23.44

 

 
(a) 

 
(b) 

 
(c) 

Fig. 15. Measurements of IMD at each port: (a) J7 port, (b) J3 port, 

and (c) J4 port. 

OIP3 values, which were analyzed in Section III-5 were slightly 

lower than the measured data. However, these values can be 

considered reasonable because there are many unknown factors 

in practice, such as the lower linearity of the amplifier, mis-

matching among components, and assembly conditions of soft 

material PCB. 

V. CONCLUSION 

In this paper, we used a bare-type MMIC device and applied 

a chip-and-wire process to design and fabricate a wideband fre-

quency down converter module with a local circuit with high 

gain, low spurious, high IP3 characteristics, and reliability. To 

compensate for the mismatch among many sub-modules, we 

designed an input module, filter bank module, output module, 

and local oscillator module suitable for sub-band frequency 

characteristics and applied them to the down converter. The 

down converter module has three paths, which were divided for 

0.5−2 GHz (direct), 2−6 GHz (direct), and 6−18 GHz (con-

verter). Amplitude-matched RF semi-rigid cables of different 

lengths were used to connect to the internal sub-modules of the 

frequency down converter. The main RF line was a dielectric 

substrate (RT/duroid 5880) with a relative dielectric constant of 

2.2 and a dielectric thickness of 0.127 mm.  

The gain obtained at low-band was 22.7 dB (input frequency 

0.5−2 GHz), and the flatness was about 3.4 dB. The gain was 

26.6 dB at mid-band (input frequency 2−6 GHz) and the flat-

ness was about 2.0 dB. The gain in high-band (input frequency 

6−18 GHz) was 30.5 dB at 6−10 GHz, 30.2 dB at 10−14 GHz, 

30.0 dB at 14−18 GHz. 

The measured values of IP3 were +23.52 dBm, +25.66 dBm 

and +23.44 dBm as the maximum value. The measured value 

of spurious (LO-2IF) at the converter path was 34.97 dBc as 

the maximum value. The proposed 0.5−18 GHz wideband fre-

quency down converter module can be applied to a front-end 

amplifier that requires path selection at the back of the antenna 

of an ESM system. 
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I. INTRODUCTION 

The terahertz frequency range (100 GHz–10 THz) is highly 

promising in a wide range of applications, such as ultra-high-

data-rate communication and ultra-high-resolution radar sys-

tems [1]. In particular, the WR3.4 band (220–330 GHz) 

attracts great interest since it corresponds to an atmospheric 

window with low attenuation while providing a sufficiently high 

frequency band. Silicon (Si)-based technologies, which are 

widely employed for various microwave and millimeter-wave 

band applications, remain as a preferred option for circuit designs 

even in this vastly raised frequency range, as they continue to 

benefit from advantages such as a high integration level and 

compatibility with other circuit blocks. While there has been a 

barrier for these technologies to enter the THz arena due to the 

device’s speed limit, the recent improvements in Si-based tech-

nologies have enabled their application to various THz systems 

with sufficient feasibility. Recently, there have been a growing 

number of reports on SiGe technology being applied to WR3.4 

band systems, including a 240-GHz I/Q transceiver with 100-

Gbps data-rate [2], a broadband 210–270 frequency modulated 

continuous wave (FMCW) radar [3], etc. For these high-

frequency systems, which employ transmitters or local oscillators 

as core components with signal generation, two key perfor-

mance parameters are power and bandwidth. They restrict the 

link distance and data rate capability, respectively. Naturally, it is 

desired that sufficient output power is maintained across the 

entire operating range with a wide bandwidth, which is a crucial 

aspect for THz system performance [4, 5]. Most often, however, 

there is a trade-off between the output power and the bandwidth, 
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This work describes the development of an amplifier frequency doubler chain (AFDC) operating at around 300 GHz based on SiGe 
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making it challenging to achieve a wide bandwidth with con-

sistently large output power. That challenge also applies to fre-

quency multipliers, one of the key THz components to obtain 

high-frequency signal generation. The purpose of this work is to 

develop a frequency multiplier operating at around 300 GHz 

with a high output power with a wide operation bandwidth. 

In this work, to attain the technical goal, we have developed 

an amplifier-frequency doubler chain (AFDC) based on SiGe 

BiCMOS technology. The proposed circuit consists of a one-

stage driver amplifier (DA) and a frequency doubler (FD) 

intended for high power and wideband performances. 

II. CIRCUIT DESIGN 

In the proposed AFDC designed in this work, a differential 

150-GHz DA is integrated with a balanced 300-GHz FD, as 

shown in Fig. 1. One issue with using a FD is that the input 

power needs to be high enough to obtain a reasonable power 

level at the output of the circuit [6]. To cope with this challenge, 

placing a DA before the FD is often practiced, which is also the 

case for the proposed circuit. The design details of the compo-

nents developed in this work are provided below, starting with 

DA and followed by FD and integrated AFDC. All circuit 

designs are based on the HICUM transistor model together 

with ADS Momentum full-electromagnetic simulator. 

 

1. 150-GHz Driver Amplif ier 

The DA operating around 150 GHz is based on a differential 

cascode topology, as shown on the left in Fig. 1. Since only a 

single DA stage will be integrated with the FD, mid-size tran-

sistors (AE = 6 × (0.07 × 0.9 μm2)) have been selected for Q1–

Q4, consequently satisfying the gain and output power require-

ment. The input matching to the differential 100-Ω is achieved 

with transmission lines TL1 and TL2, DC block capacitors C1 

(100 fF), and high-impedance resistors R1 (500 Ω). It is noted 

that the parasitic inductance arising from the RF-block resistors 

R2 and the bias line at the base nodes of the stacked stage tran-

sistors Q3 and Q4 causes a stability problem in the circuit. To 

mitigate this issue, the base nodes of Q3 and Q4 need to be 

shorted by a bypass capacitor. The metal-insulator-metal (MIM) 

capacitors, located at the top metal level as offered by the found-

ry, tend to induce extra inductance and resistance as they need 

stacked via structures all the way down to the device level. In 

this work, therefore, RF-short capacitors C2 (150 fF) were im-

plemented using a metal-oxide-metal (MOM) structure that 

employs M2 (ground level) and M1 levels as the metal plates, 

requiring only a single via level down to the device.  

Employed for the output matching of the DA is a differential 

transformer TR1, which is preferred to the transmission lines 

with the relatively low output collector impedance of the cascode 

structure, leading to a compact design. The transformer TR1 is 

based on an edge-coupling structure built on the thick metal 

level. The optimum matching point was selected by adjusting 

the line width (6 μm), spacing between lines (3 μm), and line 

length (130 μm). To avoid inter-stage feedback between DA 

and FD, which may cause circuit instability, a series resistor R3 

(12 Ω) was inserted at the injection point of the collector bias 

VCC_DA [7]. The simulated S-parameters of the DA are plotted at 

Fig. 2. The peak S21 is 11.4 dB at 150 GHz and the 3-dB 

bandwidth is 27 GHz (135–162 GHz). In the simulation, the 

 
Fig. 1. Schematic of the amplifier frequency doubler chain (AFDC) proposed in this work.

 
Fig. 2. Simulated S-parameters of the driver amplifier.
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DA yields a saturated output power of 10.5 dBm.  

To enable the measurement of the DA with the differential 

architecture at this frequency, a coupled-line-based Marchand 

balun was inserted at the input as well as at the output. The 

optimum line width and spacing were selected to guarantee the 

operation bandwidth wide enough to fully contain the DA 

bandwidth. Fig. 3 shows the S-parameter simulation results with 

full-EM simulation. It indicates an insertion loss lower than 

1.6 dB and a phase imbalance smaller than 7.5° within the full 

operation bandwidth of the DA. The layout of the balun is also 

included in Fig. 3 as an inset. 

 

2. 300-GHz Frequency Doubler 

For frequency doublers, the balanced structure is widely 

employed in favor of the high conversion gain as well as the 

effective odd-harmonic suppression [8]. In addition, assuming a 

sufficient input power with a common-emitter structure, a class-

B type doubler with a low base bias can boost the output power 

and DC-to-RF efficiency [9]. As an effort to better visualize the 

effect of the base bias VB_FD on the output power and bandwidth, 

a simulation was carried out with VB_FD variation of 0.4 V to 0.7 

V. The results are provided in Fig. 4. Note that the cases with 

VB_FD > 0.7 V are excluded from the simulation as they exceed 

the turn-on voltage of the transistor. Fig. 4(a) presents the 

simulated output power with the input power varied up to 10 

dBm with various bias points, while the input frequency is fixed 

at 150 GHz. For each bias point, the input was matched to the 

differential 100 Ω and the output was matched to the load-pull 

point, so that the maximum output power was achieved for each 

case. Fig. 4(a) indicates that the output power tends to increase 

with increasing bias voltage at the lower input power regime. 

However, with a sufficient input power above 5 dBm, the trend 

reverses and a slightly higher output power is achieved with a 

lower base bias voltage. This is consistent with the expectation 

for class-B operation as mentioned earlier. The output power is 

plotted against the input frequency in Fig. 4(b). The input and 

output matchings are fixed at 150 GHz with 5 dBm input power. 

Since the input matching is achieved at a single frequency point 

of 150 GHz, the input power applied to the transistors decreases 

as the frequency deviates from 150 GHz on both sides. Therefore, 

as VB_FD increases from 0.4 V to 0.7 V, the bandwidth increases 

since the reduction of the output power with decreasing input 

power level is slower for higher VB_FD, as indicated by Fig. 4(a). 

Table 1 summarizes the peak output power and the 3-dB 

bandwidth with VB_FD variation. In this design, VB_FD of 0.6 V is 

selected as the optimum point between the maximum output 

power and bandwidth.  

The schematic of the FD employed in this work is shown on 

the right side of Fig. 1. For the common-emitter pair composed 

of Q1 and Q2, a device size of AE = 4 × (0.07 × 0.9 μm2) was 

selected, which is around the dimension that showed the largest 

2nd harmonic current. Similar to the DA input scheme, TL3, 

TL4, C4, and R4 serve to provide the differential 100 Ω impedance 

matching. The output load-pull matching was obtained using 

TL5-8 and C5. Also note that a triangle-shaped radial stub with a 

 
Fig. 3. Simulated insertion loss and phase imbalances for the coupled-

line based Marchand balun. Also shown is the layout (inset).

 
(a) 

 
(b) 

Fig. 4. Simulated output power of the frequency doubler (FD) with

selected bias points plotted against (a) the input power at a 

150-GHz input frequency and (b) the frequency at 5 dBm 

input power.
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high Q-factor at 300 GHz is used for the first bypass capacitor 

[10]. Based on this design, the FD shows a maximum output 

power of 0.4 dBm at an input signal of 150 GHz with 8 dBm 

by simulation.  

To verify the operation of the integrated AFDC, a simulation 

on the entire circuit composed of the input balun, DA, and FD 

was carried out. The simulation results will be described in the 

next section together with the measurement results for a better 

comparison. 

III. EXPERIMENTAL RESULTS 

The designed AFDC was fabricated in IHP 130-nm SiGe 

BiCMOS technology with fT /fmax = 300 GHz/500 GHz [11]. 

The chip size is 1060 μm × 550 μm and 720 μm × 310 μm 

with and without probing pads, respectively. The chip photo is 

shown in Fig. 5(a). In addition, separate circuits of DA and FD 

were also fabricated to characterize their individual performances. 

Their chip photos are presented in Fig. 5(b) and 5(c).  
Fig. 6 shows the setup for measuring the output power of the 

fabricated circuits. The input signal is provided by a VDI WR6.5 

(110–170 GHz) signal source module, which multiplies (×12) 

the signal from an Agilent E8257C signal generator. The out-

put power was measured with a VDI PM5 power meter through 

GGB WR3.4 and WR6.5 waveguide probes, depending on the 

signal frequency range. It is noted that an input loss of 2.5 dB 

from the WR6.5 probe was compensated for in the presented 

data. The loss from the input balun was not subtracted, consid-

ering it as a part of the circuit. As for the output loss, all the 

losses that arise from the output probe (WR3.4 for FD and 

AFDC, WR6.5 for DA) and the waveguide transition taper 

(WR3.4 and WR6.5 to WR10 for FD/AFDC and DA, re-

spectively) were compensated for in the measured results. The 

loss was around 4 dB for the WR3.4 probe and below 0.5 dB 

for the tapers. 

The measured output power of the individual DA is shown 

in Fig. 7, which also includes simulation results for comparison. 

Baluns were included at both the input and output of the DA to 

allow single-ended measurements. Since the output balun is not 

integrated in the AFDC, the data without the balun loss (esti-

mated from the simulation) are included together with the as-

measured data in the plots. The input balun loss was not sub-

tracted, as it is a part of the integrated AFDC, as mentioned 

earlier. As shown in Fig. 7(a), the output power was measured 

across the input frequency range of 130–170 GHz with a fixed 

input power of 0 dBm. The peak output power was 7.7 dBm (9 

dBm without output balun loss) at 142 GHz and 7.3 dBm (8.6 

dBm without output balun loss) at the center frequency 146 

GHz. The results for the large signal characteristic at 146 GHz 

are as shown in Fig. 7(b), indicating a saturated output power of 

9 dBm (10.3 dBm without output balun loss). These results 

were all obtained at VB1_DA = 0.9 V, VB2_DA = 2.2 V, VCC = 4 V, 

ICC = 14 mA. 

Next, the measurement results of the individual FD are pre-

sented. The measured output power over the output frequency 

range of 260–340 GHz (input frequency range of 130–170 

Table 1. Simulated performance of the frequency doubler

 Peak Pout (dBm) 3-dB BW (GHz)

VB_FD = 0.4 V 3.08 138–164 (26)

VB_FD = 0.5 V 3.30 131–162 (31)

VB_FD = 0.6 V 3.04 124–162 (38)

VB_FD = 0.7 V 2.20 116–163 (47)

 

 

Fig. 6. Setup for the output power measurement. Output probing 

is based on: a WR3.4 probe for FD, WR6.5 probe for DA, 

and fundamental-mode leakage measurement of FD.

(a) 

 
 

(b) (c) 

Fig. 5. Chip photo of the fabricated circuits: (a) amplifier frequency 

doubler chain, (b) driver amplifier (DA), and (c) frequency 

doubler (FD). 
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GHz) is shown in Fig. 8(a) with three input power levels of 4, 6, 

and 8 dBm. It is noted that for certain frequency ranges, an 

input power level of 8 dBm was not available with the WR6.5 

source module used as the input signal source due to the fre-

quency-dependent maximum output power limit. Hence, on 

the curve corresponding to the 8-dBm input power in Fig. 8(a), 

some data points are absent. The measurement shows a peak 

output power of -3.6 dBm at 292 GHz. The 3-dB bandwidth 

is measured to be 34 GHz (290–324 GHz) with 8 dBm input 

power (it could be larger if 8-dBm input power were available 

for frequency points near the upper boundary of the bandwidth). 

The results for the large signal characteristic at 296 GHz are as 

shown in Fig. 8(b), indicating a maximum output power meas-

ured as -2 dBm. It is observed in the plot that when the input 

power rises from 8 to 9 dBm, the output power showed a rather 

rapid increase from -5.8 to -2 dBm. Such a boost was observed 

consistently, even for the AFDC measurement to be discussed 

later. Hence, it is believed to be a true response of the FD and 

part of its large signal characteristic. It is noted that an input 

balun was inserted at the input of the FD, as was the case for 

the DA, and the loss from the balun is not compensated for in 

the data presented in Fig. 8. Hence, the actual input power 

arriving at the physical front-end of the FD (after the input balun) 

will be slightly smaller (estimated to be 1.6 dB from the simula-

tion) than what is shown in the figure. The bias conditions for the 

measurement were VB_FD = 0.66 V, VCC = 2 V, ICC = 14 mA. 

Finally, the measurement results of AFDC are discussed 

based on the data presented in Fig. 9. For these data, the same 

optimized bias conditions used for the individual circuit meas-

urement were applied. Fig. 9(a) shows the output power meas-

ured over the frequency range of 260–340 GHz with 0 dBm 

input power. The maximum measured output power was -0.9 

dBm at 296 GHz, and the 3-dB bandwidth was 44 GHz (284–

328 GHz). Also shown in Fig. 9(a) is the leakage power to the 

fundamental mode (f0), which was measured through a WR6.5  

    
(a) 

 
(b) 

Fig. 7. Measured and simulated output power of driver amplifier 

against (a) the input frequency at 0 dBm input power and 

(b) the input power at 146 GHz input frequency. The re-

sults without the balun loss (estimated from the simulation) 

are also presented. 

 

   
(a) 

 
(b) 

Fig. 8. Measured and simulated output power of frequency doubler 

against (a) output frequency at selected input power level of 

4/6/8 dBm (for the curve with 8-dBm input power, data 

points are missing for some frequency ranges due to the 

limited input power of the signal source) and (b) input pow-

er at 148 GHz input frequency. 
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(a) 

 
(b) 

Fig. 9. Measurement results of the AFDC: (a) output power and 

fundamental-mode (f0) leakage versus frequency and (b) 

output power and conversion gain versus input power at 148 

GHz. 

probe at the same output node. The result shows a suppression 

ratio of more than 8.3 dBc across the entire frequency range 

measured. When compared to the simulation, the measurement 

exhibits a slightly lower output power and higher fundamental-

mode leakage, which may be ascribed to the phase and gain 

imbalance of the actual circuit, including the input balun. In Fig. 

9(b), the output power measured with the input power swept up 

to 9 dBm with a fixed output frequency of 296 GHz is presented. 

It shows a maximum output power and conversion gain of -0.4 

dBm and -0.1 dB, respectively. One may observe a substantial 

increase in the output power when the input power increases 

from -1 to 0 dBm. This point roughly coincides with the input 

power at the FD front-end of around 8–9 dBm, indicating that 

it arises from the same cause observed with the individual FD 

circuit. The total DC power consumption was 84 mW at 300 

GHz with Pin = 0 dBm, leading to a maximum DC-to-RF 

efficiency of 0.97%. Table 2 compares the performance of the 

AFDC developed in this work with the recently reported fre-

quency multiplier-based signal sources in SiGe BiCMOS tech-

nology operating above 200 GHz [7–9, 12, 13]. The AFDC in 

this work shows the widest 3-dB bandwidth and one of the 

highest DC-to-RF efficiency values. 

IV. CONCLUSION 

A WR3.4 AFDC, which comprises a 284–328 GHz FD 

integrated with a DA, has been successfully developed based on 

130-nm SiGe BiCMOS technology. The integrated circuit 

exhibited an output power of -0.9 dBm at 296 GHz and a 3-dB 

bandwidth of 44 GHz. Separate circuits for the individual FD 

and DA were also fabricated and characterized. The developed 

Table 2. Comparison of frequency multiplier based sources in SiGe BiCMOS operating over 200 GHz 

 Shopov et al. [8] Oejefors et al. [9] Sarmah et al. [12] Schmalz et al. [13] Eissa et al. [7] This work

Technology 55-nm SiGe 

BiCMOS

130-nm SiGe 

BiCMOS

130-nm SiGe 

BiCMOS

130-nm SiGe 

BiCMOS

130-nm SiGe 

BiCMOS 

130-nm SiGe 

BiCMOS

fT /fmax (GHz) 330/350 250/380 300/450 300/450 300/500 300/500

Circuit VCO + amplifier 

+ doubler (×2) 

Amplifier  

+ doubler (×2)

Multiplier (×16) 

+ amplifier

VCO + amplifier 

+ doubler (×2)

Multiplier (×8)  

+ amplifier 

Amplifier  

+ doubler (×2)

Center frequency (GHz) 247.5 318 250 245 255 296

3-dB BW (GHz) 27 20 30 22 40 44

Peak Pout (dBm) 7.2 -1 2.5 2 0 -0.9

PDC (mW) 386 424 700 290 430 84

DC-to-RF efficiency (%) 1.30 0.19 0.14 0.54 0.40 0.97

Area (mm2) NA 0.516 0.98 0.32 0.98 0.223

NA = not applicable. 
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AFDC is expected to be well suited for various applications that 

require high power and wideband near 300 GHz. 
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I. INTRODUCTION 

The dielectric constant reflects the polarity and molecular 

structure-dependent electrical properties of a material [1]. 

Measuring the dielectric constant non-invasively is useful for 

determining the type and composition of materials without de-

stroying or damaging the target sample [2]. In various industrial 

applications, the measurement is presented as a relative dielectric 

constant after calibration with standard materials. Because the 

dielectric constant of a mixture or compound can vary with the 

uniformity and anisotropy of the materials, the measurement 

results for even a homogeneous material can be sensitively 

changed by environmental factors such as the humidity, tempera-

ture, and measurement frequency [3−5]. 

Non-invasive dielectric constant measurement methods, 

based on monitoring the characteristic variations generated as 

electromagnetic (EM) wave signals, are reflected at or transmit-

ted through the target sample [6]. Measurement methods can 

be classified into two groups: (1) methods that detect the shift 

of a specific resonant frequency (resonant methods) and (2) 

methods that monitor the changes in the EM wave characteris-

tics over a wide frequency band (non-resonant methods). Non-

resonant methods can measure the relative dielectric constant of 

various materials without considering the frequency selectivity 

and response of the target sample, but the detection sensitivity is 

relatively low and the performance is limited by the model that 

converts the measured data into the dielectric constant [7−9]. 

Resonant methods can achieve high sensitivity and selectivity in 

determining the dielectric constant of a target sample located 

around the resonator [10]. The resonator in these methods 

should have a high quality-factor (Q-factor) so that the reso-

nant frequency can be sensitively changed by the EM field  
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distribution around the resonator. A planar-type resonator im-

plemented using microstrip transmission lines has numerous 

advantages, such as low-cost manufacture, easy implementation, 

and real-time measurement [11]. Most resonant structures are 

based on the split-ring resonator (SRR), which makes use of the 

resonance between two concentric circles with the same center 

and different radii [12]. Using a complementary split-ring reso-

nator (CSRR) consisting of a ground plane with the SRR pat-

tern and a signal transmission line coupled with the patterned 

plane can increase the sensitivity of the dielectric constant 

measurement [13−16]. However, the physical dimensions and 

types of the target samples are limited because the sample 

should be located only on the resonance pattern. 

In this paper, we propose a double split-ring resonator (DSRR) 

structure that can measure the dielectric constants of both solid 

and liquid samples with high sensitivity using only a single 

structure. A high Q-factor is achieved in the proposed resonator, 

which consists of two asymmetrical rectangular split-rings that 

generate a single resonant frequency in the 2.45 GHz band. The 

dielectric constants of six solid reference samples with different 

dielectric constants were calculated from the resonant frequency 

shift by using a quadratic equation to model the resonant shift. 

To measure liquids, the proposed resonator monitors the chang-

es in the dielectric constant depending on the ethanol concen-

tration using a quadratic equation that has the same formula but 

different parameters from the equation for solid samples. The 

measurement results show that the proposed resonator can 

measure the dielectric constants of both solid and liquid samples 

with high sensitivity and low error over a wide range of dielec-

tric constants. Section II presents the design and implementa-

tion, including the EM simulation results of the proposed reso-

nator in the 2.45 GHz band. Section III presents the measure-

ment results for the dielectric constants of the solid and liquid 

samples based on the numerical model equations, and the sensi-

tivity and errors in the measurements using the proposed reso-

nator are discussed. Section IV presents the conclusions. 

II. DESIGN AND IMPLEMENTATION OF THE  

PROPOSED RESONATOR 

1. DSRR Design 
A conventional SRR consists of two equally spaced concentric 

metal rings and can be modeled simply by an equivalent parallel 

LC resonator circuit [17]. The dielectric constant of the materi-

al under test (MUT) is indirectly measured from the shift in the 

resonant frequency due to the capacitance change ΔC caused by 

the effective dielectric constant of the MUT located around the 

SRR. A resonator structure that increases ΔC or the effect of 

the effective dielectric constant on ΔC by the MUT is necessary 

for increasing the sensitivity of the dielectric constant measure-

ment. A resonator that simply increases ΔC is not effective in 

increasing the ratio of the resonant frequency shift because the 

intrinsic capacitance increases simultaneously with ΔC in the 

resonator structure. 

We increase ΔC and decrease the intrinsic inductance so that 

the frequency shift due to ΔC is increased. Fig. 1 shows the 

proposed DSRR. The proposed resonator consists of two con-

centric rectangular rings with asymmetric splits. The capaci-

tance of the resonator is increased by using a small spacing of 

0.2 mm between two rings, which is the minimum spacing that 

can be realized uniformly in the PCB fabrication process. The 

asymmetric splits of the two rings decrease the intrinsic induct-

ance due to magnetic coupling without dramatically reducing 

the capacitance by separating the current path. The design pa-

rameter 𝐺  in Fig. 1 is important for determining the resonant 

frequency of the DSRR. The 𝐺  and the resonant frequency 

are proportional, as shown in Fig. 2, because the equivalent ca-

pacitance and inductance of the DSRR simultaneously decrease 

as the 𝐺  increases.  

 
Fig. 1. Layout design of the proposed DSRR. Block-box inset: 

physical dimensions of the design. 

 

 
Fig. 2. Simulated resonant frequency of the DSRR, depending on 

the design parameter 𝐺 . 
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The Q-factor of the proposed resonator is improved by the 

increase in the resonant frequency resulting from the reduction 

of the intrinsic inductance and the decrease in the resistivity loss 

due to the removal of the metal line. 

 

2. Implementation of the Proposed DSRR 
Fig. 3 shows a photograph of the proposed resonator fabricated 

on a 1-mm thick FR4 PCB. The proposed resonator is de-

signed to have long feedlines located in one direction for meas-

uring solid MUTs of various sizes and for allowing the entire 

resonator to be immersed in the liquid under test (LUT). The 

total size of the fabricated resonator with the port is 63.2 mm in 

the horizontal direction and 98.6 mm in the vertical direction. 
Fig. 4 shows the simulation and measurement results of the 

proposed DSRR. The measurement results for the resonant 

characteristics in the 2.45 GHz frequency band agree well with 

the EM simulation results obtained from the Keysight Advanced 

Design System software. The bare DSRR without any MUT 

load has a resonant frequency 𝑓  of 2.42 GHz, a notch depth 

of -19.2 dB, and a Q-factor of 129. The smaller resonant fre-

quency and larger Q-factor in the measurement compared to the 

simulation results are due to the smaller metal spacing and the 

surface resistance of the gold plating in the fabricated resonator. 

III. DIELECTRIC CONSTANT MEASUREMENTS 

1. Measurement of Solid MUTs 
The dielectric constants of the six solid MUTs used in the 

experiment were measured using certified equipment from the 

Electromagnetic Wave Technology Institute (EMTI). The 

MUTs were prepared with the same physical size (25 mm × 

25 mm × 3 mm in width × length × height) as the size of 

the resonant core in the proposed DSRR to minimize the 

measurement errors of the dielectric constants due to the size 

differences. Table 1 lists the six solid MUTs and their measured 

dielectric constants. 

The resonant frequency of the MUT on the proposed reso-

nator was determined by measuring the reflection coefficient at 

one port. The other port of the resonator was terminated by the 

reference impedance of 50 Ω. The one-port S-parameter meas-

urement was performed from 1 GHz to 3 GHz using a vector 

network analyzer (VNA). Fig. 5 shows the experimental setup 

using the proposed DSRR to measure the dielectric constant of 

 

Fig. 3. Photograph of the proposed DSRR. 

 

 

Fig. 4. Simulated and measured reflection coefficients of the pro-

posed DSRR.  

Table 1. Measured dielectric constants of six solid MUTs in a 2.45 

GHz frequency band using certified equipment at EMTI 𝜺𝒓
Teflon 2.00

Resin 3.88

Epoxy glass 4.60

Urethane 3.24

FR4 4.07

Ceramic 5.65

 

 

Fig. 5. Experimental setup using the proposed DSRR to measure 

the dielectric constant of solid MUTs. 
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solid MUTs. 

The measurement results of the reflection coefficient in Fig. 6 

show that the resonant frequency and the Q-factor vary de-

pending on the MUT. Owing to the dielectric constant of the 

MUT, the resonant frequency decreases as the capacitance 

increases. The magnitude of the frequency shift is proportional 

to the increase in the dielectric constant. The resonant frequen-

cies of the DSRR were measured to be 2.35 GHz in Teflon, 

2.29 GHz in urethane, 2.23 GHz in resin, 2.21 GHz in FR4, 

2.19 GHz in epoxy glass, and 2.14 GHz in ceramic. The ce-

ramic and urethane MUTs resulted in remarkable decreases in 

the Q-factor compared to the other MUTs. Fig. 7 shows the 

correlation between the resonant frequency shifts in the pro-

posed DSRR and the dielectric constants measured using the 

certified equipment. 

A numerical analysis was performed to accurately obtain the 

correlation between the resonant frequency and the dielectric 

constant using the measured data shown in Fig. 7. The numeri-

cal model for the correlation can be expressed by the following 

quadratic polynomial equation: 
 𝜀 _  5.49 ∙ 𝑓 41.33 ∙ 𝑓 68.88       (1) 
 

where 𝜀 _  is the dielectric constant of the solid MUT and 𝑓  is the resonant frequency variance due to the solid MUT. 

The calculated r 
2 of Eq. (1), which represents the agreement 

between the given data and the model equation, is 0.9941, indi-

cating a high correlation between the resonant frequency of the 

proposed DSRR and the dielectric constant.  

The measurement of the dielectric constant using the pro-

posed DSRR and Eq. (1) was validated with two solid MUTs 

(silicon and rubber) that were not used in the numerical analysis. 

The dielectric constants measured by the certified equipment 

and those calculated from the resonant frequencies of the pro-

posed DSRR using Eq. (1) are listed in Table 2. The results 

show that the dielectric constants can be measured with similar 

errors using the proposed DSRR and Eq. (1), despite the die-

lectric constants of the MUTs falling outside the range of data 

used in the numerical modeling. The calculated dielectric con-

stants are lower than the measured ones because of the voids 

between the MUTs and the resonator caused by the non-

uniformity of the MUT sample surfaces and the resonator. The 

error rate (ERR) in Table 2, which indicates the percentage 

difference between the measured and calculated dielectric con-

stants in percentage, is calculated as 
 

 𝐸𝑅𝑅  _ __ 100,             (2) 
 

where 𝜀 _  is the dielectric constant measured using the 

certified equipment, and 𝜀 _  is the calculated dielectric con-

stant obtained from the DSRR and Eq. (1). The detection sen-

sitivity 𝑆  is used as a quantitative performance index for the 

dielectric constant measurement by resonators operating at the 

different frequencies and is given by 
 𝑆 ∑  _ ,             (3) 
 

where 𝑓  is the resonant frequency of the resonator with the i-

th MUT and 𝜀 _  is the dielectric constant of the i-th 

MUT measured using the certified equipment. The 𝑆  of the 

proposed DSRR obtained from the eight MUTs is 2.58%. 

 

2. Measurement of Liquid Samples 

The proposed resonator can be used to measure the dielectric 

 

Fig. 6. Reflection coefficients measured by the proposed DSRR for 

various loaded MUTs. 

 

 

Fig. 7. Correlation between measured resonant frequencies and 

certified dielectric constants for various MUTs. 

Table 2. Measured and calculated dielectric constants of silicon and 

rubber 

Measured 𝜀  Calculated 𝜀 ERR (%)

Silicon 3.38 3.18 5.92

Rubber 6.75 6.29 6.81
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constants of LUTs because of its long input feeding line, as 

shown in Fig. 8. The resonant core is completely immersed in 

the liquid, and the feeding line is connected to the VNA outside 

the liquid. The same volume of 1 L was used for all the LUTs 

because a 1 L beaker was large enough for the resonator to be 

sufficiently immersed in the liquids. As in the measurement of 

solid MUTs, one input port was used to measure the reflection 

coefficient to determine the resonant frequency, and the other 

port was terminated with a 50 Ω reference impedance. 

Each LUT sample for the dielectric constant measurement 

was prepared as an ethanol aqueous solution. The dependence 

of the dielectric properties of ethanol solutions on the ethanol 

concentration in several GHz frequency bands has been well 

studied. The reference based on the data presented in [18] is 

shown in Fig. 9. Aqueous solutions with ethanol concentrations 

between 20% and 80% at intervals of 20% for the numerical 

modeling were prepared by mixing 99.9% ethanol solution with 

deionized water. As shown in Fig. 10, the resonant frequencies 

of the DSRR interacting with the 20%, 40%, 60%, and 80% 

ethanol solutions were measured to be 2.13 GHz, 2.18 GHz, 

2.53 GHz, and 2.98 GHz, respectively. The results show that 

the dielectric constant of deionized water is the dominant factor 

in determining the resonant frequency of the ethanol solution. 

The numerical model for the correlation between the reso-

nant frequency and dielectric constant of the LUTs is expressed 

by the quadratic polynomial equation 
 𝜀 _  31.12 ∙ 𝑓 234.51 ∙ 𝑓 393.46,     (4) 
 

where 𝜀 _  is the dielectric constant of the LUTs. The r 
2 

of Eq. (4) is 0.9463, which indicates that the modeling equation 

has good agreement with the given data. The dielectric con-

stants of both solids and liquids can be determined using the 

same modeling formula based on the resonant frequency of the 

proposed DSRR, but the optimum coefficients of each sample 

type are required in the modeling equation to obtain accurate 

measurement results because of the large differences between 

the range of dielectric constants in the MUTs and LUTs. 

Aqueous solutions of 30%, 50%, and 70% ethanol were used 

to validate the measurement method using the proposed DSRR 

and Eq. (4). Table 3 shows the measured dielectric constants in 

[18], the dielectric constants calculated by the proposed method, 

and the ERRs. The detection sensitivity 𝑆  of the proposed 

DSRR for liquids obtained from the seven LUTs is 0.3%. 

 

3. Comparison of Dielectric Constant Measurement Methods 

using Planar-Type Resonators 

Table 4 shows a comparison of the dielectric constant meas-

urements reported in previous studies using planar-type resona-

 

Fig. 8. Experimental setup using the proposed DSRR to measure 

the dielectric constant of LUTs with different concentra-

tions of ethanol diluted with deionized water. 

 

 

Fig. 9. The dielectric constant measurement data for various ethanol 

concentrations presented in [18]. 

 

Fig. 10. Reflection coefficients measured by the proposed DSRR 

for LUTs with different ethanol concentrations. 

Table 3. Measured and calculated dielectric constants of ethanol 

aqueous solutions 

Concentration Measured 𝜀  Calculated 𝜀 ERR (%)

30 61 59.66 2.20

50 47 48.69 −3.60

70 31.5 30.88 1.97
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tors with those using the proposed resonator. Despite having a 

long-feeding line at the input port, the proposed DSRR can 

measure a wider range of dielectric constants in solid MUTs 

with a similar 𝑆  as the results of previous studies using SRRs. 

In addition, the proposed method can measure the dielectric 

constant in LUTs using the same resonator and modeling for-

mula with a relatively low ERR compared to previous works. 

The low 𝑆  for the dielectric constants of the LUTs in the 

proposed method can be attributed to its wide measurement 

range. The reason for the lower 𝑆  of the LUTs compared to 

that of the MUTs is that the dielectric constant-dependent 

resonant frequency shifts are relatively small in liquids [12].  

The proposed method using the DSRR shows a lower 𝑆  and higher ERR compared to the results of previous studies 

using CSRRs, in which the capacitance of the CSRRs is the 

dominant factor in determining the resonant characteristics. 

However, measurement methods using CSRRs face the limita-

tion that a microfluidic channel must be formed over the resona-

tor to measure the dielectric constant of a LUT. The proposed 

method has the advantage that the size of the MUT or the vol-

ume of the LUT can be disregarded by placing the MUT on 

the resonant core or by immersing the resonator inside the LUT. 

IV. CONCLUSION 

A DSRR in the 2.45 GHz band is proposed effectively to 

distinguish and detect dielectric constants in solids and liquids. 

The two asymmetric splits of the proposed resonator are useful 

for designing resonant frequencies that can converge to a single 

frequency to increase the Q-factor. The dielectric constants of 

solids and liquids are obtained using quadratic polynomial 

equations numerically modeled with the relationship between 

the dielectric constant and the resonant frequency. The same 

formula for the polynomial is used for both solids and liquids, 

but the coefficients of the polynomials are different because the 

dielectric constant ranges of the reference materials are quite 

different, and the coefficients are obtained from numerical 

modeling. The dielectric constants of silicon and rubber meas-

ured using the equation obtained from the resonant frequency 

shifts of six solid materials are 3.18 and 6.29, respectively, com-

pared to the reference values obtained by certified equipment, 

which are 3.38 and 6.75, respectively. The equation obtained 

from the resonant frequency shifts of four samples with different 

mixing ratios of deionized water and pure ethanol can reflect the 

dielectric constant for any mixing ratio, with an average error of 

2.59%. Sensitivity, defined as the normalized frequency change 

depending on the dielectric constant, was shown to be 2.58% in 

solids and 0.30% in liquids. The findings show that the pro-

posed resonator can be used to measure the dielectric constants 

of both solid and liquid samples over the widest dielectric con-

stant range. 
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I. INTRODUCTION 

Frequency modulated continuous wave (FMCW) radar is a 

device that can calculate distances to targets even in snowy or 

rainy environments [1]. For a distance measurement, the 

FMCW radar transmitter transmits a linear frequency modula-

tion (LFM) signal and receives the signal reflected from the 

target. The analog-to-digital converter (ADC) is required for 

the FMCW radar receiver to extract the range information by 

firstly multiplying the incoming signal with the transmitted 

signal at the mixer and then applying the fast Fourier transform 

(FFT) to the mixer output signal, and then finally passing the 

low pass filter before the ADC input is produced. Recently, 

FMCW radars have been utilized in Internet of Things (IOT) 

applications, such as vital sign detection and wireless fingerprint 

identification. Thus, ADCs for FMCW radar also require low 

power consumption and a small area. Successive approximation 

register (SAR) ADCs show disadvantages with respect to power 

consumption and layout area in proportion to the resolution of 

ADC [2]. Vcm (common mode voltage) based switching ap-

proach determines the sign of the differential input by connect-

ing differential arrays to Vcm and reduces switching energy by 

87.5% compared with the conventional configuration [3]. 

In this work, the additional voltage sources of Vref/4, 3Vref/4 

were employed to improve power consumption by 98.44% and 

reduce capacitive digital-to-analog converter (CDAC) area by 

75% compared with the conventional configuration. Additionally, 

in ADCs for FMCW radar, the frequency and voltage entering  
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the input vary depending on the distance to the target. There-

fore, an ADC without common mode voltage variation of 

CDAC is required to avoid decision error originating from the 

dynamic offset of the comparator. Higher-side reset-and-set 

(HSRS) reduces switching energy usage by 92.2% compared 

with the conventional scheme but has common mode voltage 

variation at the second cycle [4]. Vaq (the quarter of the reference 

voltage)-based tri-level achieves 96.48% less switching energy 

usage than conventional configuration based on a new third 

reference voltage Vaq which is a quarter of the reference voltage 

[5]. However, this configuration also shows a common mode 

voltage variation. In the proposed switching scheme, the com-

mon mode voltage is always constant during SAR operation. In 

terms of preventing dynamic offset, ADC using the proposed 

method is suitable for FMCW radar applications. 

Section II introduces the proposed architecture of this work 

and explains the operating principle. In Section III, the switch-

ing energy for the proposed architecture is calculated and com-

pared with circuits from previously published works. Section IV 

presents the implementation of key building blocks and simula-

tion results. Generally, as shown in the AFE5401-Q1 data sheet 

provided by Texas Instruments, ADC for radars is applied with 

equalizer filters to eliminate the effect of leaked transmitted 

signals to the receiver. The proposed ADC is designed for trans-

ceivers with a DC offset cancellation circuit. Therefore, equalizer 

filters are not included in the design. In Section V, the conclu-

sion is given. 

II. ARCHITECTURE & CIRCUIT DESCRIPTION 

In Fig. 1, the structure of the proposed SAR ADC is shown. 

Differential input signals are applied to the top plate of the 

capacitor array, and reference voltages are applied to the bottom 

plate of the capacitor array. The block of the SAR logic selects 

the switches (S1–Sn-1) of the capacitor arrays, while generating 

each voltage of the bottom plates. The voltage at the bottom 

plate of each array determines the voltage of the top plate 

entering the input of the comparator during the next step. This  

 

 

Fig. 1. The proposed n-bit SAR ADC structure. 

process is repeated until the final code is obtained. 

Fig. 2 shows the flow chart of the working principle for the 

proposed N-bit SAR ADC. First, differential signals are sam-

pled, and the sampled differential signal is applied to the input 

of the comparator. The comparator then decides which input 

shows a higher voltage. If the positive input terminal shows a 

higher voltage, the output of the comparator goes to the logic 

state "1". The voltage of the positive input terminal of the com-

parator then decreases by Vref/22, while that of the negative in-

put terminal increases by Vref/22. If the negative input terminal 

shows greater voltage, the output of the comparator goes to the 

logic state "0". The voltage of the positive input of the compara-

tor then increases by Vref/22, while that of the negative input 

decreases by Vref/22. Similarly, the second bit is determined in 

the next comparison. The inputs of the comparator are in-

creased or decreased by Vref/23. This process is repeated until the 

Nth bit is determined. 

Fig. 3(a) and 3(b) show the voltage change in the top plate 

voltage of the capacitor array when the output of the compara-

tor is determined to be 1,1,1,0, and 1 in order from MSB (most 

significant bit) in the case of the HSRS scheme and the pro-

posed configuration. In both cases, the corresponding bits are 

determined according to the results of the comparator. In Fig. 

3(a), the common mode level of DAC is decreased by Vref/4 in 

the second phase because the negative input of comparator does 

not change in the first phase, while the positive input is de-

creased by Vref/2. This variation in the common voltage gener-

ates unwanted dynamic offset and degrades the linearity of SAR 

ADC. On the other hand, in Fig. 3(b), the negative input of the 

comparator changes in the opposite direction while the positive 

input of the comparator changes in every phase. This means 

Fig. 2. Flowchart of working principle for the proposed SAR ADC.
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that the common mode voltage (Vcm) of the comparator input 

remains constant in the proposed scheme. Therefore, the pro-

posed switching scheme minimizes the dynamic offset that 

eventually degrades the linearity of the SAR ADC. 

Fig. 4 illustrates the proposed switching scheme, taking an 

example of a 5-bit SAR ADC. In Fig. 4(a), during the sampling 

phase, the voltage of Vref/2 is applied to the bottom plate of the 

capacitor array, and the differential inputs are sampled and held 

onto the top plates. In the MSB decision phase, the sampling 

switch is turned off after the voltage of the bottom plate is set 

up. MSB is determined by the voltages of the sampled inputs. 

During the sampling and MSB decision phases, the value of the 

voltage source does not change, meaning that no energy is con-

sumed in these phases. If MSB is 1, the bottom plate of the 

capacitor array in the positive input is connected to Vref/4, and 

that of the capacitor array in the negative input is connected to 

3Vref/4. Because the bottom plate voltage of each array changes 

to the same value, the energy consumption becomes zero. The 

voltage of positive input of the comparator is reduced by Vref/4 

compared to the previous step, and that of the negative input is 

increased by Vref/4 compared to the previous step; therefore, the  

(a) 

 
(b) (c)

 
(d) (e)

  
(f) 

(g) 

Fig. 4. A 5-bit decision example of the proposed SAR ADC: (a) 

sampling phase, MSB decision phase, and MSB-1 decision 

phase, (b) MSB-2 decision phase (when B1B2 = 11), (c) 

MSB-2 decision phase (when B1B2 = 10), (d) MSB-2 decision 

phase (when B1B2 = 01), (e) MSB-2 decision phase (when 

B1B2 = 00), (f) MSB-3 and MSB-4 decision phase (when 

B1B2B3 = 111), and (g) MSB-3 and MSB-4 decision phase 

(when B1B2B3 = 110). 

 
(a) 

 
(b) 

Fig. 3. Waveform of top plate for capacitor array: (a) higher-side 

reset-and-set ADC, (b) the proposed ADC. 
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MSB-1 bit is determined by this comparison. 

If MSB is 0, the bottom plate of the positive input capacitor 

array is connected to 3Vref/4, and that of the negative input 

capacitor array is connected to Vref/4. Because the bottom plate 

voltage of each array changes to the same value, the energy con-

sumption also become zero, and the voltage of the positive input 

of the comparator increases by Vref/4 from the previous step, 

while that of the negative input decreases by Vref/4 from the 

previous step, and the MSB-1 bit is determined by the result. 

Four types of decision on MSB and MSB-1 in Fig. 4(a) are 

explained in Fig. 4(b), (c), (d), and (e). In Fig. 4(b), the values of 

MSB and MSB-1 are 1 for both. The voltage of the bottom 

plate of the largest capacitor in the positive input is decreased by 

Vref/4. At the same time, the voltage of the bottom plate of the 

largest capacitor in the negative input is increased by Vref/4. In 

Fig. 4(c), the values of MSB and MSB-1 are 1 and 0, respec-

tively. The voltage of the largest capacitor in the positive input is 

increased by Vref/4. At the same time, the voltage of the largest 

capacitor in the negative input is decreased by Vref/4. In Fig. 4(d) 

and 4(e), the values of MSB to MSB-1 are 01 and 00 while the 

voltage of the bottom plate of the capacitor array changes in the 

same manner, respectively. 

Fig. 4(f) and 4(g) are examples of decisions when MSB to 

MSB-2 is 111 and 110. These figures show the decision mech-

anism of the lower bits in the same way. The remaining bits of 

the ADC are determined in a sequence of successive approxi-

mations. Fig. 4 also shows that the proposed switching scheme 

requires just 8-unit capacitors at each array for a 5-bit decision. 

For a 5-bit decision, the conventional switching scheme requires 

32-unit capacitors at each array. In the case of n-bit SAR ADC, 

conventional scheme requires 2n-unit capacitors at each array. 

But proposed scheme requires only 2n-2-unit capacitors at each 

array. It is meant that the area reduction in the capacitor array is 

achieved by 75% while keeping the same resolution. 

III. CALCULATION OF SWITCHING ENERGY 

Energy consumption at the ith capacitor Ci (i = 1,...,n) in the 

transition of (a) to (b) can be calculated as shown in Eq. (1) 

where VBOT(b)_i is voltage applied to bottom plate of the Ci at (b) 

state, ∆Qi is difference of charge at Ci and ∆Vi is difference of 

voltage at Ci during the transition. Thus, Eq. (2) can be induced 

from Eq. (1). 
 

( ) _ ( ) _ ( )i B O T b i i B O T b i i iE V Q V C V= × Δ = × × Δ
  (1) 

 

( ) _ ( ) _ ( ) _

( ) _ ( ) _

{( )
( )}

i i BOT b i BOT b i TOP b i

BOT a i TOP a i

E C V V V
V V

= × × −

− −        (2) 
 

For simple calculation, Eq. (2) is substituted to Eq. (3). 
 

( ) _ ( ) _ ( ) _

( ) _ ( ) _

{( )
( )}

i i BOT b i BOT b i BOT a i

TOP b i TOP a i

E C V V V
V V

= × × −

− −       (3) 
 

The total energy consumption in the transition of (a) to (b) 

can be expressed as in Eq. (4). 
 

1

i n

total i
i

E E
=

=

=
                     (4) 

 

In Fig. 4, the energy consumption of each transition is calcu-

lated using the Eq. (3) and Eq. (4). For example, in Fig. 4(f), 

when the comparator decision result is 1, the energy consump-

tion of capacitor array at the positive comparator’s input is 

shown in Eq. (5), where Ei is energy consumption at the ith large 

capacitor. 
 

 

, 1 2 3 4

210 0 0
128

total positive

ref

E E E E E

CV

= + + +

= + + +
         (5) 

 

The energy consumption in the negative input capacitor array 

is shown in Eq. (6). 
 

 

, 1 2 3 4

2 2 2 21 1 7 3
8 16 32 128

total negative

ref ref ref ref

E E E E E

CV CV CV CV

= + + +

= − − + −
   (6) 

 

Thus, as shown in Fig. 4(f), the total energy consumption of 

the positive and negative arrays is CV2
ref/64. 

Fig. 5(a) shows an example of CDAC switching from each 

phase of the SAR ADC to the next phase. CDAC operates to 

increase or decrease the top plate voltage of the capacitor array 

by Vref/2i according to the result of the comparator during the ith 

switching phase. Fig. 5(b) shows the ith switching step of the 

CDAC in the conventional method. In this case, the voltage 

applied to the bottom plate remains unchanged except for Ci-1, 

Ci. In the process of adding all the energy consumptions in the 

case that for 2i-1 in the ith switching step using Eq. (3), the energy 

consumption of the bottom plate without voltage change is can-

celed out and does not contribute to the result of the average 

energy consumption. Therefore, the average energy consump-

tion is expressed in Eq. (7) by using Eq. (3) for two cases where 

the bottom plate voltage changes in Ci-1 and Ci. 
 

, 1

1

[{ ( ) ( )}
2 2

{ ( ) ( )}] / 2
2 2

ref ref
avg ith i ref i ref refi i

ref ref
i ref ref i ref refi i

V V
E C V C V V

V V
C V V C V V

−

−

= − + −

− + +
  

(7) 
 

In the case of N-bit SAR ADC, the number of unit capaci-

tors required per array in the conventional method is 2N, which 
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can be represented by Ci = 2N-iC where C is the unit capacitance 

of CDAC. This can be used to represent Eq. (7) as shown in 

Eq. (8). 
 

1 2 2
, 2 (2 1)N i i

avg ith refE CV+ −= −           (8) 
 

Thus, the average switching energy for the N-bit SAR ADC 

using the conventional switching scheme can be derived as 

shown in Eq. (9). 

1-2 2
,

1
2 (2 -1)

N
N i i

avg conv ref
i

E CV+

=

=
       (9) 

 

Fig. 5(c) shows the ith switching step of the CDAC in the 

proposed method. In this case, the voltage applied to the bot-

tom plate remains unchanged except for Ci-2. Thus, as in the 

conventional method, the average energy consumption is de-

rived as in Eq. (10) considering two cases where the bottom 

plate voltage changes in Ci-2 using Eq. (3). 
 

, 2 2

2

[{ ( )} { ( )
4 2 2 4 2

( )}] / 2
2 4 2

ref ref ref ref ref
avg ith i ref ii i

ref ref ref
i i

V V V V V
E C V C

V V V
C

− −

−

= − + −

+ − +
 

(10)

 

 

For the N-bit SAR ADC, the number of unit capacitors re-

quired per array in the proposed method is 2N-2, which can be 

represented by Ci = 2N-i-2C, where C is the unit capacitance of 

CDAC. This can be used to represent Eq. (10) as Eq. (11). 
 

3 2 2 2
, 1 22 (2 1) ( , 0)N i i

avg ith ref st ndE CV E E− − −= − =    (11) 
 

Thus, the average switching energy for the N-bit SAR ADC 

using the proposed switching scheme can be derived as shown 

in Eq. (12). 
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Using Eq. (9) and Eq. (12), when the resolution is 10 bits, 

the conventional switching scheme consumes 1363.3CV2
ref 

energy on average, and the proposed switching technique con-

sumes 21.208CV2
ref energy on average. Therefore, for the 10-bit 

ADC, energy consumption can be reduced by 98.44%. 

Fig. 6 shows the switching energy consumed by the conven-

tional switching scheme, the Vcm-based method, and the pro-

posed switching scheme, respectively, when the resolution is 10 

bits. 

 
(a) 

 
(b) 

 
(c) 

Fig. 5. CDAC Switching step: (a) examples of common switching 

step for SAR ADCs, (b) ith switching step of the CDAC in 

the conventional method, and (c) ith switching step of the 

CDAC in the proposed method. 

 

 
Fig. 6. A 10-bit switching energy versus output code.
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In Table 1, the performance with various switching proce-

dures for 10-bit ADC is compared. The proposed switching 

scheme reduces switching energy consumption by about 98.44%. 

Also, the proposed switching method reduces the number of 

unit capacitors of the CDAC array to 1/4 of the conventional 

method. Capacitors of CDAC take up the dominant area for 

CDAC layout; therefore, the CDAC area is reduced by 75%. 

IV. CIRCUIT IMPLEMENTATION 

Fig. 7 shows the top-level architecture of the proposed 10-bit 

ADC. The input frequency of the clock generator is 260 MHz, 

and the ADC operates at a sampling rate of 20 MS/s. The fun-

damental building block of the proposed ADC consists of a 

track-and-hold (T/H) circuit, a dynamic comparator, SAR control 

logic, and CDAC. 

In a simple N-MOS T/H circuit, Ron of N-MOS shows ap-

proximately [μnCox(W/L)(VDD-Vin-VTH)]-1, so the input range 

is limited as Vin approaches VDD-VTH. To improve on this, a 

complementary switching scheme is employed as the T/H 

circuit. 

The designed ADC applied the dynamic comparator [6]. By 

using positive feedback, the comparator output operates in such 

a way that one side is determined to be VDD and the other to 

be zero.  
Fig. 8 shows the SAR logic and timing diagram generated 

from the proposed ADC design. When a start signal is applied 

at any instant, a clock signal of T/H block is generated to hold 

the input signal sampled at the next clock edge. At the next 

clock edge, CK<9> occurs so that flip-flops can get the first de-

cision result of the comparator, and then at the clock edge after 

that, CK<8> is generated sequentially. This logic is repeated 

until CK<0> is generated. Each decision result of the compara-

tor is stored in each flip-flop. These results are successively re-

entered to the SAR logic state machine with CK<9:0>. The 

SAR logic state machine outputs Dout<9:0>, the final conver-

sion result of the ADC. The SAR logic state machine also pro-

duces CDAC_CONTROL<8:0>, which controls the bottom 

plate voltage of the CDAC, as shown in Fig. 9. Fig. 9 shows a 

schematic of the CDAC. In the CDAC bottom plate voltage 

switches, voltage at the bottom plate of the CDAC is deter-

 
(a) 

 
(b) 

Fig. 8. (a) SAR logic schematic and (b) timing diagram. 

 
Fig. 9. CDAC array with binary-weighted capacitor.

Table 1. Comparison of switching procedure 

Switching 

scheme  

(10 bit) 

Average 

switching 

energy 

(CVref
2) 

Energy 

saving  

(%) 

CDAC  

area  

reduction  

(%) 

Number 

of  

unit cap 

Conventional [2] 1363.3 Reference Reference 210

Vcm-based [3] 170.2 87.5 50 29

HSRS [4] 106.2 92.2 50 29

Vaq-based  

tri-level [5] 

48.03 96.48 87.5 27 

Proposed 21.208 98.44 75 28

          

Fig. 7. Top-level of proposed 10-bit ADC architecture. 
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mined by the CDAC_CONTROL signal as one of five refer-

ence voltages (0, Vref/4, Vref/2, 3Vref/4, and Vref) until the 10-bit 

decision is complete. An example of switching is shown in Fig. 4. 

To solve the problem of the CDAC’s total capacitance increas-

ing exponentially as the resolution of ADC increases, the atten-

uating capacitor scheme is employed, as shown in Fig. 9 [7]. The 

size of the CA is determined by Eq. (13) where C0 is 208 fF. 
 

3

03
2

2 1AC C=
−

                  (13) 

 

Thus, in Fig. 9, the least significant bit (LSB)-side capacitors 

viewed from the MSB side of the capacitor array appear to be 

attenuated by the CA by 23. That is, when switched to an equiva-

lent conventional weighted capacitive array, the unit capacitance 

appears to be C0/8, which reduces power consumption and the 

RC time constant. The ideal power consumption of the refer-

ence voltage at the proposed ADC is equal to Eq. (14). 

,
,( ) avg proposed

ref sample avg proposed
Sample

E
P V f E

T
= = ×     (14) 

Since the designed ADC has a 10-bit resolution, to use Eq. 

(12), Eavg,proposed is deduced to be 21.208CV2
ref. At a 1.2-V refer-

ence voltage and 20 MS/s sampling rate, if the effective unit 

capacitance by attenuation capacitor is 26 fF, the expected power 

consumption per conversion is calculated as 0.015 mW. The 

simulation result of average power consumption per conversion 

at the reference voltage sources is 0.02 mW because the switch 

at bottom plate in CDAC consumes dynamic current during 

transitions. 

Fig. 10 shows the overhead that occurs when an additional 

reference voltage is used. State-of-the-art ADCs use two refer-

ence voltages, Vref and Vref/2, so the proposed switching scheme 

requires two additional voltage followers for 3Vref/4 and Vref/4 

reference voltage sources. This acts as an additional overhead in 

terms of the area and power consumption of the ADC. For 

example, if a voltage follower is constructed using a single-stage 

op-amp with a power consumption of 4.8 μW, the ADC using 

the proposed scheme consumes an additional 9.6 μW compared 

to the state-of-the-art ADCs. In case of area overhead, an area 

of 10 μm2 for each op-amp should be considered. We also con-

sider a load capacitor size of 50 μm2 to mitigate the impact of 

clock feedthrough on N-MOS switches. Thus, two additional 

voltage followers are used, requiring an additional area of 120 

μm2. Area overhead will not be much of a constraint given that 

the size of the unit capacitor used in this design is 100 μm2. 
The simulated results of differential nonlinearity (DNL) and 

integral nonlinearity (INL) of the proposed ADC are shown in 

Fig. 11. The maximum DNL and INL are 0.44/-0.49 LSB and 

0.5/-0.5 LSB, respectively. The simulated dynamic performance 

is shown in Fig. 12. An input frequency close to 5 MHz is cho-

sen in consideration of FFT’s coherent sampling. The simulated 

 
Fig. 10. Voltage reference generator and voltage followers for addi-

tional reference voltages. 

 
(a) 

 
(b) 

Fig. 11. Simulated static performance: (a) DNL and (b) INL.
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SINAD (signal-to-noise and distortion ratio) and SFDR (spu-

rious free dynamic range) are 42.11 dB and 42.63 dB at 20 

MS/s sampling rate, respectively. 
Table 2 compares this work with the state-of-the-art ADC 

[8]. The proposed ADC illustrates significantly low power con-

sumption because the designed ADC consists only of core cir-

cuits and [8] shows the measurement result of all circuits in-

cluding the core part. 

V. CONCLUSION 

The switching technique of SAR ADC for FMCW radar 

transceivers using quarter reference voltages is proposed. The 

proposed switching scheme has the benefits of energy consump-

tion and area reduction, suitable for use as an ADC for radar 

transceivers. This technique has the additional benefit of im-

proving the linearity of SAR ADC, because employing addi-

tional reference voltages minimizes the unwanted dynamic DC 

offset at the input of the comparator. The designed ADC 

focuses on implementing the proposed switching method to 

verify that it keeps the simulated switching energy result con-

sistent with the calculation one. Further applications of the 

technique will improve the dynamic performance of ADC and 

it will also increase the utilization in FMCW radar transceivers. 

 

This work was supported by the Institute for Information 

& Communications Technology Promotion (IITP) grant 

funded by the Korean government (MSIT) (No. 2017-0-

00528, The Basic Research Lab for Intelligent Semiconductors 

Working for the Multi-Band Smart Radar). It was also sup-

ported by Korea Institute for Advancement of Technology 

(KIAT) grant funded by the Korea Government (MOTIE) 

(No. P0017124, The Competency Development Program for 

Industry Specialist). 

  

REFERENCES 

[1] S. Yoo, H. Kim, G. Byun, and H. Choo, "Estimation of 

detection performance for vehicle FMCW radars using 

EM simulations," Journal of Electromagnetic Engineering 

and Science, vol. 19, no. 1, pp. 13-19, 2019. 

[2] B. P. Ginsburg and A. P. Chandrakasan, "An energy-

efficient charge recycling approach for a SAR converter 

with capacitive DAC," in Proceedings of 2005 IEEE Inter-

national Symposium on Circuits and Systems, Kobe, Japan, 

2005, pp. 184-187. 

[3] Y. Zhu, C. H. Chan, U. F. Chio, S. W. Sin, U. Seng-Pan, R. 

P. Martins, and F. Maloberti, "A 10-bit 100-MS/s reference-

free SAR ADC in 90 nm CMOS," IEEE Journal of Solid-

State Circuits, vol. 45, no. 6, pp. 1111-1121, 2010. 

[4] H. Zhang, H. Zhang, and R. Zhang, "Energy-efficient 

higher-side-reset-and-set switching scheme for SAR 

ADC," Electronics Letters, vol. 53, no. 18, pp. 1238-1240, 

2017. 

[5] J. Zhao, N. Mei, Z. Zhang, and L. Meng, "Vaq-based tri-

level switching scheme for SAR ADC," Electronics Letters,  

vol. 54, no. 2, pp. 66-68, 2018. 

[6] B. Razavi, "The StrongARM latch [a circuit for all seasons]," 

IEEE Solid-State Circuits Magazine, vol. 7, no. 2, pp. 12-17, 

2015. 

[7] Y. Zhu, U. F. Chio, H. G. Wei, S. W. Sin, U. Seng-Pan, and 

R. P. Martins, "A power-efficient capacitor structure for 

high-speed charge recycling SAR ADCs," in Proceedings 

of 2008 15th IEEE International Conference on Electronics, 

Circuits and Systems, Saint Julian's, Malta, 2008, pp. 642-645. 

[8] C. C. Liu, S. J. Chang, G. Y. Huang, and Y. Z. Lin, "A 

0.92 mW 10-bit 50-MS/s SAR ADC in 0.13 μm CMOS 

process," in Proceedings of 2009 Symposium on VLSI Circuits, 

Kyoto, Japan, 2009, pp. 236-237. 

 
Fig. 12. Simulated dynamic performance: 8192-point FFT spectrum 

at 20 MS/s. 

 

Table 2. Specification summary table of proposed ADC 

Specification Liu et al. [8] This work

Supply voltage (V) 1.2 1.2

Sampling rate (MS/s) 50 20

Resolution (bit) 10 10

DNL (LSB) 0.88 / -1.0 0.44 / -0.49

INL (LSB) 2.2 / -2.09 0.5 / -0.5

SFDR (dB) 60.09 42.63

ENOB (bit) 8.4 6.7

Power (mW) 0.92 0.082a

ENOB=effective number of bits. 
aCore simulation only. 
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I. INTRODUCTION 

In recent years, multiband bandpass filters (BPFs) have at-

tracted considerable interest in modern fast-growing wireless 

communication technologies, such as GSM (global system for 

mobile communications), WLAN (wireless local area network) 

and RFID (radio-frequency identification) systems, because 

microwave filters are the key element to passing the desired 

electromagnetic signal and blocking the undesired frequency 

band signal. For this, multiband bandpass filters with excellent 

performance—such as high 3 dB roll-off skirts through the 

generation of transmission zeros (TZs) between the pass-

bands—that are lightweight, low cost, compact size, and have 

high design flexibility are in strong demand [1–3]. 

To cope with the development of new era, dual-mode charac-

teristics can be implemented using the step impedance tech-

nique, open-short-circuited stubs, substrate integrated wave-

guide (SIW), SIW with mushroom resonators, and quantic 

mode resonators [1–16]. For example, a dual-band filter cen-

tered at 2.4 GHz and 4 GHz based on a step impedance ring-

loaded resonator is modelled in [1]. The presented filter shows a 

narrow bandwidth for the first passband and a wide bandwidth  
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Abstract 
 

This study presents an ultracompact dual-band bandpass filter with controllable transmission zeros based on quarter-wave dual-mode 

resonator for GSM (global system for mobile communications) and GPS (global positioning system) wireless applications. The filter is 

made up of two quarter-wave resonators, which help to independently control the passbands. A direct feed resonator creates the first oper-

ating band, which serves as a feeding source for the interior resonator and operates at a higher frequency band. Therefore, a pair of trans-

mission zeros can be energized between the two passbands, and high roll-off skirts are obtained. To reduce the size of the entire filter, the 

two resonators are bent and connected together through a hole in a metal base. The structure is symmetrical in nature, so both frequency 

bands can be obtained using the even-odd mode analysis method. For GSM applications, the center frequency of the first working band is 

850 MHz, while for GPS wireless applications, the center frequency of the second working band is 1.57 GHz. Although there is a feed 

line (λg is based on a waveguide length of 850 MHz), the filter has been simulated and fabricated for verification, with an ultra-compact 

size of 0.10 λg × 0.09 λg (0.0095 λg
2). The simulation results and measured results match well, and the theory of the design concept is 

recognized. 

Key Words: Even-Odd-Mode Analysis, Microstrip Dual-Band BPF, Quarter-Wavelength Resonator, Transmission Zeros. 
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for the second passband. A drawback of a larger circuit area and 

poor selectivity is seen by exciting only two TZs between the 

passbands. A selectivity enhancement method is introduced in 

[2] using step impedance resonator (SIR) to design a two-band 

filter; however, the structure fails to reduce insertion loss (IL) 

and increase fractional bandwidth (FBW), which degrades the 

overall performance. A low-cost and lightweight SIW-based 

first-order dual-band filter centered at 1.94 GHz and 4.84 GHz 

is designed in [3]. The presented structure has a compact circuit 

area, but greater in-band IL and poor sharpness are observed by 

introducing two TZs between the passbands. A dual-band filter 

for Wi-Fi and WLAN applications is modeled in [4] to over-

come the drawbacks mentioned in [1–3]; however, the proposed 

design has a larger circuit area. A first-order dual-band filter 

with controllable bandwidth and wide stopband is designed in 

[5]. The filter shows a good FBW, but a complex larger circuit 

area and poor 3 dB roll-off skirts are the major drawbacks asso-

ciated with the design. A hexagonal-shaped second-order dual-

band filter with a simple topology is designed and fabricated in 

[6] based on a modified split ring resonator. The presented filter 

has good IL; however, a larger circuit dimension and poor selec-

tivity degrade the filter performance by introducing two TZs in 

the passbands. A second-order filter centered at 2.25 GHz and 

4.1 GHz is designed in [7], utilizing two mushroom resonators 

loaded inside in the cavity of SIW. However, the structure has 

the drawback of poor selectivity and larger circuit dimensions. 

To overcome the problems of poor sharpness and a larger circuit 

area in [5–7], a high selectivity first-order dual-band BPF based 

on the self-coupled resonator is designed in [8]. However, the 

proposed structure has the drawback of a narrow bandwidth and 

poor IL, especially in the second passband, which is greater than 

-3 dB. Second-order dual-band BPFs utilizing dual-mode dual 

loop resonators and multimode SIW cavity are reported in [9] 

and [10]. The proposed filters have good sharpness, but a nar-

row bandwidth, poor in-band ILs, and greater structural dimen-

sions are the major problems related to these designs. A two-

passband filter based on magnetically coupled resonators cen-

tered at 2.45 GHz and 5.6 GHz is designed and fabricated in 

[11]. However, the proposed structure has greater ILs and poor 

selectivity, consisting of only two TZs in the passband. Recently, 

high selectivity dual-band filters based on quantic-mode resona-

tor and hairpin line resonators have been presented in [12] and 

[13]; however, the reported filters have poor ILs, narrow FBW, 

and larger structure size. The authors of [14] designed a second-

order dual-band filter with controllable bandwidths at 2.1 GHz 

and 3.43 GHz based on a quintuple-mode resonator. The pre-

sented filter has the advantage of a wider bandwidth, but high 

IL, poor selectivity, and a larger circuit area are the drawbacks of 

this filter. A compact dual-band response for Wi-Fi and 

WLAN applications using SIR and shorted stub-loaded reso-

nators was presented in [15]. The proposed filter has the ad-

vantage of high return loss and high selectivity by exciting five 

TZs near the passbands, but the drawbacks are a larger circuit 

dimension, a narrow bandwidth, and high in-band losses. Re-

cently, a high selectivity dual-band response at 3.7 GHz and 4.8 

GHz using the transversal signal interaction concept was de-

signed in [16]. The proposed design shows good stopband per-

formance by introducing a dozen TZs between 5.2 GHz and 40 

GHz. However, the proposed filter has the drawback of high IL, 

narrow bandwidth in the first passband, and a larger circuit size. 

This research designs a compact and lightweight dual-band 

filter for GSM and GPS (global positioning system) applica-

tions to overcome the above challenges. The presented structure 

is designed on a shorted T-shaped λ/4 resonator. A direct feed 

resonator provides the first passband and provides the source to 

load coupling for a higher frequency band internal resonator. 

The coupled resonators generate a pair of TZs in the passbands, 

which guarantees high-frequency selectivity. Resonators A and 

B are folded and connected to a metallic via to minimize the 

filter size. The key benefit of this design is that it controls all 

TZs without altering the central frequencies, which is later 

shown in the paper. A symmetrical arrangement was used to 

achieve the two passbands, i.e., 850 MHz and 1.57 GHz, using 

the method of even-odd-mode analysis. The filter was designed 

and tested for authentication to measure the level of matching 

between the experimental and measured data. 

II. T-SHAPED RESONATOR ANALYSIS 

In total, three stubs exist in the T-shaped resonator, in which 

two are open ended while the third one is short circuited and 

can be seen in Fig. 1, where Y1 is admittance of the open-ended 

stubs with length L1, and Y2 is admittance of the short-ended 

stub with length L2. 

Since the topology obtained for this structure is symmetrical 

in nature with respect to plane A-A', an even-odd mode analy-

sis will be performed for both resonators (i.e., A and B) for 

characterization of the two passbands. The corresponding cir-

cuits of the odd and even modes are depicted in Figs. 2 and 3. 

For the lower band, outer resonator A is directly fed to achieve 

source-to-load coupling for the inner one, which is B in our case 

and which is operating for the higher band. Therefore, the res-

 

(a) (b) (c) 

Fig. 1. Proposed T-shaped resonator (a) with equivalent odd mode 

(a) and even mode (c).



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 2, MAR. 2022 

140 
   

  

onance frequency equations of the fundamental even and odd 

mode can be calculated using the procedure mentioned in [17] 

and [18] and is given as follows: 
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In the above equations, c = 3 × 108 m/s and 𝜀  show the 

effective permittivity of the substrate material. From Eqs. (1)–

(4), the fundamental resonance frequencies can be obtained and 

are verified in Section IV. 

III. DUAL-BAND FILTER GEOMETRY 

Based on the geometrical study described in the previous sec-

tion, a dual-band BPF, with a size of 22 × 21 mm2 or 0.10 λg 

× 0.99 λg, is simulated in the High Frequency Structure Simu-

lator (HFSS) 15 software, designed on the Rogers RO-4350 

substrate having a height of 0.762 mm and relative permittivity 

of 3.66. The filter consists of two quarter-wavelength resonators 

with dual-mode symmetry. Both resonators are folded to mini-

mize the circuit size. Fig. 4 illustrates the topology of the dual-

band filter, and Table 1 sets out the geometric dimensions. 
To evaluate the corresponding resonance frequencies of the 

dual-band filter, the physical length of each resonator is deter-

mined using an even-odd-mode method. The first passband is 

created by resonator A, which is used as the feed mechanism for 

the internal resonator B working at a higher band. As the dual 

band filter is based on a quarter wavelength resonator, there are 

two modes in each passband: one is even, and one is odd. The 

resonance frequency of the first even mode is 0.90 GHz and is 

found using Eq. (1) and Fig. 2(a). The fundamental odd-mode 

frequency (i.e., 0.86 GHz) is found using Eq. (2) and Fig. 2(b). 

Similarly, Eqs. (3)–(4) and Fig. 3(c)–3(d) are utilized for the 

even-odd resonant frequencies of the second passband, i.e., 𝑓  = 1.53 GHz and 𝑓  = 1.57 GHz. The slight difference 

in frequencies is due to the resonator coupling, and they are 

adjusted in the HFSS software to our desired band applications. 

 
(a) (b) 

Fig. 2. (a) Odd-mode circuits and (b) even-mode circuits of resonator 

A. 

 

 
(a) (b) 

Fig. 3. (a) Odd-mode circuits and (b) even-mode circuits of resonator 

B. 

 

    
Fig. 4. Proposed dual-band BPF topology. 

 

Table 1. Geometrical length of the proposed dual-band BPF (unit: 

mm) 

Parameter Value Parameter Value𝐿 18.6 𝐿  1𝐿 7 𝐿  3𝐿 12 𝑊  1.7𝐿 18.6 𝑊  0.6𝐿 6.3 𝑊  0.5𝐿 11 𝑟 0.2𝐿 5.2 𝐺  1.2𝐿 1 𝑡  0.7𝐿 1.5 𝑑  0.25
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As seen in Fig. 5(a), length L3 is the controlling parameter of 

the first passband, and by altering, only the first passband is 

shifted while the second passband is unaffected. Similarly, in 

Fig. 5(b), length L6 controls the second passband, and by 

changing, it will shift only the second band while keeping the 

first band fixed. Thus, it is confirmed that the proposed filter is 

capable of independently controlling the two passbands. 

The second advantage of the proposed filter is that the 

transmission zeros on either side of the passbands can be regu-

lated according to the appropriate stopband frequency. As shown 

in Fig. 6, only the position of TZs is influenced by changing 

parameter t1, while the central frequencies remain fixed. This 

property makes the proposed filter unique compared to other 

published dual-band BPFs in the existing literature. We gener-

ate four transmitting zeros in the following manner. TZ1 is pro-

duced through source-to-load coupling, TZ3 is the inherent 

transmission zero, and TZ2 and TZ4 are excited with the help of 

two coupled symmetrical open-ended stubs. 
The coupling coefficient (𝐾 ) and external quality factor 

(𝑄 ) is determined using the following equations [18–22]; 
2 2

2 1
2 2

2 1
e

f fK
f f

−
=

+ , (5)

3.
c

ext
dB

fQ
B W

=
. (6)

 

In Eqs. (5) and (6), 𝐾  denotes the coupling coefficient, 𝑄  represents the external quality factor, 𝑓  and 𝑓  repre-

sent the higher and lower frequencies of each passband, 𝑓  is 

the central resonance frequency, and 𝐵.𝑊  is the absolute 

bandwidth at central frequency. 𝐾  can be determined by the 

coupling between the two resonators, while 𝑄  could be 

measured according to the outer resonator and the feedlines. As 

shown in Figs. 7 and 8, the coupling coefficient decreases as gap 

G1 and d1 increases with an increasing external quality factor [16, 

17, 23]. Fig. 9 indicates the relationship between 𝑄  and 

 
(a) 

 
(b) 

Fig. 5. Control of the first band (a) and second band (b) of the 

proposed dual-band filter. 

 

 
Fig. 6. Control of transmission zeros against parameter t1.

 
Fig. 7. Effect of 𝐾  and 𝑄  with respect to parameter G1. 

 

 
Fig. 8. Effect of 𝐾 and 𝑄  with respect to parameter d1.
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parameter t1, and by increasing t1, 𝑄  also increases according 

to Eq. (5). Figs. 7 and 8 present graphical plots of 𝑄  and Ke 

with respect to parameters G1 and d1. The figures show that if 

gap G1 increases, 𝐾  decreases accordingly, while 𝑄  im-

proves in Eqs. (5) and (6). 

IV. EXPERIMENTAL AND MEASURED RESULTS 

The proposed technique has been simulated and tested for a 

compact dual-band BPF. The filter is modelled in the following 

way. First, the sample is designed in the ANSYS HFSS 15 

electromagnetic simulator, and parametric analysis is performed 

to obtain the required dual-band frequencies. The simulated 

model is then checked for authentication using the Agilent 

E5071C network analyzer. In Fig. 10, a significant match can 

be found between the experimental and fabricated results. For 

feeding, two 50-Ω feedlines of 1.7 mm width are connected on 

both sides of the filter. The filter consists of two resonators A 

and B to control both bands separately. The first operational 

band is generated by resonator A, which provides the load-to-

source coupling for the second resonator, which creates the sec-

ond passband. For wireless applications such as GSM and GPS, 

the presented dual-band filter resonates at fundamental fre-

quencies, i.e., 850 MHz and 1.57 GHz. The absolute band-

width for each passband was 16.84% and 3.5%. A return loss of 

more than -15 dB was seen for each passband. Four controllable 

TZs were excited at different frequencies (i.e., 1.04 GHz, 1.16 

GHz, 1.82 GHz, and 2.22 GHz) to increase the sharpness and 

the stop band performance of the filter. For the GSM and GPS 

frequency bands, the minimum ILs (-20 log|S21|) are 0.98 dB 

and 1.11 dB, respectively. Moreover, Table 2 provides a detailed 

comparison datasheet with the most recent published work in 

terms of IL, FBW, TZs, and circuit area [3–14]. The compari-

son shows that the presented structure has the potential to com-

pete in the market with existing ones for wireless applications. 

V. CONCLUSION 

In this article, a symmetric T-shaped dual-mode λ/4 resona-

tor is employed for designing a compact dual passband filter for 

wireless applications such as GSM and GPS systems. The dual-

band filter with four controllable transmitting zeros was ob-

tained using λ/4 wavelength (A and B) resonators. The fabricated 

filter has a total size of 22 × 21 mm2 independent of the feed-

 
(a) 

 
(b) 

 
(c) 

Fig. 10. (a) Experimental and measured frequency plots of the pro-

posed dual-band filter. (b) First passband in detail. (c) 

Second passband in detail. 

 
Fig. 9. External quality factor against parameter t1. 
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line. Finally, the filter has been fabricated to check the simulat-

ed results with the measured one. Owing to the planar structure, 

low losses, and compact size, the designed filter has good inte-

gration ability in the existing emerging wireless multiband 

applications. 
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I. INTRODUCTION 

Global soil moisture mapping using space-borne synthetic 

aperture radar (SAR) has been widely attempted because of its 

importance in global water and energy fluxes, weather and cli-

mate forecasts, flood prediction, and drought monitoring [1]. 

Global mapping of vegetation parameters using space-borne 

SAR imagery is also a very important remote sensing technique 

for land classification, estimation of productivity and biomass, 

and remote sensing of environmental changes [2]. The global 

mapping of soil moisture or vegetation parameters for vegeta-

tion fields is, however, still a challenge because of its complexity. 

Recently, Sentinel-1 SAR (5.4 GHz) and Radarsat-2 (5.4 GHz) 

have continually provided SAR images for land monitoring. A 

simple and accurate scattering model for radar backscatters of 

vegetation fields at 5.4 GHz would be very helpful for estimat-

ing the vegetation biomass and soil moisture of a vegetation 

field from its SAR image. 

The radiative transfer technique has been widely used for de-

veloping microwave scattering models for vegetation fields [3, 4]. 

The radiative transfer model (RTM) has good accuracy for 

estimating backscattering coefficients for a wide range of vege-

tation canopies [5–7]. However, RTMs have a main drawback 

for practical usage: the models usually have several dozens of 

input parameters. 

The water cloud model (WCM) is much simpler than the 

RTM because it has only two terms (the direct backscatter from 

a vegetation layer and the direct backscatter from the underlying 

surface with round-trip attenuation from the vegetation layer), 

ignoring the interaction between the vegetation crown and the 
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the underlying ground surface [8, 9]. Although the direct 

backscatter of a soil surface can be quite accurately obtained 

using theoretical or empirical models [10, 11], the constant 

parameters for the direct backscatter and the attenuation of the 

vegetation layer should be determined empirically for each 

frequency, incidence angle, polarization, and type of vegetation, 

which is the main disadvantage of this model.  

In this study, we focus on developing a simple and accurate 

model for multi-polarized backscattering coefficients of vegeta-

tion fields at 5.4 GHz. Transmissivity through a vegetation layer 

depends on radar frequency, incidence angle, and biomass (or 

leaf-area index [LAI]) [12]. The effect of vegetation on soil 

moisture retrieval decreases with a decrease in incidence angle 

and a decrease in biomass [12, 13]. We develop a simple empiri-

cal scattering model for vegetation fields using an extensive da-

tabase that includes the results of the modified RTM in [7] for 

various vegetation fields, scatterometer data, SAR data, and in 

situ measured ground-truth datasets. Finally, the new empirical 

model is verified with independent Sentinel-1 SAR data and 

the corresponding in situ measured ground-truth data. 

II. DEVELOPMENT OF A SIMPLE MODEL 

To develop an inversion algorithm to retrieve soil moisture or 

biomass from radar measurements, we may need to have a 

simpler model than the complicated RTM model with its many 

input parameters—about 60 input parameters in [5] and 32 

input parameters in [7]. One candidate for a simple model for 

an inversion algorithm would be WCM [8], which was pro-

posed four decades ago with the following form, ignoring the 

interactions between the vegetation layer and the underlying soil 

surface: 
 

  𝜎 , = 𝜎 , + 𝑇 𝜎 ,              (1) 

with 𝜎 , = 𝐴  𝑉  𝑐𝑜𝑠𝜃  (1 − 𝑇 )         (2) 
 𝑇 = exp −𝐵  𝑉  𝑠𝑒𝑐𝜃              (3) 
 

where 𝜎 ,  is the total backscattering coefficient of a vegetated 

field for pq-polarization, 𝜎 ,  is the direct backscatter from 

the vegetation layer, 𝜎 ,  is the pq-polarized backscattering 

coefficient of the underlying soil surface, 𝑇  is the two-way 

transmissivity, and 𝐴  and 𝐵  are unknown constants to be 

determined for pq-polarization for a given frequency and a 

vegetation type. 𝑉  and 𝑉  are vegetation parameters, such as 

vegetation water content (VWC, kg/m2), biomass 𝐵  (kg/m2), 

LAI (m2/m2), and normalized difference vegetation index 

(NDVI). 

Because the primary purpose of this simple model is to apply 

it to inversion algorithms for the global or regional mapping of 

soil moisture or biomass using SAR data at 5.4 GHz, we chose 

biomass 𝐵  (kg/m2) among other parameters for the vegeta-

tion parameter V. The transmissivity is 1 𝑇 = 1  for the 

absence of a vegetation layer and exponentially decreases to zero 𝑇 ≈ 0  for an extremely dense vegetation layer. Conse-

quently, the term 1 − 𝑇  in (2) increases from about 0 for 

the absence of a vegetation layer to 1 for a very dense vegetation 

layer. Therefore, the term 𝑉 1 − 𝑇  in (2) increases very 

slowly for lower vegetation densities and increases linearly for 

higher vegetation densities. However, a close examination of the 

measurement data shows a rapid increase in the radar backscatters 

in the region with low vegetation densities compared to the re-

gion with higher vegetation density. Considering the examination 

of the radar measurement and the RTM, we propose an empirical 

model (a simplified WCM) that has the following form: 
 𝜎 , = 𝑎 (𝐵 ) 𝑐𝑜𝑠𝜃 + 𝑒𝑥𝑝[−𝑎 𝐵 𝑠𝑒𝑐𝜃 ] 𝜎 , ,   (4) 
 

where 𝑎 ,  𝑎 , and 𝑎  are constant parameters to be deter-

mined for a given frequency and 𝜎 ,  is the pq-polarized 

backscattering coefficient of the underlying soil surface.  

In this study, we use the PRISM (polarimetric radar inversion 

for soil moisture) [4, 11] to estimate 𝜎 ,  in the following 

form: 
 𝜎 =  √ [𝛤 (𝜃) + 𝛤 (𝜃)],           (5) 

 𝑝 = 𝜎 𝜎⁄ = 1 − ⋅ 𝑒 ,      (6) 
 𝑞 = 𝜎 𝜎⁄ = 0.23 𝛤 (1 − 𝑒 ),       (7) 
 𝑔 = 0.7 1 − 𝑒 . ( ) .

,          (8) 
 

where p and q are the co- and cross-polarized ratios, k is the 

wave number, ℎ  is the root mean square (RMS) surface 

height, 𝛤  is the reflectivity at the nadir direction Γ  = |(√𝜖 − 1) ⁄ (√𝜖 + 1)| , and 𝛤  and 𝛤  are Fresnel reflec-

tivities for v- and h-polarizations:  𝛤 = |(𝜀 𝑐𝑜𝑠𝜃 − 𝐶 ) (𝜀 𝑐𝑜𝑠𝜃 + 𝐶 )⁄ | , 𝛤 = |(𝑐𝑜𝑠𝜃 − 𝐶 ) (𝑐𝑜𝑠𝜃 + 𝐶 )⁄ |  

with 𝛤 = |(𝑐𝑜𝑠𝜃 − 𝐶 ) (𝑐𝑜𝑠𝜃 + 𝐶 )⁄ | . The dielectric constant 𝜖  

can be obtained using empirical formulas in [14] for a given 

volumetric soil moisture content 𝑚  (cm3/cm3). 

The unknown parameters of the simplified WCM in (4) can 

be obtained using other theoretical, numerical, and experimental 

datasets with various biomass values for a given frequency and 

vegetation type. In this study, we focus only on the frequency of 

5.4 GHz and one-layered vegetation fields, such as meadows, 

rangelands, pastures, and farming land, including arid and semi-

arid areas. We also consider only a relatively narrow range of 

incidence angles, 20° ≤ 𝜃  ≤ 50°, mainly considering the oper-

ating modes of Sentinel-1 SAR and Radarsat-2. Because one of 

its main applications may be an inversion algorithm for soil 
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moisture retrieval, the biomass range of 0 ≤ 𝐵  ≤ 5 kg/m2 is 

primarily selected in this study, considering the validity regions 

of soil moisture retrieval for vegetation fields [13]. 

To determine the unknown constants in (4) at 5.4 GHz, first, 

an extensive database of polarimetric backscattering coefficients 

for various vegetation fields at 5.4 GHz is generated using the 

modified RTM for various biomass values and soil moisture 

conditions: 0 ≤ 𝐵  ≤ 5 kg/m2 with a step of 𝐵 , ∆𝐵  = 

0.25 kg/m2, at 𝑚 = 0.03, 0.08, 0.13, 0.18, 0.23, 0.28, and 

0.33 cm3/cm3, and at 𝜃  = 35°.  

Subsequently, the nonlinear data fitting technique was used 

to empirically determine the optimum values of 𝑎 , 𝑎 , and 𝑎  by comparing the modified RTM and the simplified WCM 

at each soil moisture condition. First, by comparing the 

backscatter from the underlying soil surface with the RTM and 

the corresponding term of the WCM, the values of the un-

known constant 𝑎  were obtained with the best fitting between 

the RTM and the WCM for various conditions. Second, the 

unknown constants 𝑎  and 𝑎  were also obtained by com-

paring between the RTM and the WCM for various conditions. 

Finally, the unknown constants 𝑎 ,  𝑎 , and 𝑎  were fitted 

with the first-order linear polynomials for the soil moisture con-

tent 𝑚 .  

Fig. 1 shows the comparison between the simplified WCM 

and the corresponding term of the modified RTM for the direct 

backscatter from the underlying soil surface with the attenuation 

through the vegetation layer, with 𝑎 = 0.172 for VV-polari-

zation at 𝑚 = 0.18 as an example. The estimated 𝑎  values 

are approximately 0.17 for all polarizations and moisture con-

ditions. 

Fig. 2 shows the comparison between the modified RTM and 

the simplified WCM for VV- and VH-polarizations at 𝑚 = 

0.18 cm3/cm3 and 𝜃 = 35°. For this fitting, 𝑎  and 𝑎  are 

0.0163 and 0.994 for VV-polarization, 0.0225 and 0.902 for 

HH-polarization, and 0.0164 and 0.759 for VH-polarization.  

Among the three polarizations, the variation in the unknown 

constants 𝑎  and 𝑎  over the change of soil moisture is mini-

mal for VV-polarization and maximal for VH-polarization. For 

example, the ratios of the constant 𝑎  at 𝑚 = 0.33 cm3/cm3 

to 𝑎  at 𝑚 = 0.03 cm3/cm3 are about 1.02 for VV-polarization, 

1.37 for HH-polarization, and 2.39 for VH-polarization. As an 

example, Fig. 3 shows the comparison between the estimated 

values and the best fitting line for the unknown constant 𝑎  for 

VH-polarization. The best-fitting lines are given by 𝑎 , = 

-0.66 𝑚  + 0.89 for VH-polarization, as shown in Fig. 3. The 

other relationships between the unknown constants and the soil 

moisture content are 𝑎 ,  = 0.0013 𝑚  + 0.0160 and 𝑎 ,  = 

 
Fig. 1. Comparison between the simplified WCM and the modified 

RTM for the direct backscatter from the underlying soil 

surface with attenuation through the vegetation layer.

 
(a) 

 
(b) 

Fig. 2. Comparison between the modified RTM and the simplified 

WCM for (a) VV-polarization and (b) VH-polarization at 𝑚 = 0.18 cm3/cm3 and 𝜃 =35°.  

 
Fig. 3. Comparison between the estimated values and the best-

fitting lines for the unknown constant 𝑎  for VH-

polarization.
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-0.026 𝑚  + 1.00 for VV-polarization, 𝑎 ,  = 0.024 𝑚  + 

0.0181 and 𝑎 ,  = -0.32 𝑚  + 0.96 for HH-polarization, 

and 𝑎 ,  = 0.047 𝑚  + 0.00814 for VH-polarization. The 

angular dependency of the direct vegetation layer backscatter 

term is mainly controlled by 𝑐𝑜𝑠𝜃  in (4); therefore, the pa-

rameters are not sensitive to the incidence angle in a narrow 

range of incidence angles, 20° ≤ 𝜃  ≤ 50°.  

In summary, the new empirical model has the following form 

for the multi-polarized backscattering coefficients of single-

layered vegetation canopies at 5.4 GHz. 
 𝜎 = (0.0013 𝑚 + 0.0160) ∙         (𝐵 )( . . )𝑐𝑜𝑠𝜃 + 𝑒[ . ] 𝜎 , ,    

 (9) 
 𝜎 = (0.024 𝑚 + 0.0181) ∙ (𝐵 )( . . )𝑐𝑜𝑠𝜃 +         𝑒[ . ] 𝜎 , ,                            (10) 

 𝜎 = (0.047 𝑚 + 0.00814) ∙         (𝐵 )( .  . )𝑐𝑜𝑠𝜃 + 𝑒[ . ] 𝜎 , ,  

      (11) 
 

where the pq-polarized backscattering coefficient of the under-

lying soil surface 𝜎 ,  can be obtained from the PRISM model 

in (5)–(8). The simple empirical model now has only four input 

parameters for estimating the multi-polarized backscattering 

coefficients of a single-layered vegetation field: the soil surface 

RMS height ℎ , the volumetric soil moisture content 𝑚 , 

the biomass 𝐵 , and the radar incidence angle. Therefore, this 

simple scattering model can be applied to retrieve the soil mois-

ture content and the surface RMS height simultaneously from a 

dual-polarized SAR dataset for a given incidence angle at 5.4 

GHz upon being informed of the vegetation biomass. 

III. VERIFICATION OF THE NEW SIMPLE MODEL 

Fig. 4 shows the comparison among the total backscattering 

coefficient 𝜎 , the vegetation-layer direct-backscatter compo-

nent 𝜎 , the attenuated soil-surface direct backscatter com-

ponent 𝑇 𝜎 , and the soil-surface direct backscatter compo-

nent 𝜎   for VH-polarization at 5.4 GHz, 35°, and 𝑚  = 

0.18 cm3/cm3. 

The soil surface direct backscatter is dominant for lower bio-

mass, while the vegetation layer direct backscatter is dominant 

for higher biomass, as shown in Fig. 4. The sensitivity of the 

radar backscatter to the vegetation biomass for cross-polarization 

is much higher than for co-polarization: e.g., 𝜎  becomes 

larger than 𝑇 𝜎  at 𝐵  = 0.5 kg/m2 for VH-polarization, at 𝐵  = 3 kg/m2 for HH-polarization, and at 𝐵  = 3.8 kg/m2 for 

VV-polarization. It was also shown that the cross-polarized 

backscattering coefficient has a higher sensitivity to the vegeta-

tion biomass than co-polarization because the cross-polarized 

backscatter is significantly influenced by the multiple scattering 

effect [7], where the vegetation layer causes many different kinds 

of scatterings.  

Fig. 5 shows a comparison between the scatterometer meas-

urements and the simple empirical model for the multi-

polarized backscattering coefficients of a full-grown cornfield at 

5.4 GHz. The simple empirical model agrees quite well with the 

HPS measurements of a cornfield at the incidence angles of 20° 

≤ 𝜃  ≤ 50°, as shown in Fig. 5. 

For further verification of the new empirical scattering model, 

we acquired Sentinel-1 SAR data and in situ measured ground-

truth data. Fig. 6 shows the comparison between the Sentinel-1 

SAR datasets and the new simple empirical model for range-

lands in Bet Shemesh and Haifa in Israel. 

We acquired the dual-polarized (VV- and VH-polarized) 

backscattering coefficients of the two test sites (rangelands in 

Bet Shemesh and Haifa, Israel) on February 23, 2019, with Sen-

tinel-1 A in interferometric wide-swath (IW) mode. We also 

collected the biomasses, volumetric soil moisture contents, and 

surface RMS heights of the sites on February 23, 2019. The 

 
Fig. 5. Comparison between the scatterometer measurements and 

the simple empirical model for the multi-polarized back-

scattering coefficients of a cornfield at 5.4 GHz.

 
Fig. 4. Comparison between the total backscattering coefficient, 

the vegetation layer direct backscatter component 𝜎 , the 

attenuated soil surface direct backscatter component 𝑇 𝜎 , 

and the soil surface direct backscatter component 𝜎  for 

VH-polarizations at 5.43 GHz, 35°, and 𝑚  = 0.18 cm3/cm3.
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biomasses were 0.65 kg/m2 and 0.43 kg/m2, the moisture con-

tents were 0.24 cm3/cm3 and 0.34 cm3/cm3, the surface RMS 

heights were 0.7 cm and 0.6 cm, and the incidence angles were 

38.1° and 35.6° for the Bet Shemesh and Haifa sites, respectively. 

The empirical model again agrees quite well with the independ-

ent datasets of Sentinel-1 SAR. The new empirical scattering 

model is now proven to have good accuracy in predicting multi-

polarized backscattering coefficients of one-layered vegetation 

canopies at incidence angles of 20° ≤ 𝜃  ≤ 50° at 5.4 GHz, 

although the model is very simple, with only four input pa-

rameters. 

IV. CONCLUDING REMARKS 

First, an extensive database was generated for multi-polarized 

backscattering coefficients at 5.4 GHz with a modified RTM 

for various vegetation fields with wide ranges of input parameters. 

The database also included the scatterometer and SAR measure-

ments, as well as in situ measured ground-truth data.  

Second, the functional form of the WCM was further simpli-

fied according to the behavior of the backscattering coefficients 

in the database. The unknown constant parameters of the 

simplified WCM were then empirically obtained for each soil 

moisture condition by data-fitting between the database and the 

model. 

Finally, the new empirical scattering model for multi-

polarized backscattering coefficients of a one-layer vegetation 

canopy at 5.4 GHz was analyzed with close examinations and 

verified with scatterometer and SAR datasets with in situ 

measured ground-truth data. It was found that the new empiri-

cal model agrees well with the experimental data as well as with 

the RTM. This new empirical model might be good for esti-

mating the backscattering coefficients of one-layered vegetation 

fields at 5.4 GHz in the range of 20° ≤ 𝜃  ≤ 50° for VV-, 

HH-, and VH-polarizations.   

The new model has a major advantage for being applied to 

any inversion algorithm because the model has only four input 

parameters: the incidence angle, soil moisture content, surface 

RMS height, and vegetation biomass. Therefore, the soil mois-

ture content and the surface RMS height can be simultaneously 

retrieved from a dual-polarized SAR dataset upon being in-

formed of the vegetation biomass, which can easily lead to the 

global or regional mapping of soil moisture using SAR images 

at 5.4 GHz. 
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I. INTRODUCTION 

Over the past decades, electromagnetic methods have been 

widely used for medical, environmental, and engineering pur-

poses [1]. Electromagnetic measurements collected at a receiver 

can be considered a set of electromagnetic field data scattered 

from an object and measured in time, frequency, or spatial do-

main [2]. Inversion is the process of estimating the physical pa-

rameters of an object from electromagnetic measurements [3]. 

Forward calculation, by contrast, denotes the simulation of elec-

tromagnetic measurements on a given object model, which is 

theoretically possible, provided that the relevant physical rela-

tions are known [4]. The relationship between the inverse and 

the forward problem is that the latter can be used to probe the 

former by testing suggested model parameters and assessing the 

sensitivity of the predictions of small changes in the parameters 

of this model [5]. The efficiency of the forward model will, 

therefore, strongly influence the efficiency of the inversion process, 

and can be used iteratively as part of the inversion process [6].  

Thus, in this paper, we present a forward formulation for the 

calculation of the scattered electromagnetic field from an inho-

mogeneous layered-shaped scatterer. Considering the inversion 

methodology, an approach to representing the inversion scheme 

is adopted through a learning process in which the given input 

is a set of scattered field measurements, and the output is the 

model parameters. It is then necessary to find the configuration 

that can best map the input data to the output data [7]. This can 

be done using supervised learning techniques [8]. In this paper, 

we also present an inversion strategy to solve a two-dimensional 

electromagnetic inversion problem. A multilayer perceptron (MLP) 
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artificial neural network is used as a learning process to solve the 

inversion problem. Several design factors were investigated to 

identify an optimal neural network design from an error analysis 

prospective to ensure the best performance. Furthermore, the 

performance of the selected neural network configuration was 

tested in the presence of noise, and the results are presented. 

II. FORWARD PROBLEM FORMULATION 

The solution to the forward scattering problem produces a 

scattered electric field measured at the point of interest on the 

interface [9]. In this paper, we consider an infinite unphased 

electric line source in the y direction acting as a transmitter lead-

ing to a transverse electric field in the y direction. We aim to 

compute the field scattered from the inhomogeneity back to the 

background medium. We limit our analysis to a two-dimen-

sional (2D) inhomogeneous layered medium, that is, dielectric 

permittivity ε, and electric conductivity σ are inhomogeneous in 

z and x only. Further assumptions are that μ is everywhere equal 

to the permeability of free space μ0 (Fig. 1). 

Therefore, for such a 2D problem and no magnetic currents, 

the non-vanishing field components are the electric field in the 

y-direction and the magnetic fields in the x and z directions 

[10]. If the scatterer presence can be thought of as an electric 

polarization current, 𝐽(𝑥, 𝑧), The electric field inside the scat-

terer is given by [11]: 
 𝐸 (𝑥, 𝑧) =  𝐸 (𝑥, 𝑧) −               𝑑𝑧 𝑑𝑥 𝐽 (�̀�, 𝑧̀) 𝐻( )(𝑥, 𝑧, �̀�, 𝑧̀),    (1) 

  𝐸 (𝑥, 𝑧) = −  𝐻( )(𝑘  |𝜌 − 𝜌 |),       (2) 

 𝐻( )(𝑘  |𝜌 − 𝜌 |) =  𝑑𝑘 ( )
,  (3) 

  𝑘 = 𝑘 − 𝑘  given that img kz > 0,        (4) 

 

where 𝐸 (𝑥, 𝑧) is the total field inside the medium, 𝐸 (𝑥, 𝑧)  

is the incident electric field, 𝐻( )(. ) is the Hankel function of 

the zeroth order and first kind, 𝑘 = 𝑤 𝜇 𝜖  is the free space 

wave number, 𝜌 and 𝜌  are the location of an observation 

point and source point respectively, (𝑥,  𝑧) is the Cartesian 

coordinate of an observation point, and (𝑥 ,  𝑧 ) is the Cartesian 

coordinate of the electric polarization current. The double inte-

gral is on the geometry of the scatterer, with L standing for the 

overall thickness of the scatterer along the z-direction [12]. 

Hence,   𝐽  (𝑥, 𝑧) = [𝜎(𝑥, 𝑧) − 𝑖𝑤𝜖 (𝜖 (𝑥, 𝑧) − 1)  𝐸 (𝑥, 𝑧),  (5) 
 

with lateral variations along the layered structure and the line 

source located at 𝑥𝑠 = 𝑧𝑠 = 0, with 
 𝑄(𝑥, 𝑧) = 𝜎(𝑥, 𝑧) − 𝑖𝑤𝜖 (𝜖 (𝑥, 𝑧) − 1)  𝑖𝑤𝜇 =  𝑘 (𝑥, 𝑧) − 𝑘 ,          

(6)  

where  𝑘 (𝑥, 𝑧) = 𝑤 𝜇 𝜖 𝜖 (𝑥, 𝑧) + 𝑖𝑤𝜇 𝜎(𝑥, 𝑧).      (7) 
 

Therefore, Maxwell’s equations inside the scatterer are repre-

sented in the form of a volume integral equation on the electric 

polarization current [13]. We then solve the following integral 

equation: 
 𝐽  (𝑥, 𝑧) = 𝑄(𝑥, 𝑧)  𝑑𝑘   +           𝑑𝑧 𝑑𝑥 𝐽  (𝑥 , 𝑧 ) 𝑑𝑘  

,       

(8) 
 

using the eigensolution after normalizing wrt −𝑖𝑤𝜇 , we 

obtain: 
 ∑ 𝑑𝑘 exp (𝑖𝑘 𝑥)𝑎 𝜓 (𝑘 , 𝑧)  =𝑄(𝑥, 𝑧) ∑ 𝑑𝑘 exp (𝑖𝑘 𝑥) (𝜆  𝜓 (𝑘 , 0) +𝜆  𝑎 )𝜓 (𝑘 , 𝑧) ,                                 (9) 
 

where 𝜆  stands for eigenvalue and 𝜓  stands for eigenfunc-

tion [14]. Now, we can make use of the eigenfunctions in the 

integral equation on 𝐽  (𝑘 , 𝑧) [15] represented by current 

expansion coefficients, 𝑎 , . Taking the inverse Fourier trans-

form of both sides: 
 ∑ 𝑑𝑥 exp(−𝑖𝑘 𝑥) 𝑑𝑘  exp (𝑖𝑘 𝑥)𝑎 ( 𝑘 ) 𝜓 (𝑘 , 𝑧) =𝑑𝑥 exp(−𝑖𝑘 𝑥) 𝑄(𝑥, 𝑧) ∑ 𝑑𝑘 exp(𝑖𝑘 𝑥)𝜆 (𝑘 ) 𝜓 (𝑘 , 0) +𝑎 (𝑘 ) 𝜓 (𝑘 , 𝑧) .                                         (10) 

 

From the relation: 𝑑𝑥 𝑒𝑥𝑝(−𝑖𝑘 𝑥) 𝑒𝑥𝑝(𝑖𝑘 𝑥) = 2𝜋𝛿( 𝑘 −𝑘 ), we can reformulate Eq. (10) to be: 
 2𝜋 ∑ 𝑎 (𝑘 ) 𝜓 (𝑘 , 𝑧) =  𝑑𝑥 exp(−𝑖𝑘 𝑥) 𝑄(𝑥, 𝑧)   ∑ 𝑑𝑘 exp(𝑖𝑘 𝑥)𝜆 (𝑘 )(𝜓 (𝑘 , 0) + 𝑎 (𝑘 ))𝜓 (𝑘 , 𝑧) .  

(11) 

 
Fig. 1. A 2D inhomogeneous layered structure model used in this 

study. 
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Multiplying by 𝜓 (𝑘 , 𝑧) and making use of the orthogo-

nality {𝜓 (𝑘 , 𝑧)} [16], Eq. (11) can be written as: 
 2𝜋𝑎 (𝑘 ) =  𝑑𝑥 exp(−𝑖𝑘 𝑥) [∑ 𝑑𝑘      exp(𝑖𝑘 𝑥) 𝜆 (𝑘 ) 𝜓 (𝑘 , 0) +  𝑎 (𝑘 )  𝑄(𝑥, 𝑛, 𝑚, 𝑘 , 𝑘 ) ] , 

(12) 
 

where 
 𝑄(𝑥, 𝑛, 𝑚, 𝑘 , 𝑘 ) = 𝜓 (𝑘 , 𝑧)  𝑄(𝑥, 𝑧)𝜓 (𝑘 , 𝑧) 𝑑𝑧. 

(13) 

We can then rewrite Eq. (12) to be: 
 𝜋𝑎 (𝑘 ) =  𝑑𝑘  ∑ 𝜆  (𝑘 )(𝜓 (0, 𝑘 ) +                𝑎 (𝑘 )𝑄 (𝑛, 𝑚, 𝑘 , 𝑘 )                   (14) 

 𝑄 (𝑛, 𝑚, 𝑘 , 𝑘 ) = 𝑑𝑥 exp(𝑖(𝑘 − 𝑘 )𝑥) 𝑄(𝑥, 𝑛, 𝑚, 𝑘 , 𝑘 ).  

            (15) 
 

Reforming Eq. (14) by approximating 𝑑𝑘  ≈  ∑ 𝛿𝑘   

and truncating the ∑  at N terms, we get the scatterer polari-

zation current expansion coefficients in the form of: 
 𝑎 𝑘 − ∑ 𝛿𝑘  ∑ 𝑎 (𝑘 ) 𝐾 𝑚, 𝑛, 𝑘 , 𝑘 =∑ 𝛿 𝑘  𝐹 𝑚, 𝑘 , 𝑘 , ∀ 𝑚, ∀ 𝑠  ,                  (16) 
 

where 𝑘 = 𝛿 𝑘 𝑠 and 𝑘 = 𝛿 𝑘 𝑠 and s = 𝑠 −(𝑆 + 1) 2⁄  and 𝑠 = 𝑠 − (𝑆 + 1) 2⁄ , where 𝑠  = 1,2,…,𝑆  

is an indexing parameter. This forms the linear system: 
 (𝑘 ) = (𝐼 − 𝐷(𝑘 ))  𝑐(𝑘 ),             (17) 
 

where 𝑎(𝑘 ) is a vector of length 𝑁𝑆 and 𝑐(𝑘 ) is a vector 

of length 𝑀𝑆 . 𝐷(𝑘 )  is a square matrix with 𝑁𝑆 × 𝑀𝑆  

dimensions, and 𝑐(𝑘 ) is an 𝑀𝑆  vector and can be con-

structed as:  
 

 

𝑐(1: 𝑀 + 𝑀(𝑠 − 1)) =
⎝⎜
⎜⎜⎛

  ( , , )  ( , , )⋮  ( , , )⋮  ( , , )⋮  ( , , )⎠⎟
⎟⎟⎞.    

(18)

 

 

I stands for the unit matrix of size 𝑀𝑆 , and M is the total 

number of eigenfunctions to be included in the representation. 𝑎(𝑘 ) represents current expansion coefficients as: 
 

𝑎 =  ⎝⎜⎜
⎛  ( ) ( )⋮ ( )⋮ ( )⋮ ( )⎠⎟⎟

⎞
.                   

(19)

 

Once we compute the coefficients 𝑎 (𝑘 ) , the scattered 

electric field’s distribution is obtained at the receiver located at 

z = x = 0, 
  𝐸 (𝑘 , 0) = 𝑖𝜔𝜇  ∑ 𝑎 (𝑘 )𝜆 (𝑘 ) 𝜓( 𝑘 , 0).   (20) 

 

III. INVERSION APPROACH 

1. Data Preparation 
An artificial neural network can be thought of as an input 

space mapping into a certain output space [17]. To simulate the 

required mapping, the network must be subjected to a learning 

process involving iterative changes to the internal parameters by 

presenting numerous input patterns with their consequent out-

put patterns [18]. The training phase is achieved if the mini-

mum error between the simulated output and the required out-

put pattern is reached for all the training set’s examples. The 

network will afterwards simulate the required mapping on the 

training examples domain [19]. Neural networks have numerous 

uses, including time series prediction, function approximation, 

system control, and classification [20]. Artificial neural networks 

have also been widely used for solving inversion problems [21–

24].  

In this paper, an application of neural networks as an inver-

sion scheme is presented, in which we design the network to 

receive input patterns in the form of scattered electromagnetic 

fields and produce the corresponding permittivities and conduc-

tivities as the material properties of a 2D inhomogeneous layered 

medium. The details of the proposed methodology are illustrated 

in Fig. 2. 

The scattered fields were gathered for nine spatial harmonics. 

 
Fig. 2. Flowchart illustrating the proposed methodology.
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In the frequency domain, fields are represented by complex 

numbers that cannot be recognized as inputs to a single neural 

network. Thus, the real and imaginary components are separated 

to form an 18-input vector space dimension. We limit our case 

study to a two-layer model with a fixed layer depth resulting in 

eight output vector space dimensions. The eight outputs result 

from two neural networks that share the same 18 input vectors. 

The first network produces the estimated four permittivities 

values, and the second network produces the estimated four 

conductivities values (see Fig. 3). To ensure fairness, an output 

data set was prepared using a box-car random number generator 

Rand (1,1), with values ranging from zero to one. The generator 

was used to generate 254 examples as an output data set in the 

form: 
  𝜀 ,  = 𝑎 + 𝑏  Rand (1, 1),            (21) 
  𝜎  = 𝑐 + 𝑑  Rand (1, 1),            (22) 

 

where 𝜀 ,  is the relative permittivity and 𝜎  is the conduc-

tivity with 𝑖, 𝑗 = 1,2, representing the vertical and horizontal 

inhomogeneity, respectively. Hence, 
  𝑎 + 𝑏  ≥  𝜀 , ≥ 𝑎 ,              (23) 

  𝑐 + 𝑑  ≥  𝜎 ≥ 𝑐 .               (24) 
 

Table 1 shows the ranges of values for the relative permittivity 

and conductivity used in this paper. 

 

2. Design Parameters 

For the two neural network designs shown in Fig. 2, six design 

parameters were adjusted to achieve higher performance. The 

performance of the two neural networks was measured in terms 

of the upper and lower error bounds of each of the estimated 

parameters. These values are defined as: 
 

 𝑒 = 𝑚𝑎𝑥 ( ) ,                (25) 
  𝑒 = 𝑚𝑖𝑛( ) ,                 (26) 

 

where P represents one of the eight electromagnetic properties. 

n stands for the result estimated by the neural network, and m 

stands for the value on which the model was trained. 𝑒  corre-

sponds to the max overestimate of the parameter, while 𝑒  cor-

responds to the max underestimate of the parameter. 

The first design parameter is the appropriate number of hidden 

layers and the number of hidden nodes in each layer. Several 

approaches have been used to relate hidden layer size to the 

number of nodes in the input and output layers. However, these 

approaches may not conform to all types of problems [25]. Thus, 

the most popular approach is trial and error. In this paper, both 

of the two proposed neural networks have one hidden layer with 

18 neurons based on the sizes of the training set and input and 

output vector spaces, and they consider the tradeoff between the 

ability to interpolate and improve the fit (Fig. 3). 

The second design parameter is the network training function. 

Five different training algorithms were used and compared in 

this paper: gradient descent with adaptive learning rate training 

"Tgda," conjugate gradient backpropagation with Polak-Ribiére 

update training "Tcgp," resilient backpropagation training "Trbp," 

Levenberg-Marquardt backpropagation training "Tlmb," and 

conjugate gradient with Fletcher-Reeves update training "Tcgf" 

[26]. 

Figs. 4 and 5 summarize the performance of the two neural  

Table 1. Physical properties of the 2D configuration, along with 

their range values 

  Range value

Relative permittivity ɛr11 7–43 

 ɛr12 4.7–12 

 ɛr21 4–8 

 ɛr22 4.8–18.9 

Conductivity σ11 0.01 to 1 

 σ12 1.25 × 10-4 to 5 × 10-3

 σ21 1 × 10-4 to 2 × 10-3

 σ22 1 × 10-5 to 5 × 10-3

 
Fig. 3. Proposed two neural network design models, each of which 

shares the same input layer with 18 nodes in each of its 

hidden layers. The first network output is the relative per-

mittivities, and the second network output is the corre-

sponding conductivities. 
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(a) 

 
(b) 

Fig. 4. (a) Upper error bound and (b) lower error bound of each of 

the estimated relative permittivity against the suggested 

training functions, while other design parameters were kept 

fixed. 

 

 
(a) 

 
(b) 

Fig. 5. (a) Upper error bound and (b) lower error bound of each of 

the estimated conductivity against the suggested training 

functions, while other design parameters were kept fixed. 

networks in terms of the upper and lower error bounds of each 

of the eight estimated parameters against the suggested func-

tions, while the other design parameters were kept fixed. It can 

be noticed that using the Levenberg-Marquardt backpropaga-

tion training function "Tlmb" yields significantly upper and 

lower error bounds for each of the estimated permittivities and 

conductivities values. 

The third design parameter is the network learning algorithm. 

Five different learning functions have been used and compared 

in this paper: gradient descent with momentum weight and bias 

learning function "Lgdm," Hebb weight learning function 

"Lhwl," Kohonen weight learning function "Lkwl," Perceptron 

weight and bias learning function "Lpwb," and Instar weight 

learning function "Liwl" [27]. Figs. 6 and 7 summarize the per-

formance of the two neural networks in terms of the upper and 

lower error bounds of each of the eight estimated parameters 

against the suggested algorithms, while the other design param-

eters were kept fixed. It can be noticed that both lower and upper 

error bounds reach a relatively small value when using the Hebb 

weight learning function "Lhwl" to estimate the permittivities 

values. However, the minimum lower and upper error bounds 

were achieved when using the perceptron weight and bias learn-

ing function "Lpwb" to estimate the conductivities values. 

The fourth design parameter is the size of the data subsets, 

which were randomly selected from the generated output data 

set—that is, the training 𝑇𝑡, validation 𝑇𝑣, and test 𝑇𝑠 subsets. 

 
(a) 

 
(b) 

Fig. 6. (a) Upper error bound and (b) lower error bound of each of 

the estimated relative permittivity against the suggested 

learning algorithms, while other design parameters were 

kept fixed.
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Although several approaches have been proposed regarding this 

issue, there are no mathematical rules for the required sizes of 

the various data subsets [28]. In this paper, the three subsets 

were randomly selected from the generated output data set. 

The sizes of each of  𝑇𝑣 and 𝑇𝑠 subsets were set to be 25% 

and 25% of the size of 𝑇𝑡 subset, respectively and were distinct 

from those examples selected for the training. Tables 2 and 3 

represent the effect of 𝑇𝑡 size as a percentage of the available 

output data set on the performance of the two neural networks, 

while the other design parameters were kept fixed. The fifth 

design parameter is the required number of iterations for proper 

generalization 𝐼𝑡𝑟 . For a given ANN architecture, this number 

can be determined by trial and error [29]. Figs. 8 and 9 represent 

the effect of 𝐼𝑡𝑟  on the two networks’ performance, while the 

other design parameters were kept fixed. As shown in the figures, 

there is a range of iterations in which the relative estimation 

error is minimized for each of the two networks. Fig. 8 shows 

that as the number of iterations increases, both the lower and 

upper error bounds decrease. However, the minimum lower and 

upper error bounds were achieved at the range between 1,700 

and 2,000 iterations for the first neural network. By contrast, for 

the second neural network, the lower and upper error bounds 

reached their minimum at the range between 3,500 and 4,100 

iterations, as shown in Fig. 9. 

The sixth design parameter is the learning rate 𝑙 . Selecting a 

proper learning rate is a compromise between training accelera- 

Table 2. Effect of 𝑇𝑡 size (%) of the available output data set on 

the permittivity network performance while the other design 

parameters are kept fixed 

𝑇𝑡 size
ɛr11 ɛr12 ɛr21 ɛr22𝑒 𝑒 𝑒   𝑒  𝑒  𝑒 𝑒 𝑒

40% 0.03 0.03 0.02 0.03 0.05 0.05 0.02 0.02

30% 0.01 0.02 0.03 0.01 0.04 0.06 0.02 0.03

20% 0.01 0.01 0.01 0.01 0.05 0.03 0.01 0.02

10% 0.01 0.01 0.01 0.01 0.06 0.04 0.01 0.01

5% 0.01 0.01 0.01 0.01 0.01 0.01 0.01 0.01

 
Table 3. Effect of 𝑇𝑡 size of the available output data set on the 

conductivity network performance while the other design 

parameters are kept fixed 

𝑇𝑡 size
σ11 σ12 σ21 σ22𝑒 𝑒 𝑒   𝑒  𝑒  𝑒 𝑒 𝑒

40% 0.06 0.05 0.1 0.09 0.02 0.01 0.04 0.04

30% 0.07 0.07 0.09 0.09 0.02 0.03 0.04 0.04

20% 0.06 0.05 0.06 0.05 0.02 0.02 0.05 0.05

10% 0.05 0.05 0.06 0.05 0.01 0.01 0.02 0.03

5% 0.05 0.04 0.05 0.06 0.01 0.01 0.02 0.03

 

 
(a) 

 
(b) 

Fig. 8. Effect of 𝐼𝑡𝑟  on the estimated relative permittivity while 

the other design parameters were kept fixed: (a) upper error 

bound and (b) lower error bound. 

 
(a) 

 
(b) 

Fig. 7. (a) Upper error bound and (b) lower error bound of each of 

the estimated conductivity against the suggested learning 

algorithms, while other design parameters were kept fixed. 
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(a) 

 
(b) 

Fig. 9. Effect of 𝐼𝑡𝑟  on the estimated conductivity while the other 

design parameters were kept fixed: (a) upper error bound 

and (b) lower error bound. 

 

tion and steady convergence [30]. Figs. 10 and 11 represent the 

learning rate effect on the two networks’ performance, while the 

other design parameters were kept fixed. As shown in Fig. 10, 

increasing the learning rate resulted in a decrease in both the 

upper and lower error bounds of the estimated permittivities. 

The minimum for both error bounds was achieved at a learning 

rate of 0.01. Beyond this value, both the upper and lower error 

bounds started to increase again. 
For the second neural network, it was observed that at a 

learning rate of 0.05, both the minimum upper error bound and 

minimum lower error bound were achieved for the estimated 

conductivities values, as shown in Fig. 11. Moreover, it was found 

that a further increase in the learning rate above 0.05 resulted in 

an increase in both error bounds. 

IV. RESULTS AND DISCUSSION 

The selected design parameters, according to the studies 

presented in the previous section, for the two proposed neural 

networks are summarized in Table 4. It is considered that the 

percentage of training 𝑇𝑡, and test 𝑇𝑠 data subsets that are 

randomly selected from the generated output data follow the 

box-car distribution of the original data set. Consequently, the 

network was not biased toward specific output data values 

compared to other output data values. Fig. 12 represents the 

performance of the two neural networks in terms of overall 

mean square error (MSE). We observed that using the selected 

design parameters, the performance goal of the two networks 

was relatively small. 

 
(a) 

 
(b) 

Fig. 11. Effect of  𝑙  on the estimated conductivity while the other 

design parameters were kept fixed: (a) upper error bound 

and (b) lower error bound. 

 
(a) 

 
(b) 

Fig. 10. Effect of  𝑙  on the estimated relative permittivity while 

the other design parameters were kept fixed: (a) upper 

error bound and (b) lower error bound. 
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Table 4. Selected design parameters for the two proposed neural 

networks 

Parameter 
Neural network 

Relative permittivity Conductivity

Number of hidden layers  1 1 

Number of hidden nodes  18 18

Training function Tlmb Tlmb

Learning algorithm Lhwl Lpwb

Training data size, 𝑇𝑡 (%) 40 40

Required number of  

iterations, 𝐼𝑡𝑟  

1700–2000 3500–4100 

Learning rate, 𝑙  0.01 0.05

 

 
(a) 

 
(b) 

Fig. 12. Performance goal of (a) relative permittivity and (b) con-

ductivity. 

 

Starting from the selected design parameter indicators, the 

robustness of the two neural networks against noise was tested 

by adding different noise levels to the inputs of both networks 

using the box-car random number generator Rand (1,1) with 

various percentages to the training and test subsets. To evaluate 

the performance, we calculated the upper and lower error mar-

gins 100 times for each physical parameter of each layer against 

each noise level to form an average upper and lower error, as 

follows: 
 

𝑒  = 
∑ , 𝑡 = 100,              (27)  𝑒  = 
∑ , 𝑡 = 100.              (28) 

 

Figs. 13 and 14 show the two neural network performances in 

terms of average upper and lower error bounds for the test sub-

set with the occurrence of noise. For the first neural network 

shown in Fig. 13, as the noise increased, the average upper error 

and average lower error bounds increased. Furthermore, as the 

noise value reached 40%, both average error bounds did not 

exceed 10%. The same trend was observed for the second neural 

network shown in Fig. 14, with a slight increase in both average 

error bounds values to reach 11% when the noise became 40%. 

V. CONCLUSION 

In this paper, a semi-analytical formulation for the forward 

calculation of the scattered electromagnetic field from a 2D 

inhomogeneous layered scattering object is presented. It involves 

a volume integral equation on an induced electric polarization 

current inside the scatterer and a complete orthonormal set of 

polarization currents to solve Maxwell’s equations. The proposed 

methodology in this paper offers a forward and inverse approach 

 
(a) 

 
(b) 

Fig. 13. Effect of noise on the average upper error bound (a) and 

average lower error bound (b) of each of the estimated rela-

tive permittivities.
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that can deal with structures in which permittivities and/or con-

ductivities are function(s) of z and x directions per layer. The 

results of the proposed approach were used to generate the 

required data set for a MLP neural network. Two MLP neural 

networks were then designed to solve the inverse problem under 

consideration. Several design parameters were investigated and 

tested for optimal performance. The results showed that the 

trained networks were efficient in terms of error criteria and 

yielded accurate results, with an acceptable number of training 

examples. Further, the two proposed networks proved to be 

robust against several levels of noise, and their good interpola-

tion ability was shown by the generalization results. 
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I. INTRODUCTION 

Wireless power transfer (WPT) technology has attracted 

considerable attention in recent years due to its ease of use, high 

reliability, safety, and automatic accessibility to electrical power 

[1]. WPT can be used in applications such as medical implants 

[2], robotics [3], and electronic devices [4]. Given the above-

mentioned benefits, the WPT system may be an appropriate 

alternative to wired charging systems in electric vehicles. 

The static wireless charging (SWC) system has the above ad-

vantages, while the dynamic wireless charging (DWC) system, 

in addition to the above advantages, provides solutions to in-

crease the range of motion, reduce size of lithium-ion battery, 

and eliminate waiting time for charging an electric vehicle [1]. 

WPT systems have two coils, one acting as the transmitter 

coil and the other as the receiver coil. Coils can be implemented 

in solenoid or spiral forms. Spiral coils occupy less space (volume) 

than solenoid coils. Also, these coils, wound in a spiral form with 

increasing radius, have a much better coupling coefficient than a 

solenoid coil wound around a fixed radius. As shown in Fig. 1, 

the WPT coils were categorized into polarized and non-

polarized groups. Non-polarized coils have one pole on the 

transmitter side and one opposite pole on the receiver side, while 

polarized coils have two opposite poles on the transmitter side 

and two opposite poles on the receiver side. The height of the 

flux path (h2) in polarized coils is significantly higher than non-

polarized coils (h1) for a similar size. As a result, the coupling 

coefficient is higher in the polarized coils and is also more ro-

bust to misalignment in the horizontal direction [1], which 

makes the coils more appropriate for their application in electric  
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vehicle charging in both SWC and DWC methods. Among 

polarized coils, the double-D (DD) design is preferred due to its 

simple structure, high efficiency, and low sensitivity in misa-

lignment conditions [5]. To optimize a WPT system or estimate 

its operating parameters (such as received power, efficiency, and 

gain), the designer should accurately compute the self- and mu-

tual inductances [6]. These computations could be carried out 

using analytical, numerical (finite element method [FEM]) [7], 

or hybrid analytical-numerical methods. The analytical method 

has remarkable advantages over the other methods due to its 

time-saving analysis and cost effectiveness. Though many stud-

ies have been carried out to compute self- and mutual induct-

ances of WPT system coils for circular [8–11] and square struc-

tures [12–14], few studies have been published regarding rec-

tangular [15, 16] and DD power coils [17]. An analytical method 

to compute self- and mutual inductances of spiral rectangular 

coils is presented in [18]. However, it is rather complicated due 

to its dependence on computers and the need to set initial bur-

densome values [6]. A numerical-analytical method based on 

infinite integral, infinite Bessel series, and trigonometric functions 

is proposed in [19] to calculate the mutual inductance between 

two rectangular coils, which must be resolved numerically [20]. 

An analytical method to calculate inductance for multi-loop 

spiral coils is proposed in [21] based on Grover equations [22], 

which for each piece of conductor, the self- and mutual induct-

ances must be computed and added together. Applying this 

method to compute the inductance of multi-loop coils is time-

consuming, even with fast computers [16]. In [17], the Grover-

based method is used to calculate self-inductance, and the Neu-

mann-based method is employed for mutual inductance. This 

method is not ideal for the computation of DD power coils in 

terms of computational errors. Also, since no experimental setup 

has been implemented, the analytical results were not validated 

by any experimental results. 
This paper obtains self- and mutual inductances of transmit-

ter and receiver’s DD coils by analytically employing the Biot-

Savart law, which is simpler than the abovementioned methods. 

For demonstration, we validated the analytical calculations using 

the numerical and measurement results. We also obtained the 

mutual inductances for various DD coil distances (coaxial) using 

the proposed analytical method, as well as numerical and exper-

imental methods. According to the low error between spiral and 

single-loop coil inductances in the proposed method, each spiral 

multi-turn coil is considered a several-filament single-loop coil. 

Finally, we examine the optimized dimensions of the transmit-

ter’s coil in terms of the coupling coefficient across the coils on 

the condition that the dimension of the receiver’s coil is constant. 

II. ANALYTICAL MODELING OF DD COILS 

1. Computation of Self-inductance 

Fig. 2(a) shows a DD coil, which consists of two D-shaped 

spiral sub-coils and, in series form, electrically. According to Fig. 

2(b) and 2(c), for simplification purposes, each spiral sub-coil is 

considered a several-concentric single-loop coil. According to 

Fig. 2(c), w is the wire diameter and s is the distance between 

two adjacent wires. Variables in Fig. 2(d), including the length 

and width of the loops, are a, b. The dimensions of the ith loop, 

including ai and bi can be obtained by 
 𝑎 = 𝑎 − (𝑖 − 1)(2𝑤 + 2𝑠), 𝑏 = 𝑏 − (𝑖 − 1)(2𝑤 + 2𝑠), 

(1) 
 

where i = 1 is the outermost loop. 

To obtain the self-inductance of a loop, the flux enclosed by 

that loop must be computed and divided into the loop current. 

The flux of ith loop is obtained according to 
 𝛷 = 𝐵 . 𝑑𝑆 = 𝐵 𝑑𝑆 ,              (2) 
 

where 𝐵  is the field density, and 𝑆  is the cross-section of ith 

loop. According to right-hand law, the field density is perpen-

dicular to the plane. Therefore, given the perpendicularity of the 

unit vector on the yz plane, according to Fig. 2(c), the internal 

multiplication is eliminated. Moreover, since, in this case, the 

largest physical dimension of coil a, relative to wavelength λ, is 

electrically very small (i.e., a <<  λ), the frequency effect of the 

source could be neglected [23]. Hence, Eq. (2) can be used to 

compute the self- and mutual inductances.  

Coil

Flux path
Flux path

h1
h2>h1

h2

Coil

(a) (b) 

Fig. 1. Spiral WPT coils: (a) non-polarized coil and (b) polarized 

coil. 
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The flux density of conductor 𝐶 , in Fig. 2(d), is obtained 

using the Biot-Savart law according to (3). In the following, Eqs. 

(3)–(6) are applied to calculate the flux density and flux caused 

by conductor 𝐶 , as well as the total flux of the loop, respectively 

[24]. 
 𝐵 = µ  −  

.         (3)

 

 

R is the distance between the element and the point at which 

we are computing the magnetic field B, which can be defined as 
 𝑅 = (𝑍 − ) + 𝑟 ,                 

(4)
 

 

where Z is the distance of the given point to the xy plane, r is 

the perpendicular distance of the given point to the z axis, μ0 is 

the vacuum permeability coefficient, and I is the loop current, 

the value of which is considered a unit. Loop flux, caused by 𝐶  

conductor current in Fig. 2(c), is computed by 
 𝛷 = 𝐵 𝑑𝑅𝑑𝑍.            (5) 

 

To obtain the total flux of the loop (conductors 𝐶 , 𝐶 , 𝐶 , 𝐶 ), flux caused by all four conductors should be added. Thus, 

the total flux of loop i caused by the current of the loop itself, is 

as follows: 

 𝑎, 𝑏 ≫ 𝑤2  
 

In Eq. (6), inductance is obtained by assuming 𝑎, 𝑏 ≫ . 
Also, due to the ineffectiveness of the current in the inductance 

value, its value is considered a unit, hence, 𝛷 = 𝐿 . In the 

following self-inductance computation of DD coils, the mutual 

inductance of the loops of sub-coil 1 together, the mutual in-

ductance of the loops of sub-coil 2 together, and the mutual 

inductance between the loops of sub-coils 1 and 2 together 

should be obtained and added. Given that the coils of WPT 

systems are wound with Litz wire and normally operate at a 

working frequency of less than 100 kHz, the skin effect is negli-

gible. Consequently, the filamentary is logical for the Litz wire 

[14]. Fig. 3 shows loop i as part of sub-coil 1 through which 

current 𝐼  flows, and the objective is to compute mutual in-

ductance in loop j or h. According to the DD coil structure, if 

the other loop is part of sub-coil 2 (loop h), it would be on the 

right side of loop i (right-side dashed-line loop), in which case 𝑆  is negative and 𝑆  is positive. If the other loop (loop j) is 

part of sub-coil 1, it would be inside loop i (in-loop i dashed-

line loop), in which case 𝑆  and 𝑆  are negative. 

To calculate the mutual inductance of loops h or j, the flux 

enclosed to loops h or j should be divided on current 𝐼  (as part 

of loop i): 

    𝑀 , = , ,                     (7) 
 

where 𝛷 ,  is the enclosed flux to loops h or j, and 𝐼  is the 

current of loop i. The enclosed flux to loops h or j is obtained 

according to the following equation: 
 𝛷 , = 𝐵 , . 𝑑𝑆 , , = 𝐵 , 𝑑𝑠 , 

,       (8) 
 

where 𝑆 ,  is the plane of loop j or h, and 𝐵 ,  is the field 

density. According to the right-hand law, the field density is 

perpendicular to the plane. As a result, internal multiplication 

could be eliminated. The formula for field density is obtained 

through the Biot-Savart law, which is similar to Eq. (3). The 

difference is that it is shifted toward the positive part of the z- 

axis (Fig. 3) as much as . The magnetic flux of loops h or j, 

caused by the current of conductor 𝐶 , is brought below. In the 

following, Eqs. (9) and (10) are applied to compute the flux of 

loops h or j, caused by the current of conductor 𝐶  and loop i 

[24]. 
 𝛷 , = µ  √ −

( )  𝑑𝑍𝑑𝑟 = µ 𝑍 + 𝑟 − 𝑍 ln 𝑍 + 𝑍 + 𝑟 −𝑍 + 𝑟 + 𝑍 ln 𝑍 + 𝑍 + 𝑟 − 𝑍 + 𝑟 + 𝑍 ln 𝑍 +𝑍 + 𝑟 + 𝑍 + 𝑟 − 𝑍 ln 𝑍 + 𝑍 + 𝑟 −(𝑍 − 𝑎 ) + 𝑟 + (𝑍 − 𝑎 ) ln((𝑍 − 𝑎 ) + (𝑍 − 𝑎 ) + 𝑟 +(𝑍 − 𝑎 ) + 𝑟 − (𝑍 − 𝑎 ) ln (𝑍 − 𝑎 ) + (𝑍 − 𝑎 ) + 𝑟 +(𝑍 − 𝑎 ) + 𝑟 − (𝑍 − 𝑎 ) . 𝑍 = 𝑎 + 𝑠 , 𝑍 = 𝑎 + 𝑠 + 𝑎 , 𝑟 = 𝑏 + 𝑠 , 𝑟 = 𝑏 + 𝑠 + 𝑏   

            (9a) 

 

Fig. 3. Computation of mutual flux between two loops from one 

sub-coil or between two loops from two sub-coils of a DD coil.

𝐿 = 𝛷 = 2 𝐵𝑐 𝑑𝑅𝑑𝑍 + 2 𝐵𝑐 𝑑𝑅𝑑𝑍 =2 = µ −𝑎 ln 1 + 1 +  −𝑏 ln 1 + 1 + +𝑎 ln + 𝑏 ln + 2√𝑎 +𝑏 − 2𝑏 − 2𝑎 .                       
(6)
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The above equation can be further compressed as 
 

 𝛷 , = µ 𝐾(𝑍 , 𝑍 , 𝑟 , 𝑟 , 𝑎 ).          (9b) 
 

According to the right-hand law, conductors 𝐶  and 𝐶  

create imported flux, and conductors 𝐶  and 𝐶  create ex-

ported flux on the plane of loops h or j. Therefore, the mutual 

inductance equation per four inductors is as follows: 
 𝑀 , = µ 𝐾(𝑎 + 𝑠 , 𝑎 + 𝑠 + 𝑎 , 𝑏 + 𝑠 , 𝑏 + 𝑠 +𝑏 , 𝑎 ) − 𝐾(𝑎 + 𝑠 , 𝑎 + 𝑠 + 𝑎 , 𝑠 , 𝑠 + 𝑏 , 𝑎 ) −𝐾(𝑏 + 𝑠 , 𝑏 + 𝑠 + 𝑏 , 𝑠 , 𝑠 + 𝑎 , 𝑏 ) + 𝐾(𝑏 + 𝑠 , 𝑏 +𝑠 + 𝑏 , 𝑎 + 𝑠 , 𝑎 + 𝑠 + 𝑎 , 𝑏 ).                      (10) 

 

Sub-coils 1 and 2 are similar; thus, by doubling 𝐿 , in-

ductance of a DD coil is obtained and is represented by 𝐿 . 𝐿  self-inductance of a DD coil is analytically obtained as 
 𝐿 = 2 ∗ ∑ 𝐿 ( ) + ∑ ∑ 𝑀 ( , )(𝑖 ≠ 𝑗) +∑ ∑ 𝑀 , ( , ) ,                        (11a) 
 

where 𝐿 , 𝑀 , and 𝑀 ,  are the self-inductance of sub-

coil 1, the mutual inductance between loops of sub-coil 1, and 

the mutual inductance between loops of sub-coils 1 and 2. Using 

the results of Section IV, it can be inferred that section 𝑀 ,  

of self-inductance calculations can be neglected due to its low 

effect on the intended response and to reduce the complexity of 

the calculations. Therefore, Eq. (11a) can be simplified as follows: 
 𝐿 = 2 ∗ ∑ 𝐿 ( ) + ∑ ∑ 𝑀 ( , )(𝑖 ≠ 𝑗) .  (11b) 
 

This formula holds true when ferromagnetic materials are not 

used. The proposed model can be easily developed for this case 

by inserting a scaling factor for 𝜇  in Eqs. (6) and (10) [9, 13]. 

The flowchart in Fig. 4 demonstrates how the self-inductance 

of the transmitter and receiver coils is calculated. As observed in 

the flowchart, i, j, and n are symbols of loop numbers of sub-coil 

1. The sum of the self-inductance of sub-coil 1 is named sum 1, 

and the mutual inductance between loops of sub-coil 1 is named 

sum 2. The total sum of sum 1 and sum 2 composes the self-

inductance of sub-coil 1 and is presented by 𝐿  in the rele-

vant flowchart. Sub-coils 1 and 2 are similar; thus, by doubling 𝐿 , the inductance of a DD coil is obtained and is represented 

by 𝐿 . 

 

2. Computation of Mutual Inductance 

The DD coils of the transmitter and receiver are shown in 

Fig. 5(a). Given the above explanation in Section II-1, DD coils 

consist of a Litz conductor. Moreover, since the operating fre-

quency of these systems is normally less than 100 kHz, the skin 

effect is negligible here and filamentary is logical. Also, each 

sub-coil is considered a several-concentric filamentary single-

loop. The outer loops of sub-coils 1 and 3 of DD coils are 

shown in Fig. 5(b). The formula of mutual inductance for DD 

coils is then computed by 
 𝑀 = 𝑀 , + 𝑀 , + 𝑀 , + 𝑀 , ,       (12) 
 

where 𝑀 , , 𝑀 , , and 𝑀 , , 𝑀 ,  are mutual inductances 

of the facing sub-coils and mutual inductances of non-facing 

sub-coils in DD coils, respectively. According to the investigation 

presented in Section IV, since the mutual inductance value is 

insignificant in non-facing sub-coils, they are neglected to avoid 

computational complications. Hence, Eq. (12) is simplified as 
 𝑀 = 𝑀 , + 𝑀 , .              (13) 
 

The mutual inductance between ith single-loop (transmitter) 

and uth single-loop (receiver), according to Fig. 5(b), is obtained 

from the division of flux of uth loop to the current of ith loop as 
 𝑀 = .                      (14) 
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Fig. 5. (a) Set of DD coils. (b) Two filament loops of the transmitter 

and receiver coils.
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Fig. 4. Computation of self-inductance of DD coil. 
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Then, the flux of uth loop is calculated from 
 𝛷 = 𝐵 . 𝑑𝑆 = 𝐵 𝑑𝑆  𝑐𝑜𝑠Ѳ.       (15) 

 𝐵  is the field density caused by the conductor 𝐶 , and 𝑆  

is the plane of uth loop. Also, the point here represents internal 

multiplication. Ѳ is the angle between the unit vector of the 

plane of uth loop and the vector of 𝐵  field density (Fig. 5(b)). 

According to the Biot-Savart law, the equation of field density 

along the z-axis is as below. Eqs. (16) and (17) are the flux den-

sity and flux (or mutual inductance) of conductor 𝐶  [20]. 
 𝐵 = µ + .                     

(16) 
 

Also, magnetic flux caused by conductor 𝐶  along the z-axis, 

which is the effective component for computing mutual flux, is 

obtained by 
 𝛷 = 𝑑𝑦 𝐵 𝑑𝑥 = µ (𝑏 + 𝑏 ) + 𝑧 + (𝑎 + 𝑎 ) −(𝑎 + 𝑎 ). 𝑡𝑎𝑛ℎ ( ) ( ) − (𝑏 + 𝑏 ) +𝑧 + (𝑎 − 𝑎 ) +(𝑎 + 𝑎 ). 𝑡𝑎𝑛ℎ ( ) ( ) − (𝑏 − 𝑏 ) +𝑧 + (𝑎 + 𝑎 ) +(𝑎 + 𝑎 ). 𝑡𝑎𝑛ℎ ( ) ( ) + (𝑏 − 𝑏 ) +𝑧 + (𝑎 − 𝑎 ) −(𝑎 − 𝑎 ). 𝑡𝑎𝑛ℎ ( ) ( ) . 

                      (17) 
 

According to Fig. 5(b), 𝑎 , 𝑏 , 𝑎 , and 𝑏  are the dimensions 

of the transmitter’s and receiver’s loops, and z is the distance 

between two loops along the z-axis. Given the conductors’ 

symmetry, 𝛷 = 𝛷  and 𝛷 = 𝛷  are equal. To obtain 

the magnetic field of the conductor 𝛷  in Eq. (17), 𝑎  and 𝑎  should be replaced with 𝑏  with 𝑏 , respectively. Accord-

ing to right-hand law, the general formula of the magnetic field 

is equal to 𝛷 = 𝛷 + 𝛷 + 𝛷 + 𝛷 . The general mu-

tual inductance is obtained as 
 𝑀 = 𝑀 , + 𝑀 , = ∑ ∑ 𝑀 + ∑ ∑ 𝑀 , 

(18) 
 

where i and n are loops of sub-coil 1; h and m are loops of sub-

coil 2; u and v are loops of sub-coil 3; and w and x are loops of 

sub-coil 4. This formula holds true when ferromagnetic materials 

are not used. The proposed model can be easily developed for 

this case by inserting a scaling factor for 𝜇  in Eqs. (18) [9, 13]. 

III. FINITE ELEMENT MODELLING OF DD COILS 

The FEM model was developed in Altair Flux3D to confirm 

the proposed analytical model and obtain the magnetic parame-

ters of 𝐿 , 𝐿 , M, and k. The model is designed based on 

the parameters given in Table 1. 

Fig. 6(a) shows the 3D-FEM model of DD coils, and Fig. 

6(b) represents the coil’s magnetic flux path. According to Fig. 

6(a), in the FEM simulation, each transmitter and receiver con-

sists of two sub-coils. Each sub-coil consists of 11 transmitter 

coil and 6 receiver coil separate conductor loops. After building 

the transmitter separate loops in the FEM simulation, all the 

transmitter loops are assigned to one coil (transmitter coil); 

therefore, all the loops are electrically in series. The same is true 

for the receiver coil. The coils in the FEM simulation are like 

the prototypes considered in the analytical model as well as 

the experimental prototype; however, the difference is that the 

analytical case does not have rounded corners, and FEM and 

analytical simulations, compared to the experimental prototype 

of DD coils, are considered separate loops instead of spirals. 

Using the FEM simulation, the coils were modeled into spirals 

and separate loops, and the errors for 𝐿 , 𝐿 , and M, are 

0.25%, 0.5%, and 0.77%, respectively. 

 

1. Coupling Coeff icient Optimization 

In some applications of the WPT system, such as medical 

Table 1. Geometrical and electrical parameters of DD coils

Item Value

Sub-coil dimension 400 × 200 mm

DD coil dimension 400 × 400 mm

Nsc1, Nsc2

Transmitter 11, 11 turn

Receiver 6, 6 turn

w, s 3, 3 mm

Airgap 10–100 mm

System operating frequency 85.5 kHz

R1, R2 0.038 Ω, 0.096 Ω

Litz wire 400 × 0.1 mm

 

 

(a) (b) 

Fig. 6. A 3D-FEM model: (a) DD coils and (b) vector schematic 

of the magnetic flux density. 
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implants, cell phones, and robotics (UAV), the receiver coil has 

some limitations in terms of dimensions and weight. In electric 

vehicle applications, the receiver coil has a definite and specified 

size according to the SAE J2954A standard [37]; however, the 

transmitter coil normally does not have any restrictions in di-

mension and weight. Hence, by changing the dimensions of the 

transmitter coil, the coupling coefficient and efficiency can be 

improved. Given the intended approximations for calculating 

self- and mutual inductances in this paper, a DD coil might be 

composed of several rectangular loops. The effect of the dimen-

sion change of a loop from the transmitter loop relative to con-

stant receiver loop dimensions on the coupling coefficient is 

investigated using the analytical and FEM methods shown in 

Fig. 7. 

According to the results in Fig. 7, the highest coupling coeffi-

cient occurs at a distance of 10 < z < 100 mm between the trans-

mitter and receiver loops in the case that they are similar (400 × 

200 mm). From a 100 < z < 150 mm distance between loops, a 

transmitter loop with a dimension of 500 × 250 mm creates the 

highest k. Also, at a distance of z > 150 mm, the transmitter 

loop with 600 × 300 mm dimensions has the highest k.  

Consequently, according to the results in Fig. 7, in low dis-

tances between the two loops, equal dimensions of the transmitter 

and receiver loops result in an optimal state. By increasing the 

distance between loops and the dimensions of the transmitter 

loop, the optimal coupling coefficient is achieved. 

IV. EXPERIMENTAL RESULTS AND COUPLING  

COEFFICIENT OPTIMIZATION 

1. Self-inductance Measurement 

An experimental setup was implemented to investigate the 

accuracy of the analytical method for obtaining the self- and 

mutual inductances of DD coils (Fig. 8). Table 1 presents the 

specifications of the coils. In this research, the RLC meter, 

Lutron LCR-9184 model (Lutron Electronic Enterprise Co. 

Ltd., Taipei, Taiwan) is employed to measure self- and mutual 

inductances of DD coils. 

Fig. 9 shows the results of the self-inductance of the trans-

mitter’s and receiver’s DD coils when applying the analytical, 

FEM, and experimental methods. From the results shown in 

Fig. 9(a), comparing the numbers obtained for self-inductance 

through the abovementioned methods (without approximating 

the elimination of the mutual inductance between two sub-coils 

of a coil 𝑀 ,  or 𝑀 , ) proves that the occurred errors are 

very small, such that the maximum result error is 4.38% (Fig. 

9(b)). According to the analytical results marked by a star in Fig. 

9, it could be observed that by neglecting mutual inductance 

between sub-coils 1 and 2 in the transmitter coil (𝑀 , ) or 

between sub-coils 3 and 4 in the receiver coil (𝑀 , ) for the 

self-inductance calculation (for simplification), the maximum 

error between the analytical-experimental results is 6.08% and 

between the analytical-simulation is 7.93%, which is acceptable. 

To show the performance of the proposed method, we com-

(a) (b) 

Fig. 8. Measuring inductance of DD coils: (a) self-inductance and 

(b) mutual inductance. 

 

(a) (b) 

Fig. 9. Comparison calculation of the measured and simulated self-

inductance of the transmitter and receiver DD coils: (a) 

self-inductances and (b) errors in the results. 𝑀 ,  and 𝑀 ,  are not considered in the analytical results that are 

marked by star (*).

 

Fig. 7. A comparison of the coupling coefficient of a loop from the 

transmitter and receiver coils and the distance change between 

the two loops while the dimension of the transmitter loop is 

variable. The solid and circular curves are the results of the 

analytical calculations and FEM, respectively. 
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pared the self-inductance of a loop of one sub-coil and one loop 

of a DD coil with the findings in [17]. As shown, the results of 

FEM-EXP and ANA-EXP in the proposed method for a single 

loop of a sub-coil and DD coil are significantly better than those 

of [17]. 

To investigate the accuracy of the formula and approximations 

for obtaining mutual inductance between DD coils, we developed 

the experimental prototype shown in Fig. 8(b), which uses an 

RLC meter connection to obtain 𝑀 . To measure mutual 

inductance, one can act as shown in Fig. 8(b). 

Fig. 10(a) shows the computation results of the mutual in-

ductance between the transmitter and receiver DD coils with a 

distance of 10–100 mm between the two coils, obtained using the 

analytical, experimental, and FEM simulation methods. As shown 

in Fig. 10(b), the maximum error of the mutual inductance 

between the two coils in the analytical-experimental, simula-

tion-experimental, and analytical-simulation methods are 9.12%, 

8.68%, and 9.16%, respectively, which occurs in very small air 

gap between the two coils. As the distance between the trans-

mitter and receiver coil increases, the chance of computational 

error reduces, such that with a 100-mm distance between two 

coils, the error values for the analytical-experimental, simula-

tion-experimental, and analytical-simulation methods are 0.54%, 

0.54%, and 1.06%, respectively. The error value observed in the 

results of mutual inductance 𝑀  is caused by an approxima-

tion of the neglected mutual inductance in non-facing sub-coils, 

error measurement, and errors caused by considering a spiral 

coil in several concentric filamentary single-loop forms. 

 

2. Comparison of the Simulation and Proposed Analytical Model 

Table 2 shows a comparison of the computation times for the 

Altair Flux3D and the proposed analytical model (MATLAB) 

to obtain self- and mutual inductances. The simulations were 

executed on an Intel Core i7-7500U CPU with a processor 2.7 

GHz clock speed and 12 GB RAM (Asus K541U). The com-

parison confirms that the use of the proposed analytical model 

saves significant computational time. 

Also, by disregarding 𝑀 ,  and 𝑀 , , the number of 

iterations of the equations (calculate 𝐿 ) will decrease from 

484 to 242; as a result, the computation time will be reduced to 

0.13 seconds. 

V. CONCLUSION 

This paper presented an analytical computational method for 

the self-inductance of two DD coils and mutual inductance. 

Analytical computations, FEM, and experimental results of 

self- and mutual inductances were obtained and compared. The 

proposed method is simpler than existing methods. The findings 

showed that the elimination of 𝑀 ,  and 𝑀 ,  in the 

calculation of self-inductances and 𝑀 ,  and 𝑀 ,  in the 

mutual inductance calculation reduces the complexity of analyti-

cal calculations but does not considerably affect the proposed 

method accuracy. The optimization of the coupling coefficient 

on the transmitter coil was performed in applications where the 

receiver coil had a size or weight limit. Table 3 also proves the 

accuracy of the results of the proposed method compared to the 

existing literature. An analytical model could be applied to 

design and optimize the DD coils of a WPT system; nonetheless, 

(a) (b) 

Fig. 10. Mutual inductance relative to distance change between the 

two coils. (a) A comparison of the results of mutual in-

ductance obtained from the analytical, experimental, and 

FEM methods. (b) A comparison of the error results.

Table 2. Comparison of the simulation and proposed analytical model

Configuration of the coils 
Simulation time

3D FEM Proposed

LSC (single loop) 3 min 52 × 10-3 s

LDDT (total loops) 6 min 0.5 s

Msc1,3 (single loops) 3 min 20 × 10-3 s

MDD (total loops) 9 min 0.4 s

MDD (single loop, 0–100 mm  

distance between coils)

34 min 20 × 10-3 s 

Optimization k (Fig. 7) 2 h 5 min 0.1 s

 

Table 3. Comparison of [17] and the proposed method

Coil description
Dashora et al. [17] Proposed

LSC LSC LSC LDD 

Ana (μH) 0.8 1.9 1.06 2.23

Fem (μH) 0.74 1.74 1.03 2.44

Exp (μH) - - 1.06 2.38

Err (%)  

Fem-Exp 30 27 1.70 2.50

Ana-Exp 24 20 0.20 6.20
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it does not have the problems of 3D-FEM, such as being time-

consuming and costly. The proposed method could be extended 

to calculate self- and mutual inductance for the computation of 

various chargers’ coils, such as DD, DDQ, BP, QD, and extended 

DD, which are appropriate for DWC application. 
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I. INTRODUCTION 

Improvements in the scaling of technology are having a great 

impact on the development of medical devices. One promising 

subject is the microrobot, which is expected to be small enough 

to move freely along blood vessels [1, 2]. Because of the micro-

robot’s potential, it is being studied by various research groups 

[3–7]. To maximize their utility, microrobots are being designed 

with active circuits. Therefore, to run these circuits, an electric 

power source is required [8–10]. For this purpose, a wireless 

power transfer (WPT) system, which transfers electrical energy 

wirelessly and continuously, is being developed for use with 

microrobots. If microrobots can be supplied with reliable electri-

cal energy, motor-based propulsion systems can be employed 

[11, 12]. Although microrobots are capable of generating suffi-

cient propulsion force, the volume of the motor system limits 

the miniaturization of the microrobot. 

To realize a minimized microrobot, microrobot propulsion 

methods based on the Lorentz force and magnetic force have 

been introduced [13–18]. These microrobots have demonstrated 

two-dimensional (2D) movement, such as moving on a water 

surface. However, to move in a blood vessel, the microrobot 

needs to perform three-dimensional (3D) movement, since 

blood vessels are 3D structures. 
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 II. MICROROBOT WITH WIRELESS POWER TRANSFER-

BASED PROPULSION 

When magnetic material is exposed to an external magnetic 

field, the magnetic force is applied to the magnetic material, as 

described in Eq. (1) [16–19]: 
 𝐹 = 2𝜋𝜇 𝑟 𝛻𝐻 .              (1) 
 

where 𝜇 , 𝜇 , and 𝑟  are the relative permeability of the 

magnetic material, relative permeability of the media, and radius 

of the magnetic particle, respectively. Several studies have been 

conducted using this magnetic force as a propulsion force for 

microrobots [18–20]. Considering that WPT systems are based 

on a time-varying magnetic field, which is essential for generating 

induced voltage, the time-varying magnetic field and magnetic 

material can be used as a source of magnetic force. As a result, 

the magnetic force on magnetic material, especially a sphere-

shaped magnetic particle, when exposed to a time-varying mag-

netic field, can be obtained as in Eq. (2) [21]: 
 𝐹(𝑡) = 2𝜋𝜇 𝑟 𝛻(𝐻𝑠𝑖𝑛(𝜔𝑡)) ,        (2) 
 

where ω is the angular frequency of the incident magnetic field 

of current flows on the transmitting coil. In this research, the 

medium in which the microrobot will be inserted is a non-

magnetic material fluid. Therefore, the 𝜇  is 1. Moreover, the 

magnetic material has a high relative permeability compared to 

the fluid, so the 𝜇 (𝜇 − 𝜇 )/(𝜇 + 2𝜇 ) term in Eq. (2) 

converges to 1. According to Eq. (2), the magnetic force depends 

on the magnitude, relative permeability, and gradient of the 

incident magnetic field. To achieve a higher magnetic force, a 

bar-type magnetic material is applied, which introduces a higher 

magnetic field gradient. By applying this structure, the receiving 

coil can be wound along the magnetic material. This concentrates 

the magnetic field compared to a nonmagnetic material and 

subsequently achieves higher power transfer efficiency. 

As a result, with the magnetic intensity located in a distance 

(d), Eq. (2) can be modified into Eq. (3): 
 𝐹(𝑡) = 𝑣𝛻(𝐻𝑠𝑖𝑛(𝜔𝑡)) , where  H = ( )√   (3) 
 

where 𝑣 is the volume of magnetic material, 𝐼 is the magni-

tude of current flows in the transmitting coil, L is a half-length 

of rectangular transmitting coil, and d is the distance between 

the transmitting coil and the receiving coil or microrobot. 

According to Eq. (3), as the magnetic force on the microrobot 

is free from the powering frequency, there is no limitation when 

determining the power frequency. Considering that the mag-

netic force on a magnetic material at a certain distance (d) is 

determined by time-varying currents when the required force of 

the microrobot is given, it is able to determine the current on 

the transmitting coil. 

Accordingly, the design procedures for microrobot propulsion 

can be organized as shown in Fig. 1. Once the location and 

purpose of the microrobot are determined, it is possible to de-

rive the required drag force, which allows it to move in a certain 

range of velocity. In this research, magnetic force can be used as 

an external force and was determined according to Eq. (3). The 

microrobot and designed system were then verified experimen-

tally. Finally, an assessment of human exposure to the electro-

magnetic field level was conducted through a simulation. 

III. PROPULSION OF MICROROBOT IN A TUBE 

Predicting the required force on a microrobot is essential for 

designing the system. Many studies apply the drag force (𝐹 ) as 

in the following equation, which is applied to an external flow 

or free stream condition. 
 

 𝐹 = 𝜌𝑣 𝐶 𝐴,                  (4) 
 

where ρ, 𝑣, 𝐶 , 𝐴 are the density of the fluid, the velocity of 

the microrobot, the drag coefficient, and the cross-sectional area 

of the fluid, respectively. 

Comparing the calculation and simulation results, they 

correspond to each other, achieving error rates lower than 4%. 

However, this equation can only be applied to the free stream 

condition. Since this research assumes that the size of the 

microrobot is comparable to that of the blood vessel, it is more 

reasonable to consider the internal flow condition. Because of 

unpredictable turbulence, calculating the exact equation of the 

drag force for an internal flow condition is difficult. Instead, the 

commercial finite element method (FEM) of analysis, Ansys 

computational fluid dynamics (Ansys CFD) can be used to 

obtain the propulsion force of a microrobot in tube conditions. 

Fig. 2 shows the velocity of the fluid versus the drag force. 

Determine application and location

Expect required drag force

Predict the current excited on the 
transmitting coil

Experimental validation

Verify the electromagnetic field 
Human Exposure Assessment 

 

Fig. 1. Design and verification procedures for the microrobot pro-

pulsion system.
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The drag force on the graph indicates the force required to 

maintain its position against the stream when the fluid flows 

past the microrobot at a certain velocity. Considering that the 

fluid speed in a vein is 3–50 mm/s, the required propulsion force 

for a microrobot is in the range of 2 μN to 100 μN. On the other 

hand, in the aorta, whose diameter is 25 mm, the required drag 

force is around 80 μN to 350 μN. These simulated results sug-

gest that the order of the required propulsion force on the mi-

crorobot in the tube is in the a-μN range.  

In this research, we selected the specific velocity of blood 

vessels in the vein and aorta as 3 mm/s and 200 mm/s, respec-

tively. Under these conditions, the force required to move against 

the blood flow is described in Fig. 2. As the blood velocity of 

the aorta is around 70 times higher than that of the vein, the 

required force on the aorta was evaluated at about 10 times 

higher than that of the vein. Moreover, as can be expected, the 

drag force will differ depending on the outer shape of the micro-

robot. This research considers a capsule shape since the shape of 

the microrobot is determined by a bar-shaped ferrite. 

IV. EXPERIMENTAL VERIFICATION 

To validate that the μN range of propulsion force or drag 

force is enough to allow the microrobot to move against gravity, 

experimental verification was conducted. In general, venous 

blood is hard to define, according to [2]. For this reason, in this 

research, we assumed the medium to be an eligible oil and not a 

vein condition. 

 

1. Experiment Setup 

Fig. 3 shows the experimental setup, including a 25-turn 

transmitting coil and the fabricated microrobot. The receiving 

coil is wound along a ferrite sheet bar whose relative permeability 

is 150, and an LED is applied as an active circuit. The micro-

robot is sealed into a capsule-shaped hydrophilic material. To 

prevent it from dissolving, the glass tube is filled with oil. 

As this research focuses on moving the microrobot upward 

against gravity, the tube is stood between two blocks. As it is 

not easy to create a balance between buoyancy and gravity, the 

experiment started when the microrobot was 5 cm away from 

the transmitting coil. Detailed electrical parameters and dimen-

sional parameters are listed in Tables 1 and 2. 

 

2. Derivation of Force Required to Move a Microrobot 

When the microrobot is inserted into the fluid, it is affected 

by both gravity and buoyancy, as illustrated in Fig. 4. Considering 

that the mass of the microrobot is 0.53 mg, the gravity on the 

microrobot can be determined to be 5.194 mN.  

Table 1. Geometrical and electric parameters of WPT coils

Parameter Transmitting coil Receiving coil

Wire type Litz wire (USTC 

0.12 mm/600 strands)

Solid (∅ = 0.2)

Outer dimension (mm3) 132 × 132 × 25 2 × 2 × 4

Inner dimension (mm3) 107 × 107 × 25 -

Number of turns 25 20

Self-inductance (μH) 125 3.2

Matching capacitance (nF) 20.3  791.2

 
Table 2. Experimental properties 

Type Parameter Value

Eligible oil Density (ρ) 902.27 kg/m3 (@25°C)

Viscosity (μ) 138 × 10-3 Pa∙s

Reynolds number 0.046

Microrobot Mass of microrobot (m) 0.53 mg

Volume 577 mm3

(a)                          (b) 

Fig. 2. Comparison of drag force in (a) a vein (internal flow condi-

tion) and (b) aorta (external flow condition). Dt and Do 

represent the diameter of the tube and the diameter of the 

microrobot, respectively. 

 

 

Fig. 3. Experimental setup for testing the microrobot’s propulsion 

against gravity. 
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Meanwhile, considering that the density of the oil is 902.27 

kg/m3 and the volume of the capsule is 577 mm3, the buoyance 

of the microrobot can be calculated as 5.104 mN, which is 90 

μN lower than gravity. Thus, it will require more than 90 μN to 

move the microrobot upward. 
According to Eq. (3), it turns out that a 23-A current on the 

transmitting coil is required to induce the current needed to 

generate 90 μN in the microrobot when the distance between 

the transmitting coil and the receiving coil is 5 cm. When the 

WPT system is turned off, the time varying magnetic field is 

not generated, and therefore, there is no external force. In this 

case, the microrobot slowly moves downward because the gravity 

is higher than the buoyancy. On the other hand, when the 

WPT system is activated, the time-varying magnetic field 

introduces a magnetic force on the microrobot, and this acts like 

an external force. Since the transmitting coil is located above the 

microrobot, the external force is applied upward in the transmit-

ting coil direction. 

The movements of the microrobot when the WPT system 

was activated for 30 seconds were captured and are presented in 

Fig. 5. As time passed, the microrobot moved upward against 

gravity due to the applied external magnetic force. The time-

average speed in 30 seconds was 1.67 mm/s.  

Fig. 6 illustrates the applied external force depending on the 

position of the microrobot. These values were calculated using 

Eq. (3), since the current of the transmitting coil, the relative 

permeability of the ferrite sheet, and the vertical distance between 

the transmitting coil and the receiving coil are known values. 

Comparing the force and velocity as the microrobot moved 

closer to the transmitting coil shows that the propulsion force 

increased.  
Accordingly, the moving velocity of the microrobot was ob-

served to increase as the microrobot approached the transmit-

ting coil. It turns out the time-average speed of the microrobot 

at 10-second intervals was 1.0 mm/s, 1.8 mm/s, and 2.0 mm/s. 

This implies that the microrobot is able to move upward against 

gravity, achieving a-mm/s range velocity in the fluid. 

V. ELECTROMAGNETIC FIELD HUMAN EXPOSURE  

ASSESSMENT 

Although the proposed system was verified through experi-

ments, before it can be used as an implantable microrobot, it is 

necessary to evaluate the level of human exposure to the applied 

electromagnetic field (EMF). For human exposure assessments, 

the commercial electromagnetic simulation software Sim4Life 

can be used. Since the microrobot is designed with an operating 

frequency of 100 kHz, a magneto-quasi-static (MQS) approxi-

mation solver is used. The MQS approximation assumes that 

the induced current in the human body does not interfere with 

the incident magnetic field, and this is valid for localized expo-

sure from WPT systems below 10 MHz [22]. In addition, 

according to the International Commission on Non-ionizing 

 
Fig. 4. Calculated buoyancy and gravity on the microrobot. Since 

the force of gravity on the microrobot is around 90 μN 

higher than buoyancy, the microrobot goes down when 

there is no external force. 

 

 
Fig. 5. Images of the microrobot moving for 30 seconds after the 

transmitting coil is activated. The magnetic force is enough 

to move the microrobot against gravity. 

 

 
Fig. 6. Calculated external force depending on the position of the 

microrobot and measured time-average speed every 10 seconds 

during movement. 
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Radiation Protection (ICNIRP) guidelines, both the internal 

electric field and synthetic aperture radar (SAR) should be con-

sidered at 100 kHz [23, 24].  

To evaluate the internal electric field and SAR, an anatomical 

human body model, Duke (a 34-year-old male), taken from 

Information Technologies in Society (IT’IS), was used [25]. 

The simulation setup for the EMF human exposure assessment 

is shown in Fig. 7. The transmitting coil was wrapped around 

the calf, and the receiving coil was placed in a vein. The vertical 

distance in the z-axis direction between the microrobot and the 

transmitting coil was 5 cm, which is the same as in the experi-

ments, and the distance in the y-axis direction was 6.4 cm away 

from the outermost point of the transmitting coil. 

Fig. 8 shows the basic restrictions for the general public in 

terms of internal electric fields, and also shows the simulation 

result at 100 kHz. The simulated internal electric field was 11.8 

V/m, which is less than the basic restriction of 13.5 V/m, so the 

designed microrobot complies with the guidelines. Fig. 9 shows 

the local SAR simulation results.  
For the local SAR evaluation, the limits for the head/body or 

limbs are 2 W/kg and 4 W/kg, respectively, depending on the 

area exposed to the EMFs. In this simulation, the microrobot 

was located in the limb, and the simulation result was 0.5988 

W/kg, which satisfies the limit of 4 W/kg. Therefore, it was 

confirmed that the proposed microrobot satisfies the ICNIRP 

guidelines based on the results of the human EMF exposure 

assessment through internal electric field strength. 

VI. CONCLUSION 

Microrobots have high potential value as implantable devices. 

To maximize their utility and minimize the size of the micro-

robot, a wireless power transfer-based microrobot propulsion 

system is introduced. Considering that the blood vessel is a 

kind of tube, the microrobot was inserted into a glass tube filled 

with fluid for experimental validation. Through experimenta-

tion, it was shown that a 3-mm microrobot can be moved 

against gravity, achieving an average velocity of 1.68 mm/s for 

30 seconds. Moreover, a simulation was conducted to ensure 

that the human EMF exposure was within acceptable levels. 

The results showed that the proposed system satisfies the IC-

NIRP guidelines, including the internal electric field strength 

and SAR evaluation. 
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