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I. INTRODUCTION 

Metal failure or fatigue usually begins at the surface. Several 

prominent non-destructive testing (NDT) techniques can be used 

to detect surface cracks in metal. These techniques include dye 

penetrant testing, ultrasonic testing, eddy current testing, acoustic 

emission testing, and radiographic testing [1–3]. In addition, sev-

eral studies have shown that the detection and sizing of surface 

cracks in metals can be achieved non-destructively using micro-

wave and mm-wave frequencies [4–9]. Microwave techniques 

have certain advantages when detecting hairline stress or fatigue 

cracks. An open-ended waveguide operating at 20 GHz was used 

as a sensor to detect smaller surface cracks, such as fatigue cracks, 

through changes in the reflection coefficient [4]. This method, 

however, can be affected easily by noise, air gaps, and other factors 

[5]. Several critical parameters of the open-ended waveguide 

technique were investigated to resolve this problem [6, 7]. The 

open-ended waveguide technique needs to be used at higher fre-

quencies to achieve high spatial resolution [8]. Open-ended coax-

ial probes and near-field sensors using resonant probes have been 

used for crack detection in metallic materials [9, 10]. The resonant 

probes provide many advantages over other probes based on 

measurements of the changes in the reflection coefficient. Recent-

ly, several techniques with resonant probes have been reported on, 

including those using a microstrip linear resonator, quarter-

wavelength microstrip line, dual-behavior resonator filter, and 
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Abstract 
 

This paper presents a non-contact method for the detection of surface cracks in metal materials through a forced-resonance microwave 
method (FRMM) using a cutoff cavity-backed narrow slot as a crack detection probe without using a vector network analyzer (VNA) at 
microwave frequencies. The FRMM uses the deviations in the ammeter or voltmeter readings of the forcefully obtained resonance of a 
cutoff-cavity probe for a metal material with or without cracks. The cutoff cavity-backed narrow slot on metal with no cracks produces a 
series resonance (maximum current) or a parallel resonance through an external control element located on a post inside the cutoff cavity. 
Cracks were detected by a change in this forced-resonance state (maximum current) when the cutoff-cavity probe was scanned over a 
crack. The characteristic crack signal was derived from the resonance current deviation on the ammeter located on a post inside the cavity 
probe. Galerkin’s method of moments was used to obtain a forced-resonance state from which the crack signal of the FRMM was calcu-
lated. The experimental measurements for non-contact (remote or lift-off) crack detection are also presented. 
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complementary split-ring resonator [11–14]. A more general re-

view of state-of-the-art NDT techniques using microwave tech-

nologies has been provided elsewhere [15]. In these techniques, 

the metal surface is scanned by a waveguide probe, while its re-

flection characteristics are monitored using a slotted guide and a 

diode detector, or with a network analyzer. The crack detection 

and sizing in these techniques are done by analyzing the overall 

reflection coefficient of the incident field at different crack posi-

tions beneath the waveguide probe aperture. On the other hand, 

cutoff-cavity probes have been proposed for crack detection in 

metallic materials [16]. The crack detection in this technique is 

done by analyzing the resonant current deviation of the cutoff-

cavity probe at different crack positions beneath the cutoff-cavity 

probe aperture. This method is called the forced-resonance mi-

crowave method (FRMM). The FRMM uses the current devia-

tion from the resonance state for the cutoff-cavity probe without 

a crack and with a crack. Therefore, knowledge of the current 

characteristics of the cutoff-cavity probe is needed to obtain crack 

signals [17]. 

This paper presents a method of remote crack detection using a 

cutoff-cavity probe with a FRMM. This study used a cutoff 

cavity-backed narrow slot probe based on previous work with 

the FRMM for crack detection in metal materials [16]. In [16], 

cavity-backed wide slot apertures were used, and the aperture 

field distribution was expanded in cavity mode. In this paper, 

however, cavity-backed narrow slots were used, and the slot 

could be treated as a thin-wire approximation. The advantage of 

using the cavity-backed narrow slot aperture instead of the wide 

slot aperture is the increased crack location detection accuracy. 

In addition, the thin-wire approximation also has the advantage 

of being able to easily compute the magnetic current distribu-

tions on the crack and narrow slot in the cutoff-cavity probe. 

This approximation is valid for microwave frequencies on a thin 

crack and cavity-backed narrow slot. Galerkin’s method of mo-

ments was used to obtain the forced-resonance state from which 

the crack signal was calculated. The cutoff-cavity probe produc-

es forced resonance by adjusting a control element. Forced reso-

nance can be divided into two types: series resonance (SR) and 

parallel resonance (PR) [16, 17]. SR gives rise to a maximum 

current, while PR shows sluggish gradient currents. The mini-

mum current occurs at the non-resonance (NR) state via the 

control element. The FRMM mainly uses SR, but PR and NR 

can also be used for crack detection. However, PR and NR are 

not as advantageous as SR [17]. This study examined non-

contact crack detection signals using forced-resonance at SR. 

This method can be used to detect hairline and wide cracks 

with a single microwave frequency. The cutoff-cavity probe was 

designed and tested numerically and experimentally, and the 

crack characteristic signals were detected using the fabricated 

prototype cutoff-cavity probe. 

II. SYSTEM DESCRIPTION 

Fig. 1 shows the geometry of the system of remote crack detec-

tion by cutoff-cavity probes using the FRMM. Fig. 1(a) and (b) 

correspond to reference setting on a non-cracked metal (corre-

sponding to the shorting plate) and the remote (lift-off or non-

contact) crack detection, respectively. The detection system con-

sists of four parts: (1) the cutoff cavity-backed narrow slot probe 
(called a cutoff-cavity probe) and two internal posts, (2) the exter-

nal control element for cavity resonance control, (3) the generator, 

and (4) the detector for reading the forced-resonance characteris-

tics and crack characteristic signals. An ammeter or voltmeter can 

be used as the detector. In this study, an ammeter was chosen. 

The cutoff-cavity probe has a narrow slot with a width of Ws 

and length of Ls and is in a small conducting flange with z = 0. 

This is backed by a conducting rectangular cutoff cavity of depth c. 

A crack with width W, length L, and depth d is located in the 

metal. The cutoff-cavity dimensions were chosen such that a 

cross-section of cavity a × b corresponds to the cutoff condition 

for a waveguide of the same cross-section when the cavity is emp-

ty. For this reason, it is called the cutoff cavity. In the cutoff cavity, 

a feed post (#1) with a radius of r1 is located at x = a/2 and z = s1.  

The external control element jX1 (acting as a reactance element) 

(a) 

(b) 

Fig. 1. Cutoff cavity-backed narrow slot for remote crack detec-

tion: (a) reference setting on a non-cracked metal (corre-

sponding to shorting plate) and (b) remote (lift-off or 

non-contact) crack detection. 
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is connected to the top of the feed post to obtain the desired 

forced resonance in the cutoff-cavity probe. For example, com-

mercial products such as coaxial sliding shorts (Model 1909C2 at 

0.8–4 GHz; Maury Microwave Corp., Ontario, CA, USA) may 

be used as the control element. Alternatively, it can be constructed 

using semi-rigid coaxial cables with SMA connectors. Adjusting 

the length of the control element changes the reactance value, 

which changes the characteristics of the cutoff-cavity probe.         

An ammeter is connected to the bottom of a parasitic post (#2) 

with a radius of r2 at y = 0, x = a/2, and z = s2. The ammeter ob-

tains the desired forced resonance and measures the output crack 

signals. A voltage of V1 is applied at y = 0, x = a/2, and z = s1, and 

the control element jX1 is connected at y = b, x = a/2, and z = s1. 

Each parameter referenced in Fig. 1 is listed in Table 1. 

Two steps (preparation and detection stages) are necessary to 

detect surface crack signals in the air gap layer-covered metals 

using the FRMM. 

III. THEORETICAL ANALYSIS OF THE FRMM 

1. Step 1: Preparation Stage (Reference Setting) 
The procedure for using the FRMM and the cutoff-cavity 

probe to detect surface cracks has been detailed elsewhere [16]. 

While reference setting, the cutoff-cavity probe and metal are in 

perfect contact. According to this procedure, the cutoff-cavity 

probe with a metal shorting plate (in the absence of a crack) uses 

the control element, jX1, which is connected to the top of feed 

post #1, to resonate forcefully in the cutoff cavity. 

For the cutoff-cavity probe with a shorting plate, as shown in 

Fig. 1(a), integral equations for current distributions can be de-

rived if the cutoff-cavity probe is fed by a delta gap generator as 

the voltage source in Step 1. The simultaneous integral equations 

for the unknown electric currents, 𝐽 ̅  and 𝐽 ̅ , on feed post #1 and 

parasitic post #2 in Step 1 are as follows:  
 𝐾 ∙ 𝐽 ̅ 𝑑𝑆 + 𝐾 ∙ 𝐽 ̅ 𝑑𝑆  = 𝑦𝑉 δ(𝑦) + 𝑦𝑗𝑋 𝐼 (𝑏)𝛿(𝑦 − 𝑏) (1a)
 𝐾 ∙ 𝐽 ̅ 𝑑𝑆 + 𝐾 ∙ 𝐽 ̅ 𝑑𝑆  = 𝑦𝑍 𝐼 (0)𝛿(𝑦) (1b)
 

where kernels 𝐾  are the dyadic Green’s functions that denote 

the electric fields yielded from a unit of electric current; δ(∗) is 

the delta function, and 𝐼 (𝑏) and 𝐼 (0) are the currents at port 

2 and the ammeter, respectively. 𝑍  is the impedance of the 

ammeter. For convenience and simplicity, the current 𝐼 (0) at 

the ammeter-loading position will be expressed as 𝐼 . The de-

tails of the cavity resonance characteristics are discussed in [17]. 

 

2. Step 2: Crack Detection Stage 

According to the aforementioned procedure, the next step is the 

detection of crack signals. Fig. 2 depicts the cutoff-cavity probe 

being scanned toward a crack to detect the crack in the metal 

material. Fig. 2(a) and (b) demonstrate reference setting (in the 

preparation stage and in the absence of a crack) and remote crack 
 

(a) 

(b) 

Fig. 2. Geometry of scanning for crack characteristic signal detec-

tion: (a) reference setting on a non-cracked metal and (b) 

remote (lift-off or non-contact) crack detection. 

Table 1. Geometric parameters 

Parameter Symbol Value (mm)

Cavity width 𝑎 40

Cavity height 𝑏 20

Cavity depth 𝑐 80

Slot width 𝑊  5

Slot length 𝐿  40

Slot center position 𝑦  10𝑥 position of the feed post #1 𝑡  20𝑥 position of the parasitic post #2 𝑡  20

z position of the feed post #1 𝑆  30

z position of the parasitic post #2 𝑆  60

Radius of the feed post #1 𝑟  1

Radius of the parasitic post #2 𝑟  1

Crack center position 𝑦  Variable

Crack width 𝑊 1

Crack length 𝐿 40

Crack depth 𝑑 1

External reactance 𝑋  Variable

Detector impedance 𝑍  5 kΩ
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detection (lift-off or non-contact detection), respectively. The 

cutoff-cavity probe detects a characteristic crack signal when there 

is a crack inside the narrow slot of the cutoff cavity. T is the scan-

ning position measured from the crack center to the center of the 

cavity’s narrow slot. 

Fig. 1(b) shows the geometry of a crack and a cutoff-cavity 

probe when the crack length L is parallel to the broad dimensions 

of the cavity slot. The cutoff-cavity probe can scan the surface to 

detect cracks in the metal, and the ammeter records the detector 

output current on parasitic post #2. If a crack is outside the nar-

row slot of the cutoff cavity, the detector output current reading 

will be the same as the detector output current in the short-circuit 

case of Step 1 (when there is no crack). In this case, the resonant 

current would be the same as the value detected in the case of a 

short circuit. On the other hand, if the cutoff cavity had a crack 

inside the narrow slot, then the detector output current would be 

different from the short-circuit case in Step 1, and the character-

istic crack signal would be detected as a result. 

The integral equations are derived by dividing the cutoff-cavity 

probe with the air gap layer (corresponding to the dielectric layer) 

covered crack into three regions: a cavity probe (region I), an air 

gap layer (region II), and a crack (region III), as shown in Fig. 1(b). 

The simultaneous integral equations for the unknown electric 

currents on the feed and parasitic post inside the cavity and the 

unknown magnetic currents 𝑀 (= z × 𝐸 ) on the cavity slot 

aperture and 𝑀 (= z × 𝐸 ) on the crack aperture, where 𝐸  

and 𝐸  are the aperture electric field in the cavity slot aperture 

and crack aperture, respectively, can be written as follows: 
 𝐾 ∙ 𝐽 ̅ 𝑑𝑆 + 𝐾 ∙ 𝐽 ̅ 𝑑𝑆  

+ 𝐾 ∙ 𝑀 𝑑𝑆   = 𝑦𝑉 δ(𝑦) + 𝑦𝑗𝑋 𝐼 (𝑏)𝛿(𝑦 − 𝑏) (2a)

 𝐾 ∙ 𝐽 ̅ 𝑑𝑆 + 𝐾 ∙ 𝐽 ̅ 𝑑𝑆  

+ 𝐾 ∙ 𝑀 𝑑𝑆   = 𝑦𝑍 𝐼 (0)𝛿(𝑦) (2b)

 z × 𝐾 ∙ 𝐽 ̅ 𝑑𝑆 + 𝐾 ∙ 𝐽 ̅ 𝑑𝑆  

+ 𝐾 + 𝐾 ∙ 𝑀 𝑑𝑆  

− 𝐾 ∙ 𝑀 𝑑𝑆 = 0 
(2c)

z × 𝐾 ∙ (−𝑀 )𝑑𝑆  

+ 𝐾 + 𝐾 ∙ 𝑀 𝑑𝑆 = 0 (2d)
 

where superscripts I and II denote regions I and II, and subscripts 

1, 2, a1 (corresponding to probe aperture, p), and a2 (correspond-

ing to crack aperture, c) represent the feed post #1, parasitic post 

#2, the cavity probe slot aperture, and the crack aperture, respec-

tively. In addition, �̂� is the unit vector of the z-direction. 𝑑𝑆  

and 𝑑𝑆  denote the element of the area on the surface of the 

probe slot aperture and the crack aperture, respectively. In addition, 

the kernels are as follows: 
 𝐾 = 𝐼̅�̅� + ∇∇ ∙ �̅̅� , 𝑖, 𝑗 = 1 𝑜𝑟 2       (3a) 
 𝐾 = −∇ × �̅̅� ,   𝑖 = 1 𝑜𝑟 2             (3b) 
 𝐾 = ∇ × �̅̅�   ,    𝑖 = 1 𝑜𝑟 2             (3c) 
 𝐾 , = 𝐼 ̅�̅� + ∇∇ ∙ �̅̅� ,              (3d) 
 𝐾 = 𝐼̅�̅� + ∇∇ ∙ �̅̅�              (3e) 
 𝐾 = 𝐼̅�̅� + ∇∇ ∙ �̅̅�               (3f) 
 𝐾 , = 𝐼 ̅�̅� + ∇∇ ∙ �̅̅� ,              (3g) 
 

where 𝐼 ̿  is the unit dyadic, �̿�  and �̿�  are the dyadic 

Green’s functions that denote the electric type from the unit elec-

tric current in region I, and �̿� ,  (𝑖 = 1 𝑜𝑟 2, 𝑗 = 𝑝 𝑜𝑟 𝑐) 

are the dyadic Green’s functions that denote the magnetic type 

from the unit magnetic current in region I and II. �̿�  is the 

dyadic Green’s function that denotes the magnetic type from the 

unit magnetic current in region III.  

The air gap layer (region II) is represented by a parallel-plate 

waveguide. The Green’s function for region II can be expressed as 

follows by using the principle of images:  
 �̿� = 𝐼 ̿ ∑ + ,       (4) 

 

where the distance 𝑅±  between the source and the field points 

is given by 
 𝑅± = 𝑥 − 𝑥 + + 𝑧 ∓ 𝑧 − 2𝑛𝑔 ,   (5) 
 

where 𝑥  and 𝑧  are the coordinates of the field points, 𝑥  and 𝑧  represent the source points, and 𝑊 = 𝑊  for 𝑗 = 𝑝 and 𝑊 

for 𝑗 = 𝑐. 

To solve the simultaneous integral equations with the method of 

moments for the unknowns, 𝐽 ̅ , 𝐽 ̅ , 𝐸 , and 𝐸  were expanded 
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as follows: 
 𝐽 ̅ (𝑦) = 𝑦 ∑ 𝑎  𝑐𝑜𝑠          (6a) 

 𝐽 ̅ (𝑦) = 𝑦 ∑ 𝑎  𝑐𝑜𝑠          (6b) 
 𝐸 (𝑥′, 𝑦′) = 𝑦 ∑ 𝑒 𝐹 (𝑥 )𝐻 (𝑦 )       (7a) 
 𝐸 (𝑥′, 𝑦′) = 𝑦 ∑ 𝑒 𝐹 (𝑥 )𝐻 (𝑦 )       (7b) 
 

𝐹 (𝑥′) = ⎩⎪⎨
⎪⎧ ∆ , 𝑥 ≤ 𝑥 ≤ 𝑥

∆ , 𝑥 ≤ 𝑥 ≤ 𝑥    

 (8a)

 

 

𝐹 (𝑥′) = ⎩⎪⎨
⎪⎧ ∆ , 𝑥 ≤ 𝑥 ≤ 𝑥

∆ , 𝑥 ≤ 𝑥 ≤ 𝑥
    (8b)

 

 𝐻 (𝑦 ) = ( ⁄ ) ( )              
(9a)

 
 𝐻 (𝑦 ) = ( ⁄ ) ( )              

(9b)
 

 

where 𝑎 , 𝑎 , 𝑒 , and 𝑒  are the complex expansion coeffi-

cients.  

Once the current distributions on the internal posts and the 

slot aperture electric distribution on the crack are given, the crack 

characteristic signals (deviation of the current on the ammeter) of 

a crack in a metal can be evaluated. 

IV. THEORETICAL RESULTS 

1. Step 1: Preparation Stage 
The first step was to find the maximum current (SR) on the 

ammeter by adjusting the control element, jX1, when the cutoff-

cavity probe was on metal with no crack. The cutoff-cavity probe 

of the metal was analyzed. The analysis results showed that the 

cutoff-cavity probe could be resonated forcefully by the control 

element in both SR and PR. This study focused on using SR and 

the ammeter as a detector. 

The dimensions of the cutoff-cavity probe used in the numeri-

cal calculation were 𝑎 = 40 mm, 𝑏 = 20 mm, 𝑐 = 80 mm, 𝑠 = 30 mm , 𝑠 = 60 mm , and 𝑟 = 𝑟 = 1 mm.  The 

cutoff frequency was 3.75 GHz for the dimension a = 40 mm. 

The operating frequency was set to 1 GHz, which satisfied the 

cutoff state. The impedance of the ammeter with a diode was 𝑍 = 5.23 kΩ  [5  kΩ (ammeter) + 230 Ω (diode) ]. The 

crack signals were detected by high-frequency diodes (1SS99; 

NEC Electronics America Inc., Santa Clara, CA, USA) connect-

ed to parasitic post #2. 

Fig. 3 presents the operating frequency of the cutoff-cavity probe 

as it correlates with the length of the control element. Forced-

resonance occurred when the control element length is adjusted to 

certain values, generating SR or PR [17]. Fig. 3(a) and (b) show the 

control element length and reactance versus frequency, respectively. 

At 1 GHz, SR and PR occurred at k ℎ = 1.936 (𝑋 =−130.77 Ω) and kℎ = 0.971 (𝑋 = 73.18 Ω ), respectively. 

At 2 GHz, SR and PR occurred at k ℎ = 1.411 (𝑋 =310.71 Ω) and kℎ = 2.134 (𝑋 = −79.17 Ω ), respectively. 

As shown in Fig. 3, for crack detection using the FRMM principle, 

the operating frequencies are available below the cutoff frequency 

of 3.75 GHz. 

Fig. 4 shows the detector current (referred to as the resonance 

current or ammeter reading current) and the input impedance of 

the cutoff-cavity probe versus the length of the control element at 

1 GHz [17]. The cutoff-cavity probe with a shorting plate force-

fully resonated at SR when 𝑘ℎ = 1.936 (𝑋 = −130.77 Ω) 

for 1 GHz. As shown in Fig. 4, a variation of the input impedance 

of the cutoff-cavity probe at 𝑘ℎ = 1.936 showed a change in 

behavior from capacitive to inductive, which represents the SR 

state. Moreover, a variation of the input impedance of the cutoff-

cavity probe at 𝑘ℎ = 0.971 for 1 GHz showed a change 

 

(a) 

(b) 

Fig. 3. Frequency characteristics of a cutoff-cavity probe: (a) control 

element length and (b) control reactance versus operating 

frequency. 
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Fig. 4. Detector current and input reactance of the cutoff-cavity 

probe versus the control element length at 1 GHz. 

 

from inductive to capacitive, which represents the PR state. Alt-

hough it appears that the current at 𝑘ℎ = 1.317 (𝑋 =192.76 Ω) for 1 GHz is minimized (≈0 mA and the non-

resonance [NR] state), this study focused only on SR, or the max-

imum current. 

To summarize Step 1, the preparation stage, 1 GHz was select-

ed as the operating frequency, and the SR stage was adopted as 

the reference current (maximum current). Therefore, the length of 

the control element was adjusted to obtain the maximum current 

and the control element, 𝑘ℎ = 1.936 (𝑋 = −130.77 Ω ), 

was fixed. The resonance currents were recorded as 𝐼 =49.97 mA (ammeter reading), which represents the reference 

current or forced-resonance signal. 

Fig. 5 presents the reference signals at the standoff distance 

from the non-crack material. There was a very rapid change in 

the reference signal within 0.5 mm. A constant reference signal 

appeared above a 3 mm standoff distance. In this paper, 1 mm 

was chosen as the reference value of the standoff distance. 

 

2. Step 2: Crack Detection Stage 

When the cutoff-cavity probe moves over a crack on a metal 
  

 

Fig. 5. Reference signals at standoff distance from the non-crack 

material. 

sturface (lift-off of 1 mm), as shown in Fig. 2, its reference current 

or forced-resonance signal (maximum current) changes. The reac-

tance value of the control element as a reactance element, 𝑋 =−130.77Ω (𝑘ℎ = 1.936), for 1 GHz, obtained in Step 1, was 

entered into (3) to determine the change in current detected on 

the ammeter when there is a crack. The current expansion modes 

K = L = 29 and crack aperture electric field expansion mode Q = 

19 were used to calculate the convergence results. 

As shown in Fig. 2, the scanning position T indicates the posi-

tion of the cutoff-cavity probe relative to a crack position. The 

crack signal refers to the variations in the detector current, as a 

function of scanning position T, which is obtained when the cut-

off -cavity probe detects a surface crack in the metal. The differ-

ence in the ammeter currents (resonance currents) in Steps 1 and 

2 is referred to as the characteristic crack signal.  

Fig. 6 shows the crack characteristic signals (normalized crack 

signals, with respect to the value of the forced-resonance signal in 

Step 1) recorded at 1 GHz for various crack widths. The crack 

length L is in the x-direction, classifying it as an x-directed crack. 

The cutoff-cavity probe was scanned linearly along the y-axis in 

search of an x-directed crack. As shown in Fig. 6, the detector 

value did not change significantly when the x-directed crack was 

(a) 

(b) 

Fig. 6. Normalized crack signals for various crack widths: (a) W 

= 1 mm and 0.1 mm and (b) W = 0.01 mm and 1 μm.
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outside the narrow slot of the cutoff cavity; the absence of a crack 

results in a fairly constant signal. As expected, for a y-directed 

crack (where the crack length is in the y-direction), the detector 

value did not change while the crack was inside the narrow slot 

of the cutoff cavity. A crack inside the narrow slot did not 

prompt a change in the resonance current because there were no-

propagation modes.  

Fig. 6(a) shows the crack characteristic signals for crack widths 

when the crack is located in the x-direction using non-contact 

(standoff or remote) detection. The detector output signals were 

dependent on the crack widths. In addition, Fig. 6(a) also shows 

that when the crack length extends beyond the cavity-slot, 𝐿 >𝐿  (= 40 mm), there will be a considerable perturbation in the 

crack signal. Fig. 6(b) shows the crack characteristic signals for 

very thin crack widths when the crack is located in the x-direction 

using non-contact (standoff or remote) detection. The crack sig-

nals were dependent on very thin crack widths. The crack widths 

were small compared to the wavelength, 3.3 × 10−5λ (for 1 μm) 

to 3.3 × 10−2λ (for 1 mm), when the operating frequency was 

1 GHz. The results showed that the crack signals for wide and 

narrow cracks were detected at a single operating frequency. 

Fig. 7 shows the crack characteristic signals for various wide 

crack widths, 𝑊 > 𝑊  (= 5 mm), when the crack was located 

in the x-direction using non-contact detection. The crack signals 

were also detected and changed for the wide crack width. 

Fig. 8 shows the crack characteristic signals for various crack 

depths when the crack was located in the x-direction using non-

contact detection. The cutoff-cavity probe was scanned linearly 

along the y-axis in search of an x-directed crack. The detector out-

put signals were dependent on the various crack depths. When the 

operating frequency was 1 GHz, the crack depths were smaller than 

the wave length, 0.033λ (for 1 mm) to 0.167λ (for 5 mm). 

The results showed that crack signals for deep and shallow cracks 

were detected at a single operating frequency. Overall, the operat-

ing frequency used in conventional microwave methods for  

Fig. 8. Normalized crack signals for various crack depths. 

 

crack detection depends on the dimensions of the crack, but the 

FRMM can be used to detect cracks with different sizes using a 

single frequency. 

A rapid change in the amplitude of the resonance current oc-

curred when the crack moved within the narrow slot of the cutoff 

cavity. The amplitude of the resonance current remained fairly 

constant when the crack was outside the cutoff-cavity probe, as 

shown in Figs. 6 and 7. 

Fig. 9 shows the crack signals at the standoff distance (air gap) 

from the crack center. There was a very rapid change in the crack 

signal within 0.5 mm. A constant crack signal appeared above a 

0.7 mm standoff distance. Therefore, remote crack detection can 

be used within 0.7 mm. 

V. EXPERIMENTS 

Fig. 10 presents a photograph of the experimental setup. The 

cutoff cavity-backed narrow slot probe was made with copper and 

plated with gold. The control reactance element was constructed 

using a semi-rigid coaxial cable with a short end. The dimensions 

of the cutoff-cavity probe used in the experiments were 𝑎 = 40 

mm, 𝑏 = 20 mm, 𝑐 = 80 mm, 𝑠  = 30 mm, 𝑠  = 60 mm, and 𝑟 = 𝑟 = 1 mm. A 1SS99 (NEC) diode with an ammeter (20  

Fig. 7. Normalized crack signals for various wide crack widths. 

 
Fig. 9. Normalized crack signals vs. air gap from the crack center.
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μA range) was connected to the parasitic post. The operating 

frequency was 1 GHz, and the control element was made of a 

semi-rigid coaxial cable. The length of the control element was 

adjusted to obtain the forced resonance in the cutoff-cavity probe 

with a shorting plate. The cracked material used in the experi-

ment was a thick aluminum plate with a thickness of 50 mm. The 

dimensions of the crack made on the thick aluminum plate were 𝐿 = 40 mm, 𝑊 = 1 mm, and 𝑑 = 2 mm.  

As the first step, the SR was produced by the control reactance 

element on the non-crack material and the signal output was rec-

orded by the ammeter. As the second step, the cutoff-cavity probe 

scanned for cracks in the thick aluminum. A gradually change in 

the amplitude of the cavity resonance current occured when a 

crack appeared inside the cutoff-cavity slot aperture, as shown in 

Fig. 11. 

Fig. 11 shows the calculated and measured crack characteristic 

signals for the x-directed crack. The measured crack signal was 

detected at a standoff distance of 1mm using the cutoff-cavity 

probe. A 1-mm Styrofoam sheet was used to maintain a constant 

lift-off distance at the constant standoff distance from the cracked 

material. The characteristic crack signals were detected using a 

single microwave frequency and SR (forced-resonance) in the 

cutoff cavity-backed narrow slot.  

VI. CONCLUSION 

Non-contact (remote or lift-off ) crack detection using a 

FRMM through a cutoff cavity-backed narrow slot probe was 

demonstrated. The crack characteristic signals of the FRMM 

were evaluated theoretically and compared with the measured 

results. A thin-wire approximation with Galerkin’s method of 

moments was used to express the crack aperture field. Because the 

forced resonance of a cutoff cavity can be achieved by adjusting an 

external control element, this technique has the potential to ena-

ble the sensitive detection of cracks in metal at microwave fre-

quencies. Future studies will investigate surface crack detection in 

filled and dielectric material coatings. 

 

This research was supported by the Basic Science Research 

Program through the National Research Foundation of Korea 

(NRF), which is funded by the Ministry of Education (No. 

NRF-2019R1D1A1A09058357). 

 

(a) 

(b) 

Fig. 10. (a) Cutoff cavity-backed narrow slot probe and (b) the 

experimental setup. 

 
(a) 

 
(b) 

Fig. 11. Measured crack signals: (a) calculated and (b) measured. 
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I. INTRODUCTION 

The evolution of fifth-generation (5G) communication sys-

tems will lead us into an era of ubiquitous connectivity and the 

Internet of Things (IoT) [1]. The main purpose of the IoT is to 

strengthen new user experiences and to link new industries with 

enhanced performance, security, and affordable prices [2]. Im-

portantly, the aim of 5G is to attain a peak data rate of 20 Gbps 

by utilizing the millimeter-wave (mm-wave) spectrum [3]. 

However, for the effective implementation of 5G systems, effi-

cient and compact antennas operating at the mm-wave frequen-

cy band will be required. Moreover, mm-wave 5G antennas with 

a large operating bandwidth and high gain will be necessary [4]. 

At the ITU World Radiocommunication Conference 2019 

(WRC19), global stakeholders approved bands for 5G commu-

nication. One of these was the 28 GHz band, which has the 

greatest potential for 5G mm-wave communication [5]. Conse-

quently, the attention of researchers has been drawn towards this 

band for future communication applications [6–14]. 

Recent literature has reported various antenna designs for 5G 

mm-wave applications [6–14]. For example, the work in [6, 7] 

employed metasurfaces and single patch antennas for gain and  
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Abstract 
 

In this paper, a compact, wideband, printed antenna is proposed for millimeter-wave fifth-generation communication systems. The pro-

posed design is a patch antenna with a defected ground structure, in which ground plane defects are utilized to reduce resonance and 

achieve wideband operation. The optimized antenna dimensions are 2.5 mm × 4.5 mm with a substrate thickness of 0.203 mm. A proto-

type antenna was fabricated and measured to verify the performance, and it was established that the simulated and measured results were 

in good agreement. The measured bandwidth was approximately 6.4 GHz (26.5–32.9 GHz) with a peak gain of 5.62 dBi and an efficien-

cy in operational bandwidth of 84%. The compactness, wide bandwidth, and decent gain suggest that the proposed antenna is a potential 

contender for forthcoming communication systems. 
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bandwidth enhancement, which increased both the overall size 

and design complexity of the structure. In addition, the air gap 

between the frequency selective surface (FSS) and the antenna 

introduced a complexity, because a small change in the gap had 

a greater impact on the performance of the antenna due to the 

shorter wavelength at mm-wave frequencies. The work reported 

in [8] used an additional waveguide with a patch antenna to 

achieve a tilted beam radiation pattern. However, this resulted in 

the antenna being physically large with a limited bandwidth. In 

[9], a bow-tie antenna was presented to achieve wide bandwidth 

and high gain. However, due to the large dimensions, its suita-

bility for compact devices would be limited. 

Array antennas have also been proposed for 28 GHz mm- 

wave applications [10–12]. Here, wide operational bandwidth 

with the advantages of high gain and compact size were report-

ed. However, these antennas suffered from being complex struc-

tures with low radiation efficiency. In [13], a slot etching tech-

nique was employed in the design of a compact-sized dual-band 

antenna for 28 and 38 GHz applications, although the reported 

bandwidth and gain were unsuitable for 5G applications. Finally, 

a monopole antenna for mm-wave applications was proposed in 

[14]. Although the antenna exhibited omni-directional radiation 

patterns, it achieved low gain and limited bandwidth. 

To overcome the limitations of these previous designs, a com-

pact antenna operating at the mm-wave 5G frequency spectrum 

is proposed in this paper. The proposed geometry attains a wide 

bandwidth and significant gain. The miniaturization of the an-

tenna and performance enhancement is achieved by incorporat-

ing the defects in the ground layer. The remainder of the paper 

is organized as follows: Section II presents the antenna design 

methodology, Section III provides an explanation of the various 

performance parameters, and the discussion and conclusions are 

presented in Section IV. The salient features of the proposed 

antenna can be summarized as follows: (1) a simple rectangular 

slot was used to shift frequency to lower bands without increas-

ing antenna size, (2) it exhibits wide operational bandwidth with 

simple geometrical configuration, whereas complex defected 

ground structures (DGSs) were used for a similar purpose in the 

reported literature, and (3) the combination of compact size, 

wide bandwidth, high gain, and high efficiency renders the an-

tenna a potential candidate for 28 GHz 5G communication 

systems. 

II. ANTENNA DESIGN AND PERFORMANCE ANALYSIS 

The finite element-based electromagnetic solver software, 

Higher Frequency Structural Simulator (HFSS), was used to 

model and analyze the antenna design. Designing the antenna 

was divided into two steps, and a detailed description of the 

design process is provided in the subsequent sections. 

1. Step 1 
Initially, a conventional rectangular patch antenna was mod-

eled on a Rogers RO4003 substrate with a relative permittivity 

(ɛr) of 3.55, a loss tangent of 0.002, and a thickness of 0.203 

mm. The bottom of the substrate was a full ground plane, as 

depicted in Fig. 1(a). 

The antenna dimensions were 2.5 mm × 4.5 mm and it was 

designed to operate in the fundamental TM01 mode. The reso-

nating frequency (fr) is defined as follows [15]: 
 𝑓 = 𝑐ε   λ  

(1)
 

where λg is the guided wavelength at the desired frequency and 

ɛeff is the effective dielectric constant, which is given by 
 𝜀 ≈ 𝜀 + 12 + 𝜀 + 12 1 + 12 𝑊ℎ .

 
(2)

 

Here, Wp is the width of the radiator and h is the thickness of 

the substrate. The length (LP) of the radiator can be estimated 

by using 
 

       𝐿 =   (3)
 

Theoretically, this antenna resonates at half-wavelength with 

a full ground plane. Further, the reflection coefficient plot in 
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Fig. 1. Design evolution of the proposed antenna: (a) conventional 

patch and (b) the proposed patch antenna.
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Fig. 2 demonstrates that the antenna is resonating at 50 GHz. 

The optimized parameters for a conventional patch are as fol-

lows: AX = 5 mm, AY = 5 mm, t = 0.20 mm, PY = 4.5 mm, PX = 

2.5 mm, FX = 2 mm, and FY = 0.8 mm. 

 

2. Step 2 
In the second step, a rectangular slot was etched in the ground 

plane as a defect, as illustrated in Fig. 1(b). After this alteration, 

the antenna behaved like a monopole antenna and started res-

onating at a quarter wavelength. This explains why the fre-

quency shifted to almost half of the initially designed antenna, 

as depicted in Fig. 2. Thus, the antenna behaved like a mono-

pole antenna after introducing the DGS, the length of which 

can be estimated by using the following equation (given in 

[16]): 
       𝑳𝑷 ≈ 𝒄𝟒 𝒇𝒓 𝜺𝒆𝒇𝒇 

(4)
 

The dimensions of the radiating slot can be calculated in 

terms of an integral multiple of the wavelength at the desired 

frequency. For the presented case, the length and width of the 

slot can be determined from the following relation: 
       𝑮𝒀 ≈ 𝒄𝒙𝟏 𝒇𝒓 𝜺𝒆𝒇𝒇  

(5)     𝑮𝑿 ≈ 𝒄𝒙𝟐 𝒇𝒓 𝜺𝒆𝒇𝒇 
(6)

 

Here, 𝒇𝒓 is the central frequency and x1  and x2 are found to 

be 4 and 8. To enhance the matching performance at the de-

sired frequency of 28 GHz and to attain a wider bandwidth, the 

primary radiator was modified by subtracting a rectangular slit 

from the upper side of the patch antenna, as shown in Fig. 1(b). 

The reflection coefficient plot in Fig. 2 demonstrates that the 

antenna with a rectangular slit and the DGS resonated at a low-

er frequency (approximately 27.5 GHz) with a wide operating 

band, while retaining the other antenna dimensions. It can also 

be observed that without the DGS, the antenna achieved an 

impedance bandwidth of 3.4 GHz (48.3–51.7 GHz). By com-

parison, a very large impedance bandwidth of 6.3 GHz (26.4–

32.7 GHz) was obtained with the DGS. 

Initially, the length and width of the substrate were the same, 

as in Case 1. However, due to the bigger size of the end launch 

connector, the dimensions of the proposed antenna were opti-

mized to obtain the desired results. The optimized parameters 

for the proposed antenna design were as follows: AX = 15 mm, 

AY = 15 mm, t = 0.203 mm, PY = 4.5 mm, PX = 2.5 mm, FX = 

10 mm, FY = 0.8 mm, W1 = 0.4 mm, W2 = 0.4 mm, G1 = 3.7 

mm, G2 = 2.5 mm, GY = 5.2 mm, and GX = 1.9 mm. 

 

3. Performance Analysis of the DGS 
To obtain the optimal values for the length and width of the 

DGS, a parametric analysis was conducted by varying the width 

(SX) and length (SY) of the slot in the ground plane. This also 

illustrated the effect of the DGS on the performance of the an-

tenna. The return loss of the antenna for different values of SY is 

exhibited in Fig. 3(a), where it can be observed that Gw had a 

minor effect on the matching performance and the operating 
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frequency was slightly shifted by varying SY. The optimum value 

of SY was 5.2 mm. It should also be noted that when the value of 

SX decreased from 1.9 to 1.6 mm, dual resonating bands ranging 

from 25.9–28.2 GHz and 30.8–33.3 GHz were attained instead 

of a single wideband, as shown in Fig. 3(b). Further, when SX 

was increased from 1.9 to 2.2 mm, the operating bands gradually 

combined into a single wideband at 30.7 GHz with an imped-

ance bandwidth of 27.7–31.4 GHz. In this case, a superior re-

turn loss was obtained; however, there was a trade-off with the 

operating bandwidth. This analysis indicates that SX is a very 

useful parameter to improve the matching performance of the 

proposed design. 

III. RESULTS AND DISCUSSION 

1. Scattering Parameters 
The prototype was fabricated using a standard chemical etch-

ing process, and a 2.92 mm endlaunch connector (Southwest 

Microwaves Inc., Tempe, AZ, USA) was used to feed the an-

tenna. The simulated reflection coefficient plot for the proposed 

antenna (Fig. 4) illustrates that a wide frequency band of 26.6–

33.2 GHz was obtained with an impedance bandwidth of 6.6 

GHz. Further, the measured reflection coefficient curve indicates 

that an impedance bandwidth of 6.4 GHz (26.5–32.9 GHz) was 

obtained, which is in good agreement with the predicted value. 

However, small discrepancies were observed between the simu-

lated and measured results due to imperfections in fabrication 

and losses across the coaxial cables used for measurement. 

 

2. Radiation Characteristics 
The radiation patterns of the proposed antenna are illustrated 

in Fig. 5(a) and (b). For both 28 and 31 GHz, the proposed an-

tenna exhibited a bidirectional radiation pattern in the E-plane 

(Φ = 0º) and H-plane (Φ = 90º), where the maximum power 

was transmitted at Φ = 0° and Φ = 180°. It should be noted 

that the patterns in both planes were off bidirectional due to the 

presence of the radiating slot in the ground plane. It could also 

be observed that the maximum current distribution was ob-

served along the Y-shaped patch and along the edges of the slot, 

which resulted in bidirectional radiation patterns of the antenna 

(Fig. 6). Furthermore, a very low value of cross polarization (greater 

than -22 dB) was observed at both resonating frequencies. The 

realized gain and radiation efficiency of the proposed antenna 

are exhibited in Fig. 7, where it can be observed that the pro-

posed antenna a total efficiency of > 84% in operational band-

width, and a peak value of 87% was observed at 31 GHz. 

 

3. Comparison with State-of-the-Art Works 
The performance of the proposed antenna was compared 

with that of the related works reported recently. Table 1 presents 

a summary of this comparison, considering the key design pa-

rameters. It can be observed that the proposed antenna offers a 

compact size compared to other designs and has the advantages 

of lower height, wide operational bandwidth, high gain, efficien-

cy, and a simple geometrical structure. Therefore, the proposed 

antenna is ascertained to be a potential candidate for 28 GHz 

5G applications. 

IV. CONCLUSION 

The antenna presented in this paper is a compact wideband 

printed antenna based on DGS for mm-wave 5G communica- 
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Fig. 4. Simulated and measured |S11| of the proposed antenna.
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Fig. 5. Simulated and measured radiation patterns of the proposed
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Fig. 6. Surface currents of the antenna at 28 GHz. 

 

Fig. 7. Gain and efficiency of the proposed antenna. 

 
tion applications. The proposed geometry utilizes the benefits of 

DGS for achieving miniaturization (lowering the resonant fre-

quency) and to obtain wideband operation with stable radiation 

characteristics. The antenna achieved a measured - 10 dB |S11| 

bandwidth of approximately 6.4 GHz (ranging from 26.5 to 

32.9 GHz) with a peak gain of 5.62 dBi. The compactness of 

the structure and its wide bandwidth ensure the suitability of the 

proposed antenna for impending 5G communication systems. 
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I. INTRODUCTION 

High-gain antennas are very useful and attractive in modern 

wireless technology such as 5G wireless communication, satellite 

communication, and microwave wireless power transfer. Various 

types of antennas can be used to achieve high-gain performance. 

Array antennas are the most popular solutions to overcome the 

low gain of an antenna. However, this type of antennas has some 

drawbacks such as complex feeding network with a loss that 

cannot be ignored and mutual coupling between array elements. 

In the case of a parabolic antenna, the required optimum focal 

length makes the antenna bulky. In 1956, the Fabry-Perot cavity 

(FPC) antenna was researched by Trentini [1] to achieve high-

gain performance. The FPC antenna achieves a maximum gain 

when the phases of transmitted powers by multiple reflections 

between a partially reflective surface (PRS) and a ground plane 

are in-phase. Since the FPC antenna has to satisfy the resonance 

condition, it has the minimum height of a half wavelength and 

is not inherently planar. Various types of low-profile FPC an-

tennas have been introduced to overcome this weakness [2–10]. 

However, specific structures such as metasurfaces are needed to 

modify the resonance condition of the cavity; hence, the design 

procedure is complicated and difficult in these cases. Moreover, 

the gain of the conventional FPC antenna is proportional to the 

reflection magnitude and dimension of the PRS. When the re-

flection magnitude of the PRS increases, the dimension of the 

PRS and the ground plane should be simultaneously larger to 

obtain a maximum gain improvement [11, 12]. Furthermore, the  
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FPC antenna needs a supporter to hold the PRS above the 

ground. 

A novel compact and robust FPC comprising a partially reflec-

tive dielectric surface (PRDS) and a perfect electric conductor 

(PEC) ground is proposed in this paper. Because the PRDS of 

the proposed FPC antenna is located on the PEC ground plane, 

the PRDS can be operated like a perfect magnetic conductor 

(PMC) from a radiating source. Thus, the height of the proposed 

FPC antenna can be decreased to a quarter-guided wavelength 

using only a PEC ground and a dielectric sheet. A guided mode 

inside the PRDS owing to a high permittivity is also generated 

and propagated to the side. Four PEC walls are employed to 

block the leakage, resulting in gain improvement. The design 

procedure of the proposed antenna is described in Section II. In 

Section III, the performances of the antenna, such as reflection 

coefficient, peak gain, and far-field radiation pattern, are simulat-

ed and measured to confirm our concepts.  

II. DESIGN OF COMPACT AND ROBUST FABRY-PEROT 

CAVITY ANTENNA 

When a plane wave generated and propagated from region I is 

incident normally at the interface between air and dielectric, as 

shown in Fig. 1(a), the reflection coefficient (Γ) can be expressed 

as: 

      

(1)
 

where ε1(ε2) and μ1(μ2) are the relative permittivity and permea-

bility at region I(II), respectively. If the relative permittivities of 

regions I and II are 1 and infinity, respectively, the reflection coef-

ficient is –1. In other words, the amplitude and phase of the re-

flection coefficient are 1 and –180°, respectively. Thus, when the 

plane wave is incident from air into the dielectric with a moder-

ately high relative permittivity, the reflection property of the die-

lectric is nearly the same as that of a PEC. On the contrary, when 

the plane wave normally propagates from region II to I, as shown 

in Fig. 1(b), the reflection coefficient at the interface can be ex-

pressed as: 

      

(2)
 

In this case, the reflection property at the interface between air 

and the dielectric is nearly the same as that of a PMC. The reason 

is that the amplitude and phase of the reflection coefficient are 1 

and 0°, respectively, if the dielectric has a very high relative per-

mittivity. 

Fig. 2 shows a FPC by ground and PRS with excitation inside  

(a) 

(b) 

Fig. 1. Geometry of a plane wave normally incident at the interface 

between air and dielectric: (a) incidence from region I and 

(b) incidence from region II. 

 

Fig. 2. Fabry-Perot cavity by ground and PRS with excitation in-

side a cavity. 

 

a cavity. The directivity of the FPC antenna is given by [1]: 

   

2
2

2

1
41 2 cos

PRS

PRS PRS PRS GND

D f
dπφ φ

λ

− Γ=
 + Γ − Γ + − 
  (3)

 

where ΦPRS and ΦGND are the reflection phases of the PRS and 

ground plane, respectively, f is the radiation pattern of the source. 

From Eq. (3), 
4

PRS GND dπφ φ
λ

+ −  and ΓPRS should be 2πN (N = 

integer) and close to 1, respectively, to achieve maximum directi-

vity. Then, the height (d) of the FPC antenna is calculated by Eq. 

(4) and can be determined by the sum of the reflection phases of 

the ground plane and PRS. 

    
( )

4 2PRS GNDd Nλ λφ φ
π

= + +
(4)

 

For instance, if the PRS is implemented by a dielectric and the 

ground of the antenna is a PEC, the minimum height (d) be-

comes half wavelength, as shown in Fig. 3(a). Moreover, when 

the PEC ground is changed into an artificial magnetic conductor 

(AMC), the height of the FPC antenna can be decreased to a 
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quarter wavelength because of the AMC reflection phase of 0°. 
In [3], the AMC ground can have a reflection phase from 180° to 

-180° unlike a PEC ground, so that a low-profile FPC antenna, 

of which the height in this paper is λ0/16, can be designed by the 

combination of the AMC ground and PRS composed of a die-

lectric and patches. Similarly, a very low-profile FPC antenna 

having a height of λ0/60 can also be designed by the combination 

of the AMC ground plane and a metasurface having a reflection 

phase ranging from 180° to -180° [4]. By controlling the sum of 

the reflection phases of the PRS and ground as in the previous 

research, the low-profile FPC antenna can be designed theoreti-

cally. However, it is difficult to design artificial surfaces such as 

AMC and metasurface. 

Since the interface between air and the dielectric is operated as 

a PMC in the case of Fig. 1(b), the reflection phases of the ground 

(ΦGND) and PRS (ΦPRS) become 180° and 0°, respectively. There-

fore, the height of the FPC antenna is a quarter wavelength from 

Eq. (4). In this paper, a quarter-wavelength FPC antenna is pro-

posed using a dielectric on the PEC ground, as shown in Fig. 3(c). 

However, a guided wave in this kind of structure propagates in-

side the dielectric slab so that the radiation from both edges of the 

dielectric slab is dominant as shown in Fig. 4(a) and the broadside 

gain is reduced. To achieve gain improvement, four PEC walls 

are employed in the proposed antenna, resulting in the reduction 

of end-fire radiation as shown in Fig. 4(b). 

III. SIMULATED AND MEASURED RESULTS OF THE PRO-

POSED FABRY-PEROT CAVITY ANTENNA 

The center frequency of the proposed antenna is 4.9 GHz, and 

the utilized substrate for the PRDS and source is RT/duroid 

6010 with a relative permittivity of 10.2. The thickness of the 

PRDS and substrate for the source are 4.8 mm and 1.6 mm, re-

spectively. Moreover, the designed source radiator for the pro-

posed FPC antenna is a patch antenna with a length of 6.9 mm 

and width of 10 mm. The feeding point of the coaxial cable is 2.6 

mm away from the center, and the dimensions of the PRS and 

ground are 61.2 mm each in width and length, which corre-

sponds with 1 λ0. The height of the conventional and proposed 

FPC antennas are 35.4 mm and 17.5 mm including a PEC wall, 

respectively. The peak gain of the proposed FPC antenna is pro-

portional to the height of the PEC wall. However, when the 

height of the PEC wall is more than 17.5 mm, the peak gain is 

saturated so that the height of the PEC wall becomes 17.5 mm. 

A conventional patch antenna was employed as the source of the 

FPC antenna and was fed by a coaxial cable. Furthermore, the 

conventional λ0/2 and proposed λg /4 FPC antennas were fabri-

cated to compare their performances, as shown in Fig. 5. Fig. 6 

(a) 

(b) 

(c) 

Fig. 3. Structure and height of the FPC antennas against various 

PRSs and ground planes: (a) dielectric above the PEC 

ground, (b) dielectric above the AMC ground, and (c) die-

lectric on the PEC ground (proposed antenna). 

(a) 

(b) 

Fig. 4. E-field distribution of the proposed FPC antenna (a) with-

out and (b) with PEC walls. 

(a) 

 

(b) 

Fig. 5. Photographs of (a) the conventional and (b) proposed FPC 

antennas.
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presents the simulated and measured reflection coefficients of the 

conventional and proposed FPC antennas. The measured results 

were obtained using Agilent 8510C vector network analyzer. The 

simulated and measured reflection coefficients of the proposed 

FPC antenna were -13.5 dB and -12.1 dB at 4.9 GHz and 4.93 

GHz, respectively, which are relatively different from those of the 

conventional FPC antenna. To design a PRDS with a thickness 

of 4.8 mm, three commercial substrates were stacked in the case 

of the proposed antenna. Therefore, it seems that the discrepan-

cies between the simulated and measured results are caused by a 

manufacturing tolerance. The impedance matching of the pro-

posed FPC antenna at the resonant frequency was poor compared 

to that of the conventional FPC antenna because the input im-

pedance is modified by the dielectric of the PRDS [13]. In addi-

tion, the far-field radiation patterns and peak gains were meas-

ured in the anechoic chamber system to confirm the performance. 

The anechoic chamber is composed of a shield enclosure (size: 4 

m × 2.5 m × 2.5 m), 18 inch pyramidal absorber, network ana-

lyzer, wireless communication test set, positioner, turn table, and 

dual-polarized transmit antenna. The simulated and measured 

far-field radiation patterns of the conventional and proposed FPC 

antennas are compared in Fig. 7. Although the height of the pro-

posed FPC antenna is nearly half compared with that of the con-

ventional FPC antenna, the peak gain of the proposed FPC an-

tenna was measured to be 7.98 dBi and is almost similar to that of 

the conventional FPC antenna. The difference between the 

simulated and measured results seems to be caused by a coaxial 

cable loss and a misalignment between the source radiator and the 

PRDS. Moreover, Fig. 8 shows a comparison of the peak gains of 

the conventional and proposed FPC antennas against frequency. 

It was observed that the peak gain of the proposed antenna is 

broader than that of the conventional FPC antenna. 

 

(a) 

 

(b) 

Fig. 6. Simulated and measured reflection coefficients of (a) the 

conventional and (b) proposed FPC antennas. 

(a) 

(b) 

Fig. 7. Simulated and measured far-field radiation patterns of (a) 

the conventional and (b) proposed FPC antennas. 

 
Fig. 8. Comparison between the peak-gains of the conventional 

and the proposed FPC antenna against frequencies.
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IV. CONCLUSION 

In this paper, a new type of low-profile FPC antenna was pro-

posed using a PRDS with a PMC effect. The proposed antenna 

is structurally robust because the PRDS is directly located on the 

PEC ground and PEC walls are integrated to prevent leakage. 

The prototype is designed and fabricated using a substrate with a 

relative permittivity of 10.2 at 4.9 GHz. Even if the height of the 

proposed FPC antenna is nearly half compared with that of the 

conventional FPC antenna, the peak gain of the proposed FPC 

antenna is more than equal compared with that of the conven-

tional FPC antenna. From the measured results, it is concluded 

that the proposed FPC antenna can be one of the solutions for a 

compact and robust high-gain antenna. 
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I. INTRODUCTION 

The electromagnetic theory states that the scattering of the 

wave from a dielectric cylinder has both non-radiative guided 

modes and radiative leaky modes with discrete eigenvector solu-

tions [1]. A leaky wave radiates along an interface, perpetually 

attenuating its energy by propagation [2, 3]. Leaky-wave modes 

in optical communication also refer to natural optical modes with 

propagating waves outside the structure that continuously lose 

energy through radiation [4]. Wave leakage from waveguide 

structures depends on many factors, such as the material filling 

the structure, physical geometry, guided mode, and operating 

frequency. A leaky wave radiating or leaking along an open wave-

guide structure allows for a frequency-dependent beam-scanning 

structure or leaky antenna structure, which allows energy to radi-

ate to remote areas [5]. Over the last few decades, the advantages 

of leaky-wave structures, such as their simple structure, easy fabri-

cation, high directivity, fairly narrow pattern bandwidth, cost effi-

ciency, and applicability from millimeter-wave frequency to opti-

cal frequency, have made them popular research subjects [6–28]. 
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In a leaky-wave open dielectric structure, the energy traveling 

along the interface leaks through the open waveguide structure, 

and the wave is then reflected in the interior dielectric. The leaked 

energy then radiates to some distance from the open waveguide 

structure. This phenomenon can be mathematically modeled by 

complex roots of the propagation constant or the eigenvalue 

equation. These complex solutions, called leaky modes, are not 

members of a complete set of orthogonal basis functions [29]. 

These complex solutions are nonspectral and also called improper 

modes because of their unphysical characteristics, in which the 

transverse components of the leaky mode increase exponentially 

while moving in the transverse direction. Although this is physi-

cally impossible, as it means violating the boundary condition at 

infinity, leaky waves can be physically measured and used in many 

electromagnetic applications. However, since these waves are 

mathematically improper, they can only exist within a constrained 

region in the form of a wedge, where the field remains finite [30–

32].  

Open dielectric guide structures are often used as leaky-wave 

antennas or waveguides in integrated circuits (ICs). In the optical 

communication spectrum, an open waveguide structure acts as a 

leaky antenna and waveguide at different frequency regions. This 

situation requires careful study to determine the operation region 

for practical applications. An open dielectric guiding structure 

used as an antenna operates in the high radiation efficiency fre-

quency region. In contrast, ICs work in the frequency region 

where the leakage effect must be eliminated as much as possible. 

As a result, the aim of a leakage investigation for antenna applica-

tions is slightly different than for ICs. In the first case, leakage is 

very desirable; in the second case, leakage is undesirable and 

should be suppressed [33]. The dispersion characteristics of the 

structure determine the boundaries of the two operation regions. 

In other words, frequency-dependent modal behavior classifies 

the relevant areas. In the literature, the propagation regions for 

open waveguide structures are divided into four subregions with 

decreasing frequency as follows [33–37]: 

1) The bound-mode region, where the mode propagates unat-

tenuated toward the propagation direction, and the solution 

for guidance along an open structure is spectral with a pure re-

al propagation constant (no attenuation constant). 

2) The surface-wave region, where the guided mode leaks power 

along the surface of the open structure while propagating to-

ward the propagation direction, and the solution is spectral 

and complex with a small attenuation constant. 

3) The antenna mode region, where the guided mode mostly 

leaks power into the space wave and surface wave, and the so-

lution is nonspectral and complex with little attenuation con-

stant. 

4) The reactive mode region, where the guided mode attenuates 

due to the reflection of energy back to the feed line, and the 

solution is nonspectral and complex, with a significant attenu-

ation constant. 

In the literature, leaky-wave modes for open waveguide struc-

tures with different geometries have been studied with the aid of 

various analytical methods: an open microstrip line of an arbitrary 

cross-section, with the integral equation technique correlatively 

with the method of moments [38]; a partial dielectric-loaded 

open waveguide by examining the behavior of a complex propaga-

tion constant [31]; a microstrip transmission line with a rigorous 

spectral-domain integral equation formulation [39]; a microstrip 

leaky-wave antenna with a full-wave spectral-domain integral 

equation method [34, 35]; the analytical expression of a simple 

cavity model [40]; and an open dielectric tube waveguide loaded 

with plasma using the analytical solution of the structure and the 

Muller’s complex root search algorithm [37]. The leaky-wave 

characteristics of a circular dielectric rod for transverse magnetic 

(TM) and transverse electric (TE) modes have been studied using 

the dispersion relations of the structure and Davidenko’s method 

[32, 36, 41]. The frequency spectrum for the structure has been 

divided into five subregions: guided mode, nonphysical mode, 

reactive mode, spectral gap, and antenna mode. Our study aimed 

to obtain the leaky-mode characteristics of hybrid electromagnetic 

(HEM) modes for a cylindrical dielectric rod with the aid of Da-

videnko’s method using approximations different from methods 

published in the literature. 

Due to the metallic boundary, the guided modes for TE (Ez = 

0), TM (Hz = 0), and TEM (Ez and Hz = 0) exist in metallic 

waveguides. An open waveguide structure has HEM modes as 

well as TM and TE modes due to the nonconducting boundary 

condition because all magnetic and electrical field components 

exist both inside and outside the boundary. The azimuthal varia-

tion for HEM modes is not zero (m ≥ 1) [42–44]. The HEM 

modes are designated as HE and EH modes, depending on the 

relative contributions of the longitudinal magnetic field and the 

longitudinal electric field [45–47]. In this study, the leaky-wave 

characteristics of the modes for a cylindrical dielectric rod were 

obtained using the coefficient matrix of the system of characteris-

tic equations of the structure and Davidenko’s method. Daviden-

ko’s method is a robust technique used to compute the complex 

roots of analytical functions. Davidenko’s method has been used 

for electromagnetic problems in various studies [32, 36, 41, 48–

54]. Kim et al. studied the leaky-wave characteristics of TM and 

TE modes for cylindrical dielectric rods using closed dispersion 

equations of the structure and Davidenko’s method [32, 36, 41]. 

Davidenko’s method requires the derivative of the closed disper-

sion equation with respect to the propagation constant. Because it 

is very difficult to differentiate an implicit function with interde-

pendent variables, Kim and his colleagues [32, 36, 41] numerical-

ly obtained the derivative of the equation with the aid of 

MATHEMATICA 4.0. Unlike the study of Kim et al. [32, 36, 
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41], in this study, the coefficient matrix of the system of charac-

teristic equations was used instead of the dispersion equation of 

the structure. Thus, the auxiliary software programs required for 

the derivative of the equation were removed, and a complete ana-

lytical solution set is presented. This approach allows analytical 

solutions of problems with more complex solution sets to be ob-

tained, such as the hybrid modes of a cylindrical dielectric rod and 

the electromagnetic wave in an anisotropic medium using Da-

videnko’s method. 

This study’s results for the TM and TE leaky modes were 

compared to results in the literature. The obtained leaky-wave 

characteristics of the HEM modes of the structure represent an 

original contribution to the literature. In the next two sections, 

first Davidenko’s method and then its application to a cylindrical 

dielectric rod are explained. The numerical results obtained for 

the TE, TM and HE modes and an interpretation of the results 

are given in Section IV. The paper ends with a conclusion. 

II. DAVIDENKO’S METHOD  

Davidenko’s Newton-based method is used to transform the 

n-dimension system of nonlinear algebraic equations (n ≥ 2) 

into a set of n first-order ordinary differential equations (ODEs) 

in a scalar dummy variable t [48, 51, 55]. The method is a robust 

technique used to compute the complex roots of transcendental 

equations. While Davidenko’s method is insensitive to initial 

guesses, traditional, complex root-finding algorithms, such as the 

Newton-Raphson and Muller’s methods, need to approximate an 

initial guess. Additionally, the Davidenko’s method has a higher 

speed of convergence than conventional methods. Davidenko’s 

method is utilized as a scalar dummy variable when transforming 

with the Jacobian matrix, a system of nonlinear algebraic equa-

tions, to a set of n first-order ODEs. As the dummy variable t 

approaches infinity, the dispersion equation steady-state solution 

for a large dummy variable yields the complex roots of the system 

[32, 36, 48, 53]. The formal expression of Davidenko’s method for 

the n-dimensional case of algebraic functions with n-unknowns, 𝒇 𝑥 = 𝟎, is presented in the following equation: 
                     = − 𝑱 𝒇 𝒙 , (1)
 

where dt corresponds to the increment of the dummy variable t 

and J is the Jacobian matrix for n nonlinear algebraic equations set 

in n unknowns. 

In this study, Davidenko’s method was used to compute the 

complex propagation constant corresponding to the complex 

roots of the coefficient matrix of the system of characteristic equa-

tions of the open cylindrical waveguide. The implicit dispersion 

equation of the structure is as follows: 
       𝐹 𝜔; 𝛾 = 0, (2)
 

where ω is the angular frequency and 𝛾 is the propagation con-

stant. The normalized propagation constant is defined as follows: �̅� = = = �̅� − 𝑗𝛼, (3)
 

where 𝛽, 𝛼, and 𝑘  are the phase constant, the attenuation 

constant, and the free space wavenumber, respectively. For Eq. (2), 

both the real and imaginary parts of the complex number have to 

be zero; therefore, we can write the real and imaginary parts of Eq. 

(2) as two nonlinear equations as follows: 
 

  Re 𝐹 𝜔; 𝛾 ≡ 𝐺 𝜔; 𝛼, 𝛽 = 0
        Im 𝐹 𝜔; 𝛾 ≡ 𝐻 𝜔; 𝛼, 𝛽 = 0. (4)

 

The dispersion equation, given in Eq. (2), is a complex analytic 

function on the complex propagation plane except at a finite 

number of points. Analytic functions are satisfied by Cauchy–

Riemann equations, and the expressions given above can be writ-

ten as follows: 
 

          𝐺 = 𝐻  𝐺 = −𝐻 , (5)
 

where the subscripts represent the corresponding derivatives. The 

Jacobian matrix of the equations system given in Eq. (4) can be 

obtained as follows: 
 𝑱 = 𝐺 𝐺𝐻 𝐻 , (6)
 

where, from Eq. (5), 
 𝑱 = 𝐺 𝐺−𝐺 𝐺 , (7)
 

and from the properties of the analytic function, 

 ≡ 𝐹 = 𝐺 + 𝑗𝐻 = 𝐺 − 𝑗𝐺 , (8)

 

where 𝐺 = Re 𝐹  𝐺 = −Im 𝐹 . (9)
 

The determinant of the Jacobian matrix can be obtained using 

Eqs. (7) and (9) as follows: 
 det 𝑱 = 𝐺 + 𝐺 = 𝐹 . (10)

 

From the obtained expression and using the definition of the 

inverse matrix, the inverse Jacobian matrix given in Eq. (1) for the 

dispersion equation can be achieved, as in Eq. (11) as follows: 

 

    𝑱 = 𝑱 adj 𝑱 = 𝐺 𝐺−𝐺 𝐺  
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= Re 𝐹 Im 𝐹−Im 𝐹 Re 𝐹 ,              
(11)

 

 

where adj corresponds to the adjugate of the matrix. The formal  

expression of Davidenko’s method is eventually obtained as the 

following expressions: 
   𝑑𝑑𝑡 𝛼𝛽 = −𝑱 𝐺𝐻  

= − 1𝐹 Re 𝐹 Im 𝐹−Im 𝐹 Re 𝐹 Re 𝐹Im 𝐹  
(12)

 

and 
 

   = − Re 𝐹 Re 𝐹 + Im 𝐹 Im 𝐹  (13)   = Im 𝐹 Re 𝐹 − Re 𝐹 Im 𝐹 . (14)
 

Consequently, the dispersion equation in the form of 𝐹 𝜔; 𝛾 =0 is transformed into a system of two coupled first-order ODEs 

by Davidenko’s method. The solution of the ODEs, given in Eqs. 

(13) and (14) for a steady-state solution for a large dummy varia-

ble, t gives us the complex roots of the propagation constant γ for 

a given frequency ω to the desired precision. The method evalu-

ates the function value 𝐹 and its derivative with respect to the 

propagation constant 𝐹  at each iteration. The derivative of an 

implicit function can be complicated depending on the complexi-

ty of the function and the interdependence of the variables. As 

mentioned, Kim and his colleagues [32, 36, 41] used an auxiliary 

program, MATHEMATICA 4.0, to calculate the derivative of 

the implicit dispersion equations for the TM and TE modes of a 

cylindrical dielectric rod. Unlike other studies, in the current study, 

an approach using the coefficient matrix of the system of charac-

teristic equations instead of the implicit dispersion relation was 

used to reduce the derivative complexity and eliminate auxiliary 

program dependency. Details of the approach are given in the 

next section.  

III. APPLICATION OF DAVIDENKO’S METHOD TO A  

CYLINDRICAL DIELECTRIC ROD 

Davidenko’s method is used to obtain complex roots of analyti-

cal functions, and the method requires the analytic expression of 

the function and its derivative. The derivative of an implicit func-

tion can be complicated depending on the complexity of the 

function and the interdependence of the variables, especially for 

structures with complex dispersion relationships. While utilizing 

an auxiliary mathematical program can be helpful, it can detract 

from the analytical solution and weaken the authority over the 

problem. Therefore, in this study, an approach was offered to facil-

itate the complex derivative expressions required by Davidenko’s 

method. The approach referenced the coefficient matrix of the 

system of characteristic equations of the structure, the prerequisite 

step to achieving the implicit dispersion equation. Characteristic 

equations were obtained from Maxwell’s equations using medium 

parameters, such as permittivity and permeability, boundary con-

ditions, and continuity conditions. The zeros of the determination 

of the coefficient matrix of the system of characteristic equations 

correspond to the zeros of the implicit dispersion equation. In this 

case, this can be expressed as follows, if M is the coefficient matrix 

of the system of characteristic equations: 
 𝐹 𝜔; 𝛾 = det 𝑴 = 0. (15)
 

As is known, Davidenko’s method requires the derivative of the 

function. In our approximation, it was obtained from the defini-

tion of the derivative of the determinant as follows: 
 ; = 𝐹 = 𝑴 = 𝑡𝑟 adj 𝑴 𝑴

, (16)

 

where tr stands for the trace of the matrix and adj is the adjugate 

of the matrix, as given in the previous section. From the definition 

of the inverse matrix, the derivative expression can be written as 

follows: 
 

            𝐹 = 𝑡𝑟 det 𝑴 𝑴 𝑴
. (17)

 

 

The derivative of a matrix with respect to a variable is obtained 

by the derivative of each element of the matrix with respect to the 

corresponding variable. Consequently, the Davidenko expressions 

are obtained as follows:  
 

 

  (18) 

 

  
(19)

 
 

 

Finding the derivative of the elements of the matrix is more 

straightforward than finding the derivative of the complex implic-

it expression of a structure, where many parameters depend on 

each other and the derivative variable. This is because the implicit 

expression is derived from the coefficient matrix of the system of 

characteristic equations by expressing the equations in terms of 

each other. The simplification of the derivative allows Daviden-
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ko’s method to be applied to more complex structures. Also, a 

complete set of analytical solutions can be obtained without the 

need for auxiliary software programs. In the literature, the TM 

and TE leaky modes of a structure have been determined by Da-

videnko’s method and implicit dispersion relations [32, 36, 41], 

and the implicit dispersion relationships for TE, TM, and HEM 

modes have been given in related studies. However, only the leaky 

modes for TE and TM modes are obtained using Davidenko’s 

method, and it has been proposed that hybrid leaky modes should 

be studied [32]. In our study, the TM and TE leaky modes of the 

structure were obtained by the presented approach based on the 

coefficient matrix of the system of characteristic equations and 

compared with the results in the literature. We also obtained and 

present the HEM leaky modes. The numerical results for the struc-

tures were obtained using MATLAB, the most widely used math-

ematical computational program. The guided modes, correspond-

ing to the real roots of the implicit dispersion equation or zeros of 

the determination of the coefficient matrix of the system of charac-

teristic equations for the pure real propagation constant (α = 0) 

were computed using the bisection method. Leaky-wave modes 

corresponding to the zeros of the determination of the coefficient 

matrix of the system of characteristic equations for the complex 

propagation constant were computed using Davidenko’s method. 

IV. NUMERICAL RESULTS AND DISCUSSION 

Determining the operation region of an open waveguide struc-

ture is essential for the performance of antenna and ICs because it 

can be used as both a leaky wave antenna and a guidance structure. 

While an antenna requires high leakage, sometimes special ef-

forts are necessary to suppress this to prevent spurious perfor-

mance and crosstalk [56, 57]. In this part of the study, the leaky 

wave modes of the cylindrical dielectric rod were investigated by 

Davidenko’s method using the approach given in the previous 

section, and the operation regions for the guided mode, nonphys-

ical mode, reactive mode, antenna mode, and spectral gap regions 

were computed. For an open waveguide structure, it is known 

that the guided mode is propagated unattenuated above the cutoff, 

and it leaks energy transversely into both space and surface waves 

in a narrow frequency region. Also, it is attenuated due to losing 

energy to the surface wave and reflecting it back to the feed line. 

The leaky wave region below the cutoff, where the mode is atten-

uated due to losing energy into both the space wave and surface 

wave, has been previously studied as the radiation region [30, 38]. 

The transition region between the leaky-wave region and the 

guided mode region, where the mode propagates without attenu-

ation, has also been studied [31, 34, 35, 39]. Lin et al. [34, 35] 

divided the radiation region into two subregions: the antenna 

mode region, where the greater part of the guided energy leaks 

transversely in the form of space and surface waves, and the reac-

tive mode region, where most of the energy is reflected back to 

the feed line. Additionally, Lin et al. [34, 35] described a transi-

tion point from the reactive mode region to the antenna mode 

region, in which the real part (phase constant) and imaginary part 

(attenuation constant) of the complex propagation constant are 

equal to each other. In subsequent studies, Kim et al. [36, 41] 

showed that there were multiple antenna mode regions for a cy-

lindrical dielectric rod, and Hirani et al. [37] presented these mul-

tiple antenna mode regions for a dielectric tube waveguide loaded 

with plasma. 

Considering these studies, the mode regions for a cylindrical 

dielectric rod were classified as shown in Table 1, with the nor-

malized propagation constant defined by Eq. (3). 

In this study, TE, TM, and hybrid HE leaky modes for a cy-

lindrical dielectric rod were investigated when the radius of the rod, 

a, was 10 mm and the relative dielectric constant, εr, was 4. We 

used the guided modes for the structure used by Kim [32] and the 

leaky TE and TM modes for a = 5 mm and εr = 5 [32, 36, 41]. In 

our study, the TE and TM leaky modes were obtained and com-

pared to the results available in the literature to check the accuracy 

of our results. As an original contribution, the hybrid HE modes 

were obtained using the coefficient matrix of the system of char-

acteristic equations of the structure and Davidenko’s method. 

The leaky-wave characteristics of the TE modes of the cylindrical 

dielectric rod when the radius of the dielectric rod was 10 mm 

and the relative dielectric constant was 4 are shown in Fig. 1. 

Table 2 gives the spectral ranges of the TE modes for the 

structure. 

The cutoff frequencies of the guided modes and their disper-

sion curves for the first three modes of TE0n (n = 1, 2, and 3) 

have been presented by Kim [32]. The guided mode cutoff values 

and characteristics of the guided modes obtained in the current 

study were the same as the values obtained in the relevant re-

search. The leaky-wave modes for the structure were also ob-

tained in the current study. The spectral ranges of the leaky-wave 

region were 1.52, 7.62, 15.13, and 22.97 GHz for TE01, TE02, 

TE03, and TE04, respectively. The nonphysical mode region, 

where the normalized phase constant exceeded unity and the 

normalized attenuation constant was greater than zero, was phys-

ically meaningless [31, 36]. In the nonphysical region, the nor-

malized phase constant and the normalized attenuation constant 

increased rapidly, while the frequency decreased. As the frequency  

Table 1. Mode region conditions 

Mode specifications
Normalized 

phase constant 

Normalized 

attenuation constant

Nonphysical mode �̅� 1 Large

Reactive mode �̅� 1 𝛼 1
Antenna mode 1 �̅�  𝛼
Spectral gap �̅� 1 Small

Guided mode �̅� 1 𝛼 = 0
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Table 2. Spectral ranges of the TE modes for the 10-mm radius 

cylindrical dielectric rod with a relative dielectric constant 

of 4 

Mode 
Nonphysical 

mode 

Leaky-wave region Guided mode 

cutoff Reactive mode Antenna mode 

TE01 0–5.11 NA 5.11–6.63 6.63

TE02 0–7.60 7.60–12.38 12.38–15.22 15.22

TE03 0–8.73 8.73–20.15 20.15–23.86 23.86

TE04 0–9.57 9.57–27.74 27.74–32.54 32.54

NA=not available. 

 
increased outside this region, the reactive mode region first existed 

for the higher-order TE0n (n ≥ 2) modes, and the antenna mode 

region existed at higher frequencies. The reactive mode region for 

the first order TE01 mode did not exist in the leaky-wave region, 

and the antenna mode region only existed for TE01. Also, the 

spectral gap did not exist in the TE modes, consistent with [32, 

36, 41]. The spectral ranges of the antenna modes were obtained 

from Table 2 as 1.52, 2.84, 3.71, and 4.8 GHz for TE01, TE02, 

TE03, and TE04, respectively. As seen from the results, the spec-

tral width of the antenna mode region increased as the mode or-

der increased. The normalized attenuation constant arrived at 

zero at the cutoff, and the guided modes existed above the cutoff 

frequency. In this region, the mode propagated unattenuated 

along the dielectric rod. The transition characteristic from the 

antenna mode region to the guided mode region for TE02 is given 

in the inset in Fig. 1(a).  

The leaky-wave characteristics of the TM modes of the cylin-

drical dielectric rod are given in Fig. 2, where the radius of the die-

lectric rod was 10 mm and the relative dielectric constant was 4. 

Table 3 gives the spectral ranges of the TM modes of the structure.  
While the cutoff frequencies for the TM guided modes were 

the same as the cutoff frequencies for the TE guided modes and 

their guided mode characteristics were similar, the leaky-wave char-

acteristics under the cutoff were substantially different. The spec-

tral ranges of the leaky-wave region were 4.32, 13.97, 22.63, and 

  

 

(a) 

(b) 

Fig. 1. Leaky-wave characteristics of the TE modes of the 10-mm 

radius cylindrical dielectric rod with a relative dielectric 

constant of 4. (a) Normalized phase constant and (b) nor-

malized attenuation constant. 

(a) 

(b) 

Fig. 2. Leaky-wave characteristics of the TM modes for the 10-

mm radius cylindrical dielectric rod with a relative dielec-

tric constant 4. (a) Normalized phase constant and (b) 

normalized attenuation constant. 

 

Table 3. Spectral ranges of the TM modes for the 10-mm radius cylindrical dielectric rod with a relative dielectric constant of 4 

Mode 
Nonphysical  

mode 

Leaky-wave region Guided mode 

cutoff Reactive mode 1st antenna mode Spectral gap 2nd antenna mode

TM01 0–2.31 NA NA NA 2.31–6.63 6.63

TM02 0–1.25 1.25–9.59 9.59–11.88 11.88–13.50 13.50–15.22 15.22

TM03 0–1.23 1.23–17.10 17.10–20.89 20.89–22.80 22.80–23.86 23.86

TM04 0–1.22 1.22–24.55 24.55–29.87 29.87–31.74 31.74–32.47 32.47

NA=not available. 
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31.25 GHz for TM01, TM02, TM03, and TM04, respectively. The 

higher-order TM0n modes (n ≥ 2) divided the leaky-wave region 

into four subregions: reactive mode, 1st antenna mode, spectral 

gap, and 2nd antenna mode. In addition, the nonphysical mode 

region was observed in the narrow spectrum for the TM modes 

than nonphysical mode region of TE modes. The TM01 mode 

only had one antenna mode distinct from the higher-order modes 

because the normalized phase constant value from the reactive 

mode region to the guided mode region was always greater than 

the normalized attenuation constant. For the higher-order modes 

(n ≥ 2), the reactive mode region first existed above the non-

physical mode region. At higher frequencies, this was the 1st an-

tenna region, where the normalized attenuation constant was 

smaller than the normalized phase constant. As the frequency 

increased, there was a physically meaningless spectral gap that had 

the same properties as the nonphysical mode region. In both re-

gions, the normalized phase constant exceeded unity, whereas the 

normalized attenuation constant differed from zero. In the 

frequency region above this physically meaningless region, the 

2nd antenna mode region existed for the higher-order TM 

modes. The spectral ranges of the 1st antenna mode were 2.29, 

3.79, and 5.32 GHz for TM02, TM03, and TM04, respectively. 

The spectral ranges of the 2nd antenna mode were 4.32, 1.72, 

1.06, and 0.73 GHz for TM01, TM02, TM03, and TM04, respec-

tively. As seen from the results, the spectral width of the 1st an-

tenna mode region was enlarged, and the spectral width of the 2nd 

antenna mode narrowed as the mode order increased. An enlarged 

transition region from the 1st antenna mode region to the spectral 

gap and the 2nd antenna mode region and the guided mode re-

gion for TM02 and TM04 are presented in the insets in Fig. 2(a). 

The results obtained for the structure were consistent with the 

results obtained for the cylindrical dielectric rod with a radius of 5 

mm and a relative dielectric constant of 5 in [32, 36, 41]. 

As original research, the leaky-wave characteristics of the hy-

brid HE modes of the structure were obtained using Davidenko’s 

method and the coefficient matrix of the system of characteristic 

equations described in the previous section. The leaky-wave char-

acteristics of the hybrid HE modes are given in Fig. 3, where the 

radius of the dielectric rod was 10 mm, the relative dielectric constant 

was 4, and the azimuthal variation was 1 (m = 1). Table 4 presents 

(a)  
 

(b) 

Fig. 3. Leaky-wave characteristics of the hybrid HE modes for the 10-mm radius cylindrical dielectric rod with a relative dielectric constant 

of 4. (a) Normalized phase constant and (b) normalized attenuation constant. 
 

Table 4. Spectral ranges of the hybrid HE modes for the 10-mm radius cylindrical dielectric rod with a relative dielectric constant of 4 

Mode 
Nonphysical  

mode 

Leaky-wave region Guided mode 

cutoff Reactive mode 1st antenna mode Spectral gap 2nd antenna mode

HE11 0–1.47 1.47–5.60 NA NA 5.60–10.57 10.57 

HE12 0–1.26 1.26–13.14 NA NA 13.14–19.34 19.34

HE13 0–1.24 1.24–20.68 NA NA 20.68–28.05 28.05

HE14 0–1.23 1.23–28.19 NA NA 28.19–36.76 36.76

HE15 0–1.22 1.22–35.68 35.68–43.34 43.34–43.75 43.75–45.37 45.37

NA=not available. 
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the spectral ranges of the hybrid HE modes of the structure. 

An open cylindrical guide structure supported the presence of 

the HEM modes and the TE and TM modes because all the 

field components could coexist both inside and outside the 

boundary due to the nonconducting boundary conditions. The 

coefficient matrix of the system of characteristic equations for the 

cylindrical dielectric rod and its derivation with respect to the 

propagation constant required by Davidenko’s method are given 

in the appendix. The dispersion characteristics of the hybrid HE 

modes differed for both the TE and TM modes. To show these 

different characteristics, because the spectral gap was revealed 

after the fifth-order hybrid HE mode, the first five modes of the 

hybrid HE modes are presented in Fig. 3. The nonphysical mode 

regions existed within a narrow spectrum. In the leaky-wave re-

gion, the reactive mode region and the 2nd antenna mode region 

existed for all the HE modes, but the 1st antenna mode region 

and the spectral gap existed for the fifth-order (HE15) and upper 

modes, as seen in Fig. 3 and Table 4. The behavior of the nor-

malized phase constant determined the characteristic in the leaky-

wave region, as shown in Fig. 4, an enlarged view of the normal-

ized phase constant for the HE modes. For the higher hybrid 

modes (n ≥ 3), the normalized phase constant increased until a 

certain frequency, later decreased, and then increased again while 

the frequency was rising. Although the behavior was similar, only 

HE15 in the first five order modes exceeded unity, and the spectral 

gap occurred. Because, spectral gap occurs while the phase con-

stant higher than unity and the attenuation constant higher than 

zero. The spectral ranges of the 2nd antenna mode were 4.97, 6.2, 

7.37, 8.57, and 1.62 GHz for HE11, HE12, HE13, HE14, and 

HE15, respectively. 

As seen from the listed results above, the spectral width of the 

2nd antenna mode region was enlarged for the first four order 

modes when the mode order increased. HE15 had the narrowest 

2nd antenna mode range, but it had two antenna mode regions. 

The spectral ranges of the leaky-wave region were 9.1, 18.08, 

26.81, 35.53, and 44.15 GHz for HE11, HE12, HE13, HE14, and 

HE15, respectively. The results show that the HE modes had a 

larger leaky-wave spectrum, particularly the antenna mode re-

gions, compared to the TE and TM modes. This demonstrates 

that hybrid HE modes have a larger frequency spectrum for an-

tenna applications because the antenna mode region mostly leaks 

power into the space wave. 

V. CONCLUSION 

The leaky-wave characteristics of TE and TM modes for a cy-

lindrical dielectric rod in the literature were obtained from the 

joint application of the dispersion equation of the structure and 

Davidenko’s method. Davidenko’s method requires the derivative 

of the dispersion equation with respect to the propagation con-

stant. It can be hard to obtain these derivations, especially for 

complex expressions. In this study, which addressed a gap in the 

literature, the coefficient matrix of the system of characteristic 

equations for the structure was used instead of the dispersion rela-

tion so that the derivative expression required by Davidenko’s 

method could thereby be readily obtained. In so doing, a com-

plete set of analytical solutions was obtained without the need for 

currently employed auxiliary software programs and derivative 

processes. This approximation enables Davidenko’s method to be 

used for complex structures, such as an anisotropic medium, due 

to more complicated dispersion equations. In this study, the spec-

tral ranges of a nonphysical mode, a 1st antenna mode, a spectral 

 
Fig. 4. Enlarged view of the normalized phase constants of the hybrid HE modes in the vicinity of unity. 
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gap, a 2nd antenna mode, and guided modes were obtained for 

both the TE and TM modes of a structure with a 10-mm radius 

and a relative dielectric constant of 4. The results are compatible 

with the results in the literature, which show that TE modes have 

only one antenna mode region, while TM modes (n ≥ 2) have 

two antenna mode regions. Additionally, the 1st antenna mode 

region, the spectral gap, and the 2nd antenna mode region exist 

for higher-order TM modes (n ≥ 2). 

The cylindrical dielectric rod supports the presence of HEM 

modes and TE and TM modes because all magnetic and electric 

field components exist both inside and outside the boundary. In 

this study, the HEM modes for the cylindrical dielectric rod were 

obtained, which represents an original contribution to the litera-

ture. Using the coefficient matrix of the system of characteristic 

equations instead of the dispersion equation enabled the HEM 

modes to be obtained because the derivative expression required 

by Davidenko’s method could be readily found. The first five or-

der hybrid HE modes were obtained and presented because the 

spectral gap was revealed after the fifth-order HE mode. The first 

four HE modes had both reactive mode and 2nd antenna mode 

regions within the leaky-wave region. However, for the fifth-

order HE mode and upper modes, the reactive mode, the 1st 

antenna mode, the spectral gap, and the 2nd antenna mode exist-

ed in the leaky-wave region. Additionally, the HE modes had a 

wider leaky-wave spectrum and antenna mode regions than the 

TE and TM modes. This indicates that HE modes have a larger 

frequency spectrum for antenna applications because the antenna 

mode region leaks are significantly radiated into the space wave. 
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APPENDIX 

This section presents the coefficient matrix of the system of the 

characteristic equations for a cylindrical dielectric rod surrounded 

by free space when the medium is lossless and sourceless and the 

relative dielectric constant and the radius of the dielectric are 𝜀  

and 𝑎 , respectively. The variation of the field is defined as 𝐹 𝑟, 𝜑, 𝑧 = 𝐹 𝑟 𝑒 , where 𝜔 is the angular fre-

quency, 𝛾 is the complex propagation constant, and 𝑚 is the 

azimuthal variation. The system of the characteristic equations for 

the structure is obtained from Maxwell equations, and the 

boundary and continuity conditions between the dielectric rod 

and the free space, where the 𝑧 and 𝜑 components of the elec-

tric and magnetic fields are equal to each other. The system of the 

characteristic equations for the cylindrical dielectric rod surround-

ed by free space is obtained from the Eq. (A.1).  

In Eq. (A.1), J m and 𝐻  are the first kind Bessel Function 

and the second kind Hankel Function, respectively. The apostro-

phe above the Bessel and Hankel functions indicates the deriva-

tive of the function; 𝜀  and 𝜇  are the permittivity and permea-

bility of the free space, respectively; and j is the imaginary unit 

number. 𝑘  , 𝑘 , and 𝑘  are described as follows: 
 

    𝑘 = 𝜔 𝜀 𝜇 . (A.2) 

    𝑘 = 𝑘 𝜀 − 𝛾  (A.3) 

    𝑘 = 𝑘 − 𝛾 . (A.4) 

 

If the coefficient matrix of Eq. (A.1) is called M, its derivative 

with respect to the propagation constant is obtained by the de-

rivative of each element of the matrix with respect to the corre-

sponding variable. 
 

    

1311 12 14

2321 22 24

31 32 33 34

4341 42 44

dMdM dM dM
d d d d

dMdM dM dM
d d d dd

dM dM dM dMd
d d d d

dMdM dM dM
d d d d

γ γ γ γ

γ γ γ γ
γ

γ γ γ γ

γ γ γ γ

 
 
 
 
 
 =
 
 
 
 
 
 

M

, (A.5)

 

where 
 

2321 42 44 0dMdM dM dM
d d d dγ γ γ γ

= = = =
 

(A.6)

( )22 41
1

1
m

dM dM a J k a
d d k

γ
γ γ

′= = −
 

(A.7)
 

( ) ( )24324
2

2
m

dMdM a H k a
d d k

γ
γ γ

′= =
 

(A.8)

( ) ( )
2 2

3211 1
1 13

1 1

2
m m

dMdM km J k a aJ k a
d d ak k

γγ γ
γ γ γ

 + ′= = − + 
 

 

(A.9)

 

 

 
(A.10)

 

 

( ) ( ) ( ) ( )
2 2

2 213 34 2
2 23

2 2

2
m m

dM dM km H k a aH k a
d d ak k

γγ γ
γ γ γ

 + ′= = − − + 
 

 

(A.11)
 

 

 
(A.12)

 

 

 

(A.13)
 

 

 

 
(A.14)

 

 

 

 

 

             

2 2
(2) (2)0 0

1 1 2 22 2
1 0 1 2 0 2

(2)
1 2

2 2
(2) (2)0 1 0

1 1 2 22 2
0 1 1 0 2 2

(2)
1 2

1 1( ) ( ) ( ) ( )

0 ( ) 0 ( )
1 1( ) ( ) ( ) ( )

( ) 0 ( ) 0

m m m m

m m

m m m m

m m

k km mJ k a j J k a H k a j H k a
a k k a k k

J k a H k a
k km mj J k a J k a j H k a H k a
k a k k a k

J k a H k a

γ γ
ωε ωε

ε γ γ
ωμ ωμ

 ′ ′− − 
 
 −
 
 ′ ′− − 


− 

0

A
B
C
D

 
 
  =
 
 
 



 

(A.1)



201 

 
 

I. INTRODUCTION 

Existing 4G LTE (IMT-Advanced) and most Wi-Fi com-

munication equipment use the 3 GHz frequency band or below, 

which is ideal for long-range and secure mobile and broadband 

communication. However, the increasing number of mobile 

service users and the large amounts of data consumption mean 

that the frequency resources are approaching a near-saturation 

point, which could result in traffic congestion [1]. Consequently, 

frequency bands above 3 GHz are attracting attention as a new 

radio wave resource. A typical example is the 5G non-standalone 

(NSA) standard. The 5G NSA uses a 3–6 GHz frequency band 

known as "sub-6 GHz," which provides a higher bandwidth and 

higher speed than 4G LTE. It effectively resolves existing traffic 

problems and is also being used in core technologies of the 

fourth industrial revolution systems, such as the Internet of 

Things, virtual reality, and augmented reality [2]. The wireless 

communication standards, IEEE 802.11ac (Wi-Fi 5) and the 

subsequent 802.11ax (Wi-Fi 6), also use the 5.7–5.9 GHz band 

range to enable faster data processing than the conventional 2.4 

GHz band [3]. The new Wi-Fi 6E will also support frequencies 

in the sub-6 GHz spectrum [4, 5]. 

Signal path loss is a common occurrence with the use of 

higher frequency bands. Multiple-input and multiple-output 

(MIMO) antennas can reduce path loss with beamforming 

techniques, which use multiple antennas to focus the beam in 

the desired direction [6]. However, the conditions for measuring 

their performance can be problematic in terms of long meas-
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urement times and inaccuracies with power amplifier and cable 

loss calibrations. Thus, the conventional measurement method 

cannot be used for active measurement in a beamforming sce-

nario [7]. A variety of measurement scenarios can be actively 

addressed, and the measurement time of the MIMO antenna 

can be effectively shortened using certain systems. One example 

is the over-the-air (OTA) measurement system. In fact, most 

radiation performance tests and evaluations are conducted using 

the OTA measurement, including for 3G and 4G devices [7, 8]. 

To perform OTA measurements rapidly and accurately, cer-

tain requirements are needed for the antenna measuring system. 

This includes a wide bandwidth to measure a vast array of de-

vices at various frequency bands, a wide beamwidth, and sym-

metrical radiation patterns capable of uniformly investigating 

the device under test in both the far and near field. Other con-

siderations include dual polarization with excellent cross-

polarization discrimination (XPD) and a highly suppressed side- 

lobe level with stable gain across the operating bandwidth. In 

addition to these electrical performances, the antenna should be 

inexpensive to allow for mass production and should be small in 

size and lightweight for easy installation. 

Existing antennas for OTA measurements, such as the quad-

ridge horn antenna, have certain significant drawbacks [9–12], 

including the tendency to be bulky and expensive to develop 

and install. However, in [13–17], two flat Vivaldi antennas were 

orthogonally coupled to construct a dual-polarized antenna with 

excellent performance. The Vivaldi antenna is easy to manufac-

ture, inexpensive to develop, and light enough to be attached to 

the chamber, while it also achieves good broadband impedance 

matching and radiation performance. 

This paper proposes a dual-polarization Vivaldi antenna for 

OTA measurement in the 3–7 GHz bandwidth. A system that 

implements a dual-polarization mode through the vertical cross-

coupling of two single Vivaldi antennas is convenient since it 

allows for measuring all horizontal and vertical polarizations 

without having to reposition the antenna, while the measure-

ment time can also be shortened. 

Section II outlines the design and optimization approach for 

two identical Vivaldi antennas, their feed mechanisms, and the 

dual-polarization implementation technique. A mounting struc-

ture to attach the antenna to the OTA chamber holder is also 

developed. Section III then outlines how the optimized antenna 

with its holding brackets was manufactured and tested. Here, a 

brief description of the antenna manufacturing process and the 

measurement results are provided and discussed. The measured 

antenna operates from 2.63–7.15 GHz, representing a fractional 

bandwidth of 92% at -10 dB S11. An antenna gain ranging from 

5–10 dBi was also recorded across the operating bandwidth with 

a half-power beamwidth (HPBW) of more than 60° with 

E/H-plane symmetry and an XPD of better than -15 dB. The 

proposed design’s performance was also evaluated for its designs 

in the existing research. Section IV concludes the contents of 

Sessions II and III, and refers to the possibility of additional 

development. 

II. ANTENNA DESIGN 

As shown in Fig. 1, the Vivaldi antenna was designed in 

terms of a microstrip printed circuit board (PCB). The designed 

PCB is a 0.76-mm-thick Taconic-35 dielectric substrate, with a 

dielectric constant (𝜺𝒓) of 3.5 and a low loss of 0.0016. A pat-

tern was designed using copper foil on both sides of the sub-

strate. On the front of the antenna, a tapered slot pattern was 

designed with an etched narrow slot gradually expanding to 

form an opening. On the back, a quarter-wave transformer-type 

balun that could supply power was designed with some consid-

eration of the difference in impedance between the input termi-

nal and the antenna. 

According to [18], the energy of the wave fed through the 

balun is transferred to the narrow slot and then follows the ta-

pered slot pattern to the opening. At this point, polarization 

occurs at the ends of both slots, and charges are generated. 

Coupling with the charge then occurs, and electromagnetic waves 

are subsequently radiated. The space between the slots is wider, 

and the wavelength of the coupled electromagnetic waves is 

longer. The change in the length of the wavelength means that 

the frequency characteristic of the electromagnetic wave also 

changes. Electromagnetic waves with various frequency charac-

teristics radiate from the narrow slot to the opening such that 

the wavelength of the electromagnetic waves can be induced by 

using the width of the slot to secure the desired frequency band. 

        (a) (b)

Fig. 1. Design parameters of the designed Vivaldi antenna model: 

(a) front and (b) back. 
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Additionally, the circular slots behind the narrow slots induce 

waves to a couple in the circular slots as they flow in a reverse 

direction. Here, unnecessary backside radiation can be reduced, 

and the energy can be concentrated in one direction to increase 

gain. 

In Fig. 1, 𝑊  is the width of the antenna and is the section 

where the slot is widest. This radiates the longest wavelength 

electromagnetic wave corresponding to the minimum cutoff 

frequency (𝑓 ). According to [18], 𝑊  is recommended to be 

half of the guided wavelength at 𝑓 : 
          𝑊 𝜆2 𝑐𝑓 √𝜀  

(1)
 

where 𝜆  is the guided wavelength and c is the speed of light. 

With 𝑓  = 2 GHz and 𝜀  = 3.5, 𝜆  becomes 80 mm. Thus, 

we assigned 𝑊  = 40 mm, half of 𝜆 , in the initial Vivaldi de-

sign. 

Meanwhile, L0 is the length of the antenna and was initially 

designed to be 80 mm. However, if the antenna is installed on 

the holder, the performance may be changed. And the antenna 

was thus designed to be longer than the holder area. So, L0 was 

changed to 120 mm. The curved surface of the slot was de-

signed by drawing an ellipse using the lengths of E0 and E1. 

As shown in Fig. 2, the balun on the backside applies the 

quarter-wave transformer-type impedance matching method, 

which is used to reduce reflection due to the impedance differ-

ence between the input terminal and the antenna [19, 20]. The 

length of L1 was 30 mm, and that of L2–L4 mainly reflects the 

impedance of the intermediate frequency band since the charac-

teristics of the passing frequency are reflected. Therefore, the 

length of the line was 6.5 mm, which is slightly less than 8 mm, 

around 1/4 of the length of the guide wavelength at 5 GHz, the 

intermediate frequency in the 3–7 GHz bandwidth. L5 was 8 

mm. 

Also, the line width starts at 1.70 mm at the input (L1), passes 

through the narrowing line in three stages (L2–L4), and decreases 

to 0.25 mm immediately before the fan balun (L5). The balun 

provided the most appropriate impedance between 50 Ω (L1) of 

the input stage and the maximum impedance of 125 Ω (L5) and 

increased the impedance stepwise. The radius R1 of the outer 

circular slot was 5.5 mm, the length of the fan-shaped balun R2 

was 5 mm, and L6 was 37 mm. 

However, as Fig. 3 shows, when W0 and L0 were 40 and 120 

mm, respectively, the antenna resonated in the 3.2–8.0 GHz 

bandwidth. Meanwhile, the gain decreased to under 5 dBi in 

the band below 4 GHz. This issue is disadvantageous for meas-

uring 5G NSA in sub-6 GHz and wireless communication 

standard devices in the 5.725–5.875 GHz range. 
Figs. 4 and 5 show the parametric study results of S11 and an-

tenna gain by altering W0 and L0, respectively. As shown in Fig. 

4(a), the increase of W0 shifts 𝑓  to a lower frequency. The 

gain slightly increases as the antenna size increases (Fig. 4(b)). 

The gain dip is also observed at 5.5 GHz. This is due to the 

destructive interference between the main aperture radiating 

and minor feed radiating components. To alleviate this dip, L0, 

the antenna length, is increased to provide a smoother transition 

along with the feed [21]. As can be seen in Fig. 5(a) and (b), 

varying L0 hardly affects S11 but improves the gain and reduce 

the gain dip at 5.5 GHz. When W0 and L0 were increased to 60 

mm and 143 mm, respectively, the antenna bandwidth of 2.69–

7.34 GHz could be secured. While optimized antennas tend to 

be larger, they are still comparatively small in size and also tend 

to have an excellent performance. The parameters of the final 

designed antenna are detailed in Table 1.  

 
Fig. 2. Detailed parameters of the quarter-wave transformer balun.

(a) 

(b) 

Fig. 3. Comparison of the simulation results when changing W0 

and L0: (a) S11 and (b) gain. 
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However, the designed single Vivaldi antenna only supports 

horizontal polarization, which means that it cannot implement a 

dual-polarization mode. Therefore, two vertically cross-combined 

Vivaldi antennas were implemented to provide a dual-polarization 

mode, as shown in Fig. 6. 
Each antenna was designed with a slit in the intersecting part. 

W1 is the slit thickness, which was 0.85 mm. The W1 was de-

signed with some consideration of the thickness of the antenna 

substrate, which was 0.76 mm.  

The antenna was vertically cross-combined through this slit, 

and a mounting holder was used to install the measuring anten-

na in the OTA chamber. The holder was made of Teflon and 

had non-conductivity and a low dielectric constant, which meant 

that the effect on the antenna could be minimized while it was 

light, inexpensive, and easy to process and fabricate. Four sepa-

Table 1. Optimized antenna parameters (defined in Figs. 1 and 2) 

Parameter Value (mm) 

E0 29.3 

E1 46 

L0 143 

L1 30 

L2 6.5 

L3 6.5 

L4 6.5 

L5 8 

L6 37 

W0 60 

W1 0.85 

R1 5.5 

R2 5 

(a) 

(b) 

Fig. 4. Change in simulation value by varying W0: (a) S11 and (b) gain. 

 

 

(a) 

(b) 

Fig. 5. Parametric study by varying L0: (a) S11 and (b) gain.
 

Fig. 6. The designed dual-polarized Vivaldi antenna.
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rate Teflon blocks were wrapped around the antenna, and the 

Teflon bolts were inserted through the holes to secure the an-

tenna to the OTA chamber frame. 

Fig. 7 shows a comparison of the simulated S11 and gain val-

ues, depending on the design process for the antenna. Fig. 7(a) 

shows how the antenna mounted on the holder was able to 

secure the 2.56–7.15 GHz band range. The bandwidth was 

around 0.4 GHz wider than a single Vivaldi antenna, while the 

gain increased more in the 3–6 GHz band range. Overall, a 

sufficient bandwidth of 3–7 GHz and a gain of over 5 dBi could 

be secured. 
This antenna presented the final design for the dual-polarized 

Vivaldi antenna for OTA measurement. The detailed simula-

tion results are presented in Fig. 8. The bandwidth of each port 

of the antenna was 2.56–7.15 GHz. Fig. 8(c), (d), and (e) show 

the emission patterns in the 3, 5, and 7 GHz bands, respectively. 

Symmetry exists on the left and right, ensuring a maximum 

beamwidth of 70° in the 3 GHz band, while the beamwidth 

gradually decreases as the frequency increased. The radiation 

pattern maintained a wide HPBW of over 60°. 

III. FABRICATION AND MEASUREMENT OF ANTENNA 

A dual-polarized Vivaldi antenna was fabricated and meas-

ured based on the design outlined in Section II. The measure-

ment results were then compared with the simulation values. 

The fabrication process was similar to the antenna design meth-

od and is shown in Fig. 9.  

 

(a) 

(b) 

Fig. 7. Comparison of the simulation results according to the de-

sign process: (a) S11 and (b) gain. 

(a) 

(b) 

 

(c) 

 

(d) 

 

(e) 

Fig. 8. The simulation results of the designed dual-polarized Vi-

valdi antenna: (a) S-parameters, (b) gain, (c) radiation pat-

tern at 3.0 GHz, (d) radiation pattern at 5.0 GHz, and (e) 

radiation pattern at 7.0 GHz. 
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First, a microstrip PCB single Vivaldi antenna was fabricated. 

The antenna was 143 mm in length, 60 mm in width, and 0.76 

mm in height and incorporated a circuit pattern formed by 

etching thin copper on both sides of the Taconic-35 dielectric 

substrate. A SMA (subminiature version A) connector capable 

of supplying power was soldered to the end of the balun pattern. 

Next, a dual-polarized Vivaldi antenna was fabricated by ver-

tically cross-combining two of the single Vivaldi antennas. Both 

ports of the antenna with the soldered SMA connectors per-

formed dual-polarization modes in the horizontal/vertical direc-

tion while acting as inputs and outputs for each other. Following 

this, a Teflon holder was manufactured, and the antenna was 

attached to the holder, which allowed the antenna to be at-

tached to the chamber. As such, the cross shape of the antenna 

could be stably maintained. As Fig. 9 shows, the SMA connect-

or of the antenna was exposed to the bottom surface of the 

holder, and the cable could easily be connected outside the OTA 

measurement chamber. After the antenna was attached to the 

Teflon holder, this dual-polarization Vivaldi antenna for OTA 

measurement weighed around 116.5 g and measured 143 × 60 

× 60 mm. We confirmed the change in the S-parameter that 

occurred during the manufacturing process using a vector net-

work analyzer (Anritsu MS2038C). With the implementation 

of the dual-polarization mode, both ports play the role of input 

and output, and we thus checked the ratio of input voltage to 

output voltage between both ports. As Fig. 10 shows, the radia-

tion pattern was measured using a chamber capable of far-field 

measurement (the chamber used was a medium-sized chamber 

from RAPA Korea). The main measurement section was in the 

2–8 GHz range, and the measurement results are shown in Figs. 

11 and 12. 

Here, the S-parameter from each antenna port was measured. 

It was confirmed that S11 and S22 resonated below -10 dB at 

2.56–8 GHz, while the transmission (S12, S21) between the ports  

 

was maintained at -30 dB or less in the 3–7 GHz band range. 

Meanwhile, the antenna gain was, on average, 6.76 dBi in the 

3.0–6.0 GHz range (sub-6 GHz) and 9.06 dBi in the 5.725–

5.875 GHz range (Wi-Fi 5/6). The beamwidth of the antenna 

tended to decrease from the 3 GHz band to the 7 GHz band. 

However, a wide beamwidth of 60° or more could be secured in 

this range. 

All the above results are like those of the simulation, except 

for the XPD results (Fig. 12). Although it maintained more 

than 15 dB differences throughout the target frequency range, 

the measured XPD levels were 5–13 dB less than the simula-

tions. These lower XPD measurement results may be due to 

unexpected electromagnetic coupling introduced by slight misa-

lignments during antenna fabrication. 

Table 2 compares the proposed antenna to other reported du-

al-polarized Vivaldi antennas. As can be seen, the proposed an-

tenna has a smaller aperture size (1.9λ) and broader beamwidth 

(≥63°) suitable for multi-probe installation and wide coverage 

as a testing antenna. On the contrary, the antenna gain is lower 

due to the broad beamwidth. The bandwidth is relatively narrow, 

but enough to cover the target communication protocols (e.g., 

5G, Wi-Fi 6, IR-UWB). 

IV. CONCLUSION 

In this paper, we propose a dual-polarized Vivaldi antenna for 

OTA measurement that enables high-speed measurement of 

wireless communication devices in the 3–7 GHz band range. 

The antenna was designed to resonate below -10 dB S11 from 

2.56–7.12 GHz. The radiation pattern had a wide HPBW of 

over 60°, an XPD of better than -15 dB, and a side lobe level of 

better than -9.2 dBi across the operating bandwidth. The cus-

tom-made Teflon-based holder weighed only 116.5 g, which is 

extremely light and has the advantages of low manufacturing 

costs and mass production capacity. 

 
Fig. 9. Fabricated dual-polarized Vivaldi antenna. 

 
Fig. 10. Antenna mounted in anechoic chamber. 
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However, additional research is perhaps required. The antenna 

in this paper was designed and fabricated to ensure a bandwidth 

of 3–7 GHz. However, when measuring the S11 of the antenna 

via a vector network analyzer, it was confirmed that the antenna 

resonated with -10 dB or less, even in the 8–11.6 GHz band 

range. Since far-field measurement above the 8 GHz band was 

not performed, the actual gain and radiation pattern could not 

be confirmed. However, it was confirmed through the simula-

tion that in the 8–11.6 GHz band range, the gain sharply de-

creased to 0 dBi or less. This is a natural result, as the antenna 

was designed to ensure a bandwidth of 3–7 GHz. Nonetheless, 

if additional research is carried out in view of increasing the gain 

above the 8 GHz band, it would be possible to design an antenna 

that allows for measurements from the 3 GHz band to the 12 

GHz band, which will, in turn, allow for the preparation for 

non-licensed band usage above the 8 GHz band. 

 

This work was supported in part by the Institute of Infor-

mation and Communications Technology Planning and 

Evaluation (IITP) funded by the Korea Government (MSIT) 

(No. 2017-0-00659) and in part by the Basic Science Re-

search Program through the National Research Foundation 

of Korea (NRF) funded by the Ministry of Education. 

Fig. 12. Comparison of cross-pol discrimination. 

 

Table 2. Comparison of dual-polarization Vivaldi antennas 

Ref.
Center freq. 

(GHz) 

Band width 

(GHz) 

Size 

(mm) 

Average

gain (dBi)

Beam 

width (°)

[14] 3.99 0.68–7.30 6.0λ × 5.5λ 8.75 ≥43 

[16] 4.70 1.40–8.00 3.2λ × 3.2λ 8.71 ≥37

[17] 4.13 0.56–7.70 5.1λ × 5.1λ 6.88 ≥45 

This 

work

4.89 2.63–7.15 4.7λ × 1.9λ 6.80 ≥63

(a) 

(b) 

(c) 

(d) 

(e) 

Fig. 11. Comparison of simulation and measured results: (a) S-

parameter, (b) gain, (c) radiation pattern at 3.0 GHz, (d) 

radiation pattern at 5.0 GHz, and (e) radiation pattern at 

7.0 GHz. 
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I. INTRODUCTION 

Antennas with bidirectional radiation patterns are useful in 

mobile wireless communication systems such as microcellular 

base stations, high-speed wireless local area networks, micro-

wave sensor networks, coal mines, street microcells, and indoor 

wireless access venues [1–3]. Further, circularly polarized (CP) 

antennas are commonly employed to enhance channel stability 

and reliability because they provide a stable connection between 

the transmitting and receiving terminals (regardless of antenna 

orientation). Conventionally, CP antennas are produced by ex-

citing two orthogonal linearly polarized (LP) antennas with the 

same amplitude and 90° phase difference.  

Recently, CP antennas with bidirectional radiation patterns 

have gained popularity because they provide large signal coverage 

and can mitigate multi-path distortion and polarization mis-

matches [4, 5]. Accordingly, several bidirectional antennas have 

been developed with LP and CP radiation patterns. Bidirection-

al antennas with CP radiation mostly produce different senses 

of polarization unless specifically designed for the same polari-

zation sense in both hemispheres. This means that when a 

right-handed CP (RHCP) antenna radiates from one side, the 

sense of rotation at the opposite side will inevitably be left-

handed CP (LHCP) [6–9]. 

Many studies have suggested the goal of attaining CP radia-

tion of the same sense in opposite directions. For example, back-

to-back, slot coupled patches were used to achieve same-sense 

CP radiation from the front and back in [10]. Further, a bidirec-

tional microstrip antenna fed by a coplanar waveguide (CPW) 

to obtain CP radiation was proposed in [11]. The authors in [12] 
proposed a novel bidirectional waveguide antenna design with 

CP of the same sense in opposite radiating directions. Similarly, 
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a single-layer single-feed antenna with bidirectional CP radia-

tion of the same sense was presented in [13]. A composite, 

right-left-handed transmission line was used to feed two or-

thogonal wire dipole arrays spaced by λo/4 (where λo is the 

wavelength of the operating frequency in free space) to achieve 

bidirectional CP radiation of the same sense in [14]. The au-

thors in [15] presented a bidirectional same-sense CP slot an-

tenna using a polarization-converting surface, while the authors 

in [16] presented a bidirectional same-sense LHCP antenna 

using a 4 × 4 metasurface arranged in a back-to-back configu-

ration. While they achieved wide impedance and axial ratio (AR) 

bandwidths, the gain was low (with different values in the top 

and bottom directions) and the antenna dimensions were quite 

large. In addition, the antenna had poor mechanical properties 

due to the microstrip feedline and an air gap between the radia-

tor and the metasurface. 

This paper presents the design of a bidirectional, same-sense 

CP antenna using metasurfaces, which has attracted extensive 

interest in antenna design over recent years [17–24]. The anten-

na consists of two identical 2 × 4 truncated patches (metasur-

faces) placed back-to-back—one at the top and one at the bot-

tom. Same-sense CP is obtained by truncating the metasurface 

patches at the top and bottom sides in opposite orientations. 

Through the use of 2 × 4 metasurfaces, a small compact size 

wideband bidirectional CP antenna is achieved without signifi-

cant loss in performance. Moreover, the resulting bidirectional 

antenna demonstrates acceptable performance characteristics: an 

impedance bandwidth of 5.21–6.26 GHz (18.4%), an AR 

bandwidth of 5.36–6 GHz (11.2%), a peak gain of 5.29 dBic, 

and a radiation efficiency of >96% within the AR bandwidth. 

The antenna’s dimensions are 48 mm × 24 mm × 3.048 mm 

(0.91λo × 0.45λo × 0.05λo at 5.7 GHz). 

II. ANTENNA GEOMETRY 

The geometry and dimensions of the proposed bidirectional 

antenna are shown in Fig. 1. It can be observed in Fig. 1(a) that 

the antenna consists of two layers: the front metasurface printed 

on the top of Substrate 1 and the back metasurface printed on 

the bottom of Substrate 2. A ground plane with an etched slot is 

sandwiched between the two layers without an air gap. Sub-

strates 1 and 2 are RO4003 (εr = 3.38, tanδ = 0.0027) with 

thicknesses of h1 = h2 = 1.524 mm. The metasurface is a period-

ic structure, with eight square metal plates arranged in a 2 × 4 

layout with periodicity P. Further, a truncation (dimension LC) is 

made on the patches of size WP × WP, as shown in Fig. 1(b). 

The primary radiating element of the antenna is a slot of length 

LS and width WS etched on the ground plane [17–19], as shown 

in Fig. 1(c). This is sandwiched between the dielectric substrates, 

as shown in Fig. 1(d). The 50 Ω coplanar waveguide feed line is 

printed in the middle of the antenna structure, as shown in Fig. 

1(d). The feedline characteristic impedance can be controlled by 

varying its width (Wf), while the stub (LO) is used to match the 

antenna impedance.  

Each patch on the back-to-back metasurfaces is shaped as a 

truncated corner square patch [22–28] to produce CP radiation. 

To obtain same-sense CP, the truncated patches on the bottom 

of the metasurfaces are rotated by 90° with respect to the trun-

x

y
z

Slot 
Feedline

Substrate 1 (h1)

Frontside metasurface

Backside metasurface Substrate 2 (h2)

(a) 

(b) 

(c) 

Backside metasurface

Frontside metasurface
  

Slot

Ground Feedline
Substrate 2 (h2)

Substrate 1 (h1)

x
y

z

(d) 

Fig. 1. (a) A 3D-view of antenna, (b) truncated 2 × 4 front/side 

metasurface patches, (c) slot etched on ground plane, and 

(d) side view. 
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cated patches at the tops of the metasurfaces (to ensure they can 

be in opposite orientations). If the orientation of the truncation 

at the top and bottom sides was the same, different senses of CP 

radiation would be observed in opposite directions. The opti-

mized design parameters of the antenna for wide impedance, 

wide AR bandwidths, and bidirectional same sense CP radia-

tion patterns are displayed in Table 1. 

III. ANTENNA CHARACTERISTICS 

Simulation and optimization of the bidirectional CP antenna 

were performed with an Ansys High-Frequency Structure Sim-

ulator (HFSS), which is an electromagnetic wave simulator us-

ing a finite element method. In particular, the effects of key ge-

ometry on antenna characteristics were investigated. First, the 

response of the antenna was determined with all parameters 

fixed at their optimal values. Second, one design parameter was 

varied at a time during the parametric study. The simulated re-

flection coefficient of the antenna is shown in Fig. 2. The anten-

na exhibits an |S11| < -10 dB impedance bandwidth of 18.4% 

covering 5.21–6.26 GHz. Further, the effect of varying the slot 

length (LS) and slot width (WS) is shown in Fig. 3(a) and (b), 

respectively. It can be observed that when the slot length in-

creased from 15 to 18 mm, the resonance shifted to the lower 

frequencies. Similarly, when the slot width increased from 1.5 to 

2.5 mm, the resonance also shifted to the lower frequencies. The 

stub length (LO) was varied to achieve impedance matching, as 

shown in Fig. 4. When the stub length LO = 5.3 mm, the im-

(a) 

(b) 

Fig. 3. Effects of (a) slot length (LS) and (b) slot width (WS) on the 

reflection coefficient. 

 

 
Fig. 4. Effect of stub length (LO) on reflection coefficient. 

Table 1. Optimized design parameters 

Parameter Dimension (mm)

P 12 

WP 11.6 

LS 18 

WS 1.5 

LC 2.9 

LO 3.3 

g 0.4 

WO 2.4 

Wh 48 

Lb 24 

Wf 0.5 

h1 = h2 1.524 

 

 
Fig. 2. Reflection coefficient of the antenna. 
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pedance of the antenna was not fully matched. However, when 

LO decreased to 4.3 and 3.3 mm, the resonance frequency re-

duced and good impedance matching was obtained. At LO = 3.3 

mm, the antenna was fully matched. 

As shown in Fig. 5, an increase in the patch size of the anten-

na also shifted the resonance frequency downwards. Further, Fig. 

6 indicates that the antenna produced almost the same AR 

characteristics for both its front (θ = 0°) and back (θ = 180°). Its 
AR bandwidth ranged from 5.36–6.0 GHz, equating to a frac-

tional bandwidth of 11.2%. The effects of varying the metasur-

face patch and corner cut sizes on the AR are shown in Figs. 7 

and 8, respectively. Further, an increase in the metasurface patch 

size WP from 11.6 to 11.7 mm shifted the AR bandwidth to 

lower frequencies, while a decrease in patch size from 11.6 to 

11.5 mm shifted the AR bandwidth to higher frequencies (Fig. 

7). When the corner cut size LC was increased from 2.7 to 2.9 

mm, there was a considerable improvement in AR performance. 

Moreover, a further increase in the cut size from 2.9 to 3.1 mm 

narrowed the AR bandwidth, as shown in Fig. 8. 

The gain of the antenna is presented in Fig. 9, where it can be 

observed that the gain was almost identical for both the front 

and back. The antenna also exhibited stable gain characteristics, 

with an average gain of 4.6 dBic within the AR bandwidth. The 

simulated radiation patterns in the x-z and y-z planes for both 

RHCP (co-polarization) and LHCP (cross-polarization) at 5.7 

GHz are presented in Fig. 10(a) and (b), respectively. Here, good 

symmetrical RHCP bidirectional radiation and low cross-

polarization can be observed. Further, by truncating the metasur-

face patches at the top and bottom sides of the antenna in oppo-

site orientations, RHCP was achieved. 

 
Fig. 5. Effect of patch size (WP) on reflection coefficient. 

 

 
Fig. 6. Axial ratio of antenna. 

 
Fig. 7. Effect of patch size (WP) on AR. 

 

 
Fig. 8. Effect of cut size (LC) on AR. 

 

 
Fig. 9. Gain of front and back of antenna. 
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IV. EXPERIMENTAL RESULTS 

The proposed bidirectional CP antenna was fabricated and 

measured to verify our design concept, and a photograph of which 

is presented in Fig. 11. For S-parameter measurement, an Ag-

ilent N5230A network analyzer and a 3.5 mm coaxial calibra-

tion standard GCS35M were employed. Far-field measure-

ments were conducted at the RFID/USN Center, Incheon, Re-

public of Korea. For the radiation pattern measurements, a full 

anechoic chamber and an Agilent E8362B network analyzer 

were employed. The proposed bidirectional antenna was used 

for reception, and a standard wideband horn antenna was used 

for transmission, with a transmission distance of 10 m estab-

lished between them.  

The proposed antenna was rotated from -180° to +180° at 

3°/s and a 1° scan angle while maintaining the position of the 

horn antenna. Overall, the proposed antenna achieved good 

agreement between the simulated and measured data. However, 

there were minimal disparities between the measurements and 

the HFSS simulations, which could be due to slight alignment 

errors during fabrication. The measured and simulated reflection 

coefficients for the fabricated antenna are displayed in Fig. 12. 

The measured impedance bandwidth for |S11| < -10 dB was 

5.21–6.26 GHz (18.4%), which is quite similar to the simulated 

impedance bandwidth of 5.21–6.25 GHz (18.2%). Further, Fig. 

13 shows the measured and simulated gains for the front and 

back of the bidirectional antenna with a simulated average gain 

of 4.6 dBic and a measured average gain of 4.27 dBic. The AR 

and radiation patterns of the prototype at 5.7 GHz were meas-

ured and are displayed in Figs. 10 and 14, respectively. In addi-

tion, Fig. 14 shows the measured and simulated AR bandwidth 

for both the front and back. The simulated AR bandwidth was 

5.44–6.10 GHz (11.5%) and the measured AR bandwidth was 

5.36–6 GHz (11.2%) The measured and simulated radiation 

patterns of the antenna in the x-z and y-z planes for both 

RHCP and LHCP are depicted in Fig. 10(a) and (b), respec-

tively. The measured and simulated radiation patterns demon-

strate good symmetrical RHCP bidirectional radiation and low 

cross-polarization. 

Further, a comparison of the performance of the proposed an-

tenna to that of other bidirectional antenna designs described in 

the literature is presented in Table 2. The proposed antenna ex-

hibited wide impedance bandwidth, wide 3 dB AR bandwidth, 

good symmetric bidirectional radiation, and high gain. Alt-

hough the structure reported in [12] achieved a wider imped-

ance bandwidth compared to our design, its low gain represents 

a significant drawback. Moreover, the designs reported in [10, 

(a) 

(b) 

Fig. 10. Measured and simulated radiation pattern of the antenna 

at 5.7 GHz: (a) x-z plane and (b) y-z plane. 

Fig. 11. A fabricated sample of the proposed antenna. 

 

Fig. 12. Measured and simulated reflection coefficients. 
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11], and [13–15] achieved lower gains and significantly smaller 

operating bandwidths compared to the proposed antenna. 

V. CONCLUSION 

A bidirectional antenna with same-sense CP was proposed in 

this paper. The bidirectional antenna consists of two 2 × 4 

truncated metasurface patches, one at the top and one at the 

bottom of the antenna. It radiates same-sense RHCP waves in 

both the front and back directions. Further, the antenna pro-

duces good symmetric bidirectional RHCP radiation patterns, 

an impedance bandwidth of 5.21–6.26 GHz (18.4%), an AR 

bandwidth of 5.36–6 GHz (11.2%), a bidirectional gain of 3–

5.29 dBic (within the AR bandwidth), and a high radiation 

efficiency of >96%. These characteristics render the proposed 

antenna suitable for wireless communication in environments 

such as tunnels, long streets, and coal mines. 
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I. INTRODUCTION 

A synthetic aperture radar (SAR) is a sensor that utilizes ra-

dio waves to obtain images with various information about the 

target to be observed according to the characteristics of the 

transmitted and received signals, that is, their frequency and 

polarization [1]. However, unlike a typical single polarization 

(single-pol) SAR system, the quadrature polarimetric (quad-pol) 

SAR system for obtaining multi-polarization images needs to be 

analyzed because the operational characteristics of the system 

greatly affect the quality of the images [2–4]. 

One of the most important performance indicators represent-

ing the quality of images obtained from the SAR system is the 

ambiguity-to-signal ratio (ASR). Ambiguous signals mainly con-

sider the range direction component and the azimuth direction 

component, which are closely related to the elevation pattern 

and the azimuth pattern of the SAR antenna, respectively [5]. In 

addition to range and azimuth components, cross ambiguity has 

been considered [6, 7]. 

Polarimetric SAR (PolSAR) aims to detect the polarization 

change that occurs from the scattering mechanism on the target, 

but since the polarization of the signal can also be changed by 

the cross-polarization (cross-pol) component of the antenna, 

this undesired factor may have an influence on the system per-

formance [8–11]. The antenna cross-pol pattern is generally 

caused by the asymmetry of the electric field on the antenna 

aperture plane, and in the case of a reflector antenna, it can be 

caused by the radiation pattern of the feeder or the shape of a 
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reflector [12, 13]. Especially since the amplitude of an antenna 

cross-pol patterns tends to be larger as it moves away from the 

E/H-plane, it is necessary to take into account the effect of sig-

nals received from various directions. 

In this paper, the ambiguity performance of the hybrid quad-

pol SAR system as well as the conventional quad-pol SAR will 

be analyzed. In addition, the effect of the antenna cross-pol pat-

tern on the ambiguity performance of a spaceborne quad-pol 

SAR system based on a parabolic reflector antenna will be com-

pared and analyzed according to several types of antenna. 

II. THE AMBIGUITY PERFORMANCE OF SAR SYSTEMS 

1. Ambiguity-to-Signal Ratio 
System performance indicators related to SAR images include 

noise equivalent sigma zero (NESZ), resolution, and swath width. 

These performance indicators mainly consider the effects of the 

main beam of antenna radiation patterns, whereas the ambigui-

ty ratios consider the overall shape of antenna radiation patterns, 

including sidelodes, so the ambiguity ratio is an important per-

formance indicator that should be analyzed in SAR antenna de-

sign and optimization [14, 15]. If the ambiguity performance is 

not good enough, the signals coming into the sidelobes (i.e., the 

ambiguous signals) will result in artificial targets in the SAR image. 

The range ambiguity considered in the range ambiguity-to-

signal ratio (RASR), one of the expression methods of ASR, 

occurs when pulses transmitted at different times are received at 

the same time, and is expressed as [2, 16]. 
 

  𝑹𝑨𝑺𝑹 
=  ∑ 𝝈𝟎 𝜽𝑰 𝒎 𝑮𝒕 𝜽𝑨 𝒎 , 𝜽𝑨𝒁 𝟎 𝑮𝒓 𝜽𝑨 𝒎 , 𝜽𝑨𝒁 𝟎𝝆𝑹𝑨𝟑 𝒎 𝐬𝐢𝐧 𝜽𝑰 𝒎 𝒅𝜽𝑨𝒁 𝟎 𝑷𝑩𝒏 𝟎 𝝈𝟎 𝜽𝑰 𝟎 𝑮𝒕 𝜽𝑨 𝟎 , 𝜽𝑨𝒁 𝟎 𝑮𝒓 𝜽𝑨 𝟎 , 𝜽𝑨𝒁 𝟎𝝆𝑹𝑨𝟑 𝟎 𝐬𝐢𝐧 𝜽𝑰 𝟎 𝒅𝜽𝑨𝒁 𝑷𝑩 𝟎  

(1)
 

where 𝐺  and 𝐺  are antenna transmitting and receiving pow-

er patterns, respectively; 𝜎  is the backscattering coefficient; 𝜌  is the range ambiguous slant range; 𝜃  is the incidence 

angle; 𝜃 , related to the slant range, is the angle at which the 

range ambiguity signals occur; 𝑚 is a nonzero integer, meaning 

the order that precedes or succeeds the reference pulse in terms 

of the slant range; 𝜃 , related to the Doppler frequency, is the 

angle at which the azimuth ambiguity signals occur; and 𝑃𝐵 is 

the Doppler processing bandwidth. The integral with respect to 𝑃𝐵 was calculated based on the relation between the Doppler 

frequency and the azimuth angle.  

The azimuth ambiguity considered in the azimuth ambigui-

ty-to-signal ratio (AASR), the other expression method of ASR, 

occurs due to the finite sampling effect as much as the pulse 

repetition frequency (PRF) in the flight direction of the SAR 

platform, and is expressed as 
 𝑨𝑨𝑺𝑹 = ∑ 𝑮𝒕 𝜽𝑨𝒁 𝒏 𝑮𝒓 𝜽𝑨𝒁 𝒏 𝒅𝜽𝑨𝒛 𝒏𝑷𝑩𝒏 𝟎 𝑮𝒕 𝜽𝑨𝒁 𝟎 𝑮𝒓 𝜽𝑨𝒁 𝟎 𝒅𝜽𝑨𝒛 𝟎𝑷𝑩  

(2)
 

where 𝒏 is a nonzero integer, meaning the periodic order that is 

higher or lower than the Doppler centroid in terms of the azi-

muth frequency, and the other variables are the same as in Eq. 

(1). Generally, as the PRF of the SAR system increases, the 

RASR and AASR increases/decreases, respectively, and when 

the PRF decreases, the RASR and AASR decreases/increases, 

respectively [5]. In addition, as the antenna size increases, the 

ambiguity performance improves, but the resolution and swath 

width tend to be opposite. Therefore, it is necessary to select an 

optimal antenna size and system parameters to take this into 

account [15]. 

Cross ambiguity is a compound of the causes of range ambi-

guity and azimuth ambiguity, and accordingly, elevation and 

azimuth angles to the antenna boresight angle must be consid-

ered simultaneously. When Eqs. (1) and (2) are considered at 

the same time, the total ASR can be expressed as Eq. (3), and 

the cross ambiguity represents the case of both 𝒎 ≠ 𝟎 and 𝒏 ≠ 𝟎 [7]. The relation between each ambiguity component is 

shown in Fig. 1. 

 
Fig. 1. The relations between ambiguity components of the SAR 

system.

 

𝐴𝑆𝑅 = ∑ 𝜎 𝜃 𝑚 𝐺 𝜃 𝑚 , 𝜃 𝑛 𝐺 𝜃 𝑚 , 𝜃 𝑛𝜌 𝑚 sin 𝜃 𝑚 𝑑𝜃 𝑛 , 𝜎 𝜃 0 𝐺 𝜃 0 , 𝜃 0 𝐺 𝜃 0 , 𝜃 0𝜌 0 sin 𝜃 0 𝑑𝜃 0  

   (3)
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2. Polarimetric SAR Systems 
The single-pol SAR system transmits and receives only sig-

nals with a single polarization, so that one polarization compo- 

nent, that is, one kind of 𝜎 𝜃 , is used in the ambiguity per- 

formance analysis. However, since the conventional quad-pol 

SAR system alternates horizontal (H) and vertical (V) polariza-

tions, two polarization components must be used when calculat-

ing RASR for four images, HH, HV, VH, and VV. When cal-

culating RASR, since the backscattering coefficient of cross-pol 

channels such as HV and VH is smaller than that of co-po-

larization (co-pol) channels such as HH and VV, the RASR per-

formance of the cross-pol channel is severely deteriorated [2–4]. 

Hybrid quad-pol SAR has been proposed as a method to 

compensate for this serious adverse effect [17, 18]. The hybrid 

quad-pol SAR operates to receive both H and V signals at each 

moment while alternating between RHCP (right-hand circular 

polarization) and LHCP (left-hand circular polarization) signals. 

A comparison of the operation methods for each SAR system is 

shown in Fig. A1. 

Based on this operation, the hybrid quad-pol SAR system 

can obtain four signals, HR, HL, VR, and VL (𝑺𝑯𝑸), and can 

be transformed to signals obtained from conventional quad-pol 

SAR (𝑺𝑪𝑸) through the transformation relationship [18], 
 

𝑺𝑪𝑸 = 𝑺𝑯𝑯 𝑺𝑯𝑽𝑺𝑽𝑯 𝑺𝑽𝑽 = 𝑺𝑯𝑹 𝑺𝑯𝑳𝑺𝑽𝑹 𝑺𝑽𝑳
𝟏𝟐 𝒋𝟐𝟏𝟐 𝒋𝟐  

(4)

     = 𝑺𝑯𝑸
𝟏𝟐 𝒋𝟐𝟏𝟐 𝒋𝟐  

 

where the superscript   above 𝑆 indicates after transformation. 

It is noticeable here that after the transformation, the RASR 

calculation of each polarization channel only considers its effect 

on that polarization [17]. In other words, the effect of the co-

pol signal, which is relatively larger than the cross-pol signal due 

to the difference of the backscattering coefficient, disappears. 

However, because there is a time gap between the elements 

of 𝑺𝑯𝑸 that are combined to obtain a signal for 𝑺𝑪𝑸, a phase 

difference occurs in the spectrum, and this does not completely 

cancel the unwanted components [2]. In the case of the HV 

signal as an example, according to Eq. (4) 
 𝑺𝑯𝑽 = 𝒋𝟐 𝑺𝑯𝑹 𝒋𝟐 𝑺𝑯𝑳                (5) 
 

and 
 𝒔𝑯𝑹 𝒕 = 𝒔𝑯𝑯 𝒕 𝒋𝒔𝑯𝑽 𝒕  = 𝒔𝑯𝑯 𝒕 𝜹 𝒕 𝒏𝑻𝒏  

𝒋𝒔𝑯𝑽 𝒕 𝜹 𝒕 𝒏𝑻𝒏  

𝒔𝑯𝑳 𝒕 = 𝒔𝑯𝑯 𝒕 + 𝒋𝒔𝑯𝑽 𝒕  = 𝒔𝑯𝑯 𝒕 𝜹 𝒕 𝒏𝑻 𝑻𝟐  𝒏  +𝒋𝒔𝑯𝑽 𝒕 ∑ 𝜹 𝒕 𝒏𝑻 𝑻𝟐𝒏            (6) 
 

where the superscript   indicates a sampled signal and T is the 

time interval between transmitted signals of the same polariza-

tion [2]. The Fourier transform of Eq. (6) yields the spectral 

relational equation in Eq. (7) (scale factors were ignored). There-

fore, even if these two signals are summed, neither can cancel 

out, which can be expressed as shown in Fig. 2. 
 

 𝑺𝑯𝑹 𝒇 = 𝑺𝑯𝑯 𝒇 𝒏𝑻𝒏  𝒋 𝑺𝑯𝑽 𝒇 𝒏𝑻𝒏  𝑺𝑯𝑳 𝒇 = 𝑺𝑯𝑯 𝒇 𝒏𝑻 𝒆 𝒋𝝅𝒏𝒏  +𝒋 𝑺𝑯𝑽 𝒇 𝒏𝑻 𝒆 𝒋𝝅𝒏𝒏  
(7)

 

 

This phenomenon also occurs for the other three signals. 

Therefore, similar to RASR in conventional quad-pol SAR, in 

hybrid quad-pol SAR, two polarized signals must be considered 

when calculating AASR, which degrades the ambiguity perfor-

 
(a) 

 
(b) 

 
(c) 

Fig. 2. Composition process of hybrid quad-pol SAR signals for 

the 𝑆  case: (a) 𝑆 , (b) 𝑆 , and (c) 𝑆 = 𝑗𝑆 ∕ 2𝑗𝑆 ∕ 2.
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mance of cross-pol channels. The operational method of alter-

nately transmitting orthogonal waveforms like the ±𝜋/4 mode 

[19] produces the same result [2, 18, 20]. 

When we consider the characteristics of the conventional 

quad-pol and hybrid quad-pol, which means the ambiguous 

polarization components alternately interleaved in the range 

direction in the conventional quad-pol and the azimuth direc-

tion in the hybrid quad-pol, Eq. (3) can be modified and con-

cisely expressed above in Eq. (8). Here, the subscript 𝒕 is the 

transmitted polarization, 𝒓 is the received polarization, and �̅� 

is the orthogonal signal of 𝒕. For example, if 𝒕 is H, then 𝑡̅ is 

V. After this, the ambiguity performance analysis was per-

formed based on Eq. (8). 

The calculation of the ambiguity ratio for the conventional 

quad-pol SAR system had already verified [3], and in this paper, 

additional verification for the hybrid quad-pol SAR system was 

carried out. Fig. 3 shows the results of calculation and compari-

son based on the system parameters of the L-band stripmap 

SAR system given in [2], which shows the performance of the 

hybrid quad-pol SAR system. 

 
3. Effects of Antenna Cross-Pol Pattern 

The cross-pol signal obtained from PolSAR covered in Sec-

tion II-2 considers the case where the change in polarization 

occurs only in the target. That is, since there is only one possible 

polarization change, there are only two cases in which the same 

received polarization is achieved through different processes. 

This result is also expressed by Eq. (8). However, in reality, a 

change in polarization occurs in the antenna as well, which con-

tributes to the degradation of system performance; this is not 

intended. The contribution of the antenna to the polarization 

change is represented by the antenna cross-pol pattern. There-

fore, if the polarization change caused by the transmitting and 

receiving antennas is considered, eight possible cases can be 

assumed as a total [8]. Based on Eq. (8), there are currently 𝜎 ̅𝐺 ̅, 𝐺 ,  and 𝜎 𝐺 , 𝐺 ,  components needed to obtain a 

(a) 

(b) 

Fig. 3. Comparison of ambiguity performance analysis of a hybrid 

quad-pol SAR system: (a) RASR and (b) AASR. Line in-

dicates the results in [2]; symbol, calculation results. 

 

𝐴𝑆𝑅 , = 𝜎 ̅ 𝜃 𝑚 𝐺 ̅ 𝜃 𝑚 , 𝜃 𝑛 𝐺 𝜃 𝑚 , 𝜃 𝑛𝜌 𝑚 sin 𝜃 𝑚 𝑑𝜃 𝑛 

+ 𝜎 𝜃 𝑚 𝐺 𝜃 𝑚 , 𝜃 𝑛 𝐺 𝜃 𝑚 , 𝜃 𝑛𝜌 𝑚 sin 𝜃 𝑚 𝑑𝜃 𝑛 
,,∕ 𝜎 𝜃 0 𝐺 𝜃 0 , 𝜃 0 𝐺 𝜃 0 , 𝜃 0𝜌 0 sin 𝜃 0 𝑑𝜃 0 

 

 

(8)

𝐴𝑆𝑅 , = 𝜎 ̅ 𝜃 𝑚 𝐺 ̅ 𝜃 𝑚 , 𝜃 𝑛 𝐺 𝜃 𝑚 , 𝜃 𝑛𝜌 𝑚 sin 𝜃 𝑚 𝑑𝜃 𝑛 

+ 𝜎 𝜃 𝑚 𝐺 𝜃 𝑚 , 𝜃 𝑛 𝐺 𝜃 𝑚 , 𝜃 𝑛𝜌 𝑚 sin 𝜃 𝑚 𝑑𝜃 𝑛 
,,∕ 𝜎 𝜃 0 𝐺 𝜃 0 , 𝜃 0 𝐺 𝜃 0 , 𝜃 0𝜌 0 sin 𝜃 0 𝑑𝜃 0 
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case where a specific polarized signal is received, but they are replaced 

by (𝜎 ̅𝐺 ̅, 𝐺 ,  +  𝜎 ̅ ̅𝐺 ̅, 𝐺 ̅,  +  𝜎 𝐺 ̅, 𝐺 ,  + 𝜎 ̅ 𝐺 ̅, 𝐺 ̅, ) 

and (𝜎 𝐺 , 𝐺 ,  +  𝜎 ̅ 𝐺 , 𝐺 ̅,  + 𝜎 ̅𝐺 , 𝐺 ,  +  𝜎 ̅ ̅𝐺 , 𝐺 ̅, ), 

respectively, considering the antenna cross-pol where 𝐺  is 

the antenna co-pol pattern and 𝐺  is the antenna cross-pol 

pattern. We considered all the effects of the antenna cross-pol 

pattern as their simple sum. 

III. PERFORMANCE ANALYSIS AND COMPARISON OF 

SPACEBORNE SAR SYSTEM 

1. Spaceborne SAR System Using an X-Band Parabolic Reflector 

Antenna  

As the SAR antenna for the performance analysis of the X-

band spaceborne SAR system operating in stripmap mode at an 

altitude of 500 km, a solid panel deployable type reflector an-

tenna, as shown in Fig. 4, was used [21]. This reflector consists 

of 30 panels, a ratio of the diameter between the main reflector 

and flat central disk of 0.133, and a focal-length-to-diameter 

ratio of 0.3. The antenna far-field pattern was obtained using 

the FEKO simulation tool’s MLFMM (multilevel fast multi-

pole method) analysis method. 

In this paper, three representative antennas were selected for 

the effect analysis of the antenna cross-pol pattern on ambiguity 

performance. One is a small reflector antenna with a diameter 

of 1.5 m and a Gaussian beam pattern of –12 dB edge taper was 

used as the radiation pattern of the feeder. This feeder was 

mathematically defined by using the function of a simulation 

tool. In addition, a reflector antenna with a diameter of 3 m and 

the same feed pattern was used as another case for system per-

formance analysis. The structure of this large antenna is scaled-

up in Fig. 4. Finally, in order to evaluate the effect of the feed-

ing structure and struts, a simulation including scatterers was 

performed in the case of 3 m in diameter. Fig. 5 is the configura-

tion of a large reflector antenna with a diameter of 3 m consider-

ing the feeding structure. A detailed description of this antenna 

structure is shown in [21] for the case of a small antenna. 

The simulated results of the far-field pattern at 9.6 GHz are 

shown in Figs. 6 and 7. The gain of the small antenna, shown 

in Fig. 6, satisfies the performance of 40 dB and the sidelobe 

level of –20 dB for the elevation and azimuth patterns. Fig. 7 

shows the simulation results of the antenna radiation pattern 

before and after considering the feeding structure. The perfor-

mance of two antennas with a reflector diameter of 3 m satisfies 

a gain of 46 dB and a sidelobe level of –20, but as the feeding 

structure was considered, the sidelobe increases not only in the 

antenna co-pol pattern, such as gain and sidelobe, but also in 

the antenna cross-pol pattern. It is thought that this result could 

 
Fig. 4. Configuration of the simulated reflector antenna with panels. 
 

 
Fig. 5. Configuration of the reflector antenna including the feeding 

structure. 

 

   
(a)                            (b)

Fig. 6. Simulation results of the antenna far-field pattern: (a) co-

pol pattern and (b) cross-pol pattern. 
 

(a) 

(b) 

Fig. 7. Comparison of the antenna far-field pattern. Left is the case 

of the reflector only and right is the case of considering the 

feeding structure: (a) co-pol pattern and (b) cross-pol pattern.
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lead to degradation in the ambiguity performance of the SAR 

system.  

A brief comparison of the antenna cross-pol performance of 

these three antennas shows that the last case, which considers 

the effect of the feeding structure, is the worst. When only the 

main reflector is considered for antenna analysis, a 3 m reflector 

with a large antenna size performs best, and a 1.5 m reflector 

has a moderate performance. 

Figs. 6 and 7 shows the results for the V-polarization (V-pol) 

pattern, which means that the feed antenna transmits and re-

ceives polarized waves in a z-direction, but both the V-pol and 

the H-polarization (H-pol) patterns are required to analyze the 

ambiguity performance of the quad-pol SAR system. However, 

in the case of two antennas where only the reflector is consid-

ered, the V-pol and H-pol patterns are similar in terms of their 

effect on the ambiguity ratio, and the reflector antenna contain-

ing the feeding structure is enough to account for performance 

variations caused by struts, even if only the V-pol pattern is con-

sidered. Therefore, in this paper, we assumed that the V-pol 

pattern and H-pol pattern are the same in the analysis of ambi-

guity performance. 

 

2. Analysis Results of the Ambiguity Performance 
Generally, when considering the backscattering coefficient, 

the ambiguity performance for the co-pol channel is better than 

that for the cross-pol, so this paper only dealt with the perfor-

mance for the cross-pol channel, i.e., the HV channel. 

The PRF and observation region for the system performance 

analysis using a small antenna with a diameter of 1.5 m were 

selected in consideration of the timing diagram shown in Fig. 8 

and the RASR and AASR in the HV channel. In this case, 

assuming the use of the hybrid quad-pol SAR system, the PRF 

requirement for AASR improvement increases considerably, so 

only the case of a conventional quad-pol SAR was covered when 

using a small antenna. 

The ambiguity ratio calculation was performed for three cases 

to confirm the effect of cross ambiguity and the antenna cross-

pol pattern through comparisons between these cases. In Case 1, 

range ambiguities and azimuth ambiguities were added only, i.e., 

either m or n is always zero in Eq. (8). In this case, the effect of 

the antenna cross-pol pattern was not considered. In Case 2, the 

cross ambiguity component was added to Case 1, and the effect 

of the antenna cross-pol pattern was not considered in this case 

either. In other words, Case 2 is calculated from Eq. (8). In the 

third case, Case 3, the effect of the antenna cross-pol pattern was 

additionally considered on Case 2, which means that Eq. (8) 

should be modified by reflecting the technical description covered 

in Section II-3. 

The results for each case are shown in Fig. 9. At the overall 

incidence angle, the RASR and AASR performances were not 

good enough, as the antenna was small. In addition, the effects 

of the cross ambiguity and antenna cross-pol pattern were rela-

tively small in the large incidence angle compared to those in 

the small incidence angle. It is conjectured from the results 

shown in Fig. 9 that when RASR and AASR are improved, the 

effects of cross ambiguity and the antenna cross-pol pattern will 

be detectable. 

The following is a performance analysis for the reflector an-

tenna with a diameter of 3 m. First, system parameters based on 

the antenna radiation pattern without the feeding structure were 

selected. In order to compare conventional quad-pol SAR and 

hybrid quad-pol SAR, a PRF was selected that made RASR 

 
Fig. 8. Timing diagram of the spaceborne SAR system using a 

small antenna. Red lines are blind range; black lines, nadir 

return; blue segments, PRF selection. 

 

(a) 

(b) 

Fig. 9. Analysis results of the ambiguity performance of the space-

borne SAR system using a small antenna: (a) comparison 

of the ambiguity performance and (b) zoom in. Black lines 

are Case 1; blue lines, Case 2; red lines, Case 3. 
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and AASR, which were considerably degraded components in 

each system, similar. This result is shown in Fig. 10. 

For comparison with the case of using the small antenna 

shown in Fig. 9, the total incidence angle was maintained in the 

same range as in this analysis. However, since the antenna 

beamwidth was smaller than the small antenna, each observa-

tion region was further subdivided. Based on this, the results of 

analyzing the ambiguity performance of the spaceborne quad-

pol SAR system are shown in Figs. 11 and 12.  

Comparing the performance degradation that resulted from 

the conventional method, Case 1, it can be seen that the addi-

tional pattern-deteriorating factors can lead to significant per-

formance degradation. In particular, through the proposed anal-

ysis method, Case 3, which considers the effect of the antenna 

cross-pol pattern, a rigorous analysis considering severe condi-

tions caused by various factors will be performed. Fig. 11 shows 

the result of the conventional quad-pol SAR system, and it can 

be seen from Fig. 11(a) that the effect of cross ambiguity was 

relatively large compared to the case of using a small antenna. 

However, the red lines and the blue lines seen above are almost 

matched, which means that the effect of the antenna cross-pol 

pattern was still hardly seen. From Fig. 11(b), which is the re-

sult of including the feeding structure of the reflector antenna in 

the simulation, the RASR and AASR performance were de-

graded due to the feeding structure, and the effect of the anten-

na cross-pol pattern begins to appear as a non-negligible 

amount. This result shows a difference of up to about 8 dB 

when compared to Case 1 and up to about 3 dB when com-

pared to Case 2 in terms of the ambiguity performance of the 

SAR system. 

 
(a) 

 
(b) 

Fig. 12. Analysis results of the ambiguity performance of the hy-

brid quad-pol SAR system: (a) reflector only and (b) con-

sidering the feeding structure. Black lines are Case 1; blue 

lines, Case 2; red lines, Case 3. 

 
Fig. 10. Timing diagram of the spaceborne SAR system using a 

large antenna. Red lines are blind range; black lines, nadir 

return; blue segments, PRF selection. 

 

 
(a) 

 
(b) 

Fig. 11. Analysis results of the ambiguity performance of the con-

ventional quad-pol SAR system: (a) reflector only and (b) 

considering the feeding structure. Black lines are Case 1; 

blue lines, Case 2; red lines, Case 3. 
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As shown in Fig. 12, the same results were observed in the 

hybrid quad-pol SAR system. Therefore, the effect of the an-

tenna pattern variation due to the feeding structure on the per-

formance of PolSAR systems such as conventional quad-pol 

SAR and hybrid quad-pol SAR can be analyzed by considering 

the effect of the antenna cross-pol pattern. Additionally, consid-

ering the cross ambiguity together was effective in confirming 

the effect of the antenna cross-pol pattern. 

In summary, when the RASR and AASR of the SAR system 

were not sufficiently good, such as when a small antenna was 

used, additional factors, such as cross ambiguity, need not be 

considered. However, if the RASR and AASR are improved, 

the cross ambiguity should also be considered. In particular, 

when there were factors that increased the antenna cross-pol 

pattern, considering these effects will be more helpful for accu-

rate system performance analysis. 

IV. CONCLUSION 

In this paper, the effect of the antenna cross-pol pattern on 

the ambiguity performance of the spaceborne quad-pol SAR 

system was analyzed. For conventional quad-pol SAR and hy-

brid quad-pol SAR, the ambiguity ratio calculation process was 

introduced and the effect of the antenna cross-pol pattern was 

compared according to the antenna size. When the size of the 

antenna is large, the structure is complex, and there is a possibil-

ity that asymmetry increases, the effect of the antenna cross-pol 

pattern on the ambiguity performance of the SAR system be-

comes significant enough that it cannot be ignored. Thus, it can 

be seen from the results that the effect of the antenna cross-pol 

pattern is enough to require serious analysis. This trend appears 

to be the same in both the conventional quad-pol SAR and hy-

brid quad-pol SAR, which go through different operation meth-

ods and analysis processes. 

In terms of the relation between the antenna cross-pol pattern 

and the performance of the SAR system, ambiguity analysis is 

required not only in the structure in which the effects of scattering 

objects such as struts and feed antennas appears but also when the 

reflector has an asymmetric structure, such as an offset type. 

Although the ambiguity performance (RASR and AASR) of 

a large antenna is basically good, so that the effect of the anten-

na cross-pol pattern does not conflict with the system require-

ments, it is expected that the effect of the antenna cross-pol pat-

tern can be utilized for the optimal design of an antenna with a 

complex structure. 
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APPENDIX 

Fig. A1 shows basic system operational concepts. Time interval, 

T shown in Eqs. (6) and (7), was calculated in the manner 

shown in this figure. 

 

 

(a)

(b)

(c)

Fig. A1. Timing diagram of the SAR systems: (a) single-pol SAR system, (b) conventional quad-pol SAR system, and (c) hybrid 

quad-pol SAR system. Colored rectangles are transmitting pulses and patterned trapezoids are receiving pulses. 
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I. INTRODUCTION 

Due to speedy developments in modern communication, 

there is a pressing need for reconfigurable antennas. Decades 

ago, individual antennas were employed to obtain different op-

erating frequencies, increasing the dimensions of the system. 

Conversely, UWB antennas can be utilized to attain a wide fre-

quency range (3.1–10.6 GHz) [1]. However, there are some 

disadvantages in using UWB antennas, such as interference and 

co-existence with other radios. Thus, the concept of reconfigu-

rability has evolved to avoid these scenarios. Frequency recon-

figurability [2] has significantly reduced the antenna size, so that 

they can easily be employed in any compact handheld device. 

There are two other categories of reconfigurable antennas: po-

larization [3] and pattern [4]. It is possible to realize two or 

more reconfigurabilities at the same time depending on the 

number of switches. The cognitive radio system represents the 

near future of wireless communication, in which an antenna 

tunes to the desired frequency based on the available spectrum 

[5]. Accordingly, reconfigurable antennas are one of the best 

solutions for such adaptive systems and are used in satellite 

communications and radar systems. 

Generally, reconfigurability is attained by using various 

switching devices, such as PIN diodes [6], varactor diodes [7], 

microelectromechanical systems (MEMS) switches [8], lumped 

elements [9], or optical switches [10]. These devices alter the 

structure (length) of the radiating element depending on the 

ON and OFF conditions. In the literature, many reconfigurable 

antennas have been designed that incorporate frequency, polari-

zation, pattern, and hybrid reconfigurability (depending on the 

application). In [11], a PIN diode was included in the center of 

the slot, and frequency diversity was obtained by changing the  
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Abstract 
 

This paper presents a discussion on a low-profile, frequency-reconfigurable penta-band antenna. This antenna consists of two asymmetric 

L-shaped rectangular patches electrically connected by a single PIN diode. The proposed antenna operates at five frequency bands de-

pending upon the switching states of the PIN diode. It operates at 2.4 GHz (WLAN) and 5.3 GHz (5G) during forward bias of the di-

ode, 3.3 GHz (5G) and 5.9 GHz (WLAN) during reverse bias of the diode and 4 GHz during zero bias condition providing a wide 

bandwidth (3.6–4.8 GHz) at this state. The antenna has voltage standing wave ratio (VSWR) ranges from 1 to 2, gain value ranges from 

2.6 to 5.0 dBi, and a maximum radiation efficiency of 85%. This antenna can be integrated with modern devices such as smart phones, 

laptops, and other handheld devices due to its simplistic geometry. A prototype of the model is fabricated, and the results are validated. 

Key Words: Frequency Reconfigurability, PIN Diode, Rectangular Patch, WLAN, 5G Applications. 
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bias voltage and keeping the other parameters (such as geometry 

and feeding probe) constant. The bandwidth can also be 

changed by varying the PIN diode. In [12], a ground plane was 

embedded with a DGS structure having two symmetrical U-

shaped slots (with open ends) and an I-shaped slot (with a short 

end). The ground plane incorporated three PIN diodes to achieve 

multiband resonances. 

In [13], a frequency reconfigurable antenna with coplanar 

waveguide (CPW) feeding was designed to cover a wide fre-

quency range (2–10 GHz). The antenna used four PIN diodes 

to achieve different resonant frequencies in the wide frequency 

band. Further, the type of feeding, structure of the radiator, and 

number of diodes employed were the deciding factors for the 

operating frequency ranges. Discussions about a reconfigurable 

antenna having proximity couple feeding for WLAN and sub-6 

GHz applications were presented in [14]. The antenna consist-

ed of two substrates (separated by air) with four PIN diodes. 

However, the dimensions of the antenna are large and the struc-

ture is complex with this type of feeding. Finally, by using a re-

configurable feed network, frequency and polarization diversity 

can be achieved [15]. From the literature, it can be understood 

that PIN diodes are more user friendly in terms of less switch-

ing complexity, higher speed and reliability. 

A compact, low-profile, frequency-reconfigurable microstrip 

patch antenna built on a FR4 substrate is discussed in this paper. 

Compared to conventional reconfigurable antenna models, this 

antenna only contains one PIN diode and generates five reso-

nant frequencies. During forward bias, the operating bands are 

2.4 and 5.3 GHz, whereas they are 3.3 and 5.9 GHz in reverse 

bias. These operating frequencies cover the WLAN (2.4 and 5.9 

GHz) and 5G (5.3 and 3.7 GHz) bands. During zero bias, the 

antenna operates between 3.6 and 4.8 GHz. 

Section II presents a discussion about the antenna design, in-

cluding the geometry, design equations, switching techniques, 

and current distribution. Section III focuses on the simulation 

and fabrication results, while Section IV provides a brief conclu-

sion of the proposed work. 

II. ANTENNA DESIGN 

1. Geometry of the Proposed Antenna 
The model consists of two asymmetric L-shaped rectangular 

patches, with one of the patches fed through a 50 Ω microstrip 

line. The antenna was printed on a lossy FR4 substrate material 

—relative permittivity (𝜺𝒓) of 4.4 and tangent loss (δ) of 0.02—

with a thickness of 1.6 mm. The use of FR4 was preferred in 

the proposed model because of its affordability and availability. 

The radiating element was backed by a metallic truncated ground 

plane to provide optimum efficiency, gain, and directivity. A 

rectangular stub was placed on the ground to improve imped-

ance matching at higher resonant frequencies. An electrical path 

was provided between the two rectangular patches through a 

PIN diode. A full wave electromagnetic (EM) simulator—

Ansys High Frequency Structure Simulator (HFSS)—was used 

to carry simulation of the proposed design. The total length of 

the radiator was 33.5 mm, and the width was 4 mm, and the 

overall dimensions was 40 mm × 35 mm × 1.6 mm. The ge-

ometry of the antenna is shown in Fig. 1. Table 1 presents the 

dimensions of the proposed model. 

 

2. Design Equations 

The effective length and dielectric permittivity of a rectangu-

lar radiating element are given by Eqs. (1) and (2) from [16]. 
 𝑳𝒆𝒇𝒇 =  𝒄𝟒𝒇𝒓 ∈𝒆𝒇𝒇 

(1)∈𝒆𝒇𝒇≈  ∈𝒓+ 𝟏𝟐  (2)

 

 
Fig. 1. Geometry of proposed model. 

 

Table 1. Dimensions of proposed design 

S. No. Dimension Value (mm)

1 L × W 40 × 35

2 h 33.5

3 t 4

4 a 11

5 b 6

6 c 17

7 d 9

8 e 3

9 f 9.5
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Here, c is the velocity of light in free space, fr is the resonant 

frequency, ∈𝒆𝒇𝒇  is the effective dielectric permittivity, ∈𝒓 is 

the permittivity of the dielectric substrate, w is the width of the 

substrate, and h is the height of the substrate. 

If the antenna is excited at an appropriate impedance point, 

the reflection coefficient should be < -10 dB and voltage stand-

ing wave ratio (VSWR) would range between 1 and 2. The re-

flection coefficient is related to the impedance matching of the 

system and is given by Eq. (3). 
 

Reflection coefficient |Γ| =  
𝒁𝒂  𝒁𝒇𝒁𝒂 𝒁𝒇  (3)

 

Here, 𝒁𝒂 is the impedance of the antenna, 𝒁𝒇 is the feed-

line’s characteristic impedance, and Γ is the reflection coefficient. 

The VSWR is related to the reflection coefficient through Eq. 

(4). 
 

VSWR =
 𝟏 |𝜞| 𝟏 |𝜞|  (4)

 

3. Switching Techniques 
A PIN diode (NXP BAP64-03, 100 mA, 20 V) was employed 

for frequency reconfiguration in the proposed model. The equiva-

lent circuits of the PIN diode in its ON and OFF states are 

shown in Fig. 2(a) and (b), respectively. 

The three biasing states of a PIN diode are as follows: (i) zero 

DC, (ii) positive DC, and (iii) negative DC. In the simulation, 

the PIN diode was modelled as a lumped RLC equivalent. For 

zero DC bias, there was no connection between the two L-

shaped rectangular patches (such that there was no electrical 

path between them). The lower L-shaped rectangular patch was 

the only active radiator. During positive DC bias, the diode 

represented a series combination of 2.5 Ω resistance and 1.68 

nH inductance (in the simulation). The lower value of R in the 

forward bias increased the current flow between the radiating 

strips. During reverse DC bias, the diode provided a parallel 

combination of 0.3 pF capacitance and 15 kΩ resistance in se-

ries with an inductance of 1.68 nH (in the simulation). The 

higher value of R during reverse bias restricted the current flow.  

The inductor value was kept constant, as it did not have any 

significant effect on the current distribution. The values of R, L, 

and C were considered from the data sheet of the PIN diode 

model. These values were tuned in the given range, ensuring 

resonance was achieved in the desired frequency band. The as-

signment of a lumped RLC boundary in the simulation tool, 

Ansys HFSS, is shown in Fig 2(c). Bias voltages of 0, +3, and 

-3 V were applied to the circuit for the zero, forward, and re-

verse biases, respectively. Depending on the type of biasing, 

different resonant frequencies were obtained from the single 

antenna model, as indicated in Table 2. 
 

4. Current Distribution 
The proposed frequency reconfigurable antenna was simulat-

ed using Ansys HFSS. The far field radiation was mainly due to 

the current on the radiator. The simulated surface current densi-

ties at all five frequency bands are presented in Fig. 3. During 

forward bias, the antenna resonated at two frequencies. At the 

lower resonance, the surface current density was large on the 

lower L-shaped patch, as indicated in Fig. 3(a). The length of 

the lower L-shaped patch was 20 mm (i.e., c = 17 + e mm), in 

which most of the current was distributed in the lower part (i.e., 

c = 17 mm). The approximate length of the quarter wave at 2.4 

GHz was calculated as 17 mm using the design Eqs. (1) and (2). 

This is illustrated using the vector surface current distribution at 

2.4 GHz (phase 0º) in Fig. 4. 

As indicated in Fig. 3(b), the surface current was distributed 

on the upper and lower L-shaped strips. It can also be observed 

that the surface current was distributed strongly around the stub. 

The length of the stub was slightly less than the quarter wave-

length at 5.3 GHz. This rectangular stub on the ground plane 

played a vital role in achieving impedance matching at higher 

frequencies.  

To illustrate the influence of the stub for impedance match-

ing, the simulated reflection coefficient is plotted in Fig. 5. 

          (a) (b) 

 
(c) 

Fig. 2. Equivalent circuit of PIN diode in (a) ON, (b) OFF state, 

and (c) lumped RLC boundary in HFSS. 

Table 2. Different configurations of PIN diodes with their simulat-

ed operating frequencies 

 
DC bias 

(V)
Biasing state 

Operating 

freq. (GHz)

Bandwidth 

(GHz)

Case 1 0 Zero bias 4 3.6–4.8

Case 2 +3 Forward bias 2.4 

5.3 

2.1–2.5 

5.0–5.6

Case 3 -3 Reverse bias 3.3 

5.9 

2.8–3.6 

5.5–6.1
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Fig. 4. Vector surface current distribution at 2.4 GHz (phase 0°). 

 
(a) 

 

 
(b) 

Fig. 5. Effects of stub at higher frequencies: (a) forward bias and (b) 

reverse bias. 

 
       (a)                (b) (c) 

 
(d) (e) 

Fig. 3. Simulated surface current density of the proposed design at (a) 2.4 GHz, (b) 5.3 GHz, (c) 3.3 GHz, (d) 5.9 GHz, and (e) 4 GHz. 
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With the rectangular stub, the antenna realized improved 

matching at the higher frequencies: 5.3 GHz in forward bias 

and 5.9 GHz in reverse bias. 

III. RESULTS AND DISCUSSION 

To validate the results, the model was fabricated and then 

measured using an Agilent vector network analyzer. A photo-

graph of the fabricated antenna is presented in Fig. 6, while Fig. 

7 displays a comparison between the simulated and measured 

return losses. The simulated antenna (at zero bias) achieved a 

-10 dB impedance bandwidth of 1.2 GHz (3.6–4.8 GHz) with 

a center frequency at 4 GHz. During forward bias of the diode 

(+3 V), the antenna resonated at two frequencies: 2.4 GHz 

(2.1–2.5 GHz) and 5.3 GHz (5–5.6 GHz). During reverse bias 

of the diode (-3 V), the antenna resonated at 3.3 GHz (2.8–

3.6 GHz) and 5.9 GHz (5.5–6.1 GHz). 

The measured resonant frequency at zero bias was 4.1 GHz 

with a bandwidth of 3.7–4.9 GHz. During forward bias, the 

antenna resonated at 2.47 GHz (2.2–2.6 GHz) and 5.4 GHz 

(5.1–5.7 GHz). During reverse bias, the antenna resonated at 

3.38 GHz (2.8–3.7 GHz) and 6 GHz (5.5–6.3 GHz). The 

small deviation between the measured and simulated results  

(a) 

(b) 

(c) 

Fig. 7. Return loss at (a) zero bias, (b) forward bias, and (c) reverse bias. 

 
could be due to minor fabrication errors and soldering losses in 

the SMA connector. 

The measured gain at all resonant frequencies is displayed in 

Fig. 8. The gain varied between 2.6 and 5 dBi for the operating 

frequencies, which is acceptable for the previously mentioned 

applications. The efficiencies of the proposed antenna at all bias-

ing conditions are displayed in Fig. 9. Further, the maximum and 

minimum radiation efficiencies were 85% and 76%, respectively.  

The simulated and measured E- and H-plane gain patterns at all 

(a) 

(b) 

Fig. 6. A photograph of the fabricated antenna: (a) front view and 

(b) rear view. 
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five operating frequencies are presented in Fig. 10. It can be ob-

served that the antenna radiated omni-directionally in the H-

plane at 2.4, 6, and 4.1 GHz. All the E-plane patterns adopted a 

figure-of-8 shape, with a null lobe occurring at 90°. The simu-

lated and measured patterns were in good agreement, with a 

minor difference of 0.5 dB.  

Table 3 presents a detailed summary of the simulated and 

measured results. Table 4 presents a detailed comparison be-

tween the proposed antenna and other (similar) models in the 

literature. 

IV. CONCLUSION 

A simple and compact penta-band frequency-reconfigurable 

antenna is proposed in this paper. The presented patch antenna 

uses a single PIN diode connected between two rectangular 

strips. The various switching states of the PIN diode are respon-

sible for achieving the desired operating frequency. It can oper-

ate at five frequency bands (2.4, 3.3, 5.3, 5.9, and 4 GHz), ren-

dering it suitable for applications in WLAN and 5G. The an-

tenna has acceptable ranges of gain from 2.6 to 5 dBi, and the 

maximum efficiency is 85%. This prototype was fabricated on 

easily available low-cost FR4 substrate, and the results were val-

idated through measurements. The simulated results were in 

good agreement with the measured results. 

 
Fig. 8. Measured gain of proposed antenna. 

 

 
Fig. 9. Efficiency of proposed antenna. 

 
(a) (b) (c) 

 

 Measured H

 Simulated H

 Measured E

 Simulated E
(d) (e)  

 

Fig. 10. Simulated and measured gains of E- and H-planes at (a) 2.4 GHz, (b) 5.4 GHz, (c) 3.3 GHz, (d) 6 GHz, and (e) 4.1 GHz. 
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I. INTRODUCTION 

Recently, microwave Doppler radar has been utilized to detect 

movements of the human body, such as respiration and heart-

beat. The detection of movements is used for various applica-

tions such as life detection in earthquake events [1] and localiza-

tion monitoring of enemies in military applications [2]. The 

microwave radar sensing system radiates a single tone continu-

ous-wave (CW) signal [3–8]; the reflected signal is then de-

modulated in the receiver. The CW radar can obtain movement 

information from the phase change of the time-varying chest-

wall position. The received signal with the demodulated phase is 

proportional to the chest-wall position information due to respi-

ration and heartbeat. 

While CW radar extracts only vital Doppler parameters, fre-

quency-modulated continuous-wave (FMCW) radar can ex-

tract multiple parameters, such as distance or Doppler. In the 

case of FMCW radar, fast Fourier transform (FFT)-based algo-

rithms are used in conventional FMCW radar systems to ac-

quire multiple parameters. However, the FFT-based parameter 

estimator has considerably low resolution and accuracy [9]. 

Since the resolution of FFT is low, super-resolution algorithms 
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This paper proposes low-complexity super-resolution detection for range-vital Doppler estimation frequency-modulated continuous wave 

(FMCW) radar. In regards to vital radar, and in order to estimate joint range and vital Doppler information such as the human heartbeat 

and respiration, two-dimensional (2D) detection algorithms such as 2D-FFT (fast Fourier transform) and 2D-MUSIC (multiple signal 

classification) are required. However, due to the high complexity of 2D full-search algorithms, it is difficult to apply this process to low-

cost vital FMCW systems. In this paper, we propose a method to estimate the range and vital Doppler parameters by using 1D-FFT and 

1D-MUSIC algorithms, respectively. Among 1D-FFT outputs for range detection, we extract 1D-FFT results based solely on human 

target information with phase variation of respiration for each chirp; subsequently, the 1D-MUSIC algorithm is employed to obtain accu-

rate vital Doppler results. By reducing the dimensions of the estimation algorithm from 2D to 1D, the computational burden is reduced. 

In order to verify the performance of the proposed algorithm, we compare the Monte Carlo simulation and root-mean-square error re-

sults. The simulation and experiment results show that the complexity of the proposed algorithm is significantly lower than that of an 

algorithm detecting signals in several regions. 
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such as multiple signal classification (MUSIC) and estimation of 

signal parameters via rotational invariance techniques (ESPRIT) 

have been used for vital Doppler estimation. In specific, the 

MUSIC algorithm utilizes the orthogonality between the signal 

subspace and the noise subspace. In this way, the algorithm can 

estimate the super-resolution frequency for the parameters; 

however, compared to low complexity FFT-based methods, this 

super-resolution method involves much higher complexity. For 

this reason, it is difficult to apply the super-resolution method to 

low-cost and real-time vital FMCW systems, and low-complexity 

two-dimensional (2D) high-resolution algorithms are subse-

quently required for compact vital radar. 

To date, conventional research has been processed on super-

resolution algorithms to reduce complexity. A low-complexity 

super-resolution algorithm without eigenvalue decomposition 

(EVD) was proposed [10]. The EVD is an essential function to 

distinguish signal eigenvectors from noise eigenvectors. In this 

method, the effect of signal eigenvectors is minimized by per-

forming the inverse function as opposed to the EVD. It has 

similar resolution performance to super-resolution algorithms 

such as MUSIC. However, a 2D estimation technique is required 

to simultaneously estimate the respiration signal and position. It 

still possesses a high complexity to perform multiple parameter 

estimation for the purpose of obtaining multiple parameters. 

Therefore, the low-complexity super-resolution algorithm with-

out EVD [10] is difficult to apply to a real-time system. A low-

complexity ESPRIT algorithm using reduced-dimension (RD) 

transformation in a monostatic MIMO radar [11] was proposed. 

This research assumed that the transmit/receive module is on a 

radar. In [11], RD transformation was generated by rearrang-

ing the Kronecker product of the transmitted steering vector 

and the received steering vector. However, the low-complexity 

ESPRIT algorithm using RD transformation in a monostatic 

MIMO radar [11] has a limitation wherein it can only be oper-

ated in the monostatic MIMO radar. An efficient subspace-

based algorithm technique for L-shaped array radar [12] was 

proposed. The azimuth and elevation direction antenna array 

structure is the L structure. In [12], a new matrix with infor-

mation for each parameter was generated by using cross correla-

tion between the received signal in the azimuth direction and 

the received signal in the elevation direction. The cost function 

of this matrix with the steering vector of the interested signal 

obtained a 2D direction-of-arrival (DOA) result using maxi-

mum value. However, the efficient subspace-based algorithm 

technique for L-shaped array radar [12] also has a limitation 

wherein it can only be operated in the 2D L-shaped antenna 

array structure. Since conventional research is still high com-

plexity and may have disadvantages of operating solely under 

specific conditions, these research methods have limitations in 

their application for vital radars. For low complexity, the pro-

posed algorithm needs a method to reduce the complexity by 

extracting only the interested signal. This method reduces com-

plexity by using Doppler processing of only the interested signal 

in the distance 1D estimation result. 

This paper proposes a low-complexity FFT-MUSIC vital 

Doppler estimator based on target detection for contactless vital 

FMCW radar. The proposed method uses FFT to estimate the 

distance parameter; chirp data of each range bin, with the ex-

ception of clutter with stationary phase information, are subse-

quently used to detect the phase variation and extract the vital 

signal. After range peak detection, the 1D-MUSIC algorithm is 

employed to obtain vital Doppler results using only human FFT 

results. Thus, when compared with full-search super-resolution 

algorithms, the proposed algorithm reduces the complexity. 

The remainder of this paper is organized as follows. Section 

II presents the signal model of the distance and the vital Dop-

pler for the vital FMCW radar. Section III presents the pro-

posed low complexity MUSIC vital Doppler estimator based on 

target detection for contactless vital FMCW radar. The com-

plexity of each algorithm is also analyzed in this section. Section 

IV details the simulations for the various environments. In Sec-

tion V, experimental results are provided. Finally, conclusions 

are given in Section VI. 

II. SIGNAL MODEL 

This section addresses the system models of the vital FMCW 

radar. The vital FMCW radar can estimate parameters such as 

distance and vital Doppler of humans. Particularly, vital Dop-

pler signals, such as those for respiration and heartbeat, are es-

timated from the phase information of a reflected signal. An 

FMCW transmitted (TX) signal is reflected from multiple 

humans. The reflected signal is changed into a beat signal as a 

sinusoidal signal at the received (RX) part. The sinusoidal signal’s 

frequency is proportional to the time delay from the human 

subject. The system model of FMCW radar is considered for 

multiple humans. The vital FMCW TX signal in Fig. 1 is de-

noted by 𝒔𝐭𝐱(𝒕)  and it is represented by 
 

1

tx 0
0

( ) ( )
L

F
l

s t s t lT
−

=

= −
 (1)

 

where L indicates the number of FMCW chirp signals, and TF 

denotes the total duration of chirp symbol and idle period, i.e., 

TF = T+Ti, T is the duration of the chirp symbol, and Ti repre-

sents the duration of the idle period. 

The vital FMCW chirp symbol 𝒔𝟎(𝒕) is composed of 
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where f0 indicates the initial frequency, μ is the frequency slope 

of the FMCW chirp symbol according to time, i.e., μ = 2πfBW/T, 

and fBW represents the bandwidth of the FMCW signal. 

For vital Doppler estimation of M targets, the definition of 

body movement is needed to determine the targets’ fixed dis-

tance 𝒅𝟎,𝒎 and the time-varying distance 𝒙𝒎(𝒕) of the m-th 

target, such as heartbeat signal and chest displacement by respi-

ration. The time-varying distance between the radar and the 

human subject is represented by 
 𝒅𝒎(𝒕) = 𝒅𝟎,𝒎(𝒕) + 𝒙𝒎(𝒕) (3)
 

where 𝒙𝒎(𝒕) = 𝒙𝒎,𝐫(𝒕) + 𝒙𝒎,𝐡(𝒕); 𝒙𝒎,𝐫(𝒕) and 𝒙𝒎,𝐡(𝒕) re-

present the m-th human’s body motions by respiration and 

heartbeat, respectively. The time-varying distance 𝒙𝒎(𝒕)  is 

composed of movements of 
 

 

,r ,h

,r ,h

respiration heartbeat

,r ,r ,h ,h
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       sin(2 ) sin(2 )
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where 𝒂𝒎,𝐫 and 𝒂𝒎,𝐡  are the amplitude of the respiration and 

the heartbeat, respectively, and 𝒇𝒎,𝐫 and 𝒇𝒎,𝐡 denote the fre-

quency of respiration and heartbeat, respectively. The RX signal 

from the m-th human is denoted by 𝒚𝒍(𝒕) and obtained with 

time delay 𝝉𝒎 in (5), at the bottom of this page, where 𝒂𝒎 is 

the m-th target’s complex amplitude, 𝒙𝒎,𝐫,𝒑(𝒕) are the p-th res-

piration harmonic components for the m-th human, θ denotes 

the residual phase, λ is the wavelength and ω(t) is the additive 

white Gaussian noise (AWGN) signal. In order to reduce the 

complexity of the FMCW radar, a de-chirping method is utilized. 

The de-chirping method defines the multiplication technique of 

the conjugation FMCW TX signals 𝒔𝐭𝐱∗ (𝒕) and 𝒚𝒍(𝒕); the beat 

signal 𝒚𝒍(𝒕) at the l-th chirp symbol is expressed as 
 

 
*
tx( ) ( ) ( )l ly t y t s t=   (6)

 

After an analog-to-digital converter (ADC) with fs = 1/Ts 

where fs is the sampling frequency and Ts is sampling time inter-

val and Ns is the number of samples, the converted FMCW 

signal is denoted by 𝒚𝒍[𝒏] and it is expressed in (7), at the top 

of this page, where ( )2exp / 2m m s m ma a ω τ μτ= −  and p is 

the index of respiration harmonic, i.e., the case of p = 1 means 

the main respiration signal and the cases of p = 2, 3,…, P de-

notes the respiration harmonic components. From (7), the vec-

tor form 𝒚𝒍[𝒏] is denoted by 𝒚𝒍 and expressed as: 
 

    
[ ]T[0], [1],..., [ 1]l l l l sy y y N= −y (8)

 

The vector form 𝒚𝒍 is rewritten by the range, the vital Dop-

pler, and the DOA terms, respectively, as follows: 
 

  l l= +y αV r ω  
(9)

 

where α, r, and ω are vectors composed of amplitude, range, and 

noise terms, respectively, i.e., T
0 1 1, ,..., ,Na a a −=   α

0 1( ) , ( ) , . . . , ( )Mr r rτ τ τ=   r  and T
0 1 1, , ..., Nω ω ω −=   ω

where 𝒓(𝝉𝒎) is the FMCW beat signal as shown in (7) and 𝑽𝒍 
is the diagonal matrix composed of the Doppler term, as follows: 
 

   
diag (0), (1),..., ( 1)l l l lv v v M= −  V (10) 

 

where diag(·) denotes a matrix operator and 𝒗𝒍(𝒎) is the m-th 

vector of the velocity term. 

 
Fig. 1. Waveforms of FMCW radar. 
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III. PROPOSED LOW-COMPLEXITY SUPER-RESOLUTION DE-

TECTION FOR RANGE-VITAL DOPPLER ESTIMATION RADAR 

This section proposes a low-complexity FFT-MUSIC algo-

rithm based on target detection for range-vital Doppler estima-

tion. This architecture is aimed at reducing the complexity to 

use the super resolution algorithm with accurate vital infor-

mation. While conventional algorithms estimate the vital Dop-

pler information of all targets, the proposed algorithm estimates 

only the target’s vital Doppler information, as shown in Fig. 2. 

 

1. Distance Parameter Estimation by FFT 

First, the proposed algorithm finds the distance parameter of 

multiple targets from the FFT results of the received beat signal 

[13]. After the received signal is performed by the 1D-FFT, 

threshold detection is used to extract the distance index of vari-

ous targets, and the FFT results corresponding to the distance 

index are acquired. Using threshold detection, the maximum 

peak value among the extracted FFT magnitude results is se-

lected. As shown in Fig. 1, for the distance estimation, 1D-FFT 

[13] is performed on the received chirp signals with the ob-

tained l-th chirp index. The 1D-FFT results Yl = [Yl [0], Yl 

[1],…, Pl [N-1]]T at the l-th chirp symbol, based on the distance 

information, are presented as: 
 

      l N l=Y W y  (11)
 

where 𝑾  is a DFT matrix composed of N column vectors 

with N by 1 size, i.e., 0 1 1, , . . . ,N NW W W −=   W , and the u-th 

column vector is denoted by 𝑊  and is expressed as 
 

T
2 2 ( 1)1,exp ,...,expu

u u NW j j
N N
π π −   = − −    

    
(12) 

 

 

2. Proposed Low Complexity Method for Vital Information 

In order to reject clutter information of the received signal, 

this proposed research uses the 1D-FFT results of multiple 

chirps of Y1, Y2,...,YL. The phase variation detection using multiple 

chirp signals of each range sample can be obtained as follows: 
 

  
PV

1l l l+= −Y Y Y  (13)
 

Through phase variation detection of 1D-FFT, the range spec-

trum I = [I1,I2,…,IM] peaks are extracted and the peak index is 

used to represent the range results of the targets. The phase vari-

ation detection results after range 1D-FFT are applied to the 

super-resolution vital Doppler results. 

When only the distance index is obtained by MUSIC [14], 

high-resolution vital Doppler information is acquired. When 

the positions of multiple targets are located differently, each tar-

get has a different Doppler component. The correlation matrix 

of the RX signal is set to full rank. However, when the vital 

components of each target are a coherent signal, the full rank of 

the matrix is nonexistent. This coherent signal’s correlation ma-

trix is a disadvantage. To solve this problem, a smoothing meth-

od is utilized to accurately detect vital Doppler. Using the FFT 

results of the detected i-th target 𝒀 , , = 𝑌 (𝐼 ),𝑌 (𝐼 ), , … , 𝑌 (𝐼 ) that satisfy the conditions Q ≤ L, the 

autocorrelation matrix RXi is formed as 
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The forward-backward technique is employed to reject the cor-

relation effect, as in: 
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where J is the exchange matrix. 

The forward-backward autocorrelation matrix ( )i
fbR is performed 

by the EVD [15] and is given as: 
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Fig. 2. Proposed architecture. 
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where T can divide the signal eigenvectors Q with P columns 

corresponding to the P signal eigenvalues and noise eigenvectors 

N with T-P columns corresponding to the T-P noise eigenvalues. 

The eigenvalues have a non-increasing order, i.e., 
 

  
2

0 1 1 1P P Qλ λ λ λ λ σ− −≥ ≥ ≥ ≥ = =   (17)
 

The MUSIC algorithm is as follows. The vital Doppler vec-

tor 𝑎(𝑓) is matched with the signal subspace, and the columns 

of N have orthogonality, such as: 
 

      
H( ) 0a f =N  (18)

 

where 𝑎(𝑓) is defined as: 
 

( ) ( )( ) 1, exp 2 ( ) , ..., exp 2 ( 1)( ) .s sa f j f T T j f Q T Tπ π = + − +    (19)
 

Using the principle of (18), in the i-th target among M humans, 

the 1D-MUSIC spectrum can be determined as: 
 

( )
MUSIC H H

1
( ) ( )

iP
a f a f

=
N N  (20)

 

Thus, the proposed parameter estimator for the vital Doppler 

for vital FMCW radars has been outlined. 

 

3. Summary of the Proposed Algorithm 

The major steps of the proposed algorithm are as follows: 

Step 1: Using FFT results of the received beat signal, the pro-

posed algorithm estimates the distance information of 

multiple targets.  

Step 2: Through the phase variation detection of 1D-FFT, the 

maximum peaks among M targets, with the exception 

of stationary targets, are achieved. 

Step 3: After obtaining the distance index of the human target 

with vital Doppler, the magnitude and phase infor-

mation of the distance index are obtained.  

Step 4: When only the distance FFT signal corresponding to 

the distance index is stored, the total data size is reduced. 

Step 5: Using the magnitude and phase information of only the 

distance FFT signal corresponding to the distance in-

dex, MUSIC is performed for super-resolution vital 

Doppler information. 

IV. PERFORMANCE EVALUATION BY SIMULATION 

In this section, performance of the proposed algorithm, esti-

mated in various simulations, is compared with that of conven-

tional algorithms, such as FFT and MUSIC. 
 

1. Simulation Environment 

To assess the performance of the proposed algorithm, two 

simulations were performed. First, the spectrum results of the 

proposed algorithm and of full search FFT-MUSIC for vital 

information are obtained. In the second simulation, the root-

mean-square error (RMSE) of the algorithms is determined 

based on the difference of the distance for the two targets. The 

SNR is defined by SNR = 10 log (𝜎 /𝜎 ), where 𝜎  denotes  

the power of the signal, and 𝜎  is the noise power. The 

FMCW radar simulation parameters are listed in Table 1. The 

RMSE values according to the parameters of each algorithm at 

various SNR are calculated 𝑁  times for the received signals. 

The RMSE is defined by RMSE = ∑ (𝜃 − 𝜃),n 𝑁  is 

set to 103, and 𝜃  is the estimated angle of the target in the n-

th Monte-Carlo trial. 
 

2. Simulation Results 

When we consider two humans who are different distances 

from a radar, they can be extracted in terms of vital information 

by both the proposed algorithm and the conventional algo-

rithms, while the complexity of the proposed method is lower 

than that of conventional methods. In Fig. 3, two targets are 

located at 3.75 m and 6 m. The simulated respiration and heart-

beat signals were set to 18 beats/min (0.3 Hz) and 63 beats/min 

(1.05 Hz), respectively, and the vital information was included 

with amplitudes satisfying the following: a1,r:a1,h = 10:2. The 

simulation performance was compared using the spectral results 

of the full search FFT-MUSIC and proposed algorithms. The 

Table 1. Summary of simulation environment 

Parameter Value

Center frequency 24 GHz

Bandwidth 200 MHz

Chirp duration (T ) 80 μs

Chirp-to-chirp interval (Ti ) 150 ms

Number of samples per chirp (Ns) 80

Number of chirps per frame (L) 256

 

Radar

target 1

target 2

3.75m

6.0m

 
Fig. 3. Simulation environment of two targets.
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SNR was set to 20 dB. Fig. 3 shows the simulation environment 

of the two targets. 

Fig. 4 shows a comparison of each algorithm’s distance-vital 

Doppler spectrum. The conventional full search FFT-MUSIC 

in Fig. 4(a) and the proposed algorithm in Fig. 4(b) have the 

same estimation results, while the conventional full search algo-

rithm has higher complexity than those of the proposed algo-

rithms. This is the reason to choose the target signal instead of 

performing a full search for vital information estimation. Our 

algorithm has a 193 beats/min maximum heartbeat as the chirp- 

to-chirp interval (Ti) is 150 ms and chirp duration (T ) is 80 μs. 

The interval of chirps is inversely proportional to maximum 

Doppler range in [13]. 

Fig. 5 provides a comparison between the proposed and con-

ventional algorithms for RMSE according to various SNR. In 

Fig. 5, conventional algorithms include the FFT [13], MUSIC 

[15], and extrapolation [16]. The estimation performance of the 

first target in the presence of the second target is focused on. In 

terms of the distance parameter in Fig. 5(a), when the SNR var-

ies from 0 to 20 dB, the RMSE of the distance estimation of 

the first target is shown. In Fig. 5(a), with the wide distance dif-

ference of 2.25 m, the RMSEs of both the proposed and the 

conventional schemes, such as FFT, are similar. When the vital 

information of two persons is similar, as in Fig. 5(b), the pro-

posed structure has results similar to those of the MUSIC algo-

rithm under all SNRs, while the proposed algorithm has lower 

complexity. 

3. Complexity Analysis 

In this section, the proposed algorithm and 2D-MUSIC are 

subjected to complexity analysis. The computational complexity 

of the algorithms consists of the primary multiplication opera-

tion. 2D-MUSIC uses full search to detect human targets for 

vital Doppler and distances, whereas the proposed algorithm 

requires a memory-efficient search to estimate multiple parame-

ters. The 2D-MUSIC algorithm’s complexity is composed of an 

autocorrelation matrix, EVD, and spectrum generation by the 

orthogonality, as shown in (21). In (22), L times N-point FFT 

for distance estimation and N times L-point FFT for vital Dop-

pler estimation is represented. (23) shows that 2D-extrapolation’s 

complexity is analyzed using prediction order (p) and the num-

ber of samples being extrapolated (O). In the case of the pro-

posed algorithm, L times N-point FFT for distance estimation 

and M times 1D-MUSIC, which only has the target’s data for 

vital Doppler estimation, are performed as shown in (24). Here, 

R denotes the number of spectrum samples of the MUSIC al-

gorithm. When the complexity of the proposed structure in (24) 

is compared with that of 2D-MUSIC, 2D-FFT, and 2D-

extrapolation in (21)–(23), the proposed structure in (24) has a 

complexity of N3 while 2D-FFT serves as a complexity of NL, 

 
(a) 

 
(b) 

Fig. 5. RMSEs versus (a) distance difference and (b) vital Doppler 

parameter. 

 
(a) 

 
(b) 

Fig. 4. Each algorithm’s distance-vital Doppler spectrum: (a) full 

search FFT-MUSIC and (b) proposed algorithm.
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2D-extrapolation as a complexity of NLp, and 2D-MUSIC as a 

complexity of N 3 L 3 .  The complexities of the 2D-FFT, 2D-

extrapolation, 2D-MUSIC, and the proposed algorithms are 

denoted by 𝐶 , 𝐶 ., 𝐶  , and 𝐶 . 

They are calculated in (21)–(24). 

Fig. 6 provides a comparison of the primary multiplication 

operations for the proposed algorithm and 2D-MUSIC. When 

the numbers of received samples N are 16 and 64, respectively, 

Fig. 6 shows the required number of multiplications according 

to the various numbers of chirp symbols. In Fig. 6(a), when the 

number of chirp signals L is 16, the complexity of the proposed 

algorithm is about 4.6 × 106 greater than that of 2D-MUSIC. 

In Fig. 6(b), it can be seen that when the number of chirp sig-

nals L is 64, the complexity of the proposed algorithm is about 

2.4 × 107 greater than that of 2D-MUSIC. Therefore, the 

complexity of the proposed algorithm is greatly reduced com-

pared to that of 2D-MUSIC. 

V. EXPERIMENTS 

Experiment results were established in an indoor experi-

mental laboratory in South Korea. In Fig. 7, the overall experi-

mental environment is represented. The RF parameters are pro-

vided in Table 1. With a 24 GHz center frequency, a FMCW 

RF module with 1 TX channel and 3 RX channels was involved. 

The TX consisted of a frequency synthesizer, a voltage-controlled 

oscillator, and an oscillator with 26 MHz. An FMCW signal 

was generated for the 200 MHz bandwidth in a range of 24.05–

24.25 GHz with 8 dBm output power as shown in Fig. 8 [10]. 

This multi-patch antenna has a gain of 15.6 dBi. An RF signal 

is moved to the TX antenna and receiver mixer via the power 

divider. The power divider with an S21 parameter of -6 dB, an 

S31 parameter of -1.5 dB, and an S11 parameter of -20 dB were 

used. 

The receiver consisted of two high-pass filters (HPFs), two 

low-pass filters (LPFs), two low-noise amplifiers (LNAs), and 

two mixers. The receiver had an overall noise figure of 8 dB. The 

gain and the noise figure of the LNAs were 14 dB and 2.5 dB, 

respectively. An RF signal was down-converted to an intermedi-

ate frequency (IF) signal (beat signal) by the mixer. The meas-

ured 3 dB cutoff frequency of the HPFs and the LPFs are ap-

proximately 13 kHz and 2 MHz, respectively. The developed 24 

GHz FMCW RF module is shown in Fig. 9 [10]. The reference 

equipment was a watch-type monitoring device, i.e., a Xiaomi 

Mi Band 2. 

When two targets were together in an indoor room, the ex-

( )2 2 3 3 2
2D-MUSICC MN L N L R NL NL M NL M = + + − + −   (21)

2D-FFT 2 2log ( ) log ( )C LN N NL L= +  (22)
2

2D -extra. 6 ( )C L N p p pO L N= − + +  (23)
2 3 2

2
proposed 2

16 ( ) ( )log ( ) + + + ( )
2 2 2 2 2

N N N N M N N M NC LN N M R N N
    − −= +  + + +            

 
(24)

(a) 

(b) 

Fig. 6. Complexity analysis results: (a) number of chirp symbols L = 16 

and (b) number of chirp symbols L = 64. 

 

Fig. 7. Indoor experiment environment with two humans.
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perimental estimation results obtained using these algorithms 

were compared with the corresponding reference signal. In this 

part, the same parameters are required as in the simulation. In 

addition, experiments for two cases are performed, as shown in 

Table 2. Two far-field targets, such as humans, were located at 

d0,1 = 2.9 m and d0,2 = 4.9 m in Case I and d0,1 = 2.9 m and d0,2 = 

5.4 m in Case II. 

In terms of Case I, when the two humans were located at a 

distance difference of 2.5 m, the FFT results with MTI and the 

proposed results with MTI were able to separate the two hu-

mans simultaneously, as shown in Fig. 10. Due to the distance 

resolution of 2.0 m at this bandwidth, the experimental results 

with distance difference over 2.5 m show that the conventional 

algorithms and proposed algorithm can resolve the two targets. 

In Case II, the FFT results and the proposed FFT-MUSIC 

results simultaneously detect two persons, as shown in Fig. 11. 

Through an experimental comparison of the FFT and proposed 

algorithms, the conventional and proposed algorithms have sim-

ilar performance. 

 
Fig. 8. Measured TX signal with a range of 24.025–24.225 GHz. 

Adapted from [10] with permission of the IEEE. 

 

 
Fig. 9. Photograph of the 24 GHz FMCW radar sensor system. 

Adapted from [10] with permission of the IEEE. 

(a) 

(b) 

Fig. 10. Experimental results: (a) of 1D range spectrum and (b) 

range-Doppler map for Case I. 

 

(a) 

(b) 

Fig. 11. Experimental results: (a) of 1D range spectrum and (b) 

range-Doppler map for Case II. 

Table 2. Distance difference conditions (unit: m) 

 d0,1 d0,2 | d0,2–d0,1|

Case I 2.9 5.4 2.5

Case II 2.9 4.9 2.0
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VI. CONCLUSION 

This paper proposed the low-complexity FFT-MUSIC algo-

rithm based on target detection for a range-vital Doppler esti-

mator of contactless vital FMCW radar. To improve the accura-

cy of the parameters for the vital radar, a high resolution-based 

algorithm was proposed in the form of MUSIC. However, the 

high resolution-based vital radar is difficult to apply to low-cost 

and real-time vital FMCW systems. As only target information 

and vital information through distance FFT by phase variation 

detection is extracted, the low complexity FFT-MUSIC can be 

obtained. In cases of complexity, when the number of chirp sig-

nals L are 16 and 64, the complexity values of the proposed al-

gorithm are approximately 4.6 × 106 and 2.4 × 107 greater than 

that of the 2D-MUSIC, respectively. Through simulation and 

experimental comparisons of the full search FFT-MUSIC and 

proposed algorithms, the conventional and proposed algorithms 

are found to have similar performance. In the future, these re-

sults will be utilized in an embedded system to enhance the pa-

rameter accuracy. 
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I. INTRODUCTION 

To achieve portability, cost effectiveness, and lightness of di-

rection-finding (DF) flight vehicle applications, compact DF 

antennas are recommended. In this letter, new configuration of 

a monopulse DF antenna assembly is presented which can be 

fitted in a small radius of 1.52 λc, where λc corresponds to the 

wavelength of the center frequency. Due to the limited space of 

the platform, representative monopulse antenna types, such as 

Cassegrain reflectors with monopulse feeds, slot array antennas, 

horn clusters, microstrip monopulse antennas, are difficult to 

apply when their dimensions, configurations, and environmen-

tal robustness are considered simultaneously [1–5]. The pre-

sented assembly consists of four radome mounted antennas and 

a slot fed cavity antenna. To verify the validation of the pro-

posed configuration, the antenna assembly is designed at Ku-

band and its sum (Σ), delta (Δ)-patterns, and Δ/Σ monopulse 

curve are measured. 

II. CONFIGURATION OF AN ANTENNA ASSEMBLY 

Fig. 1(a) illustrates the configuration of the proposed antenna 

assembly. The assembly consists of a radome, a slot fed cavity 

antenna (Ant-C), four radome mounted antennas (Ant-T, Ant-

R, Ant-B, and Ant-L), and a supporting structure. The radome 

mounted antennas realize different main beam directions to the 

up, bottom, left, and right sides related to the platform axis di-

rection, and the configurations of the antennas are determined 

to secure the center space of the platform where the Ant-C 

would be located, which can help to increase Σ-pattern gain of 

the monopulse antenna. The Ant-T&B and Ant-L&R are used 

for target DF on elevation (yz-plane) and azimuth (xz-plane) 

planes, respectively. Ant-C plays a role in enhancing Σ-pattern 

gain, which is related to the target detection range. All antennas 

have the same linear polarization on the y-axis to minimize the 

gain degradation from polarization mismatch. The radome pro-

file is tangent ogive, and the material is MC Nylon, which has a 
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permittivity of 3.05 and loss tangent of 0.0123 at center fre-

quency (= fc GHz). The inner radius and the thickness of the 

radome are 1.52 λc and 0.35 λc, respectively. 

Fig. 1(b) shows a cut-view of Ant-T in Fig. 1(a). Ant-B has 

the same configuration as Ant-T except for the length of the 

phase matching section. Ant-L&R have similar composition to 

Ant-T&B. To secure the center space of the radome where 

Ant-C is located, end-launch feeding is used, and the curved 

aperture is applied, which has the same curvature to the inner 

surface profile of the radome that makes the antenna structure 

as close to the radome as possible. These concepts can help to 

minimize the dimension of the antenna along the y-axis direc-

tion. The phase matching section performs to match the radiat-

ed phases of all antennas in the far-field region at the axis of the 

radome to obtain maximum gain in that direction. The stepped 

impedance matching structure performs not only impedance 

matching but also mode conversion from TEM to dominant 

modes between the connector and square open-ended wave-

guide. The curved aperture is used to extend an aperture to in-

crease gain. In the case of Ant-T, the aperture is extended along 

the xz-plane, and the curved aperture whose profile is the same 

as the inner radome surface shape is applied to secure the ra-

dome center space as much as possible. The reflector controls 

the main beam direction considering the radome effect. 

For environmental robustness of the assembly from vibration 

and heat environments, a metal antenna type is considered a 

candidate for Ant-C, such as horn, metal slot antenna, and so 

on. The antenna type should be selected to minimize the per-

formance degradation of the radome mounted antennas when 

Ant-C is inserted at the center of them. In [6], a slot fed cavity 

antenna with compact dimension is presented which consists of 

a feeding waveguide, coupling slot, cavity, and radiation slot. 

The electric field in the waveguide is coupled to the feeding slot 

and the equal phase and amplitude are excited to the radiating 

slots due to its symmetric configurations of the cavity and radi-

ating slots. Fig. 1(c) shows the configuration of the designed 

slot fed cavity antenna. Compared to the antenna presented in 

[6], the feeding method is modified from coupled slot feeding 

to end-launch feeding to minimize the antenna dimension on 

yz-plane. Along z-axis, designed Ant-C ends at the front end of 

the radiation part of the radome mounted antennas, which helps 

to minimize performance degradations of the radome mounted 

antennas.  

III. FABRICATION AND MEASUREMENT RESULTS 

Fig. 2 shows the fabricated antenna assembly. All antennas 

and supporting structures are made of aluminum. Fig. 3 shows 

the measured VSWR (voltage standing wave ratio) results of 

every antenna and far-field radiated phase differences at fc GHz. 

All results include radome effects. All antennas realize fractional 

bandwidth above 3.2% in Ku-band (fh GHz - fl GHz = 3.2% × 

fc GHz). The maximum far-field radiated phase difference be-

tween all antennas is 12° at the axis of the assembly. This error 

can be minimized by applying stable feeding systems, such as 

waveguide feeding with Magic-T structures, which can mini-

mize the unstable phase errors from cables, power combiners, 

and so on. Fig. 4 illustrates the measured Σ, Δ-patterns, and its 

Δ/Σ monopulse curves on the elevation and azimuth planes. To 

measure Σ-patterns, a five-way power combiner is used. Meas-

ured Δ-patterns are the calculated results from the measured 

amplitudes and phases of the radiation patterns of every antenna. 

The reason that the null points of the Δ-patterns are not per-

fectly positioned at 0° is the radiated phase differences at the 

axis of the antenna assembly. The Σ-pattern gains are 16.80 dBi, 

16.79 dBi, and 16.83 dBi for fl GHz, fc GHz, and fh GHz, re-

(a) 

(b) 

(c) 

Fig. 1. Configurations of (a) proposed DF antenna assembly, (b) 

Ant-T, and (c) Ant-C. 
 

Fig. 2. Configuration of the proposed antenna assembly.
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spectively, which correspond to the antenna efficiency of above 

52%. The normalized null depths of the Δ-patterns are under 

–40 dB which is a proper value considering boresight error of 

the antenna assembly. On the elevation plane, the monopulse 

slopes are 7.3%, 7.8%, and 9.1% for fl GHz, fc GHz, and fh GHz, 

respectively, and its linear DF regions are above ±5°. On the 

azimuth plane, the monopulse slopes are 8.2%, 8.6%, and 9.3% 

for fl GHz, fc GHz, and fh GHz, respectively, and its linear DF 

regions are above ±5°. 

IV. CONCLUSION 

In this letter, a new configuration of a compact monopulse 

DF antenna assembly is presented which is composed of four 

radome mounted antennas and a slot fed cavity antenna. The 

radome mounted antenna is fed by end-launch feeding and has 

the curved aperture that profile is the same as the inner radome 

profile. These design concepts allow the antennas to locate as 

close to the inside surface of the radome as possible. As a result, 

the center space of the radome is secured and the space is used 

for placing the slot fed cavity antenna. In the operational band-

width, Σ pattern gains are 16.79–16.83 dBi and the normalized 

null depths of the Δ patterns are under - 40 dB, where the 

monopulse slopes are 7.3%–9.3%. From the results, it can be 

noticed that the presented assembly configuration can be a can-

didate for monopulse DF systems for small diameter flight ve-

hicle applications. 
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(a) 

 
(b) 

Fig. 3. Measurement results of (a) VSWR and (b) far-field radiated 

phase differences at fc GHz. 

 

(a) 

(b) 

Fig. 4. Measured Σ-patterns and Δ/Σ monopulse curves on the (a) 

elevation and (b) azimuth planes. 
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I. INTRODUCTION 

As urban buildings have become complex, compartment fires 

have become significant problems in firefighting. One of the 

well-known difficulties is wireless communication disconnecting 

when a fire breaks out. Fire in a building with a complex struc-

ture can detrimentally affect the quality of communication, 

threatening the safety of firefighters and residents. 

Various studies of microwave attenuation due to flame and 

ash have been published [1–8]. These studies can be categorized 

by the effects of plasma and ash. The effects of plasma on mi-

crowaves have been investigated in [1–4]. The absorption and 

dispersion characteristics of microwaves in ionized gases have 

been theoretically discussed [1] and evaluated through experi-

ments [2]. In [3], the effects of fire on microwave propagation 

are presented. Three frequency bands, 180 MHz, 400 MHz, and 

900 MHz, were selected, and the attenuated characteristics of 

each band are shown. The experiments reveal that attenuation 

characteristics are different at each frequency band, and they 

depend on the fuel and chemical additives. 

 Furthermore, the ash produced by fire also contributes to the 

attenuation of the intensity of microwaves [5–7]. With the ca-

pability of a radar system to detect the plume of ash, the electric 

properties of ash were studied. Complex dielectric modeling for 

fire ash particles over the X-band were introduced [5]. Meas-

urements of the effects of moisture and temperature on ash over 

the X-band were also reported [7]. These papers show how to 

obtain eucalypt ash samples, including adjusted moisture and 

empirically modified modeling. 

In [8], the propagation and attenuation constants were theo-

retically derived when a wave propagated through the plasma. 

Moreover, the theory was applied and verified in a bushfire. In 

this letter, we focus on the attenuation of electromagnetic waves 

in an indoor fire environment. Compartment fires of various fuels 

were designed and implemented, and the effects over the fol-

lowing five representative frequencies were investigated: ultra-high 

frequency (UHF, 430 MHz), public safety long-term evolution 

(PSLTE, 700 MHz), long range (LoRa, 900 MHz), Wi-Fi (2.4 
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GHz), and long-term evolution (LTE, 2.6 GHz). Based on our 

experiment, we found that the plasma of the flame had a more 

dominant effect on microwave attenuation than smoke. Also, 

our results show that attenuation quantities depend on the type 

of fuel and frequency. 

II. EXPERIMENTAL SETTING 

In our experiments, we measured the variation in intensity of 

microwave signals over time. The setting of our experiments is 

shown in Fig. 1. The RF signal, which consisted of five frequent-

ly used frequencies—430 MHz (UHF), 700 MHz (PS-LTE), 

900 MHz (LoRa), 2.4 GHz (Wi-Fi), and 2.6 GHz (LTE), was 

generated by a signal generator, an Agilent E4438C. A pair of 

UWB log-periodic antennas, R&S HL040, covering a wide 

bandwidth from 400 MHz to 3 GHz with a directional gain >5 

dBi, was assigned in order to transmit and receive microwave 

signals in the line-of-sight. The effects of the fire were measured 

at three antenna heights: 0.7 m, 1.2 m, and 2 m. A laptop record-

ed the intensity variation measured by a spectrum analyzer. 
The compartment consisted of an iron frame, wood outer 

wall, and plaster inner wall. The thicknesses of both the inner 

and outer walls were 1 cm, and the total size of the compart-

ment was 2 m × 2 m × 2.3 m (width × length × height). The 

loss of the inner and outer walls can be ignored because the loss 

tangent of plaster and wood is nearly zero within the experimental 

frequency range. At the center of the compartment, the fuel heap 

occupied an area of 0.7 m × 0.7 m. We chose three types of main 

fuel heap—kerosene, lumber, and urethane foam—in the respec-

tive experiments, as they readily burn during a household fire. For 

easy ignition, a small amount of kerosene was added to the ex-

periments that involved lumber and urethane foam. 

III. EXPERIMENTAL RESULTS 

Our experimental scenes over time are presented in Fig. 2. 

After ignition, flames rapidly spread, and as time passed, the size 

of the flame (ionized particle) gradually increased with denser 

smoke (ash particle) at the top of the compartment. For the 

experiments involving lumber and urethane, the added kerosene 

accelerated the ignition, and thus, the fuel heaps kindled a fire in a 

short amount of time. Due to the risk of explosion, the door was 

opened to reduce the pressure inside the compartment. Neverthe-

less, the density of ash particles increased quickly inside the space 

over time. We measured the attenuation of the signal at three 

antenna heights to ascertain the effect of each part of the fire. 

Fig. 3 presents the signal intensity attenuation corresponding 

to fuel type and antenna height. First of all, kerosene in the 0.7 

m × 0.7 m × 0.4 m (width × length × height) bucket was 

used as fuel, and it burned explosively from the initial ignition. 

The height of the flame was maintained at about 1.5 m from 

ignition until the fire was extinguished. Also, smoke filled the 

compartment fully as time passed. At antenna heights of 0.7 m, 

1.2 m, and 2 m, the radio waves passed through the lower part of 

the flame, the upper part of the flame, and the smoke, respectively. 

At all antenna heights, there was no remarkable attenuation >2 

dB for all five frequencies. Rather, Wi-Fi frequency intensified 

when the antenna height was 0.7 m and 1.2 m. The negative 

values of attenuation seem to have been caused by the construc-

tive interference of diffracted waves with changed propagation 

constants [8], while propagating through the fire. 

Second, lumber was used as fuel, piled to a height of 0.7 m on 

top of the bucket. The size of the flame and the density of the 

smoke gradually increased with time. When the antenna height 

was 0.7 m, propagation passed through the piled lumber and 

flame, and obvious attenuations of UHF and LTE frequencies 

were observed. Maximum attenuations were 6.1 dB and 2.5 dB, 

respectively. At an antenna height of 1.2 m, the propagation 

path was mainly through the flame (plasma) just above the lum-

ber. The PS-LTE and LoRa frequency signals attenuated sig-Fig. 1. Experiment schematic. 

 
(a) 

 
(b) 

 
(c) 

Fig. 2. Scenes from the experiment over time: (a) 0 second, (b) 75 

seconds, and (c) 150 seconds. 
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nificantly up to 5 dB. However, attenuation was not observed to 

be <1 dB when the antenna height was 2 m. 

Finally, the attenuation of signal strength during the burning of 

urethane foam was measured. Urethane foam with a size of 0.8 m 

× 0.8 m × 0.6 m (width × length × height) was placed on the 

bucket (height of 0.4 m) and used as fuel. When the antenna 

height was 0.7 m, the line of sight signal path passed through 

the urethane foam and flames on the surface of the foam. There 

was no apparent impact from the flames since the electromag-

netic waves passed through the thin flame on the urethane foam 

surface. With an antenna height of 1.2 m, the presence of a fire 

appeared to have a large effect. For all the frequencies, attenua-

tions through the plasma over 2 dB were observed, and in par-

ticular, the maximum attenuation of UHF, PS-LTE, and LoRa 

were 6.06 dB, 5.20 dB, and 16.0 dB, respectively. On the other 

hand, at the five frequencies, it was attenuated slightly by smoke 

at the top of the compartment (i.e., antenna height = 2 m). Thus, 

the attenuation of the flame mainly attributes to the effect of ion-

ized particles near the flame. Furthermore, the attenuation coef-

ficient [8] at the LoRa frequency, in particular, would be much 

greater than the ones at the other frequencies. 

IV. CONCLUSION 

In this experiment, we measured the attenuation of frequen-

cies often used in wireless communication in burning compart-

ments. Materials often found indoors were employed as fuel. We 

found that attenuation patterns differed greatly depending on 

the height of antenna, and flame created greater attenuation 

than ash. When we burned kerosene, no major attenuation was 

observed; however, large attenuations caused by flames from 

burning lumber and urethane foam were detected at particular 

frequencies. In the near future, we will provide simulations and 

theoretical analyses of indoor fires and the electromagnetic at-

tenuation caused by flames in order to broaden our understand-

ing of the effects of compartment fires. 
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