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I. INTRODUCTION 

A number of studies have developed thin and broadband ab-

sorbers that can be utilized for stealth applications and in the 

laboratory environment. Recent advancements in metamaterial 

research have opened up the possibility for metamaterial absorb-

ers [1–3]. However, the reported bandwidth of a metamaterial 

absorber remains far narrower than that of conventional Salis-

bury absorbers.  

Salisbury absorbers are some of the most representative mi-

crowave absorbers. The simplest design of Salisbury absorbers 

has a resistive sheet of 377 Ω/square placed at a distance of a 

quarter wavelength from a metallic plane [4, 5]. The bandwidth 

of the Salisbury screen is essentially limited by the frequency 

dependence of the sandwiched layer. A primitive way to en- 

hance the bandwidth in a Salisbury screen is simply by using 

more resistive sheets spaced at the same distance (λ/4) apart [6]. 

These original structures, consisting of purely resistive sheets, a 

dielectric slab, and a ground plane, are referred to as Jaumann 

absorbers. A systematic design method of Jaumann absorbers to 

enhance the bandwidth at the cost of a lowered absorption rate 

was investigated in [7]. 

Another popular method to widen the bandwidth is to intro-

duce frequency-selective or reactive surfaces, the effects of which 

are usually modeled by simple equivalent circuits. This type of 

structure is usually called a circuit analog absorber [8–18]. Cir-

cuit analog absorbers were also actively studied using equivalent 

circuits and optimizations usually combined with multiple-layer 

[8, 9] multiple-resonance [10–12], or mixed [18] techniques, 

resulting in a significant bandwidth extension [12] up to 128% 

based on 90% absorption criteria. Some features of these devel-
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This paper presents a design methodology for wideband single-layered microwave absorbers with arbitrary absorption at the design center 
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opments are as follows. 

A multi-layered structure with loaded chip resistors was pro-

posed with an enhanced 99% absorption bandwidth of about 40 

% [9]. A thin and broadband radar absorber using a resistive 

treble-square frequency selective surface consisting of three 

square loops was investigated in [10]. Its relative absorption 

bandwidth was 92.2% at the frequency range of 10.7–29 GHz 

based on a 90% absorption rate. A triple-band planar absorber 

with a high-impedance surface was proposed with a theoretical 

derivation of a matching condition requiring varied resistance as 

a function of frequency [11]. The reported 90% absorption 

bandwidth is roughly 85% of the center frequency of 10 GHz, 

but it requires a mixture of different unit structures having dif-

ferent surface resistances per square. Using resistive trumpet-

shaped structures coated on an FR-4 substrate, the metamateri-

al-inspired absorber for a wideband operation was proposed at 

the X-band [13]. Its 90% absorption bandwidth was 66.7% at 

10.95 GHz. Clearly, by exploiting a large design space of multi-

layers and element patterns, the incident angle of absorption, 

and the bandwidth can be maximized [8]. 

However, multi-layer structures may not be preferred in some 

environments because of the limitations of the thickness and the 

difficulties in fabrication. Therefore, many efforts are still being 

made to enhance the bandwidth assuming a single-layer design 

[12, 14–17]. In [14], simple design equations for a wideband 

dipole-type absorber with complete absorption at a specific cen-

ter frequency were presented, and a design example of a chip-

resistor-loaded absorber was demonstrated. The chip-resistor-

loaded absorber was later reported in [15, 19] as well. By em-

ploying discrete components, the thickness of the absorber can 

be shorter than a quarter wavelength while maintaining a rela-

tively wide bandwidth. However, the issue of soldering many 

discrete components onto the circuit boards remains a drawback 

of this approach.  

Without requiring discrete components and using a resistive 

silver nanowire (AgNW) film, a wideband X-band absorber 

employing a cross-shaped structure was presented in [16]. Its 

reported 90% absorption bandwidth with complete absorption 

at the design frequency of 10 GHz was about 80%. In [17], a 

thin resistive and capacitive absorber, which was composed of 

resistive rectangular structures using an AgNW film, was ana-

lyzed and evaluated at 3 GHz. It had a wideband absorption 

characteristic despite its relatively thin layer (a 90% absorption 

bandwidth of 76% with a layer thickness of only λ/8 at 3 GHz). 

This work determines a systematic method to widen the 

bandwidth of single-layered, circuit analog absorbers without 

soldering discrete components. In most cases, whether one uses 

multi-layer structures or circuit analog absorbers, a trade-off 

exists between the bandwidth and the absorption at the center 

frequency. In other words, at the expense of a lowered absorp-

tion rate, the bandwidth can increase. Although this sounds 

intuitively correct and has been demonstrated for Jaumann ab-

sorbers [7], the design guideline for single-layered circuit analog 

absorbers to balance between the bandwidth and the absorption 

rate has not been studied yet. 

In this paper, we present simple, closed-form solutions for 

the design of single-layered wideband microwave absorbers with 

an arbitrary absorption rate at any design center frequency ω0. 

In Section II, the design equations are derived to maximize the 

flatness of reflection based on an equivalent circuit. Section III 

presents an easy guideline to finalize the dimensions of the used 

dipole structure without complicated optimization processes. In 

Section IV, a wideband microwave absorber at 10 GHz is de-

signed and fabricated using the AgNW resistive film. The theo-

retical bandwidth of the presented absorber is compared with 

the measured one. The conclusion is given in Section V. 

II. THEORY BASED ON AN EQUIVALENT CIRCUIT 

Fig. 1 shows the geometry of a typical microwave absorber 

using a reactive screen placed above a conducting plane [16, 17, 

20]. The length of the spacer l is usually a quarter wavelength 

[4]. To realize a reactive screen, this work chooses a dipole-type 

structure. Specifically, a crossed-dipole pattern is chosen to 

make the absorption characteristics almost insensitive to the 

polarizations of incident electromagnetic waves, as will be seen 

in Section IV. The terminal impedance of the reactive screen 

can then be modelled as a lumped-series RLC resonator, as 

shown in Fig. 2. To optimize the pattern to have wideband ab-

sorption, we first analytically find the representative circuit val-

ues that should result in the maximum flatness of the reflection  
 

 
Fig. 1. Geometry of the wideband absorber with a reactive Salis-

bury screen. 
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Fig. 2. Equivalent circuit of Fig. 1. 

 

and wide bandwidth in this section. Based on the RLC values 

obtained from this section, the exact dimension of the pattern 

structure will be determined through electromagnetic (EM) 

simulations in Section III. 

 

1. Circuit Modelling of the Reactive Screen 

Fig. 2 shows the equivalent circuit composed of a series reso-

nant circuit representing the reactive screen in the shunt branch 

and a quarter-wavelength transmission line that is terminated 

short. In Fig. 2, ƞ0 (=377 Ω) and ƞ1 are the intrinsic impedances 

of free space and the spacer, respectively, and Z0 is the imped-

ance of the resonant circuit consisting of R0, L0, and C0. With a 

quarter-wavelength spacer l, the electrical length βl is π/2 at the 

design center frequency ω0. L0 and C0 are chosen to resonate at 

the design center frequency ω0 in this work. 

The input admittance Yin at the front of the screen is 
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where 0 0 0 0/L L C   is the reactance slope parameter of the 

series resonant circuit. The reflection coefficient Г and the ab-

sorption rate A are given as 
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The idea of a traditional, purely resistive Salisbury screen is to 

use Z0 = ƞ0 = 377 Ω, and thus match Yin(ω) = 1/ƞ0 at the design 

center frequency ω = ω0. This results in perfect absorption A(ω0) 

= A0 = 1 at the center frequency, but the bandwidth is relatively 

narrow. 

2. Design Choices for Maximum Flatness 

 

2.1 Match factor  

[7] suggests that the bandwidth can be increased further by 

introducing a slight mismatch at the center frequency. To quan-

tify this effect, we introduce a match factor m given by 
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When the required absorption A0 is unity, we have m1 = m2 = 

1. However, when a slight mismatch is introduced, we have two 

options to determine R0; m1 < 1 and m2 > 1. 

 

2.2 Choice of L0 and C0 for maximum flatness 

L0 and C0 can be determined to enhance the bandwidth. 

Reminiscent of how the Butterworth filter has a maximum flat 

response [21], the bandwidth can be widened by enforcing 
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for as large an n as possible. Intuitively, if (8) is satisfied for eve-

ry non-negative integer n, Г is simply zero for an infinite band-

width. In this work, we have only one independent energy stor-

age element L0. Once L0 is determined, C0 is determined ac-

cordingly to resonate with L0 at the design center frequency ω0. 

With one independent energy storage element, the number of 

derivatives that can be set to zero in (8) is at most one in general. 

The condition of 
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= 0 can be readily fulfilled by en-
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Moreover, if (9) is satisfied, as |Г(ω)| must be close to zero in 
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any practical absorber design, the second derivative in (8) will 

automatically be largely satisfied (refer to the Appendix for the 

derivation). This assures the design to have the maximum flat-

ness of the response with a limited number of independent ener-

gy storage elements. 

Certainly, the maximum flatness of the reflection at the de-

sign center frequency does not necessarily imply maximum 

bandwidth for arbitrary criteria, such as 99% or 90%. Intuitively, 

the maximum flatness condition is more similar to the maxi-

mum bandwidth condition for wideband absorption, such as 99  

% bandwidth, than that to low ones. Nevertheless, regardless of 

specific bandwidth criteria, this is a good starting point before 

further optimization. Therefore, for wideband absorption, we 

first look for the values of L0 and C0 that yield maximum flat-

ness, satisfying (9). 

Eq. (9) implies that the derivative of both the input conduct-

ance Gin and the input susceptance Bin should be zero at ω = ω0. 

From the expression in (1), the derivative of the input conduct-

ance Gin is zero at ω = ω0. Therefore, the requirements for L0 

and C0 are obtained from the condition  

0

indB

d  


 

= 0. 

The derivative of Bin is given by 
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Equating (10) to zero at ω = ω0 yields L0 and C0 as 
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the values of which are determined according to a desired match 

factor m. 
 

2.3 Choice of match factor 

 To investigate which match factor among m1 and m2 is a 

better choice, the circuit simulation of Bin in Fig. 2 is run, and 

the results are compared. 

When A0 = 0.9 for example, the match factor can either be 

m1 = 0.5195 or m2 = 1.925. For each case, we have an (R0, ω0L0) 

of (196 Ω, 80 Ω) and (725.2 Ω, 1,096.4 Ω), respectively. Fig. 3 

shows the susceptances of the reactive screen B0, short-

terminated quarter-wavelength transmission line B1, and their 

sum Bin for these two cases. Clearly, for both cases, the suscep-

tance and its slope are zero at the design center frequency, as 

expected. 

Conversely, the choice of m1 in Fig. 3(a) leads to a wider res-

onant bandwidth than the choice of m2 in Fig. 3(b). The reason 

is that the two zero-derivatives of B0 are farther apart with m1 

than with m2. For example, in Fig. 3, the distance between the 

two zero-derivatives of B0 is about 1.5ω0 (= 1.9ω0 – 0.4ω0) for 

m1, which is much greater than 0.45ω0 (= 1.3ω0 – 0.85ω0) for 

m2. From (10), it is straightforward to show that this holds gen-

erally true for any choice of absorption A0; i.e., the zero- 

 

 
(a) 

 

 
(b) 

Fig. 3. Choice of match factor. Susceptances of the reactive screen 

B0, short-terminated quarter-wavelength transmission line 

B1, and their sum Bin = B0 + B1 when A0 = 0.9 as a function 

of normalized frequency for the cases of (a) m1 = 0.5195 

and (b) m2 = 1.925. 
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derivatives of B0 are split farther apart for smaller match factors. 

The wide resonant bandwidth of Bin naturally broadens the ab-

sorption bandwidth. Therefore, in this work, the smaller match 

factor m1 of (6) is chosen to determine R0, L0, and C0 in an ef-

fort to enhance the absorption bandwidth. 

 

3. Final Design Adjustment through Circuit Simulation 

We now evaluate the effect of the maximum flatness design 

on the absorption bandwidth. Fig. 4(a)–(b) show the input im-

pedance and absorption as a function of the normalized fre-

quency obtained from the Agilent ADS circuit simulation in 

Fig. 2. The results of the purely resistive Salisbury screen and 

those of the proposed reactive Salisbury screens with A0 = 1 and 

0.9 are compared. For simplicity, the relative permittivity of the 

spacer layer is assumed to be unity. The used circuit compo-

nents (R0, ω0L0) of the resistive Salisbury screen, the reactive 

one with A0 = 1, and the reactive one with A0 = 0.9 are (377 Ω, 

0 Ω), (377 Ω, 296 Ω), and (196 Ω, 80 Ω), respectively. 

In Fig. 4(a), the reactance of the reactive absorbers is zero 

over a wide bandwidth region near the design center frequency. 

This property, which the purely resistive Salisbury screen does 

not possess, endows the absorber with a much wider bandwidth, 

as shown in Fig. 4(b). Furthermore, a wider flatness both in the 

resistance and the reactance near the design frequency is ob-

served when sacrificing absorption at the center frequency from 

A0 = 1 to A0 = 0.9, as shown in Fig. 4(a). As a result, when A0 = 

0.9, the 90% absorption bandwidth reaches up to 119% from 

0.35ω0 to 1.54ω0 (Fig. 4(b)). 

If necessary, the adjustments for L0 and C0 can be made to 

further enhance the bandwidth according to specific bandwidth 

criteria. For example, let us assume that we are interested in 

maximizing the 90% absorption bandwidth. In Fig. 4(b), the 

maximum flatness design of A0 = 0.9 suffers asymmetry around 

the design center frequency ω0. This scenario is better visualized 

using the Smith chart in Fig. 4(c). The reflection coefficient Г 

of the maximum flatness design quickly moves to the short im-

pedance above the design center frequency. This results in the 

absorption bandwidth being considerably narrow in the upper 

range, ω0–1.54ω0, compared with 0.35ω0–ω0 in the lower range. 

An effective way to increase the upper bandwidth is to slight-

ly increase the inductive reactance ω0L0, creating an additional 

resonant frequency beyond the design center frequency, as 

shown in the solid curve in Fig. 4(c). The appearance of an ad-

ditional resonant frequency is not a coincidence. The maximum 

flatness design places multiple roots of the resonance at the de-

sign center frequency ω0 because Bin(ω0) =  
0

in
d

d
B

 



= 0. 

Therefore, a slight change in parameters from the maximum 

flatness necessarily results in split resonances. Certainly, this 

split can further increase the bandwidth. For example, the in-

ductive reactance ω0L0 is chosen to be 120 Ω to further increase 

the 90% absorption bandwidth up to 124% (Fig. 5). The capaci-

tance C0 is again determined accordingly by 0 0 01/ LC  . The 

circuit parameters and the resultant 90% absorption bandwidth 

  

(a) (b) (c) 

Fig. 4. (a) Input impedances and (b) absorption of the air-spaced absorber as a function of normalized frequency. The (R0, ω0L0) for each 

absorber are as follows: resistive Salisbury (377 Ω, 0 Ω), maximum flatness with A0 = 1: (377 Ω, 296 Ω), maximum flatness with A0 

= 0.9 (196 Ω, 80 Ω), and final adjustment for 90% criteria (196 Ω, 120 Ω). (c) The Smith chart showing the reflection coefficients 

of each design. All of the traces rotate clockwise with the frequency. The markers on the traces represent the frequencies of 0.6ω0, 

ω0, and 1.4ω0 in order. 
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Fig. 5. Absorption bandwidth with varying inductive reactance 

ω0L0. The 90% bandwidth is 119%, 123%, 124%, and 123% 

when ω0L0 is 80 Ω, 100 Ω, 120 Ω, and 140 Ω, respectively. 

 

are presented in Table 1. 

Let us summarize the method of obtaining the required cir-

cuit components representing the reactive screen. If a specific A0 

is desired at ω0, the match factor m1 < 1 is obtained using (6). 

Then R0, L0, and C0 are first determined to maximize the flat-

ness of the reflection at the design center frequency following 

(4), (11), and (12). The maximum flatness essentially widens the 

bandwidth of the absorption. To increase the bandwidth specif-

ically for certain criteria, L0 and C0 can be tuned to maximize 

the bandwidth through circuit simulation while maintaining 

0 0 01/ LC  . 

III. CROSSED-DIPOLE STRUCTURE TO SYNTHESIZE 

THE CIRCUIT PARAMETERS 

The design procedures explained in Section II are scalable to 

any frequency in general. In this work, we build an absorber 

around the center frequency of 10 GHz. 

We physically realize the circuit parameters obtained in Sec-

tion II with the crossed-dipole structure. In Fig. 6(a), a is the 

side length of the absorber square unit, w and h are the width 

and height of the crossed-dipole made of a resistive film, respec-

tively, Rs is the resistance per square of the film material, and g 

is the gap distance. 

 
(a)              (b) 

Fig. 6. Electromagnetic simulation setup to evaluate terminal im-

pedance (a) and absorption (b). 

 

The terminal impedance on the resistive film is a function of 

the structure dimension. Clearly, the series circuit components 

R0, L0, and C0 of the unit cell are monotonous functions of 

Rsh/w, h/w, and w/g, respectively. Therefore, finding a dimen-

sion to synthesize the required circuit components requires only 

a few iterations of electromagnetic simulations. In other words, 

by separating the work of optimization and realization each 

done by the circuit and electromagnetic simulations, the design 

process of the structure is less expensive in terms of computation 

than other optimization approaches, which heavily rely on elec-

tromagnetic simulations [13, 19, 20]. 

To evaluate the terminal impedance, a two-port simulation is 

run in Ansys HFSS with de-embedding of the effect of finite 

distances between the ports and the film, as shown in Fig. 6(a). 

Through this simulation, the dimensions of the unit structure 

that realize the required circuits values in Table 1 are found and 

tabulated in the same table. 

The simulated absorption using HFSS is also straightforward, 

as shown in Fig. 6(b). A perfect electric conductor is placed at a 

quarter-wavelength distance behind the pattern. For example, 

when an air medium is used as a spacer, the absorption of the 

crossed-dipole structures in Table 1 is simulated in HFSS and 

compared with those of the corresponding circuits in Fig. 7. As 

the terminal impedance is well synthesized by the pattern struc-

ture (although not included in this work), the absorption of the  

Table 1. Circuit parameters and their 90% absorption bandwidths from circuit simulation 

A0 R0 (Ω) ω0L0 (Ω) BW (%) Remarks Rs (Ω/□) a (mm) w (mm) h (mm)

1 377 296 89 Maximum flatness 30 10 0.8 9.8

0.99 308 198 105 Maximum flatness 30 8.7 0.8 8.6

0.9 196 80 119 Maximum flatness 50 8.5 2.2 8.4

0.9 196 120 124 L, C adjusted for 90% BW criteria 40 8.6 1.7 8.5

The dimensions of the crossed-dipole structure are also shown.



KIM et al.: DESIGN OF WIDEBAND MICROWAVE ABSORBERS USING REACTIVE SALISBURY SCREENS WITH MAXIMUM FLAT REFLECTION 

77 

  
 

 
Fig. 7. Absorption of air-spaced maximum flatness design: circuit 

(dashed line) and electromagnetic (solid line) simulations. 

 

Table 2. Bandwidth and thickness comparison of the reported sin-

gle-layer absorber structures 

Ref. 
Bandwidth 

(%) 

Thickness 

(λ0) 
Unit cell 

[12] 98.4 0.25 Resistive square patch

[22] 81.7 0.13 Hexagonal with resistors

[15] 70.7 0.12 Crossed-dipole with resistors

[16] 80 0.25 Crossed-shaped resistive film

[17] 76 0.125 Square-shaped resistive film

[20] 117 0.2 Hexagonal with film surface

[19] 105 0.128 Dipole antenna with resistors

This work 124 0.25 Crossed-dipole resistive film

 

maximum flatness designs from HFSS successfully reproduces 

the circuit behaviors. 

Additionally, a comparison between the absorber proposed 

here and those reported in the literatures is presented in Table 2. 

Our design methodology based on the maximum flatness of the 

equivalent circuit design is mathematically straightforward and 

requires neither many iterative electromagnetic simulations nor 

the soldering of external components. Nevertheless, it provides 

quality performance in terms of the bandwidth compared with 

other published works. 

IV. FABRICATION AND MEASUREMENT 

For the purpose of demonstration, the crossed-dipole absorb-

er with the required absorption of A0 = 1 at the design center 

frequency of 10 GHz is fabricated and measured. 
 

1. Design and Simulation 

The AgNW film with 30 Ω/square is used for a resistive 

sheet. AgNWs are chosen for fabrication because their sheet 

resistance can be easily controlled by adjusting the concentration 

of the AgNW solution [23]. Fig. 8 shows the geometry of the 

unit cell for the fabricated absorber. Owing to the difficulty of 

applying and laser-cutting the film directly on to a Styrofoam 

spacer with εr = 1.03, we first attached the film on an acrylic 

layer with εr = 2.56, which was later mounted on the Styrofoam 

layer. The acrylic layer with a thickness l1 of 1.5 mm was used. 

The thickness of the Styrofoam l2 was determined to be 4 mm 

to ensure a zero susceptance of Y1 at 10 GHz. Based on the 

same condition, the effective permittivity εeff and the intrinsic 

impedance ƞ1 of an effective single-layer spacer were 1.86 and 

276.5 Ω, respectively. 

With m = 1, ƞ0 = 377 Ω, and ƞ1 = 276.5 Ω, the circuit values 

for the maximum flatness were (R0, L0, C0) = (377 Ω, 6.42 nH, 

39.5 fF). The fine adjustments of L0 and C0 for further band-

width enhancement were omitted in this fabrication example. 

After all, the dimensions of the unit structure to realize the 

above circuit values were determined through electromagnetic 

simulations and are summarized in Table 3. 

The input impedance Zin of the structure in Table 3 was first 

simulated using HFSS in Fig. 9(a) and then compared with the 

 

 
Fig. 8. Geometry of a unit structure for the fabricated absorber 

employing a crossed-dipole structure. 

 

Table 3. Dimensions of the fabricated unit structure 

Parameter Value

Rs (Ω/□) 30

a (mm) 10.8 (0.36λ0)

l1 (mm) 1.5 (0.05λ0)

l2 (mm) 4 (0.13λ0)

w (mm) 1 (0.03λ0)

h (mm) 10 (0.33λ0)
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(a) 

 

 
(b) 

Fig. 9. (a) Input impedance and (b) absorption of a unit of the reac-

tive screen employing a crossed-dipole structure when A0 = 

1 (solid lines). They synthesize the circuits with a maxi-

mum flatness impedance (R0, L0, C0) = (377 Ω, 6.42 nH, 

39.5 fF) (dashed lines). 

 

 
Fig. 10. Absorptions of the proposed absorber depending on polari-

zation angles. 

 

input impedance of the circuits in Fig. 2 with (R0, L0, C0) = 

(377 Ω, 6.42 nH, 39.5 fF) for the maximum flatness. The 

crossed-dipole structure realized the impedances for the maxi-

mum flatness across a wide frequency range. Therefore, the ab-

sorption of the crossed-dipole structure was also in good agree-

ment with that of the circuit in Fig. 9(b), showing the wide 

bandwidth. The EM-simulated 99% and 90% absorption 

bandwidths were about 42.7% and 78.1%, respectively. 

We also considered a normal incidence case with different 

polarization angles ϕ. Fig. 10 shows the electromagnetically 

simulated absorptions depending on the polarization angles of 

the normally incident electric fields from 0° to 45°. The polari-

zation angle exhibited negligible effects on the absorption due 

to the employed crossed-dipole structure. For the degradation 

effects with oblique TE and TM incidence cases, we can apply 

similar techniques given in [8], but these are not included in this 

work. 

 

2. Fabrication and Measurement 

Fig. 11(a) shows the photograph of the fabricated absorber, 

which was made of the AgNW resistive film, acryl, Styrofoam, 

and conducting plane. The absorber consisted of 25 × 17 units, 

and the overall size was 270.5 mm × 183.9 mm × 4.5 mm. 

The experimental setup is illustrated in Fig. 11(b). The absorp-

tion was measured by the horn antenna of Model 3117 (1–18 

GHz) produced by ETS Lindgren Inc. 

Fig. 12 shows the circuit simulation, the EM simulation, and 

the measurement of the absorption of the proposed screen with 

a design center frequency of 10 GHz. The measured absorption 

 

(a) 
 

(b) 

Fig. 11. Photograph of (a) the fabricated proposed reactive screen 

realized on an acrylic layer and (b) the experimental setup. 

The inset of (a) shows the closed view of the crossed-dipole 

structure. 
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Fig. 12. Absorption of the proposed absorber. 

 

was obtained by estimating |S11|2 on the absorber plane based 

on the reflection coefficient measured by the horn antenna. In 

the measurement, only the reflection on the absorber plane was 

considered, not the horn antenna itself. To calibrate the self-

reflection of the horn antenna, the horn antenna in free space is 

used as the match load in the calibration process instead of the 

typical 50 Ω load. In addition, the reflection coefficient in front 

of the reversed absorber with the same size as the absorber is 

used as the reference to compensate for the energy leakage 

through the space. A more detailed measurement method using 

a single antenna can be referenced in [13]. For example, the 90% 

absorption bandwidths of each one are 75.7%, 78.1%, and 

66.4%, respectively. The difference between the simulation and 

the measurement could be attributed to the non-uniformity of 

the resistivity in the AgNW film and the limited size of the 

absorber in the measurement.  

V. CONCLUSION 

Based on the requirements of a maximum flat reflection at a 

design center frequency, a simple closed-form design solution of 

a reactive Salisbury screen has been derived. Having maximum 

flatness widens the bandwidth. For example, for the desired 

absorptions of 100%, 99%, and 90% at a design center frequency, 

the 90% bandwidths can be widened to 89%, 105%, and 119%, 

respectively, from 74% for a traditional Salisbury screen. Fur-

thermore, to maximize the bandwidth with specific criteria, 

further numerical optimization can be made by tuning the cir-

cuit parameters, starting from the maximum flatness condition. 

For fabrication and measurement, an absorber with a design 

center frequency of 10 GHz was designed and fabricated using 

the AgNW resistive film with a surface resistance of 30 

Ω/square. The measured absorption showed a good agreement 

with the simulation results, validating the effectiveness of the 

proposed design procedures. 
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APPENDIX 

For the maximum flatness of |Г(ω)|2 at ω = ω0, we require 
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where Г(ω0) = GГ(ω0) + jBГ(ω0), and the parameter ω0 is omit-

ted for simplicity of the expression. Note that if we have both 

Г(ω0) = 0 and Г′(ω0) = 0, then (A1) and (A2) are satisfied. 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

To satisfy Г′(ω0) = 0, from (2), we have 
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Therefore, the choice of L0 and C0 to make  indY

d




= 0 al-

ready helps to flatten the response by obtaining a value of zero 

for (A1). To further increase the flatness, we require (A2) to be 

satisfied. Technically, (A2) is not satisfied with Г′(ω0) = 0 alone. 

However, as |Г(ω0)| is close to zero in any practical absorber 

design, (A2) is almost satisfied in practice. 

Therefore, we conclude that the choice of L0 and C0 to make 
 indY

d




= 0 mostly satisfies both (A1) and (A2), thus maximiz-

ing the flatness of |Г(ω0)|2 at ω = ω0. 
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I. INTRODUCTION 

Many studies have been conducted on the synthetic aperture 

radar (SAR) imagery of the ocean surface. Theories on the im-

aging process were proposed by Hasselmann et al. [1] and 

Lygenga [2], who presented analytic expressions for an ensem-

ble-averaged SAR image intensity. Based on the SAR image 

intensity formulation in [2], Plant [3] derived an analytic equa-

tion for the time-dependent (TD) SAR image, in which he 

theoretically presented that the “time-dependent” theories of 

Lyzenga [2] and Kasilingam and Shemdin [4] and the “veloci-

ty-bunching (VB)” theory of Bruning et al. [5] are identical for 

a short integration time. Therefore the VB model can be accu-

rately applied to a short integration time. During small time 

intervals, the ocean surface motion can be linearly approxima- 

ted [6].  

This linear approximation can simplify the analytical proce-

dure of the TD formulation and finally reduce numerical com-

plexity, but the accuracy of a large integration time SAR image 

degenerates because of the nonlinear ocean surface motion. The 

VB model has been verified experimentally [6] and it has widely 

been used for many ocean SAR applications because of its nu-

merical efficiency [7, 8]. However, the model has a fundamental 

limitation of being not-applicable to large integration time cases 

such as a satellite SAR. For large integration times, applying the 

TD model to the detection problems of a target on the ocean 

surface to estimate crucial parameters, such as a detection prob-

ability observed from a satellite SAR sensor, becomes very inef-

ficient because many Monte Carlo simulations need to be per-

formed. 

Therefore, a formulation expanding the original VB model to 
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large integration times is required because it can increase its 

numerical efficiency, and the formulation can broaden its ap-

plicability. Therefore, in this study, we propose a scheme to 

expand the VB model to simulate SAR images even for large 

integration times. The proposed scheme can be robust and time 

efficient because the original VB model is repeatedly applied. 

The proposed scheme is numerically verified by comparing the 

TD SAR images. The modeling of ocean waves and backscat-

terer is described in Section II, and the SAR image formulation 

is presented in Section III. The SAR simulations are numerical-

ly analyzed in Section IV. The conclusion is presented in Sec-

tion V. 

II. MODELING OF OCEAN WAVES AND BACKSCATTERER  

The geometric relation between the radar and the ocean sur-

face is shown in Fig. 1. It is assumed that the radar moves along 

the y axis with a constant velocity, V. The range between the 

radar and the center point of the ocean scene is fixed as R over 

the integration time. The simulation dimensions of the ocean  

scene are Lx along the x axis and Ly along the y axis. ˆ ik  is the  

unit propagation vector of a microwave with an incident angle 

of θ on the ocean surface.
w is the wind direction. The range 

and azimuthal directions coincide with the x and y axes, respec-

tively. 

To generate the SAR image of the ocean scene, the time-

varying ocean surface, ( , , )Z x y t is generated as 
 

       
1 1

0 0

1
( , , ) cos

M N

mn mn
m n

Z x y t A
g t

  

 


   

  , (1)

 

where
mn m n mn mnk x k y w t      , 2 /m xk m L , and 

nk 
2 / yn L . is the fluid vector potential.

mnA is proportional to 

the square root of the ocean spectrum. Here, Fung and Lee’s 

spectrum is used [9]. 
mn is a uniform random number over 0 to 

2π, and 2 2( )mn m nw g k k  , where g is the gravitational ac-

celeration, 9.81 m/s2. 

The ocean surface is discretized with many relatively large 

facets [7]. The motions of the ocean facet, such as particle ve- 
 

 

Fig. 1. Geometry of radar and ocean surface. 

locity and acceleration, are computed as  
 

 ( , , ) ,  ( , , ) /p pu x y t a x y t t      
 

. (2)
 

The radial components of the particle velocity and accelera-

tion are important on the SAR image and are given by 
ˆ i

r pu k u 
  and ˆ i

r pa k a 
 , respectively. 

The normalized radar cross-sections (NRCS) by the ocean 

facets are calculated based on the combined model of the 

Kirchhoff approximation and the small perturbation method 

[10] as  
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where 
0

ˆ2 [ ,  ,  ]i
x y zq k k q q q  

 .  ,Prob    is the slope proba-

bility density function [9]. Polarization-dependent parameter, 

( ,  or )mn m n h v   is related to the Fresnel reflection coeffi-

cients [10]. Here, h and v denote horizontal and vertical polari-

zations of the incident microwave, respectively. If the ocean 

scene changes in time, the local incident angle also varies, and 

yields the time-dependent NRCS. This time dependence can 

be easily considered when the ocean surface, (1) is computed at 

the time sampling points in the TD formulation. The ensem-

ble-averaged SAR intensities can be obtained using analytical 

formulations, as shown in Section III. 

III. SAR IMAGING FORMULATION 

The SAR image is not a one-to-one map of the imaged scene 

of the ocean surface [5]. The particles on the ocean surface 

cause the non-uniform displacement along the azimuth direc-

tion of the image plane because of the orbital motion [11], 

which generates wavelike patterns in the SAR image known as 

the VB mechanism. The TD model for SAR image is expressed 

as [6], 
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(5)
 

where T and k0 are the integration time and the microwave 

wavenumber, respectively. h is a pulse shape function in the 

range direction that can be approximated as ( )h x x 
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( )x x   [6]. The other parameters in (5) such as a ,  b ,    , 

and  are defined as 
 

 02 ( , , ) ( )( / )ra k u x y t y y V R       , 
22( ) / ( )b y Vt VT   , 

0 ( , , )rk a x y t    , 2 2
s T     , (6)

 

where
s is the coherence time of the ocean scene that is de-

pendent on the phase speed or orbital velocity of the ocean wave 

[11]. (5) is calculated at every pulse repetition interval (PRI), 

which can allow accurately consider the variation of the ocean 

surface. However, the computation is time-consuming.  

As the VB model is valid for the short integration time, the 

following approximations can be assumed: the time-dependent

0 ( , , )x y t   is replaced by the mean 0 ( , )x y   over the inte-

gration time. 
ru and

ra are expanded at about /t y V  in   

a Taylor series as ( , , )ra x y t   ( ', ')ra x y and ( , , )ru x y t  
( ', ') ( , )( / )r ru x y a x y t y V   , respectively [3]. With these 

approximations, (5) can be analytically simplified as [6] 
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where 
a   is the degraded azimuthal resolution as  
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To apply the VB model to a large integration time, time is 

divided into relatively short times, in which the velocity bunch-

ing model is valid. Thus, the final SAR intensity can be approx-

imated as 
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where 
iT  is the divided time. 

TDN  and 
VBN  are the number  

of sampling times for the TD model and for the VB model, 

respectively. 

IV. NUMERICAL RESULTS 

The generated ocean elevations are shown in Fig. 2 for a 

wind speed of 5 m/s. The scene dimension is Lx = 250 m by Ly 

= 250 m and discretized every 1 m sampling interval. The wind 

direction is assumed as 45w   . To validate the simulated 

ocean elevations, the significant wave heights (SWH) are com-

pared with the measurement [12] for various wind speed. Fig. 3 

shows the comparison between the simulation and the meas-

urement. The measurement is carried out in the southern ocean 

near Port Lincoln, South Australia in August 2004 (SCT04) 

and in the ocean near Darwin in the Northern Territory in May  

 

Fig. 2. Modeled ocean elevations of 5 m/s wind speed. 

 

 

Fig. 3. Significant wave height of modeled ocean surface. 

 

2006 (MAST06) [12]. The SWH of the simulated ocean sur-

face agrees well with measurement results. The discrepancy for a 

few measurement points is due to the Fung and Lee spectrum, 

which assumes that the ocean is fully developed, that is there is 

no swell and the wind has sufficient fetch and duration for the 

ocean surface to reach equilibrium [12]. 

The simulation parameters are listed in Table 1. The SAR 

image intensities of the ocean surface by a 5 m/s wind speed are 

evaluated by the TD and VB models with R/V = 10 seconds 

and T = 0.2 seconds, and HH-polarization (see Fig. 4). The 

SAR images generated by two formulations have similar wave-

like patterns and image intensity levels. Therefore, the VB 

model is accurate for such a short integration time as aforemen-

tioned T = 0.2 seconds. 
 

Table 1. SAR simulation parameters 

Parameter Value

Frequency, f (GHz) 10 (X-band)

Range/velocity, R/V (sec) 10 or 50

Incident angle, θ (º) 45

Integration time, T (sec) 0.2 or 6

Scene coherence time, 
s (sec) 0.1
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(a) 

 

(b) 

Fig. 4. SAR images by TD model (a) and by VB model (b) when 

R/V = 10 seconds and T = 0.2 seconds with HH-pol (5 m/s 

wind speed). 
 

The SAR images for the 10 m/s wind speed are simulated for 

the following cases: R/V = 10 seconds and R/V = 50 seconds, T 

= 0.2 seconds and HH-polarization. The SAR images along 

the y axis at x = 0 are compared in Fig. 5 with the VB SAR 

images with two R/V ratios. The excellent agreement of the 

SAR image intensities by the TD and VB models is presented 

in Figs. 4 and 5. For a high R/V ratio, a strongly smeared SAR 

image intensity is observed along the azimuthal direction (Fig. 

5). The motion by the ocean particles results in the image shift 

and compression along the azimuthal direction (see (7) and (8)). 

The smearing effect and the image shift of the SAR image be-

comes dominant as the R/V ratio increases as expected in (8). 

To simulate the SAR image for a large integration time, we 

assume R/V = 50 seconds, T = 6 seconds, VV pol and 5 m/s 

wind speed. The SAR images by the TD, VB, and time-divided 

VB (TDVB) models are compared in Fig. 6. 

The results by the TD and TDVB models are in good 

agreement. Conversely, the VB model provides a more smeared  

 
Fig. 5. SAR image intensities by TD and VB models: R/V = 10 

seconds vs. R/V = 50 seconds for T = 0.2 seconds with 

HH-pol (10 m/s wind speed). 

 

SAR image. The comparison of the SAR intensities is shown in 

Fig. 7 along the x axis at y = 0 and along the y axis at x = 0. 

The SAR intensity by the VB model has fewer fluctuations 

because the VB equation assumes the time-independent particle 

velocity and acceleration as well as the mean NRCS during the 

integration time. In general, the time variation of the NRCS is 

large over the large integration time because of the ocean mo-

tion as seen in Fig. 8. These types of physical approximations 

reduces the image fluctuation of the VB model in comparison 

with the TD model, as shown in Fig. 7. The TD model is 

computed at every PRI, which is 1 ms in this study. Thus, for a 

6-second integration time, 6,000 ocean surfaces (NTD = 6,000) 

are generated for the TD model. Then the images are comput-

ed and merged into a final SAR image. But the TDVB model 

can generate an accurate SAR image with a much larger inte-

gration time than the PRI. 

The determination of the proper integration times for the VB 

model is crucial because it affects to the model’s accuracy, which 

physically depends on how fast the ocean scene varies, i.e., scene 

coherence time, τs. Based on many simulations, 0.3 seconds is 

chosen as the optimal integration time for the VB model when 

τs = 0.1 seconds. Hence, TDVB model requires only 20 ocean 

scenes (NVB = 20) for the 6 seconds integration time. Fig. 9 

shows the simulation times consumed for the SAR image gen-

eration by the TD and TDVB models as a function of integra-

tion time when τs = 0.1 seconds. The TDVB model is around 

300 times faster than the TD model over the entire integration 

time. 

Fig. 10 shows the 2D spectra of the simulated 2D SAR im-

ages. As the fluctuation of the VB model is relatively small as 

observed in Fig. 7, the spectrum of the VB model is located at 

the low frequency range of Kx = 0 and Ky = 0. However, the
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(a) 

 

(b) 

 

(c) 

Fig. 6. SAR images by TD model (a), VB model (b), and TDVB 

model (c) when T = 6 seconds. 
 

other SAR image spectra of the TD and TDVB models spreads 

at a wider frequency range because of the consideration of the 

dynamic motion of the ocean surface over large time intervals.  

The determination of divided sub-integration times for the 

TDVB formulation to generate accurate SAR images strongly 

depends on the scene coherence time, τs. Based on our heuristic 

simulations, the optimal integration times are evaluated with 

respect to various τs, which are summarized in Table 2. Note 

that higher integration time intervals are required as τs increases.  

 

   (a) 

 

   (b) 

Fig. 7. SAR image intensities by TD, VB, and TDVB models for 6 

seconds with VV pol when τs = 0.1 seconds: (a) observed 

along x axis at y = 0 and (b) along y axis at x = 0. 
 

 

Fig. 8. Comparison between time-dependent NRCS and mean 

NRCS during 6 s along x axis at y = 0. 
 

Table 2. Optimal divided sub-integration times for TDVB model 

with respect to scene coherence time, τs 

Scene coherence time, τs Integration time, Ti (sec)

0.05 0.1s  0.2

0.1 0.15s  0.3

0.15 0.3s  0.55
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Fig. 9. Comparison for time ratios of TD model to VB model and 

of TDVB model to VB model when τs = 0.1 seconds. 

 

As the ocean scene changes slowly when τs increases, which 

results in the small variation of the NRCS during an integration 

time, the valid integration time for the VB formulation increases. 

V. CONCLUSION 

In this study, an efficient formulation for the SAR image in-

tensity is proposed based on the conventional VB model for a 

large integration time. The VB model is valid for a relatively 

short integration time but accurately considers the motion of the 

ocean in accurate fashion. Therefore, the VB model is repeated-

ly applied for a relatively large interval. Then, the generated 

images are merged into a final SAR image. This scheme is simi-

lar to the original TD model, applied at every radar PRI. How-

ever, the proposed scheme, the so-called TDVB model, gener-

ates ocean SAR images at a much larger interval than PRI, the 

numerical efficiency of which is much improved. Based on 

many simulations on realistic SAR scenarios, the optimal inte-

gration times of the VB model are proposed for various scene 

coherence times. The proposed image formulation is verified in 

several SAR scenarios such as ocean surfaces driven by two wind 

speeds of 5 m/s and 10 m/s, and different SAR parameters. The 

VB model is accurate for a short integration time. However, by 

increasing the integration time, the VB model cannot generate 

the correct SAR images. Conversely, the proposed formulation 

can generate accurate SAR images independently at the integra-

tion time. The SAR spectrum of the TDVB model is compara-

ble with the TD SAR image.  

Overcoming the fundamental limitation of the original VB 

model, which is valid only for short integration times, the 

TDVB model is applicable to a variety of SAR imaging applica-

tions with high numerical efficiency. 
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I. INTRODUCTION 

The recent rapid development of information and communi-

cation technology (ICT) has increased the development and 

utilization of ICT equipment. This increase has created a com-

plex propagation environment, which has expanded the elec-

tromagnetic interference (EMI) problem. Internationally, to 

distribute electric and electronic equipment on the market, 

companies must obtain electromagnetic compatibility (EMC) 

certification [1, 2]. 

The core equipment for EMC certification is an antenna that 

measures EMI. If this antenna is damaged, the inherent propa-

gation characteristics of the antenna are also changed. Therefore, 

it is not possible to provide accurate EMC certification results.  

For this reason, the importance of the calibration method for  

an EMI antenna to measure its inherent propagation character-

istics is increasing. Calibrating an antenna for EMI measure-

ments involves measuring the antenna factor (AF), which 

means the conversion coefficient of the measured voltage and 

the electric field strength.  

As shown in Table 1, the typical antenna calibration methods 

above 1 GHz specified in the international standard CISPR 16-

1-6 [3] include the three-antenna method (TAM) [4, 5] and 

the standard antenna method (SAM) [6]. The TAM is based 

on the Friis equation.  This method calculates the AF of the 

antenna under calibration (AUC) using three antennas with no 

previous knowledge of the AF. The SAM does not consider the 

ground reflected wave. In this condition, the AF of the AUC is 

calculated with two measurements through the difference be-

tween the site insertion loss (SIL) of the AUC and the SIL of 

the standard antenna (STA) from the transmitting antennas for  
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In this paper, we propose a compact-standard antenna method (C-SAM) for antenna calibration above 1 GHz. The test-site evaluation 
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tenna calibration methods, the maximum deviation was within ±0.18 dB for the 1–18 GHz frequency range. Unlike the conventional 
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which previous knowledge is not known. These methods must 

perform SIL measurements two or three times by using the 

three antennas to calculate the AF. Setting up these measure-

ments involves high cost and a long measurement time to cali-

brate the antenna. 

Many studies have been carried out to deal with the limita-

tions of conventional calibration methods [7–10]. These studies 

showed that the AF of the AUC can be calculated with a single 

measurement if the AF is already known using antennas with 

the same characteristics. However, the antenna calibration  

 
method is only for low frequencies (30 MHz to 1 GHz) using a 

diode loaded standard dipole antenna [7, 8]. 

The antenna calibration methods presented by Lim et al. [9, 

10] are restricted to frequency bands ranging from 3.95–5.85 

GHz and 26.5–40 GHz, respectively. Moreover, there is no 

test-site evaluation method in which the antenna calibration test 

site can be proven to be free space [10]. 

In this paper, we propose a compact-standard antenna meth-

od (C-SAM) for a broad frequency range from 1 GHz to 18 

GHz which is different from conventional antenna methods. 

Table 1. Comparison of conventional antenna calibration methods and the C-SAM

 TAM SAM C-SAM

Frequency 

range 

1–18 GHz 1–18 GHz 1–18 GHz

Site condition Free space Free space Free space

Standard  
antenna 

No 1 1 

Antenna factor 

(calculation 

equation) 

𝐴 2,1 𝐹 1 𝐹 2 𝐾 2,1  

𝐴 3,1 𝐹 1 𝐹 3 𝐾 3,1  

𝐴 3,2 𝐹 2 𝐹 3 𝐾 3,2  

𝐹 𝐹 ℎ 𝑉 ℎ
𝑉 ℎ  

𝐴𝐹 𝐴𝐹 𝑆𝐼𝐿 20 log 𝑓
20 log 𝑑 32 

 

The equation for the antenna being cali-

brated: 
 

𝐴𝐹 dB/m 𝐴𝐹 𝑆𝐼𝐿
𝑆𝐼𝐿

Strengths The TAM is a method that does not 

require AF previous knowledge of 

the three antennas, including the 

AUC. 

The SAM calculates the antenna factor 

by measuring twice. 

Unlike the TAM and the SAM, if the 

AF of the STA calibrated by the TAM 

is known, the AF of the AUC can be 

calculated by measuring the SIL only 

once. 

Weaknesses The TAM should be measured 3 

times with 3 antennas for the AF 

calculation, including the AUC. 

No STA above 1 GHz; therefore, the 

antenna is calibrated with the TAM. 

If the SIL measurement configuration of 

the STA is changed, the AF of the 

AUC cannot be accurately calculated. 

Measurement 

setup 

 

 

 

 

𝑑 = 1 m or 3 m 

Number of measurements = 3 

𝑑 = 1 m or 3 m 

Number of measurements = 2

𝑑 = 3 m, ℎ = 2 m 

Number of measurements = 1
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Unlike the TAM, the C-SAM has the advantage of knowing 

the AF of the AUC with one measurement. In addition, the C-

SAM differs from the SAM, because the ground reflected wave 

is considered. In other words, if the AF is known for one anten-

na, this method can calculate the AF of the AUC with only one 

SIL measurement.  

To use this method above 1 GHz, the antenna calibration 

test site must meet free-space conditions. For this reason, the 

test site was verified using the test site evaluation of the fully-

anechoic room (FAR) condition. In addition, the C-SAM was 

verified by comparing it with conventional antenna calibration 

methods (the SAM and the TAM). 

II. COMPACT-STANDARD ANTENNA METHOD 

As shown in Fig. 1, the C-SAM is an antenna calibration 

method that fixes the distance (d) and height (h) between the 

STA and the AUC. Then, the AF of the AUC can be calculat-

ed with the SIL measurement between two antennas, where the 

STA is an antenna whose AF is already known. The pyramidal 

horn antenna is used for antenna calibration above 1 GHz. 

The C-SAM is based on the Friis equation [11]. As shown 

in Fig. 1, if information about the electric field strength (ER) is 

given at the receiving location, then the distance d1 between the 

transmitting antenna and the receiving antenna is as follows: 
 

𝐸   ,                   (1) 
 

where GT is the gain of the transmitting antenna, and PT is the 

output power of the transmitting antenna.  

AF is the parameter that determines the unique performance 

of the antenna. AF is defined as the ratio of the field strength (E) 

to the voltage (V) induced at the receiving antenna as follows: 
 

𝐴𝐹 20𝑙𝑜𝑔 .             (2) 
 

When the transmitting antenna (TX) AF is AFTX, and the re-

ceiving antenna (RX) AF is AFRX, AF can be calculated as fol-

lows: 
 

𝐴𝐹 𝐴𝐹 𝑆𝐼𝐿 20 𝑙𝑜𝑔 𝑓 20 log 𝑑 32.   

(3) 
 

 
Fig. 1. Measurement setup of the C-SAM. 

SIL is a site insertion loss between the two antennas, fMHz is 

the frequency in MHz, and d is the separation distance in me-

ters.  

If the STA that knows the values either AFRX or AFTX is used 

in Eq. (3), then the AF of the AUC can be calculated as only 

one measurement with the following equation: 
 

𝐴𝐹 𝐴𝐹 𝑆𝐼𝐿 𝑆𝐼𝐿 .     (4) 
 

AFSTA is the AF of the STA, AFAUC is the AF of the AUC, 

SILSTA is the site insertion loss of the STA, and SILAUC is the site 

insertion loss of the AUC. Now, AFAUC and AFSTA must be cal-

culated at the same position (the antenna height (h) and the 

separation distance (d) from RX antenna). In other words, if 

there is an STA whose AF is known, then the C-SAM can 

easily calculate the AF of the AUC with only one measurement. 

III. TEST-SITE EVALUATION OF THE FAR CONDITION 

Eq. (3) is based on the Friis equation. Thus, the C-SAM 

should be applied in the FAR condition test site. The aim is to 

create a free-space environment for calibrating antennas. This 

method is applied to calibrate antennas with directivity above 1 

GHz.  

In other words, the C-SAM is an antenna calibration meth-

od above 1 GHz and is based on the Friis equation. 

Therefore, before verifying this method, the antenna calibra-

tion test site must prove that it is free space. The verification 

method for the FAR condition is defined in detail in CISPR 

16-1-5. 

As shown in Fig. 2, the measurement configuration of the 

test-site evaluation method of the FAR condition is that the 

broadband horn antennas (TX and RX) are placed at a height of 

2 m from the ground plane. The antennas used for the meas-

urement are the Schwarzbeck BBHA 9120 D model. The di-

rection of the two antennas is vertical polarization, and an ab-

sorber is placed on the ground plane. The measurement method 

calculates the SIL between the antennas by moving the distance 

of the TX antenna from the fixed RX antenna to 2.8 m, 2.9 m,  

 

 
Fig. 2. Test-site evaluation setup of the FAR condition. 
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Fig. 3. Test-site evaluation results for the FAR condition. 

 

3.0 m, 3.1 m, and 3.2 m. The measurement frequency range is 

1–18 GHz (500 MHz steps). 

The calculated distance relative to the SIL for FAR valida-

tion via the measurement results is as follows: 
 

𝐴 𝑑 𝑆  𝑆  20𝑙𝑜𝑔 𝑑 ,     (5) 
 

where S21cable is the transmission cable loss ratio, and S21antennas is 

the transmission loss ratio of the antennas. Aim(d) for each varied 

distance by the movement TX antenna is normalized for 3 m, 

which is the central position of the TX antenna, can be defined 

as the following equation: 
 

A 𝑑  A 𝑑 A 𝑑 .     (6) 
 

If the maximum and minimum deviations of the       

Aim(d)Normalized 3m for each distance are within ±0.5 dB (peak to 

peak Aim(d) ≤ ±0.5 dB), the test site is said to satisfy the FAR 

condition [12]. 

The result for the test-site evaluation was within ±0.5 dB 

(peak to peak Aim(d) ≤ ±0.5 dB), in the range of 1–18 GHz 

(Fig. 3). Therefore, the antenna calibration test site may be de-

fined as free-space conditions for the frequency range 1–18 

GHz. 

IV. EXPERIMENTAL VALIDATION  

The measurement configuration of the C-SAM is shown in 

Fig. 4, where the distance between the two antennas (𝑑 = 3 m), 

the antenna height (ℎ = 2 m), and the absorbers are installed on 

the ground plane.  

The validation method for the C-SAM is as follows. The 

AUC (1–18 GHz broadband horn antenna C) measures the 

SIL using the C-SAM, TAM, and SAM, and the AF. The 

two antennas except the AUC are pyramidal horn antennas. For 

this reason, each measurement frequency band is divided into 7 

sub-bands (1.12–1.70 GHz, 1.7–2.6 GHz, 2.60–3.95 GHz, 

 
Fig. 4. Setup for the C-SAM validation. 

 
3.95–5.85 GHz, 5.85–8.20 GHz, 8.20–12.4 GHz, and 12.4–

18.0 GHz). Then the AFs calculated by the C-SAM and the 

conventional methods were compared. The measurement con-

figuration and the AF calculation method of the TAM and the 

SAM are shown in Table 1. 

The AFs of the wideband antenna (C) obtained with the 

three methods are compared in Fig. 5. The maximum deviation 

was found to be within ±0.18 dB, which was recorded at 15.8 

GHz. There are small deviations from the conventional meth-

ods and compared results. The C-SAM uses the AF calculated 

using Eq. (3). In addition, the C-SAM is a calibration method 

that measures the AF of the AUC at one time with the meas-

urement configuration shown in Table 1. Therefore, the meas-

urement configuration such as the distance between the anten-

nas and the height is very important. A deviation may occur due 

to errors in the measurement setup. Thus, the experimental 

results verify that C-SAM can be used for antenna calibration 

for the wide frequency range of 1–18 GHz. 

V. CONCLUSION 

In this study, we proposed a C-SAM antenna calibration 

method above 1 GHz. To apply this method, we performed a 

test-site evaluation of the FAR condition to determine whether 

it was free space. The maximum and minimum deviations of 

the Aim(d)Normalized 3m for each distance were within ±0.5 dB, and 

the test site was validated as the free-space condition. The C-

SAM was compared with conventional antenna calibration 

methods at the test site satisfying the FAR condition, and the 

proposed method was verified by confirming that the maximum 

deviation for 1–18 GHz was ±0.18 dB. Contrary to conven-

tional antenna calibration schemes, and if one AF is known on 

the calibration test site that satisfies the free-space condition, 

the number of SIL measurements can be reduced using the C-

SAM. In addition, this method can be a suitable candidate for 

the revision of the measure CISPR 16-1-6 and a reduction in 

the measurement cost. 
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(a)                                            (b)   
 

  

     
(c)                                                    (d) 

 

     
(e)                                                     (f) 

 

 
   (g) 

 

Fig. 5. The AF for the C-SAM, TAM, and SAM: (a) 1.12–1.70 GHz, (b) 1.7–2.6 GHz, (c) 2.60–3.95 GHz, (d) 3.95–5.85 GHz, (e) 5.85–

8.20 GHz, (f) 8.20–12.4 GHz, and (g) 12.4–18.0 GHz. 
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I. INTRODUCTION 

A crossover coupler is an indispensable passive component in 

microwave systems. Specifically, a Butler matrix is an example 

of a beamforming network that requires a crossover coupler, as 

shown in Fig. 1. Array antennas are connected to the Butler 

matrix consisting of 3-dB quadrature hybrids, 45° phase shifters, 

and crossover couplers, so that the antenna beam is formed and 

steered electronically. 

 The crossover coupler makes two signals cross each other 

while maintaining a high degree of isolation. As the crossover 

coupler occupies a substantial area in the Butler matrix [1], size 

reduction is a critical issue in the coupler design.  

Traditionally, the signal crossover was achieved by air-bridges 

or under-passes based on a multilayer printed circuit board 

(PCB) [2, 3]. However, those methods lead to non-planar 

structures, and increase the fabrication cost and difficulty. Thus, 

several fully planar configurations have been proposed for cross-

over applications [4–9]. A symmetrical four-port double-ring 

structure was reported in [4, 5]. A planar crossover was achieved 

by cascading two branch-line structures in [6]. The number of 

branch-line structures connected in cascade was increased to 

more than three in order to improve the operation bandwidth in 

[7].   

However, most of the previous crossover couplers are bulky 

because they are based on quarter-wave transmission lines. To 

make the crossover smaller, a part of the transmission lines was 

shortened by connecting a shunted open stub at each end of the 

lines [8]. A dual-band crossover coupler was also proposed as a 

variation of the branch-line structure [9]. Nonetheless, all of 

these structures are still large and occupy a significant PCB area. 

In this paper, a new compact wideband crossover coupler is 

presented. A three-section branch-line structure is employed for 

 

A Compact Wideband Crossover Coupler  

with Lumped Elements 
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Abstract 
 

A compact wideband crossover coupler with fully lumped elements is presented. To achieve a wideband operation, a three-section 

branch-line structure is employed for the crossover coupler. The size is significantly minimized by replacing transmission lines with 

lumped elements. The measurement shows that the insertion loss, isolation, and return loss are 1.7 dB, 24 dB, and 14.5 dB, respectively, 

at 2 GHz. The fractional bandwidth of 20-dB isolation and 3-dB insertion loss is 27%. The size of the crossover coupler is 11 mm × 9 

mm, which corresponds to 0.07λ × 0.06λ at 2 GHz. This is significantly smaller than a conventional three-section branch-line crossover 

coupler by 95%. 
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Fig. 1. Configuration of 4 × 4 Butler matrix. 

 

wideband operation. To reduce the size, all quarter-wave trans-

mission lines are replaced by lumped components using the π-

equivalent model. In Section II, a fully-lumped crossover cou-

pler is proposed. In Section III, the coupler is designed at 2 

GHz for the purpose of demonstration, followed by the experi-

mental results given in Section IV. 

II. FULLY-LUMPED CROSSOVER COUPLER  

A conventional wideband crossover coupler based on a three-

section branch-line structure [7] is shown in Fig. 2. The lengths 

of transmission lines are all quarter-wave, and the characteristic 

impedances are given by 
 

2
2

1 3 4
1

2
,c

Z
Z Z Z Z Z  

               (1) 
 

where Zc is the port impedance. Z2 should be chosen consider-

ing the input matching and isolation performance, which was 

40 Ω in [7]. However, the size of the conventional crossover 

coupler is large because all of the transmission lines are quarter-

wave long. The electrical length of the lines are reduced by con-

necting the shunted open stubs in [8]. Nonetheless, the physical 

length of the lines is still large and becomes even larger as the 

operating frequency decreases. 

In this work, the quarter-wave transmission lines in Fig. 2 are 

replaced fully by lumped components. Therefore, the size of the 

crossover coupler is not only significantly reduced but also is 

independent of the operating frequency. Fig. 3 shows the π-

equivalent lumped model of a transmission line. The values of 

the lumped components are given by [10], 
 

 
sin

2
sL

f




                         (2) 

 
1 1 cos

2 1 cos
pC

fZ


 





                (3) 

 

where Z and 𝜃 are the characteristic impedance and electrical 

length of the transmission line, and f is the operation frequency.  

Fig. 4(a) shows an initial version of the proposed lumped 

crossover coupler where each transmission line (Zi, 1 ≤ i ≤ 4)  

 

Fig. 2. Conventional crossover coupler based on three-section bran-

ch-line structure. 

 

 
Fig. 3. π-equivalent lumped model of transmission line. 

 

is replaced by one inductor (Li) and two capacitors (Ci/2). As 

the lines are quarter-wave long (θ = 90°), the lumped compo-

nent values are derived from Eqs. (2) and (3): 
  

 
2
i

i

Z
L

f
 , 1 4i                   (4) 

 
1

2
i

i

C
fZ

 , 1 4i                  (5) 

 

where the characteristic impedance of the transmission lines, Zi, 

is given by Eq. (1).  

To further reduce the coupler size of Fig. 4(a), two or three 

shunt capacitors connected at the same node are combined into 

a single capacitor. Finally, the complete schematic of the pro-

posed fully-lumped crossover coupler is shown in Fig. 4(b). It 

consists of ten inductors and eight capacitors. The capacitor  

 

(a) 
 

(b) 

Fig. 4. Proposed fully-lumped crossover coupler based on three-

section branch-line structure: (a) initial version and (b) fi-

nal version. 
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values are given by 
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III. DESIGN OF FULLY-LUMPED CROSSOVER COUPLER  

A crossover coupler is designed at 2 GHz, following the pro-

posed fully-lumped structure of Fig. 4(b). The lumped compo-

nent values are theoretically calculated by Eqs. (1), (4), (6), and 

are summarized in the left column of Table 1. However, the 

theoretical values cannot be practically used for the coupler de-

sign and should be further optimized for two reasons.  

Firstly, the component values available from commercial chip 

inductors and capacitors are limited. Thus, the values must be 

chosen from the set of discrete values available within the chip 

components. 

Secondly, the parasitics of the chip components must be con-

sidered for accurate simulation of the coupler performance. It 

was found that the chip inductors involve relatively large para-

sitics, so that their operation deviates considerably from those of 

ideal inductors. Therefore, the chip inductors on the PCB are 

measured by a network analyzer and then modeled using the 

equivalent circuit model [11] shown in Fig. 5. Rs, Clead, and Csub 

represent a parasitic series resistance, inter-lead capacitance, and 

substrate capacitance, respectively. Fig. 6 shows the measured S-

parameters of a 3.9-nH chip inductor, compared with the simu-

lation of an ideal inductor and the equivalent circuit model. It is 

observed that the equivalent circuit model predicts the meas-

urement more accurately than the ideal inductor. 

The values of the chip inductors and capacitors are optimized 
 

Table 1. Theoretical and optimized values of the lumped compo-

nents in the 2-GHz crossover coupler 

Component Theoretical value Optimized value

      𝐿  3.97 nH 3.3 nH

      𝐿  3.18 nH 3.9 nH

      𝐿  5.09 nH 3.9 nH

      𝐿  5.09 nH 5.6 nH

      𝐶  1.78 pF 1.8 pF

      𝐶  2.22 pF 2 pF

 

 
Fig. 5. Equivalent circuit model of chip inductor on PCB. 

 
Fig. 6. Measured S-parameters of a 3.9-nH chip inductor, com-

pared with the simulation of an ideal inductor and the 

equivalent circuit model (f = 0–3.5 GHz).  

 

in simulation, while considering the two factors aforemen-

tioned: one is the discrete selection of commercial chip compo-

nents and the other is the use of equivalent circuit model includ-

ing parasitics. The optimized component values are given in the 

right column of Table 1. 

IV. EXPERIMENTAL RESULTS  

A 2-GHz crossover coupler was fabricated on an FR-4 PCB, 

which has a thickness of 1.6 mm, dielectric constant of 4.7, and 

loss tangent of 0.02 at 1 MHz. For chip components, WE-MK 

multilayer ceramic inductors with size of 0603 (1.6 mm × 0.8 

mm) and Samsung multilayer ceramic capacitors with size of 

0402 (1.0 mm × 0.5 mm) were used.  

Fig. 7 shows the top view of the fabricated crossover coupler. 

The size of the crossover coupler (dashed box) is 11 mm × 9 

mm, while 50-Ω feedlines are added to each port for the pur-

pose of measurement. If normalized by wavelength, the size 

becomes 0.07λ × 0.06λ, which is significantly smaller than the 

conventional crossover couplers based on quarter-wave lines. 

For example, compared to the three-section branch-line [7] 

crossover coupler shown in Fig. 2, the size is reduced by 95%.  

The measured S-parameters are shown in Fig. 8. The inser-

tion loss, isolation, and return loss are 1.7 dB, 24 dB, and 14.5 

dB, respectively, at 2 GHz. The fractional bandwidth achieving 
   

 
Fig. 7. Fabricated 2-GHz crossover coupler. 

0.2 0.5 1.0 2.0 5.0
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(a) 
 

(b) 

Fig. 8. Simulated and measured S-parameters of the cross-over 

coupler: (a) insertion loss and isolation and (b) return loss. 

 

both 3-dB insertion loss and 20-dB isolation is 27% (from 1.71 

to 2.25 GHz). A difference between the simulated and meas-

ured return loss is believed to be due to additional model inac-

curacy of the lumped components, especially underestimation of 

capacitance of chip capacitors.  

V. CONCLUSION 

A compact and wideband crossover coupler is implemented 

using fully lumped components. For wideband operation, a 

 

Table 2. Performance comparison of crossover couplers 

Ref. Core size 
f 

(GHz)

FBW 

(%) 

RL / IL / ISO

(dB)

[6] 0.33λ × 0.16λ 6 9 20 / 1.0 / 15

[7] 0.45λ × 0.20λ 2.5 40 20 / 0.3 / 20

[8] 0.39λ × 0.18λ 2.5 31 30 / 0.5 / 27.5

[9] 0.21λ × 0.18λ 0.8 15 30 / 0.3 / 20

  1.2 10 30 / 0.4 / 38

This work 0.07λ × 0.06λ 2 27 14.5 / 1.7 / 24

FBW=fractional bandwidth, RL=return loss, IL=insertion loss, ISO 

=isolation. 
 

three-section branch-line structure is employed. In order to re-

duce the size, the transmission lines are replaced by the π-

equivalent lumped components. The measured fractional band-

width for 3-dB insertion loss and 20-dB isolation is 27%, cen-

tered at 2 GHz. The size of the crossover coupler is only 0.07λ 

× 0.06λ. The performance comparison of the crossover coupler 

is given in Table 2. The proposed crossover coupler achieves a 

wide operating bandwidth with a size significantly smaller than 

others. It should be very suitable for Butler matrix requiring a 

compact form factor. 
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I. INTRODUCTION 

Compared with the conventional wired cable-connected en-

doscopies, capsule endoscopy provides better diagnoses and 

treatments throughout the entire gastrointestinal (GI) tract in a 

minimally invasive way, thus causing less discomfort and less 

pain to patients [1]. Recent wireless capsule endoscopies have 

been developed to capture higher-quality wide-view-angle med-

ical images and to communicate with external receivers with 

higher energy efficiency in a small capsule size [2]. The typical 

frequency bands for the wireless capsule endoscopes are 401–

406 MHz for the medical implant communication service 

(MICS) and MedRadio, and 433 MHz for the industrial-

scientific-medical (ISM) services. As the capsule size is electri- 

cally very small compared with the frequency band, the antenna 

design significantly affects the form factor, wireless communica-

tion quality, and energy efficiency of the capsule. In addition, 

the impedance bandwidth of a capsule antenna should be wide. 

When the capsule travels through various tissue environments 

with different dielectric properties, it usually experiences an un-

stable contact condition in the GI tract. Then, the capsule an-

tenna experiences severe impedance changes, which may lead to 

significant changes in the antenna characteristics. An ultra-wide 

bandwidth can mitigate such detuning effects. 

In this work, we propose a conformal meandered loop anten-

na with a very wide bandwidth for sufficiently covering the 

MICS, MedRadio, and ISM bands. The antenna resonance 

performances, such as return loss and radiation patterns, are 

validated through simulations and measurements. The fabricat- 

 

An Ultra-Wideband Conformal Meandered Loop  

Antenna for Wireless Capsule Endoscopy 
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Abstract 
 

This work presents an ultra-wideband conformal meandered loop antenna for wireless capsule endoscopy applications. The proposed 

antenna surrounds the outer wall of a capsule, so that the inner space can be used by a battery and other electrical and optical components. 

Fabricated on a flexible substrate, the antenna has a diameter of 10 mm and a height of 14 mm when wrapped around a cylindrical cap-

sule. The antenna achieves an ultra-wide impedance bandwidth of 200 MHz–2.05 GHz (164% of the fractional bandwidth), which pro-

vides sufficient coverage for the medical implant communication service, MedRadio, and industrial-scientific-medical (ISM) bands. This 

antenna also ensures robustness to the detuning effect, which could be caused by the inner components of the capsule and the outer envi-

ronment variations. The omnidirectional radiation pattern of the antenna is verified by simulations and measurements, and its maximum 

gain is –31.5 dBi. The fabricated antenna is successfully tested in an over-the-air wireless communication link, proving that the antenna 

can be instrumental in wireless capsule endoscopy applications. 

Key Words: Capsule Endoscopy, Conformal Antenna, Meandered Loop Antenna, MICS, Wideband.  
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ed antenna is successfully verified in a 400-MHz over-the-air 

communication link system and proved to meet the require-

ments for capsule endoscopy applications.  

 II. ANTENNA DESIGN  

One possible design approach for the capsule antenna is to 

embed an antenna inside a capsule [3–5]. However, the embed-

ded type is usually not desired because the antenna dimension is 

inevitably limited and confined by the internal space of the cap-

sule, which easily leads to the antenna performance degradation. 

Moreover, the internal antenna reduces the remaining inner 

space that is used by the battery and the electronic and optical 

components. This problem can be avoided by employing a con-

formal-type antenna. Previous conformal antennas for capsule 

endoscopes were based on a microstrip patch type [6–9], mean-

dered line type, [10–13] and meandered loop type [14–17].  

The patch type is usually a narrow band (only a small %), and 

always requires a solid ground plane that can block the camera 

view angle [6, 7]. A slight enhancement of the bandwidth was 

reported in [8, 9], but the technique was only implemented at a 

much higher frequency and not in the frequency of interest of 

this work (i.e., MICS, MedRadio, and ISM bands). The me-

andered line antennas showed a wider bandwidth and a smaller 

dimension. However, the meandered line antennas in [10, 11] 

were also realized in a higher frequency region.  

Achieving a wide impedance bandwidth is important for cap-

sule endoscopes because the dielectric property of human tissues 

is highly dispersive, showing significant changes with respect to 

different tissues and frequencies [14]. To cope with the highly 

dispersive property, a magnetic antenna in a loop structure is 

known to be less sensitive to the permittivity change. Thus, the 

loop antennas operating in the 400 MHz band were found to be 

effective, as they demonstrated a relatively wide bandwidth [15–

17]. Accordingly, in this work, we have chosen the loop antenna 

structure. 

Fig. 1 shows the proposed loop antenna structure. Many me-

anderings are employed to realize a large electrical length while 

fitting to the outer dimension of the capsule. Fig. 1(a) shows the 

planar view. As the substrate is flexible, the planar structure can 

be wrapped in a cylindrical form, the front and back views of 

which are shown in Fig. 1(b) and (c). Fig. 1(d) presents the an-

tenna dimensions. As shown in Fig. 1(b) and (c), the height and 

the diameter are 14 mm and 10 mm, which correspond to 

0.152 and 0.109respectively, with respect to the in-body 

wavelength  of 91.7 mm. Note that the effective wavelength 

inside the human body is significantly smaller than that in free 

space because of the high permittivity (about 56.8) of the hu-

man body tissue, which has a dielectric loading effect [15]. The 

antenna is designed and fabricated in a polytetrafluoroethylene 

(PTFE) substrate with a thickness of 254 μm, relative permit-

tivity εr of 2.17, and loss tangent tanδ of 0.0009. The copper 

thickness is 35 μm. The substrate is sufficiently flexible, and 

thus it can be bent and wrapped in a cylindrical form. 

As the capsule travels in the GI tract, such as in the esopha-

gus, stomach, colon, and small intestine, the capsule antenna 

experiences different human tissues with different dielectric 

properties and highly dispersive characteristics [14, 18]. The 

resonance characteristics of the proposed antenna are examined 

in various human tissue models, such as the stomach (εr = 67.19 

and tanδ = 0.62), colon (εr = 62.01 and tanδ = 0.58), small in-

testine (εr = 65.2 and tanδ = 1.22), and human phantom (εr = 

56.87 and tanδ = 0.59). The antenna is assumed to be placed at 

the center of a cylindrical human tissue model with a height of 

120 mm and a diameter of 120 mm. Fig. 2 shows the simulated 

return losses in the four different tissue conditions. As can be 

seen, the proposed antenna exhibits a very wide bandwidth over 

the different tissue environments. The impedance bandwidth  

 
Fig. 1. Geometric design of the proposed antenna: (a) planar view, (b) front-side view when wrapped in a cylindrical form, (c) back-side 

view when wrapped in a cylindrical form, and (d) dimensional parameters.
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Fig. 2. Simulated return loss (S11) of the proposed antenna in vari-

ous tissues. 

 

with S11 of less than –10 dB is 200 MHz–2 GHz, which greatly 

ensures the robust and stable antenna characteristics regardless 

of the tissue conditions. The wide bandwidth is accounted for 

by many parasitic capacitances introduced by the many closely 

spaced meandered conductor patterns. Similar effects can also 

be observed in previous antenna structures that have shown sim-

ilar complex meandered patterns [9, 13, 15]. 

III. MEASUREMENT RESULTS  

The proposed antenna is fabricated. Its planar and cylindrical 

views are shown in Fig. 3(a) and (b), respectively. The antenna 

is measured with a differential feeding using a coaxial cable, and 

a balun is not used. As shown in Fig. 4, the return loss and radi-

ation patterns of the fabricated antenna are measured after the 

antenna is placed at the center of a cylindrical bottle of liquid 

human phantom. Note that the liquid phantom is widely used 

in mimicking the human body [9, 13, 15–17], although minced 

pork can also be used [9, 12]. The height and the diameter of 

the cylindrical bottle are 190 mm and 50 mm, respectively. 

Adding salt and sugar to distilled water is known to decrease its 

relative permittivity while increasing its conductivity. The liquid 

human phantom in this work is made by a mixture of 51.8% 

distilled water, 46.75% sugar, and 1.45% salt, which gives εr = 

56.87 and tanδ = 0.59 at 433 MHz [17].  

Fig. 5 shows the measured return loss in comparison with the 

simulation result, which exhibits an excellent agreement. The 

measured bandwidth is 200 MHz–2.05 GHz, which corre-

sponds to 164% of the fractional bandwidth. Note that such an 

ultra-wide bandwidth is highly desirable for the wireless capsule 

endoscope system. The wide bandwidth should result in a stable 

impedance matching and a robust operation for the capsule en-

doscope traveling through the GI tract and in a good coverage 

of the MICS band (402–405 MHz), the MedRadio band (401–

406 MHz), and the ISM band (433.05–434.79 MHz and 902–  

 
    (a)                        (b) 

Fig. 3. Fabricated antenna in a planar (a) and a cylindrical form (b). 

 

 
Fig. 4. Measurement setup with the fabricated antenna placed in a 

liquid human phantom. 

 

 
Fig. 5. Simulated and measured return loss (S11) of the fabricated 

antenna. 

 

928 MHz).  

The radiation pattern is measured with the fabricated anten-

na placed in a closed bottle of liquid phantom. The radiation 

patterns are measured at 403 MHz. Fig. 6(a)–(c) show three 

different patterns at xy-cut, xz-cut, and yz-cut planes. Each 

plane with respect to the capsule orientation is depicted by the 

capsule image insets provided in each figure. As can be seen, the 

simulated and measured results show a reasonably good agree-

ment. When the capsule travels through the GI tract, the orien-

tation of the capsule is unknown and continuously changes. 

Therefore, to maintain a stable wireless link regardless of the 

capsule orientation and posture, the radiation pattern of a cap-

sule antenna is preferred to be isotropic or at least omnidirec-

tional [3, 5, 15]. As shown in Fig. 6, the radiation pattern of  
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(a) 

 
(b) 

 
(c) 

Fig. 6. Simulated and measured radiation patterns at 403 MHz: (a) 

xy-cut plane, (b) xz-cut plane, and (c) yz-cut plane. 
 

this antenna is omnidirectional. The maximum gain is found to 

be –31.5 dBi at 403 MHz. 

Over-the-air wireless communication link tests are performed 

by employing the fabricated antenna. Fig. 7 shows the wireless 

communication link setup. Commercially available two RF 

transceiver modules are used as the transmitter and the receiver. 

The fabricated antenna is used at the transmitter, and a com-

mercial dipole antenna is used at the receiver. The capsule an- 

 
Fig. 7. Over-the-air wireless communication link test. 

 

 
Fig. 8. Received signal strength with respect to the link distance. 

 

tenna is placed at the center of the liquid human phantom, and 

the receiver is placed 50 cm away. The number of transmitted 

packet per a single link is 10,000, and the date rate is 1.2 kbps. 

The transmit power is set to 0 dBm. Fig. 8 illustrates the meas-

ured received signal strength when the capsule-to-receiver dis-

tance changes from 0.1 m to 2 m. A theoretically computed 

curve considering the free space path loss is given for compari-

son with the measured data. As can be seen, the theoretical and 

measured data show a good agreement. 

Table 1 summarizes the antenna performances and compares 

them with those in previous works. The impedance bandwidth 

of the proposed antenna significantly exceeds those in previous 

works. This antenna also achieves the miniature form factor and 

a reasonable radiation gain.   

IV. CONCLUSION 

We have presented a conformal ultra-wideband meandered 

loop antenna for wireless capsule endoscopy applications. The 

antenna dimensions are 14 mm in height and 10 mm in diame-

ter. The antenna has a very wide bandwidth of 200 MHz–2.05 

GHz, which corresponds to 164% of the fractional bandwidth. 

It shows an omnidirectional radiation pattern, and its measured 

maximum gain is –31.5 dBi. The over-the-air wireless commu-

nication link tests employing the fabricated antenna are success-

fully performed, proving the effectiveness of the proposed an-

tenna for capsule endoscopy applications.  
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I. INTRODUCTION 

Active electronically scanned antenna (AESA) technology 

improves airborne radar performance not only by reducing loss-

es and increasing power efficiency with respect to conventional 

mechanical antenna but also through multifunctional aspects [1], 

such as fast exploration (steering), unpredictable scanning pat-

tern, adaptive tracking rate independent of scan rate, and varia-

ble waveforms, among others [2]. This paper focuses on alert–

confirm detection, the most significant technique to enhance 

AESA radar performance [3, 4]. 

Alert–confirm detection is also called energy-variant sequen-

tial detection, and it comprises a sequential detection procedure 

[5]. Conventional sequential detection procedures apply Wald’s 

sequential probability test [6] for radar detection. The likelihood  

ratio is calculated for each transmitted beam and compared with 

two thresholds. If the likelihood ratio exceeds the upper thresh-

old, a target is declared; if the likelihood ratio drops below the 

lower threshold, no target is declared. If the likelihood ratio falls 

between the thresholds, an additional beam is transmitted and 

the process is repeated. Sequential testing yields an improve-

ment of several decibels in radar sensitivity compared with uni-

form scanning detection. Alert-confirm detection is a simpler 

procedure. The likelihood ratio for each beam is compared with 

the lower threshold. If the threshold is exceeded in any resolu-

tion cell, a second beam is transmitted to the same direction, 

and the return likelihood ratio is compared with the higher 

threshold. A target is declared present when the thresholds are 

exceeded on both beams. Similar search efficiency to sequential 

probability ratio can be obtained by the optimum choice of the 

thresholds and beam energies [7]. 
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Abstract 
 

Alert–confirm detection is a highly efficient method to improve phased array radar search performance. It comprises sequential detection 

in two steps: alert detection, in which a target is detected at a low detection threshold, and confirm detection, which is triggered by alert 

detection with a longer dwell time to minimize false alarms. This paper provides a design method for applying the alert–confirm detection 

to multifunctional radars. We find optimum dwell times and false alarm probabilities for each alert detection and confirm detection under 

the dual constraints of total false alarm probability and maximum allowable dwell time per position. These optimum values are expressed 

as a function of the mean new target appearance rate. The proposed alert–confirm detection increases the maximum detection range even 

with a shorter frame time than that of uniform scanning. 
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The standard measure for detection performance of scanning 

radars against a target with a given cross-section is the detection 

range, in which either the per-scan or cumulative probability of 

detection has some specified value. Cumulative probability is 

defined as the probability that an approaching target has been 

detected at least once by the time it reaches a given range, and it 

can be increased by increasing either the per-scan detection 

probability or the scan rate [8]. However, the scan rate, which is 

the reciprocal of the frame time for uniform scanning radar, and 

the per-scan probability cannot be increased simultaneously. 

Therefore, determining whether to scan frequently with a low 

per-scan probability or infrequently with a high per-scan proba-

bility is a major surveillance radar design issue. Mallett and 

Brennan [9] provided the maximum detection range and frame 

time analytically as a function of the desired cumulative detec-

tion probability. They showed that although the average per-

scan probability and the cumulative detection probability were 

similar for non-fluctuating targets, i.e., within approximately 2% 

optimum values, the accumulation gain was particularly signifi-

cant for fluctuating targets. In airborne radars with dynamic 

targets and a cluttered environment, the per-scan probability of 

detection is an oscillation function of the target range [10]. 

Consequently, no single range and value pair for the per-scan 

probability of detection can provide a meaningful description of 

range performance. However, the cumulative detection proba-

bility, which monotonically increases, should yield a perfor-

mance measure [11]. Alternatively, the detection rate, defined 

as the detection probability per unit time, has been proposed 

rather than the cumulative detection probability as the optimi-

zation goal [12, 13]. 

Brennan and Hill [7] proposed optimum parameters maxim-

izing the range for a specified cumulative detection probability, 

including threshold levels and signal-to-noise ratios (SNRs) for 

each detection. They performed optimization under the con-

straint of a fixed false alarm probability per beam position. 

Frame time for calculating the cumulative detection probability 

was based on the total average SNR per beam position provided 

by the alert–confirm detection. The total average SNR was the 

sum of SNR at the alert detection and the average SNR at the 

confirm detection, in which the average SNR was calculated as 

the product of the false alarm probability of the alert detection 

and SNR at the confirm detection. They considered non-

coherent integration processing as a loss. 

This study provided a design method for applying the alert–

confirm detection to multifunctional AESA radar, which per-

forms surveillance and tracking concurrently. 

We found optimal dwell times and false alarm probabilities to 

maximize the detection range under two constraints: fixed false 

alarm probability per beam position and maximum allowable 

time to perform the alert–confirm detection. The maximum 

allowable time was determined by target movement and the 

interval between alert detection and confirm detection. Non-

coherent integration processing was considered in an explicit 

format, and the new target appearance rate was included when 

calculating the frame time, which had not been considered pre-

viously. 

The performance of the designed alert–confirm detection was 

verified by the increased maximum range compared with that of 

uniform scanning detection.  

The remainder of paper is organized as follows. Section II 

explains the basic formulas and constraints. Section III discusses 

in detail the optimization results and some parameters affecting 

performance. In addition, Monte Carlo simulation results are 

shown and compared with those from numerical calculation. 

Section IV summarizes and concludes the paper. 

II. BASIC DESCRIPTION  

1. Alert–Confirm Detection 

We assume that detection is to be processed by coherent and 

non-coherent integrations, as shown in Fig. 1. Dwell time can 

be expressed as 
 

𝑇 𝑇 ⋅ 𝑁 ⋅ 𝑁 ⋅ 𝑁 𝑇 ⋅ 𝑁,    (1) 
 

where Tres is the time of the range bin, Nrng is the number of 

range bins, Ncn is the number of coherent integrations, N is the 

number of non-coherent integrations, and Tcoh is the coherent 

dwell time. 

We assume that Tcoh is fixed and that the dwell time Td is de-

pendent on N. The probability density function (PDF) of y is 
 

𝑝 𝑦|𝐴
2𝑦

𝑁𝑅
exp 𝑦

𝑁𝑅
2

𝐼 2𝑦𝑁𝑅
/

  

 (2) 
 

where IN-1 is the modified Bessel function of order N–1, and Rp 

= 2  SNR [14]. The SNR is normally calculated by the radar 

range equation, which is 
 

𝑆𝑁𝑅  ⋅  ,       (3) 
 

 

 
Fig. 1. Simplified block diagram of non-coherent integration. 
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where 

𝑃 average transmitted power 
𝐺 antenna gain 
𝑇 dwell time  
𝐴 effective aperture of the receiving antenna 
𝜎 radar cross section RCS  

 𝐴 amplitude related to 𝜎 𝜎 𝐴 2⁄  
 𝑘 Boltzmann constant 

   𝑇 effective noise temperature of the receiver 

 𝐿 loss factor 
 

We use the Swerling I fluctuation model for airborne targets, 

where the amplitude is constant during one frame but varies 

independently from frame to frame [15]. The PDF of the am-

plitude A is described by a Rayleigh distribution expressed as 

follows: 
 

𝑝 𝐴 exp , 0 𝐴, 𝐴 𝜎,          (4) 
 

where 𝜎 is the average RCS. 

As the Swerling I model requires the RCS to be constant 

during the integration or dwell time and vary between frames, 

RCS may or may not vary between alert detection and confirm 

detection depending on the interval between the detections. 

Therefore, we consider two cases of alert–confirm detection [7]: 

case 1 is quick confirmation (QC), in which the interval is short 

enough for RCS to be constant, and case 2 is late confirmation 

(LC), in which RCS varies because of the long interval. The 

overall detection probabilities for alert–confirm detection for 

cases 1 and 2 are expressed as 
 

𝑃 𝑝 𝑦|𝐴 𝑑𝑦
∞∞

𝑝 𝑦|𝐴 𝑑𝑦
∞

𝑝 𝐴 𝑑𝐴 

 (5) 
 

 

and  
 

𝑃 𝑃 𝑃                 (6) 
 

respectively, where 
 

𝑃 𝑝 𝑦|𝐴 𝑝 𝐴 𝑑𝐴
∞

𝑑𝑦            
∞

(7) 
 

 

and i = 1 for alert detection and i = 2 for the confirm detection. 

The false alarm probability per cell can be expressed as 
 

𝑃
!
exp 𝑦 𝑑𝑦.              (8) 

 

Therefore, the overall false alarm probability of the alert–

confirm detection for m resolution cells is 
 

[Constraint 1] 

𝑃 1 1 𝑃 𝑃 ≅ 𝑚𝑃 𝑃 .        9  
 

If the overall false alarm probability is given, the second 

threshold depends on the first. This overall false alarm probabil-

ity is fixed to compare the performance with the uniform scan-

ning detection. 

For the alert–confirm detection, the confirm beam is trans-

mitted in the same direction as the alert beam to ensure that the 

target remains in the angle of the radar beam. Therefore, the 

maximum allowable time per beam, Tbeam, for the alert–confirm 

detection is limited by target movement, 
 

𝑇 𝑇 𝑇 𝑇 𝑇 ,  (10) 
 

where Td1 is the dwell time for alert detection, Td2 is the dwell 

time for confirm detection, Tin is the time between alert and 

confirm detections including the processing time, and Tstay is the 

time that the target dwells in a beam direction. By substituting 

Eq. (1), 
 

[Constraint 2] 

𝑁 𝑁 𝑁 ,             (11) 
 

where N1 and N2 are the numbers of non-coherent integrations 

in the alert and confirm detections, respectively. 

When AESA radar performs surveillance and tracking con-

currently, the frame time to calculate the cumulative detection 

probability can be expressed as 
 

𝑇 𝑁 𝑇 𝑚𝑃 𝑁 𝑇𝜈 1 �̅� 𝑇
𝑇 , 

 (12) 
 

where 𝜈 is the mean new target appearance rate within the 

search volume, Nbeam is the number of search beams in a frame 

time, Ttrack is the time for tracking the beams for multiple targets, 

and �̅� is the average number of unconfirmed search alarms per 

new target [16]. The second term, 𝑚𝑃 𝑁 , represents 

the number of confirm beams from false alarms, and the third 

term, 𝑇 𝑣 1 �̅� , is the number of confirm beams from the 

true target detection. Ttrack can include any time required for 

tasks such as calibration, among others.  

If Ttrack is expressed as a ratio of the frame time, i.e., 
 

𝑇 𝛼𝑇,         (13) 
 

then the frame time in Eq. (12) is 
 

𝑇
𝑁 𝑇 𝑚𝑃 𝑇  

1 𝛼 𝜈 1 �̅�  𝑇
Ω
𝜔

⋅
𝑇 𝑚𝑃 𝑇

1 𝛼 𝜈 1 �̅� 𝑇  
  

    (14) 
 

where ω is the solid angle of the radar beam, and Ω is the solid 

angle of the search frame. As �̅� is dependent on T, T cannot be 

expressed in the closed form, and iteration is required to calcu-

late T and �̅�. 
 

2. Cumulative Detection Probability 
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The cumulative detection probability at range R can be ex-

pressed as [9] 
 

𝑃 𝑅, Δ
1
Δ

1 1 𝑃 𝑅 𝑚Δ  𝑑𝑅′, 

   (15) 
 

where Pd(R') is the per-scan probability at R' for a given false 

alarm probability Pf; Δ = Vc × T is the distance a target radially 

travels during a search frame, where Vc is the target radial veloci-

ty, and l is the number of cumulations that equals the number of 

frames by the time the target reaches a given range from the 

initial detection range. The initial detection range is set large 

enough that the detection probability can be ignored. 

To compare with the result of the alert–confirm detection, 

the detection range for the uniform scanning radar was calculat-

ed for Pc = 0.85 as a function of the number of non-coherent 

integrations, N in Eq. (1). The scan area was defined as shown 

in Fig. 2 using a common 4 bar, ±60° scan raster. The bars 

were spaced 2.8° apart, and the number of beams in a bar was 

30. The other parameters used in the simulation are listed in 

Table 1 [17].  

Fig. 3 shows that the detection range R increases to its max-

imum as N increases from zero. In this interval, the effect of the 

increased per-scan detection probability exceeds that of the de- 

 

 
Fig. 2. Radar operation and the scan area. 

 

Table 1. Simulation parameters 

Parameters (unit) Value

Antenna peak gain (dB) 33.5 

Antenna half-power beamwidth (º) 4 

Transmit peak power (W) 1,000

Transmitted wavelength (ft.) 0.1 

Duty cycle 0.8 

Receive noise figure (dB) 4 

Target cross section (m2) 5 

Target velocity (m/s) 600 

Initial detection range (NM) 40 

Total system loss (dB) 16.3 

Coherent dwell time (msec) 8 

Number of beam in one frame 120 

 
Fig. 3. Range variation as dwell time (N) increases (Swerling I, Pfa = 

10–6). 

 

creased scan rate. However, once R reaches its maximum, the 

effect of the scan rate is dominant, and the range decreases. The 

maximum range R0 was 38.07 (NM) at N = 9. This result was 

verified by comparing with that in [9]. 

III. OPTIMIZATION FOR THE ALERT-CONFIRM DETECTION  

1. Dwell Time Optimization 

We performed the optimization for QC and LC cases dis-

cussed above. We assumed that the overall false alarm probabil-

ity 𝑃 10  and that the maximum allowable number Nc = 

50. Optimization aimed to find the parameters for Pf1, Pf2, N1, 

and N2 that maximize the detection range for a given cumula-

tive detection probability (Pc = 0.85). The overall optimization 

is summarized in Fig. 4.  

Fig. 5 shows the maximum detection range R as a function of 

N1 when m = 32 and α = 0. N1 increases the per-scan detection 

probability but decreases the scan rate. Therefore, as N1 increas-

es, R increases to its maximum point and then decreases mono-

tonically. The change in R around the optimum is small. Fig. 6 

shows the contour plots of R for N2 and Pf1 at N1 = 1 and at N1  

=  5. The change in R due to N2 is also small when N1 ap-

proaches its optimum (N1 = 5). 

 

 
Fig. 4. Summary of the optimization steps. 
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Fig. 5. Maximum range for each N1 at  = 0.3 (m = 32,  = 0). 

 

 
(a) 

 
(b) 

Fig. 6. Contour plots for R/R0 (QC,  = 0.3 and  = 0): (a) N1 = 1 

and (b) N1 = 5. 

 

Optimization was repeated with changing the mean new tar-

get appearance rate, 𝜈. If 𝜈 = 0, R/R0 = 1.163 and 1.043 for 

QC and LC, respectively, as shown in Fig. 7. The increment is 

much larger for QC than for LC. In other words, QC, which 

keeps the target RCS constant between the alert and the con-

firm detection, has a significantly longer detection range than 

LC. Late confirmation even extends the detection range com-

pared with the uniform scanning detection. The maximum 

range decreases as 𝜈 increases because more confirm detections 

are triggered. For LC, if ν is greater than 0.7, then the range 

drops below R0. Fig. 8 shows the optimal values for N1, N2, and 

T. N2 is larger than N1 and the frame time is shorter than that of 

the uniform scanning detection. At 𝜈 = 0, T = 7 and 4.56 sec-

onds for QC and LC, respectively, which are significantly less 

than T = 8.6 seconds for the uniform scanning. The total dwell 

time per beam position for QC is shorter than that for LC, e.g., 

N1 + N2 = 24 and 30, respectively, at ν = 0.6. If the RCS fluctua-  

 
Fig. 7. Increase in R/R0 for each case. 

 

(a) 

(b) 

(c) 

Fig. 8. Optimal numbers of non-coherent integrations and frame times: 

(a) optimal number N1 for alert detection, (b) optimal number 

N2 for confirm detection, and (c) optimal frame time. 

 

tion time can be estimated in advance, the constraint Eq. (11) 

can be used for the QC condition. In this simulation, the con-

straint Eq. (10) appears only where ν = 0.2 – 0.3 in LC. Despite 

the shorter dwell time for QC, its frame time is longer than that 

of LC because its confirm detections by false alarms are greater 

than that of LC. 

The optimal false alarm probability does not change much 

with the new target appearance rate, as shown in Fig. 9. Pf1 = 

10–3 for QC when ν is less than 0.5. Therefore, Pf2 = 3.125
10  from (8). The false alarm probability for confirm detec-

tion is lesser than that for alert detection. That is, the threshold 

level for confirm detection is higher than that for alert detection.  

From the above result, if 𝜈 is smaller than 0.3, the detection 

range is maximized when N1 is 5, N2 is 28, and Pf1 is 10–3 with 

quick confirmation. 

0 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1
0.98
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Fig. 9. Optimal false alarm probability for an alert detection. 

 

Finally, we examined the effects of the number of resolution 

cells and the load of the tracking task. Figs. 10 and 11 show the 

effects of the number of resolution cells and the new target ap-

pearance rate. The maximum detection range decreases rapidly 

as m increases. The rate of the maximum range decrease is simi-

lar for all values of ν. Fig. 12 illustrates the range reduction as a 

function of the tracking load α, where the dashed line shows the 

range reduction for the uniform scanning detection. At α = 0.5, 

the maximum range decreases by 1 dB. For QC and LC, the 

reduction is 0.66 dB and 0.58 dB, respectively, which is less 

than that for the uniform scanning detection. LC shows the 

smallest reduction because it has the shortest frame time among 

the three cases. 
 

 

Fig. 10. Effect of the number of resolution cells (𝜈 = 0.1). 

 

 
Fig. 11. Effect of the number of resolution cells for varying  (QC). 

 

Fig. 12. Performance degradation for the tracking load at  = 0 and  

m = 32. 

 

2. Monte Carlo Simulation 

We also performed a Monte Carlo simulation to verify the 

above results using numerical calculations. This Monte Carlo 

model was developed to simulate the radar operation intuitively 

based on random signal generation. It can show the entire de-

tection process if desired and simulate various scenarios includ-

ing the detection strategies. 

We generated more than 5,000 targets in 10,000 frames. The 

initial detection distance was set to 48 NM, and the target ap-

pearance rate 𝜈 was 0.3. The reflective signals from the targets 

were synthesized according to the RCS distribution as in Eq. 

(4), and the Gaussian random noise was added by SNR in Eq. 

(3). The detection range was defined as the range at which 85% 

of the targets were detected. The detection was decided by the 

false alarm probability or equivalently by the threshold level in 

Eq. (7). 

Fig. 13 shows a typical screen capture during the simulation. 

Continuously changing beam positions and targets are displayed 

by different symbols.  

 

 
Fig. 13. Example of a screen capture from the Monte Carlo simulation 

( : current beam position,  : confirmed targets,  : detected 

but not confirmed targets,  : undetected target). 
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Fig. 14. Comparison of the Monte Carlo simulation and numerical 

calculation results. 

 

The Monte Carlo simulation results were within 2% of the 

numerical calculation results, as shown in Fig. 14, for a typical 

example with 𝜈 = 0.3, N1 = 5, and Pfa1 = 10–3. This model is 

useful to simulate complex scenarios or system diversity, includ-

ing beam broadening at off-boresight angles, in which numeri-

cal calculation are difficult. Modifying the confirmation strategy 

(e.g., more than 1 out of 3 confirmation detections) is also pos-

sible to improve the detection range. This issue will be investi-

gated in future research. 

IV. CONCLUSION 

Alert-confirm detection is one of the most significant tech-

niques to improve the maximum detection range of surveillance 

radar. Although this strategy was proposed in the 1960s, the 

required beam agility and computational capability are now 

ready through the advanced AESA technology.  

This study provides a design method for applying the alert–

confirm detection to multifunctional AESA radar. We show 

the optimal parameters to maximize the detection range th-

rough a numerical method and the Monte Carlo simulation. In 

summary, the alert–confirm detection offers two advantages in 

comparison with the uniform scanning detection: improvement 

of the maximum detection range and reduced frame time. The 

reduced frame time improves the tracking performance of track-

while-scan and active tracking.  

We expect the variants of alert–confirm detection to further 

improve the performance of AESA radar, for example, having 

one alert and multiple confirmations. These variants are too 

complex to be written in an explicit form of equations. The 

Monte Carlo model can be useful to simulate these variants and 

various targets. 
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I. INTRODUCTION 

Split-ring resonators (SRRs) have been widely used to meet 

the design requirements of broadband capability, low profile, 

and compactness for electrically small antennas (ESAs) [1–6]. 

SRRs are generally made of two metallic concentric and coupled 

rings with slits on opposite ends. This specific configuration was 

proposed by Pendry et al. [7] to build up for the negative per-

meability medium. An SRR can be either a thin metallic ring or 

a square loop with a split on a dielectric substrate. SRRs are one 

of the first metamaterial-based microwave resonators, and their 

geometries are much smaller than the wavelength of the exciting  

electromagnetic wave [8]. Recently, SRRs have gained signifi-

cance in the design of ESAs. Their ability and potential to pro-

duce strong electromagnetic resonances have made them an 

outstanding solution in antenna miniaturization [9]. SRRs are 

practicable in bandwidth enhancement, with their ability to 

couple strongly to other resonant elements. Antennas incorpo-

rated with SRRs for bandwidth improvements can exhibit di-

verse antenna performance characteristics depending on the 

configuration and position of the split in the SRRs [10–15]. 

In this paper, we present the effects of SRR position on the 

performance of a compact broadband antenna with omnidirec-

tional radiation patterns that is composed of a printed dipole  
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Abstract 
 

This paper presents the effects of the position of the split of a split-ring resonator (SRR) on the performance of a composite broadband 

printed dipole antenna. The antenna is made of two printed dipole arms enclosed by two rectangular and identically printed SRRs. One 

dipole arm and the SRR are printed on the top side of the substrate, while the other dipole arm and SRR are printed on the bottom side 

of the same substrate. By changing the position of the split on the SRR, different antenna characteristic values are obtained, namely, for 

impedance bandwidth and radiation patterns. The split position is thus a critical parameter in antenna design, because it influences the 

antenna’s major performance immensely. Different split positions and their consequences for antenna performance are demonstrated and 

discussed. The antenna generates linearly polarized radiations, and it is computationally characterized for broadband characteristics. The 

optimized compact antenna has overall dimensions of 9.6 mm × 74.4 mm × 0.508 mm (0.06λ × 0.469λ × 0.0032λ at 1.895 GHz) with 

a measured fractional bandwidth of 60.31% (1.32 to 2.46 GHz for |S11| < –10 dB) and a radiation efficiency of >88%. 
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and two rectangular SRRs. The proposed antenna demonstrates 

a broad impedance-matching bandwidth by generating multi-

resonances. The number of resonances and, consequently, the 

bandwidth are adjustable, and they can be reallocated by altering 

the SRR split position. Therefore, the SRR introduces certain 

variations into the antenna performance as a function of the 

SRR split position. By moving the SRR split position along the 

lengths of the SRR, different antenna characteristics can be 

demonstrated. Then the performance characteristics of the 

composite antenna in different split positions are analyzed com-

putationally with the aid of the ANSYS HFSS software. 

II. ANTENNA GEOMETRY AND PERFORMANCE 

The proposed composite antenna configuration of the print-

ed dipole with SRRs is shown in Fig. 1 [16]. The dipole is 

printed on the top and bottom sides of a thin Rogers RO5880 

dielectric substrate (εr = 2.2, tanδ = 0.0009, and h = 0.508 mm). 

On both sides of the same substrate, two SRRs are placed to 

encompass each arm of the dipoles. The SRR splits are located 

on opposite sides of the origin of each SRR. Excitation is done 

by a coaxial feed with the characteristic impedance of 50 Ω. The 

outer conductor of the coaxial line is connected to the bottom 

arm of the dipole, and the inner conductor of the coaxial line 

extends through the substrate and connects to the top arm of 

the dipole [17–19]. The optimized design parameters of the 

antenna for a wide impedance bandwidth and omnidirectional 

radiation patterns are as follows: e = 17.3 mm, Wl = 9.6 mm, 

gap = 3 mm, Ld = 34.7 mm, Wd = 3.7 mm, h = 0.508 mm, Ws 

= 2 mm, Gp1 = Gp2 = 12.2 mm, Ls = 74.4 mm, and Ll = 54.5 

mm. 

To achieve compact lightweight broadband antennas with 

good and non-deteriorating radiation patterns, two SRRs are 

coupled to a half-wavelength dipole to generate multi-

resonances [20]. The SRRs are designed to encircle each dipole 

arm in order to increase the area of interaction between the di-

pole and SRR, thereby ensuring strong coupling. However, the 

SRR split position is a crucial and sensitive design parameter 

that requires an optimum position for effective operation of the 

antenna. The SRR split position influences the performance of 

the antenna in a number of ways, such as (1) the coupling be-

tween the dipole and SRRs, (2) the number of generated reso-

nant modes, (3) the impedance bandwidth, and (4) the radia-

tion patterns. 

When the SRR splits are not properly positioned on both 

SRRs, the SRRs do not couple to the dipole; therefore, the an-

tenna does not resonate. For instance, as shown in Fig. 2, no 

resonance is noted or identified when the SRR split position 

becomes Gp1 = Gp2 = 34.2 mm. The SRRs do not couple to the 

dipole, causing the dipole not to resonate in this configuration.  

 
(a) 

(b) 

Fig. 1. Geometry of the printed dipole loaded with SRRs: (a) top 

view and (b) side view [16]. 
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Fig. 2. Reflection coefficient of the dipole antenna loaded with 

SRRs for different SRR split positions. 

 

Fig. 2 also illustrates the result of the configuration when Gp1 = 

Gp2 = 24.2 mm. In this case, the dipole is excited and generates 

a single resonance. However, the SRRs are weakly coupled to 

the dipole, and so they produce an almost negligible resonance. 

By altering Gp1 and Gp2 to 6.2 mm, the SRR couples to the 

dipole effectively and generates two resonances, as shown in Fig. 

2. The first resonance in this configuration is generated by the 

full lengths of both SRRs, which are operating as arms of a di-

pole to resonate at a low frequency. The second resonance is 

generated by the dipole element. These two resonances interact 

to provide an appreciable impedance bandwidth for the antenna.  

It is also worth mentioning that at a split position of less than 

6.2 mm, the antenna responds in a similar fashion to its re-

sponse at 6.2 mm by producing two resonant modes. Mean-

while, at a split position greater than 34.2 mm, the antenna re-

mains unexcited, as in the case of a 34.2 mm split position.  
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When Gp1 = Gp2 = 9.2 mm, a third resonant mode appears at 

a high frequency. This resonance increases the bandwidth of the 

antenna significantly. The third resonance at a high frequency is 

generated from the overlapping area of the SRRs. The overlap-

ping portion becomes excited at a high frequency and resonates 

at a half wavelength, consequently enhancing the antenna im-

pedance bandwidth, as shown in Fig. 2. This demonstrates that 

retaining the same antenna structure but changing the SRR 

split position results in a significant bandwidth improvement of 

the antenna. 

As another example of the effects of the SRR split position, 

Fig. 3 shows the antenna reflection coefficient when the SRR 

split positions are at Gp1 = 2.7 mm and Gp2 = 17.2 mm. In this 

particular configuration, the antenna produces the widest possi-

ble impedance bandwidth by generating four resonant modes.  

The previous antenna configuration included the three reso-

nant modes described above. However, a fourth resonance is 

introduced around the third resonance frequency; consequently, 

it pushes the third resonance slightly to the higher frequency for 

a further bandwidth improvement with a fractional bandwidth 

of about 55.47%. 

This configuration produces a wide bandwidth but suffers 

from antenna radiation pattern distortions with high cross po-

larization at 2.24 GHz, as shown in Fig. 4. The radiation pat-

tern is tilted slightly in one direction in both the xz- and xy-

planes. The gain curve in this configuration experiences a dip, as 

shown in Fig. 5. 

Accordingly, to eliminate the dip in gain and the poor radia-

tion performance in the radiation pattern of the previous anten-

na configuration, while nonetheless maintaining the broad im-

pedance bandwidth of the antenna, the SRR split positions 

need to be located at a symmetrical position near the center of 

both SRRs. When Gp1 = Gp2 = 12.2 mm, the antenna generates 

good performance features.  

The optimized antenna configuration generates broadband  

 

 
Fig. 3. Reflection coefficient of the dipole antenna loaded with 

SRRs for Gp1 = 2.7 mm and Gp2 = 17.2 mm. 

 
(a) (b) 

Fig. 4. Radiation pattern of the dipole antenna loaded with SRRs 

for Gp1 = 2.7 mm and Gp2 = 17.2 mm at 2.24 GHz: (a) xz-

plane and (b) yz-plane. 

 

 
Fig. 5. Broadside gain of the dipole antenna loaded with SRRs for 

Gp1 = 2.7 mm and Gp2 = 17.2 mm. 
 

characteristics, with the bandwidth covering 1.38 to 2.41 GHz, 

which is the fractional bandwidth of 54.35%. The overall di-

mensions of the antenna are 9.6 mm × 74.4 mm × 0.508 mm 

(0.06λ × 0.469λ × 0.0032λ at 1.895 GHz). The antenna pro-

duces good radiation patterns and gain curves without any sig-

nificant loss of impedance bandwidth, as compared to the con-

figuration with four resonances.  

As illustrated in Fig. 6, the antenna generates three resonanc-

es. The first resonance resulted from the full lengths of the  

 

 
Fig. 6. Reflection coefficient of the optimized dipole antenna load-

ed with SRRs. 
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SRRs oscillating in unison as a half-wavelength dipole. This 

resonance occurs at a low frequency of the antenna. The inter-

mediate resonance is generated by the dipole, while the third 

resonance at a high frequency is a consequence of the SRR be-

ing excited partially in the overlapping area of the SRRs. In this 

mode, just the overlapping portion of the SRRs resonates at a 

half wavelength. Interactions between these resonances produce 

a wide impedance bandwidth for the antenna. 

The split position contributes immensely to antenna band-

width improvement, but in contrast, the size of the split has 

little consequence on the impedance bandwidth, as shown in 

Fig. 7. The figure illustrates the effect of the SRR split size on 

the reflection coefficient of the antenna. 

As the split size increases, the effective length of the SRR de-

creases and causes a shift in the low-frequency resonance to the 

right of the reflection coefficient curve. On the other hand, 

when the split size decreases, the effective length of the SRR 

increases; this results in a shift to the left in the reflection coeffi-

cient profile. The split size affects only the low-frequency reso-

nance, because the changes in the split size have no impact on 

the dipole and overlapping area of the SRRs, which are respon-

sible for the other resonances. This further validates the view 

that the SRR split position is critical to antenna design, as com-

pared to its size. 

The optimized antenna produces a stable gain with insignifi-

cant fluctuations within its impedance bandwidth. Fig. 8 shows 

the gain variations of the antennas as frequency changes. The 

dip, which occurred in the gain curve of the antenna configura-

tion with a fourth resonance, has now been eliminated. The 

antenna is linearly polarized with low levels of cross polarization 

within the impedance bandwidth.  

Fig. 9 shows the radiation patterns of the antenna at three 

frequency points. The radiation patterns are symmetric and di-

pole-like, with less variation and deterioration within the im-

pedance bandwidth. 
 

 
Fig. 7. Reflection coefficient values of the dipole antenna loaded 

with SRRs for different SRR split sizes (gap). 

 
Fig. 8. Simulated and measured broadside gain of the optimized 

dipole antenna loaded with SRRs. 

 

 
(a) 

 

 
(b) 

 

 
(c) 

Fig. 9. Measured and simulated radiation patterns of the optimized 

dipole antenna loaded with SRRs at 1.42 GHz (a), 1.8 

GHz (b), and 2.33 GHz (c) [16]. 

III. EXPERIMENTAL RESULTS 

Fig. 10 shows the proposed antenna fabricated with a balun 

to eliminate common mode current and generate clean symmet-

ric radiation patterns. With overall dimensions of 9.6 mm × 

74.4 mm × 0.508 mm (0.06λ × 0.469λ × 0.0032λ at 1.895 

GHz), the antenna demonstrated broad impedance bandwidth.  
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(a) 

 
(b) 

Fig. 10. Fabricated sample of the proposed antenna with a balun: (a) 

top view and (b) perspective view [16]. 

 

The prototype’s reflection coefficient was measured using an 

Agilent N5230A network analyzer and a 3.5-mm coaxial cali-

bration standard (GCS35M). The far-field measurements were 

made in a full anechoic chamber with the dimensions of 15.2 m 

(W) × 7.9 m (L) × 7.9 m (H) at the RFID/USN Center, In-

cheon, Korea. The anechoic chamber can take far-field meas-

urements ranging from 0.4 GHz to 18 GHz. When measuring 

the radiation pattern, a BBHA 9120 LFA broadband horn an-

tenna was used for transmitting, while the proposed antenna 

was used for receiving. The transmitter and the receiver were 

separated by a distance of 9.6 m, while the proposed antenna 

was 0.5 m away from the positioner. The horn antenna was 

fixed, while the proposed dipole antenna loaded with SRRs was 

rotated from −180° to 180° at a scan angle of 1° and a speed of  

3° s−1. 

Fig. 11 shows the measured and simulated reflection coeffi-

cients of the fabricated antenna. Minute disparities were seen 

between the measurements and the HFSS simulation, which 

could be associated with the misalignment in the fabrication 

procedures. As shown in Fig. 11, the measured impedance 

bandwidth at a reflection coefficient of less than −10 dB is 1.32–

2.46 GHz (60.31%), while the simulated bandwidth is 1.38–

2.41 GHz (54.35%).  

The broadside gain and radiation patterns of the fabricated 

prototype at different frequencies were measured, and they are 

shown in Figs. 8 and 9, respectively. The antenna generates 

good broadside dipole-like radiation patterns, with a symmet-

rical profile and small fluctuations in gain within the entire im-

pedance bandwidth. The radiation patterns are nearly constant  

 
Fig. 11. Simulated and measured reflection coefficient values of the 

optimized dipole antenna loaded with SRRs. 
 

and show a low cross-polarization level and little or no deterio-

ration with increasing frequency. The radiation patterns are 

fairly symmetrical in both the xz- and yz-planes. The measure-

ment results indicate some ripples in the radiation patterns. 

These ripples are attributed to the effects of the foam rack   

and tapes employed in the pattern measurement setup. At 1.42 

GHz, the measurements showed a half-power beamwidth 

(HPBW) of 64.26° in the yz-plane and a broadside gain of 1.9 

dBi. At 1.8 GHz, the prototype yielded a measured HPBW of 

66.38° in the yz-plane and a broadside gain of 1.85 dBi. Further, 

at 2.33 GHz, the measurements indicated a HPBW of 54.48° 

in the yz-plane and a broadside gain of 2.0 dBi. 

Fig. 8 compares the simulated and measured broadside gains 

of the fabricated antenna. The measurements indicated a peak 

gain of 2.1 dBi and high radiation efficiency of >88% across the 

operational bandwidth. 

IV. CONCLUSION 

A compact broadband composite dipole antenna with SRRs 

is presented. An analysis of the performance of the antennas 

with SRR splits at different locations is demonstrated. The an-

tenna is capable of generating multi-resonances with a broad 

bandwidth. However, the bandwidth, number of generated res-

onances, and radiation pattern are influenced by the SRR split 

position. Therefore, the split position is a critical parameter in 

antenna design, because it has enormous effects on the anten-

na’s major performance characteristics. The antenna demon-

strated a broad bandwidth with stable dipole-like omnidirec-

tional radiation patterns when SRR splits are at the optimum 

position. 
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I. INTRODUCTION 

In recent years, omnidirectional array antennas with the 

following characteristics have become necessary for wireless 

communication systems: (1) wide bandwidth to cover various 

frequency bands, (2) dual polarization for durable communi-

cation in complex environments, and (3) low gain variation 

in the horizontal plane for omnidirectional coverage [1, 2]. 

Various omnidirectional antennas satisfying the above char-

acteristics have been reported. Most of these antennas have 

dual polarizations and low gain variations in the horizontal 

plane. However, their bandwidths are quite limited, reaching 

only 25% [3] or 30% [4]. Antennas with an extended band-

width in the vertical polarization of over 110% have been 

proposed [5–7], but their bandwidths in the horizontal po-

larization are still limited to below 65%. 

The tightly coupled dipole array (TCDA) proposed by 

Munk [8] can achieve ultra-wideband because of the com-

pensation between the coupling capacitance of the neighbor-

ing dipole antennas and the inductance of the ground plane 

at low frequencies. Various types of dual-polarized TCDAs 

with very broad bandwidths have been introduced, for exam-

ple, 5:1 [9], 3:1 [10], 7.35:1 [11], and 6:1 [12]. In developing 

various TCDA radiation patterns, a one-dimensional TCDA 

with a fan-shaped beam has also been presented [13, 14]. 

However, studies on TCDA antennas have been limited to 

planar arrays for achieving pencil or fan beams.  

In this study, we propose a cylindrical TCDA (C-TCDA) 

design for an omnidirectional radiation pattern, which has a 

wide bandwidth and dual polarization compared with con-

ventional omnidirectional antennas. In Section II, we analyze 

the proposed C-TCDA and verify that it has similar imped-

ance characteristics to planar TCDAs. The dual-polarized  
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omnidirectional TCDA antenna design and its performances 

are introduced in Section III. The conclusions are presented 

in Section IV.  

II. THEORY OF THE C-TCDA 

In this section, the equations for the C-TCDA and its 

equivalent circuit are presented. We approach the C-TCDA 

analysis in a similar manner as the analysis of a planar 

TCDA. The cylindrical coordinates (ρ, φ, z) are used, with 

the cylinder being parallel to the z-axis and the direction of 

wave propagation being along the ρ-axis. Two types of C-

TCDA with elements arranged in the φ-direction (horizon-

tal polarization) and the z-direction (vertical polarization) are 

analytically solved. The cylindrical and planar TCDAs are 

then compared. 
 

1. Horizontally Polarized C-TCDA     

A schematic of the horizontally polarized C-TCDA is 

shown in Fig. 1(a). The horizontally polarized N elements of 

the TCDA are arranged in the φ-direction with a period of 

φ0 = 2π/N and repeated in the z-direction with a period of b. 

According to Wheeler’s current sheet array theory, a two-

dimensionally periodic dipole array located in a plane can be 

equated to a unit dipole in a hypothetical waveguide that has 

a perfect electric conductor (PEC) and a perfect magnetic 

conductor (PMC) boundary conditions [15]. Similar to a 

planar array in Fig. 1(a), the cylindrically infinite dipole array 

is equivalent to the unit dipole inside the hypothetical wave-

guide, as shown in Fig. 1(b). We assume that the medium 

inside the waveguide is filled with an isotropic, homogeneous, 

and lossless dielectric material with a permittivity ε and per-

meability μ0. The boundaries parallel to the z-axis are PEC, 

and the other boundaries orthogonal to the z-axis are PMC. 

Therefore, the boundary conditions are written as 
 

( , , ) ( , , ) 0
z

E z E z       at 0
0,  ,      (1) 

( , , ) ( , , ) 0H z H z       at 0,z b .      (2) 
 

The field components inside the waveguide can be ob-

tained by solving the Helmholtz wave equation using the 

separation-of-variables technique [15]. The current of the 

dipole flows in the φ-direction, and thus the magnetic wave 

modes transverse to the φ-direction exist. For the magnetic 

modes transverse to φ that propagate only in the +ρ-

direction (radiation direction), the vector potential satisfying 

the boundary conditions in Eqs. (1) and (2) can be written as 
 

0

(2)

0

ˆ ˆ( ) cos( ) cos( )pm pm pm p

p m
B H k z

b
 


 
    


A ,   

(3)
 

 

with  

 
Fig. 1. (a) Horizontally polarized C-TCDA. (b) Unit cell of the 

horizontally polarized C-TCDA (without a ground plane 

and a superstrate). 

 

2 2( )
m

k k
b




  ,                   (4) 

 

where p = 0, 1, 2, … and m = 0, 1, 2, …. The variable 𝐵  

is the coefficient of the pm mode. The wave number, k, is 

given by 
 

0k    .                      (5) 
 

Therefore, the fundamental mode is TM00 transverse to φ, 

and the corresponding vector potential is 
 

( 2 )

00 00 00 0
ˆ ˆ( )B H k   A .              (6) 

 

The field components of the dominant mode are obtained 

by substituting Eq. (5) into the Maxwell equations. The re-

sults are as follows: 
 

( , , ) 0E z    ,                    (7) 

2 ( 2)

00 0

1
( , , ) ( )E z B k H k

j
   


 ,         (8) 

( , , ) 0zE z   ,                  (9) 

 ( , , ) 0H z    ,                (10) 

     ( , , ) 0H z    ,                (11) 

( 2) ( 2)

00 0 1

1
( , , ) ( ) ( ))(zH z B H k kH k   


 .      (12) 

 

Only 𝐸ф and 𝐻  exist, signifying that the mode is TEM 

to the ρ mode. As 𝐸ф and 𝐻  are functions of ρ, the hypo-

thetical waveguide can be regarded as a transmission line 

with characteristic impedance as a function of ρ. The charac-

teristic impedance of the transmission line for the horizontal 

polarization is given by 
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The phase constant for the TM00 mode is given by [12] 
 

2 2

0 0

2 1
( )
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(14)
 

 

The cutoff frequencies of the pm mode is given by 
 

0
22

c

m mc
f

bb   
  .               

(15)
 

 

The grating lobe occurs over the first cutoff frequency (m 

= 1) when scanning in the θ-direction because b ≥ λ/2. All 

modes where p > 0 and m = 0 are possible, but we focus on 

only the dominant mode for simplicity. 

The equivalent circuit of the C-TCDA unit cell with a 

ground plane and a superstrate is shown in Fig. 2. Let the 

distances between the center of the cylinder and the ground 

plane, the dipole antenna, and the top of the superstrate be 

ρg, ρant, and ρsup, respectively. The variables Z0h and Zsuph are 

the characteristic impedance of free space and the superstrate 

for the horizontal polarization, respectively, and they are ob-

tained by substituting the vacuum permittivity, ε0, and the 

superstrate permittivity, εsup, for ε in Eq. (13). The variables 

β0 and βsup are the phase constant of free space and the super-

strate, respectively, which are obtained by substituting ε0 and 

εsup for ε in Eq. (14). The embedding impedances Zu and Zd 

are the impedances toward the outward direction and inward 

direction in the dipole antenna, respectively. Zant is the an-

tenna impedance, which is composed of the dipole induct-

ance, Ldipole, and the coupling capacitance, Ccoupling. Therefore, 

the input impedance is given by Zin = Zant + Zu // Zd = jω 

Ldipole + 1 / jω Ccoupling + Zu // Zd. 

 

2. Vertically Polarized C-TCDA   

A schematic of the vertically polarized C-TCDA is shown 

in Fig. 3(a). The vertically polarized N elements of the 
 

 
Fig. 2. Equivalent circuit of the C-TCDA. The subscripts h and 

suph correspond to horizontal polarization, and the super-

script v and supv correspond to vertical polarization. 

 
Fig. 3. (a) Vertically polarized C-TCDA. (b) Unit cell of the verti-

cally polarized C-TCDA (without a ground plane and a su-

perstrate). 
 

TCDA are arranged in the φ-direction with a period of φ0 = 

2π/N and repeated in the z-direction with a period of b. 

Similar to the horizontally polarized C-TCDA, the arrays 

are equivalent to a unit dipole existing in the hypothetical 

waveguide with PEC and PMC boundary conditions, as 

shown in Fig. 3(b). We also assume that the medium inside 

the waveguide is filled with an isotropic, homogeneous, and 

lossless dielectric material, with permittivity ε and permeabil-

ity μ0. Contrary to the horizontal polarization case, the 

boundaries parallel to the z-axis are PMC, and the other 

boundaries orthogonal to the z-axis are PEC. Thus, the 

boundary conditions are written as 
 

( , , ) ( , , ) 0E z E z       at 0,z b ,       (16) 

( , , ) ( , , ) 0zH z H z       at 
0

0,  .      (17) 
 

The field components inside the waveguide can be ob-

tained in a similar way to that in the horizontal polarization. 

The current of the dipole flows in the z-direction, and there-

fore the modes transverse to the z-axis exist. For the modes 

transverse to the z-direction that propagate only in the +ρ-

direction (radiation direction), the vector potential satisfying 

the boundary conditions in Eqs. (16) and (17) can be written 

as 
 

0

(2)

0

cos( ) cos( ) ( )ˆ ˆ
ppm pm pm

p m
C z H k

b
z z





 

  


A ,   
(18)

 

 

with kρ given in Eq. (4), where p = 0, 1, 2, …, and m = 0, 1, 

2, …. 𝐶  is the coefficient of the pm mode. The wave 

number, k, is given in Eq. (5). Thus, the fundamental mode 

is TM00 transverse to z, and the corresponding vector poten-

tial is  
 

( 2 )

00 00 00 0 ( )ˆ ˆC H kz z A .          (19) 
 

The field components of the dominant mode are obtained 

from substituting Eq. (19) into the Maxwell equations. The 
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results are as follows: 
 

( , , ) 0E z    ,                 (20) 

( , , ) 0E z    ,                   (21) 

2 (2)

00 0

1
( , , ) ( )zE z C k H k

j
  


 ,           (22) 

 ( , , ) 0H z    ,                   (23) 

( 2 )

00 1( , , ) ( )H z C kH k    ,              (24) 

( , , ) 0zH z   .                  (25) 
 

Only 𝐸  and 𝐻ф exist, signifying that the mode is TEM 

transverse to ρ. Furthermore, because 𝐸  and 𝐻ф are func-

tions of ρ, the hypothetical waveguide can be regarded as a 

transmission line, the characteristic impedance of which is a 

function of ρ. The characteristic impedance of the transmis-

sion line for the vertical polarization is 
 

( 2)

(2)

0

0 0 1

1
( )

( )
( )

z
cv

kH k
Eb b j

Z
H H k





  

    .       
(26)

 

 

The phase constant for the TM00 mode and the cutoff fre-

quencies of the pm mode are the same as those for the hori-

zontal polarization given in Eqs. (14) and (15), respectively. 

The grating lobe occurs at the first cutoff frequency (m = 1) 

when scanning in the θ-direction, as b ≥ λ/2. All modes 

where p > 0 and m = 0 are possible, but we consider only the 

dominant mode for simplicity. 

The equivalent circuit of the TCDA unit cell with a 

ground plane and a superstrate is shown in Fig. 2. Z0v and 

Zsupv are the characteristic impedance of free space and the 

superstrate for the vertical polarization, respectively, and they 

are obtained by substituting ε0 and εsup for ε in Eq. (26). The 

variables β0, βsup, Zu, Zd, Zant, and Zin are identical to those of 

the horizontally polarized C-TCDA.  
 

3. Comparison with the Planar TCDA 

The equivalent circuit of the planar TCDA proposed in 

[10] is shown in Fig. 4. Let a and d be the lengths of the 

hypothetical waveguide of the planar TCDA unit cell that 

are parallel and orthogonal to the dipole direction, respec-

tively. The characteristic impedance of the waveguide as giv-

en by [11] is  
 

( )cp

a
Z

d





 ,                   

(27)
 

 

and the wave number k is given in Eq. (5). The distance be-

tween the ground plane and the antenna is hant and that be-

tween the antenna and the superstrate is hsup. Zop and Zsupp  

 
Fig. 4. Equivalent circuit of the planar TCDA. 

 

 
  (a) 

 

 
  (b) 

Fig. 5. Resistance and reactance of Zu // Zd and Zup // Zdp for hori-

zontal polarization (a) and vertical polarization (b). 

 

are obtained by substituting ε0 and εsup, respectively, for ε in 

Eq. (17). The variables ko and ksupp are obtained by substitut-

ing ε0 and εsup, respectively, for ε in Eq. (5). 

The planar TCDA can have a wide bandwidth because the 

input impedance, Zin = Zant + Zup // Zdp, is matched for a 

wide range of frequencies. Zant is determined by the dipole 

antenna shape and the gap size between the neighboring di-

poles. However, the embedding impedance, Zu // Zd or Zup // 
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Zdp, is inherently determined by the shape of the array struc-

ture.  

A comparison between Zu // Zd and Zup // Zdp for both po-

larizations is presented in Fig. 5. For the C-TCDA, the rela-

tive distances ρant – ρg and ρsup – ρant are fixed to 30 mm and 

20 mm, respectively. Then, Zu // Zd is plotted for ρg = 30, 60, 

and 90 mm. The other specific values are εsup = 2.2 × ε0, φ0 

= π/4 (N = 8), and b = 65 mm. For the planar TCDA, hant = 

ρant – ρg = 30 mm, hsup = ρsup – ρant = 20 mm, and εsup = 2.2 

× ε0 are commonly used. The lengths of the hypothetical 

waveguide are chosen as a = 60 mm × φ0 ≈ 70.7 mm and d 

= 65 mm for the horizontal polarization and a = 65 mm and 

d = 60 mm × φ0 ≈ 70.7 mm for the vertical polarization. As 

a result, Zu // Zd when ρg = 60 mm and Zup // Zdp have similar 

values for both polarizations. Furthermore, when ρg increases, 

the amplitude of Zu // Zd increases for the horizontal polari-

zation and decreases for the vertical polarization. As the C-

TCDA has similar impedance characteristics to the planar 

TCDA, the C-TCDA can achieve a wide bandwidth as the 

planar TCDA by adjusting the antenna impedance.  

III. DESIGN OF DUAL-POLARIZED C-TCDA 

In the previous section, we verified that the C-TCDA an-

tennas have similar impedance characteristics to the planar 

TCDA antenna. In this section, a dual-polarized C-TCDA 

antenna design and its performances are presented. For sim-

plicity of the design, the cylinder is approximated as an octa-

gon. 

 

1. Design 

The proposed dual-polarized C-TCDA is presented in 

Fig. 6. Fig. 6(a) shows a layer of the array antenna, which 

consists of 8 unit cells (N = 8) and has a periodic boundary in 

the z-direction. A unit cell of the C-TCDA antenna is illus-

trated in Fig. 6(b). Printed circuit boards (PCBs), which are 

the horizontal and vertical polarization antennas, are orthog-

onally soldered to the ground plane. The vertical polarization 

dipole antenna is located away from the center of the unit 

cell ground plane for low coupling between both polariza-

tions. The substrate of both polarization antennas is de-

signed using the Rogers RT/Duroid 5880 PCB with a sub-

strate thickness of 0.508 mm, dielectric constant of 2.2, and 

dielectric loss tangent of 0.001. The superstrate is imple-

mented by polytetrafluoroethylene (PTFE) with a dielectric 

constant of 2.1 and a dielectric loss tangent of 0.0005. The 

superstrate is used for impedance matching in a low-profile 

array antenna [8]. The front and back sides of the horizontal 

polarization dipole are presented in Fig. 6(c) and (d), and the 

front and back sides of the vertical polarization dipole are 

presented in Figs. 6(e) and (f), respectively. The feeding line 

of the front side of both dipoles is connected to an subminia-

ture version A (SMA) connector and that of the back side of 

both dipoles is connected with the ground plane (unbalanced 

feeding). Both dipoles, except the feeding line, are rotation-

ally symmetric and have shorting posts connected with the 

ground plane to adjust the common mode resonance fre-

quency analyzed in [9]. The specific values are as follows: ρg 

= 60 mm, h = 30 mm, hs = 20 mm, wsup = 70 mm, b = 65 

mm, lg = 50 mm, v = 15 mm, lh = 58.7 mm, gh = 0.15 mm, 

la1 = 12.14 mm, la2 = 2 mm, wh1 = 1 mm, wh2 = wh3 = 1.5 

mm, hh = 30 mm, sh = 7.7 mm, θh = 35°, θc = 22.5°, lv = 63 

mm, wv1 = wv2 = wv3 = 1 mm, hv = 30 mm, sv = 12.7 mm, θv 

= 45°, s = 0.1 mm, hb = 45 mm, h1 = 26 mm, and h2 = 4 mm. 

The C-TCDA was simulated by CST Microwave Studio. 
 

2. Performance 

Fig. 7 shows the simulated voltage standing wave ratio 

   
Fig. 6. Configuration of the proposed octagonal, dual-polarized TCDA antenna (not scaled): (a) one layer, (b) unit cell, (c) front side of the 

horizontally polarized dipole, (d) back side of the horizontally polarized dipole, (e) dront side of the vertically polarized dipole, and 

(f) back side of the vertically polarized dipole. 
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(VSWR) and total efficiency for the C-TCDA antenna. The 

overlapped bandwidth is 3.08:1 (from 0.73 GHz to 2.25 

GHz) with VSWR less than 2. The coupling between the 

horizontal and vertical polarizations is under 18 dB, and the 

total efficiency, including return loss and radiation efficiency, 

is over 86% for both polarizations in the frequency band. 

A phase difference between neighboring layers is necessary 

to scan in the θ-direction while maintaining the omnidirec-

tional pattern. Let the phase difference Δθ be given by 
 

2π b sin θ
θ

c

sf
  ,                  (28) 

 

where θs is the desired scan angle. Fig. 8 shows the VSWR 

versus the frequency graphs for Δθ = 29.25°, 50°, 70°, and 

87.75°. If |θs| ≤ 30°, f  ≥ cΔθ/πb, as obtained from the 

modified Eq. (28). The minimum frequency corresponding 

to Δθ and the upper frequency, 2.25 GHz, are marked by  

 

 
Fig. 7. S-parameter and total efficiency of the proposed array an-

tenna. 

 

 
Fig. 8. VSWR versus frequency graphs when the Δθ is 29.25°, 50°, 

70°, or 87.75°.  

dash-dot lines in Fig. 8. The VSWRs are under 2.05 in both 

cases, and thus the octagonal C-TCDA can scan in the θ-

direction up to ±30° with a low VSWR. 

The normalized radiation patterns of the eight-layer C-

TCDA for the horizontal and vertical polarizations are pre-

sented in Fig. 9. As expected, the Eϕ components are pre-

dominantly observed when the horizontal polarization di-

poles are excited, and the Eθ components are predominantly 

observed when the vertical polarization dipoles are excited. 

The C-TCDA has good omnidirectional patterns in the az-

imuthal plane for both polarizations. In the elevation plane 

pattern, the C-TCDA can scan in the desired direction up to 

±30° for both polarizations. Most of the patterns show a low 

cross-polarization under −10 dB compared with the co-

polarization and a sidelobe under −10 dB. 

The realized gain and gain variation of the eight-layer C-

TCDA versus frequency graphs radiating at broadside (0°) 

and scanning to 30° are shown in Fig. 10. The gain and gain 

variation values for the scan angles between 0° and 30° are 

between the values when the scan angle is 0° and 30°. The 

realized gain has a range of 4–9.3 dB and 3.6–5.7 dB for 0° 

and up to ±30°, respectively. Moreover, the gain variation in 

the azimuthal plane is lower than 1.8 dB and 2 dB for 0° and 

up to ±30˚, respectively. 

For practical implementation, the C-TCDA elements 

must be finite in the z-direction. Most studies on planar 

TCDAs show that TCDAs using 8 × 8 or more elements 

perform similarly to the infinite case [10–12]. Therefore, 

there should be little difference in performance between a 

practical N × M (≥8) C-TCDA and the N × infinite C-

TCDA simulated in this design. 

IV. CONCLUSION 

We analyzed a C-TCDA and proposed the design of a 

wideband dual-polarized array antenna for an omnidirection-

al pattern. Similar to that in the planar TCDA, the radiation 

wave can exist as a TEM mode in the C-TCDA. Moreover, 

the embedding impedance characteristics of the C-TCDA 

for both polarizations resemble those of the planar TCDA. 

The proposed C-TCDA antenna has a wide bandwidth of 

3.08:1 (0.73–2.25 GHz) with an omnidirectional radiation 

pattern in the horizontal plane, a low cross-polarization level 

of 10 dB, and a wide scanning angle of up to ±30°. We con-

sider that our C-TCDA theory and design can be applied to 

modern communication systems, such as indoor distributed 

antenna systems, base station antennas, and conformal array 

antenna systems for electric warfare. 
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Fig. 10. Realized gain and gain variations in the azimuthal plane 

for both polarizations. 
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I. INTRODUCTION 

A microstrip reflectarray is a planar reflector antenna with 

an array of reflective elements. The elements are designed to 

provide required reflection phase distributions over the sur-

face of the reflectarray so that the desired radiation (reflec-

tion) patterns are achieved. Although a microstrip reflectar-

ray has several advantages over a parabolic reflector antenna, 

such as a more compact (low-profile) size and an easier fabri-

cation process, the gain bandwidth of the reflectarray is 

much narrower than that of the parabolic reflector. Such nar-

row bandwidth is mainly caused by the narrowband charac-

teristics of the microstrip elements [1].  

For broadband reflectarray design, the reflectarray ele-

ments should provide linear reflection phase curves (against 

the element dimensions change, such as the length of dipoles 

or the size of patches) that are parallel to each other at differ-

ent frequencies [2–6]. If the phase curves are highly nonline-

ar, the reflection phases at different frequencies can easily 

converge at certain dimensions of the element, which is not 

desirable for broadband reflectarrays. In the case of a varia-

ble-sized rectangular patch element (one of the most com-

monly used element types), the reflection phase changes very 

sensitively to frequency variations near its resonance but is  
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Abstract 
 

The gain bandwidth limit of a single-layer microstrip reflectarray is analyzed using multi-dipole elements. By observing the reflection 

phase characteristics of the multi-dipole elements with different numbers of dipoles, it is shown how the bandwidth can be enhanced by 

increasing the number of element resonant structures. The fundamental limit of the bandwidth enhancement is then derived by analyzing 

the coupling between the surface wave and the incident plane wave. It is shown that the surface wave can be excited even with the plane 

wave of normal incidence on the reflectarray and that the excitation frequency of the surface wave is dominated by array parameters and is 

almost independent of the number of resonant structures. The degradation of the element reflection characteristics caused by the surface 

wave, which limits the reflectarray bandwidth, is investigated. By comparing the radiation characteristics of three reflectarrays with three-, 

five-, and seven-dipole element, respectively, the analysis of the bandwidth enhancement and its limit is verified. The measured 1-dB gain 

bandwidth of the three-dipole element reflectarray is 25.12%, and the bandwidth is enhanced to 33.52% with the five-dipole element. 

However, because of the surface wave, no further bandwidth enhancement is achieved when the seven-dipole element is used, as predict-

ed. 
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nearly independent of the frequency variations far from the 

resonance [7]. As a result, the bandwidth of the reflectarray 

with a variable-sized patch element is very narrow (typically 

3%−5%) [1]. 

Therefore, there have been various researches on reflectar-

ray elements to enhance the bandwidth of the microstrip 

reflectarray by improving the reflection phase characteristics 

of the elements. In [7, 8], multi-layer patch elements that 

control the reflection phase curve by adjusting relative di-

mensions of the patches on each layer are presented. Howev-

er, multi-layer elements require high fabrication and material 

costs. Thus, bandwidth enhancement has been studied with 

single-layer structures and various single-layer elements that 

enhance the bandwidth by using multi-resonant structures 

have been proposed [2–6, 9–12]. Although various multi-

resonant elements with diverse shapes have been proposed, 

the basic operating mechanisms or design processes of the 

elements are similar: the dimensions of each resonant struc-

ture are adjusted so that each resonant frequency is shifted to 

achieve linear and parallel phase curves. In general, broader 

bandwidth can be achieved with larger numbers of resonant 

structures, as long as those structures can be adjusted appro-

priately.  

The purpose of this paper is to answer the following ques-

tion: Is it possible to continue enhancing the bandwidth by 

continuously increasing the number of resonant structures? 

Most previous studies on broadband microstrip reflectarrays 

have focused on achieving bandwidth enhancement, but few 

studies have reported on either the bandwidth enhancement 

mechanisms or the enhancement limit. In this paper, both 

the bandwidth enhancement and its limit for single-layer 

microstrip reflectarrays are analyzed using examples of multi-

resonant elements composed of parallel dipoles [4, 5] that are 

chosen because of their simple shapes. In this work, CST 

Microwave Studio is used to obtain full wave simulation re-

sults. 

II. BANDWIDTH ENHANCEMENT OF SINGLE-LAYER  

MICROSTRIP REFLECTARRAY ELEMENTS 

As previously mentioned, the bandwidth enhancement of 

single-layer microstrip reflectarrays is generally achieved us-

ing multi-resonant type elements. In this section, it is shown 

that how the bandwidth can be enhanced by increasing the 

number of resonant structures of the multi-resonant ele-

ments. Specifically, multi-dipole elements are designed with 

an increased number of dipoles, and their reflection phase 

characteristics are analyzed. 

 

1. Element Configuration 

Fig. 1 shows the multi-dipole elements with single-, 

three-, and five-dipoles. The elements are symmetric with 

respect to the axis of the longest dipole at the center. The 

multi-dipole elements are designed on a substrate with a 

thickness of h = 3.175 mm, relative permittivity of εr = 2.2, 

and loss tangent of tanδ = 0.0009. The element spacing is 

fixed at p = 10 mm (0.5 λ0 at f0 = 15 GHz). The lengths of 

the side dipoles l1 and l2 are proportional to the length of the 

center dipole l0 with ratios r1 and r2, respectively (i.e., l1 = r1 

× l0 and l2 = r2 × l0). The gap distance between the center 

dipole and the second dipoles is g1, and the gap distance be-

tween the second dipole and the third dipole is g2. The 

widths of the center dipole, the second dipole, and the third 

dipole are w0, w1, and w2, respectively. 
 

2. Bandwidth Enhancement 

The single-dipole element shown in Fig. 1(a) is a single-

resonant structure. The number of resonance increases as the 

number of side dipoles increases. Therefore, the three- and 

five-dipole elements in Fig. 1(b) and (c) are dual- and triple-

resonant structures, respectively (detailed analysis of the res-

onance mechanism of the multi-dipole element can be found 

in [5]). Fig. 2 shows reflection phase curves of the multi-

dipole elements when l0 increases from 0.1 to 9.9 mm in 0.1 

mm steps. The reflection phases were calculated under the 

assumption of infinite array of an identical element, which 

can be done by using plane wave of normal incidence on a 

single element in a waveguide composed of electric and mag-

netic walls [1]. The widths of the dipoles are w0 = w1 = w2 =  

  

 
(a)                                      (b)                                       (c) 

Fig. 1. The elements with dipole resonators: (a) single-dipole element, (b) three-dipole element, and (c) five-dipole element.
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0.5 mm, and the gaps between the dipoles are g1 = g2 = 0.5 

mm. The ratios between the dipole lengths are designed as 

follows: r1 = 0.65 and r2 = 0.5 for both of the three- and five-

dipole elements. These dimensions of the elements are cho-

sen based on various parametric studies so that the phase 

curves of the elements become linear and parallel within the 

maximally achievable frequency range.  

From Fig. 2, it is observed that the achievable phase delay 

increases as l0 increases. In the case of the single-dipole ele-

ment, the first resonance frequency (when the reflection 

phase is 0°) decreases as l0 increases. However, the reflection 

phase curves begin to converge before the reflection phase 

exceeds −360° (the second resonance), as indicated by the 

dashed red circle in Fig. 2(a). Such convergence of phase 

curves is not desirable for broadband reflectarray design be-  

 

(a) 

(b) 

(c) 

Fig. 2. The reflection phases of the multi-dipole elements against 

frequency: (a) single-dipole element, (b) three-dipole ele-

ment, and (c) five-dipole element. 

cause the desired reflection phase distribution cannot be ob-

tained.  

As shown in Fig. 2(b) and (c), it is possible to achieve con-

tinuously spreading reflection phase curves with frequency by 

adding additional resonant structures. The second dipole of 

the three-dipole element induces the second resonance, and 

the phase delay can be increased to be larger than 360°. By 

adjusting r1, the distance between the first and second reso-

nant frequencies can be controlled so that highly nonlinear 

change of the reflection phase is avoided. However, the 

phase curves still converge before the reflection phase exceeds 

−720° (the third resonance), as indicated by the dashed red 

circle in Fig. 2(b). Since the phase curves begin to converge 

when f is larger than approximately 17 GHz, it is expected 

that the gain will begin to decrease as the frequency exceeds 

17 GHz. Introducing the third dipole, the phase curves of 

the five-dipole element can continuously spread up to 20 

GHz, as shown in Fig. 2(c).  

Fig. 3 shows the reflection phases against l0 at various fre-

quencies for the multi-dipole elements shown in Fig. 1. In 

the case of the single-dipole element, not only is the reflec-

tion phase range not wide enough to cover 360°, but also the 

phase curves are parallel to each other only in a narrow fre-

quency range. In the case of the three-dipole element, the 

phase range is widened due to the increased number of reso-

nances, and the phase curves are linear and parallel to each 

other in a wider frequency range when l0 is larger than 5.5 

mm, which is achieved by adjusting the dimensions of the 

dipoles. However, the slope of the phase curves is still re-

duced at upper frequencies (f  > 17 GHz), as expected from 

Fig. 2(b). In the case of the five-dipole element, the phase 

curves are almost linear and parallel to each other from 10 to 

20 GHz. 

III. LIMIT OF THE BANDWIDTH ENHANCEMENT  

In Section II, it was shown how the reflection phase char-

acteristics desired for broadband reflectarray design can be 
 

 
Fig. 3. The reflection phase of the multi-dipole elements against l0. 
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achieved by increasing the number of resonant structures 

with single-layer elements.  

Unfortunately, even though the number of resonant struc-

tures is continuously increased, the bandwidth enhancement 

of the reflectarray is limited due to the excitation of surface 

waves. The surface wave on the microstrip reflectarray can be 

excited if the propagation constant of the surface wave is 

matched to the transverse propagation constant of the inci-

dent plane wave. In this condition, the incident wave is cou-

pled to the surface wave and dissipated as losses than re-

radiated with desired phase shift from the element. This 

phenomenon is similar to “scan blindness” in phased arrays 

[13, 14] where the incident wave in the blindness angle is 

not coupled to the array elements. The scan blindness is 

caused by the forced resonance of the surface wave. In mi-

crostrip reflectarrays, as incident wave is coupled to surface 

wave, the following two distinct phenomena occur (see Sec-

tion III-2):  
 

1) The reduction of the reflection magnitude at the fre-

quency of the surface wave coupling fsw. 

2) The distortion of the reflection phase at the frequencies 

close to fsw.  
 

Similar phenomena were reported in [15, 16] but those 

studies were limited to a single-resonant element (a patch 

with variable size) and no study about the effect of the sur-

face wave on the reflectarray bandwidth has been carried out. 

As will be shown in Section IV, both of these phenomena 

can severely degrade the efficiency of a reflectarray. In addi-

tion, as will be shown in Section III-1, the frequency of sur-

face wave excitation fsw is almost independent from the ele-

ment shape or the number of resonant structures but is dom-

inated by array parameters, such as the element spacing and 

the thickness and permittivity of the substrate. Therefore, 

this surface wave excitation condition fundamentally limits 

the reflectarray bandwidth enhancement. 
 

1. The Condition of Surface Wave Excitation 

In phased arrays, because the element spacing is close to 

0.5λ0, the blindness angle is normally far from the bore-sight. 

In reflectarrays, however, the angles from a feeder to most 

elements are generally small. For instance, the maximum 

incident angle is only 26.5° for a reflectarray with F/D = 1 

(where F is the distance from the feeder phase center to the 

center of the reflectarray and D is the diameter of the reflec-

tarray) when the feeder is on the axis of the reflectarray. The 

angles to the dominant elements that are under relatively 

high levels of illuminated field from the feeder are close to 0°. 

Therefore, strong coupling between the surface wave and the 

incident wave (or forced resonance of the surface wave) does 

not occur.  

However, when the element spacing of phased array is in-

creased, the scan blindness can occur at an angle that is close 

to the bore-sight [17]. Similarly, the surface wave can be 

excited on a reflectarray even with the plane waves with small 

incident angles or, in extreme cases, with normal incidence as 

frequency increases. Because the surface wave mode that lim-

its the bandwidth enhancement is the dominant mode with 

the lowest excitation frequency, in this work, fsw is considered 

for the TM0 mode only and can be derived using the relation 

between the grating lobe angle and the scan blindness angle, 

as follows. 

With a planar array with element spacing p (= px = py) on 

a dielectric substrate with thickness h and relative permittivi-

ty εr, the grating lobe occurs at angle θgr [18]. 
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The angle of scan blindness θsb can then be calculated as 

follows: 
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where βsw is the propagation constant of the TM0 surface 

wave on the unloaded grounded dielectric substrate. For a 

rigorous solution, βsw must be the propagation constant of 

the surface wave of the dielectric substrate with the printed 

elements. However, practically, this loading effect of the 

printed elements is small enough to be ignored and therefore 

βsw can be approximated by using the propagation constant 

of the unloaded dielectric substrate. The error of the blind-

ness angle due to such approximation does not exceed a few 

tenths of a degree [14]. An approximate closed form of βsw is 

found in [19]. 
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Finally, fsw under a normally incident plane wave can be 

derived with θsb = 0, as follows: 
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where c0 is the speed of light in free space. Note that fsw in 

Eq. (4) is dependent on the array parameters such as p, h, 

and εr. In the following part of this section, it will be shown 

that fsw is almost independent from the shape of the element 

or the number of resonant structures but dominated by the 

array parameters by comparing the full wave simulation re-

sults with the analytic solutions. 
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2. Effects of the Surface Wave 

In the case of the multi-dipole elements in Section II (p = 

10 mm, h = 3.175 mm, and εr = 2.2), fsw is calculated as 

23.03 GHz from (4). In Fig. 4, the magnitudes of the reflec-

tion coefficients of the five-dipole elements under plane wave 

of normal incidence are shown as black lines for different 

values of l0. It is observed that the rapid reduction of the re-

flection magnitudes occurs near fsw = 23.03 GHz. The differ-

ences between fsw and actual frequencies of the surface wave 

excitation are due to the loading effect of the printed dipoles 

which are not considered in (4). When l0 = 2.75 mm, the 

largest reduction of the magnitude occurs at 22.9 GHz. Fig. 

5 shows electric field distribution excited by y-polarized 

plane wave of normal incidence on three identical five-dipole 

elements with l0 = 2.75 mm at 22.9 GHz. The elements are 

placed inside a waveguide composed of electric and magnetic 

walls to assume an infinite array of the elements. Note that 

three identical elements (instead of one element) are shown 

in Fig. 5 only for better visualization of the surface wave. It is 

observed in Fig. 5 that the TM0 mode surface wave that is 

excited by the incident plane wave is propagating in the y-

direction. Thus, most of the energy of the incident wave is 

excited as the surface wave, and the surface wave propagates 

until it is fully dissipated as dielectric and conductor losses. 

Such reduction of the reflected power significantly decreases 

 

 
Fig. 4. The reflection magnitude of the five- and seven-dipole ele-

ments. 

the efficiency of the reflectarray. 

In addition, the efficiency is degraded due to the conver-

gence of the reflection phases near fsw, as in Fig. 6(a) that 

shows the reflection phases of the five-dipole element within 

the frequency range from 20 GHz to 25 GHz. The conver-

gence of the phases occurs for the following reason. After the 

partial energy of the incident wave is coupled to the surface 

wave, the rest of the energy that is not coupled experiences 

the grounded dielectric substrate. Thus, the reflection phase 

at fsw becomes the same as the phase when a plane wave is  

 

 
Fig. 5. The surface wave excited from plane wave of normal inci-

dence on the five-dipole elements (l0 = 2.75 mm) at f = 

22.9 GHz. 
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Fig. 6. The reflection phase of the five-dipole element (a) and seven-dipole element (b).
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normally incident on the grounded dielectric substrate (with 

no printed element pattern on the dielectric layer). As a re-

sult, assuming that the reflection phase of the grounded die-

lectric substrate is φg, then the reflection phases near fsw con-

verge to φg−2πn (n = 0, 1, 2, …) as shown in Fig. 6(a).  

Because fsw is almost independent from l0, even if the 

number of dipoles is further increased, the bandwidth en-

hancement is still limited due to the surface wave. In Fig. 4, 

the reflection magnitudes of the seven-dipole element are 

shown as red lines. The seven-dipole element is designed by 

adding two shorter dipoles (with the length l3 (= r3 × l0, r3 = 

0.3), the width w3 = 0.5 mm, and the gap distance g3 = 0.5 

mm) to the five-dipole element. The reduction of the reflec-

tion magnitudes is also observed near fsw, as in the case of the 

five-dipole element. The reflection phases of the seven-

dipole element are shown in Fig. 6(b), where similar distor-

tion (convergence) of the phase curves is also observed near 

fsw. Thus, it is obvious that the bandwidth enhancement of 

the reflectarray is limited due to the surface wave excitation, 

even with the increased number of dipoles.  

It should be noted that similar phenomena are observed 

with the single- and three-dipole elements. In Table 1, the 

values of fsw extracted from full wave simulation are listed for 

the multi-dipole elements with different numbers of dipoles. 

They are designed with two different values of h and p, re-

spectively. The values of fsw calculated using (4) are given in 

Table 1 for comparison. The maximum values of l0 are 9.9 

mm when p = 10 mm, and 14.9 mm when p = 15 mm, re-

spectively. Because fsw shifts slightly as the shape or size of 

the printed element changes, as in Fig. 4, frequency ranges 

where the reflection magnitude reduction is larger than 3 dB 

are given for the values of fsw from the full wave simulation in 

Table 1. From Table 1, it is observed that the values of fsw 

from full wave simulation for various cases are close to fsw 

from (4) and not dominated by the element types. Therefore, 

it can be concluded that the bandwidth enhancement of a 

reflectarray with single-layer multi-resonant type elements is 

limited by the excitation of the surface wave, no matter how 

much the number of resonant structures is increased. 

 IV. BROADBAND REFLECTARRAY DESIGN  

In this section, multi-dipole element reflectarrays with dif-

ferent number of dipoles are designed and analyzed to prove 

the bandwidth enhancement by increasing the number of 

resonant structures and its limit which has been discussed in 

previous sections.  

The configuration of the reflectarrays is shown in Fig. 7. 

In this work, three reflectarrays with identical dimensions are 

designed using the three-, five-, and seven-dipole elements, 

respectively, to compare the gain bandwidth (the single-

dipole element reflectarray is not designed because it is well 

known that the gain bandwidth of the reflectarray is very 

narrow). The diameter of the reflectarrays is D = 300 mm 

(15λ0 at f0 = 15 GHz). The distance from the feeder phase 

center to the center of the reflectarrays is F = 426 mm 

(21.3λ0 at f0 = 15 GHz), and the feeder is located on the axis 

of the reflectarray surface. Taconic TLY-5 substrates (εr = 

2.2, tanδ = 0.0009) with h = 3.175 mm are used as the sub-

strates for the reflectarrays.  

The reflectarrays are designed to obtain a main beam at 

the bore-sight, and for the reflectarray configuration of Fig. 

7, the required reflection phase φr of the ith element at the 

position x = xi is 
 

  )(2)(
2

),( max
0

fΔnxRR
c

f
fx ixxr

i
 


,   

(5)
 

 

where Ri is the distance from the phase center of the feeder 

to the ith element, Rmax is the distance from the phase center 

to the edge element, and Δφ is a phase offset that can be ar-

bitrarily added to the reflection phase. Note that Δφ is a 

function of frequency. Theoretically, the phase offset Δφ can 

be changed with frequency without affecting the radiation 

characteristics of a reflectarray because Δφ is not a function 

of xi.  

Although optimization techniques can be applied to 

broadband reflectarray design [2, 8, 10], no such optimiza-

tion is used for the design of the reflectarrays in this work, 

i.e., the reflectarrays are designed to achieve the required 

phase distributions from (5) only at a single design frequency 

f0 = 15 GHz (which is a conventional reflectarray design 

method). In this way, the bandwidth enhancement that only 

corresponds to the element change can be observed. For in-

Table 1. Frequency of the surface wave excitation of the single-layer multi-resonant elements

h  

(mm) 

p  

(mm) 

Frequency of TM0 mode surface wave excitation,  fsw (GHz) 

From (4) 1 dipole 3 dipoles 5 dipoles

1.575 7 35.98 35.24–35.49 34.72–35.64 34.64–36.39 

10 26.99 26.37–26.55 26.01–26.70 25.83–26.74

3.175 7 29.35 29.01–30.17 28.66–30.35 29.58–30.17

10 23.03 22.78–23.43 22.52–23.40 22.55–23.48
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Fig. 7. The configuration of the reflectarrays. 

 

stance, it is expected that the single-dipole element reflectar-

ray will have the narrowest gain bandwidth among the four 

reflectarrays because the linearity of the phase curves in Fig. 

3 are rapidly reduced as frequency increases from f0. In addi-

tion, it is expected that the gain at f0 will be lowest because 

the achievable phase range at f0 is less than 360°. The gains at 

f0 and upper frequencies will be enhanced by using the three-

dipole element, as the phase range at f0 is larger than 360° 

and the linearity of the phase curves in Fig. 3 are well con-

served until f = 17 GHz. The bandwidth enhancement up to 

f = 20 GHz will be achieved with the five-dipole element as 

the linearity of the phase curves are further improved, as 

shown in Fig. 3. The phase curves of the seven-dipole ele-

ment are similar to those of the five-dipole element (not 

shown for brevity), and no further bandwidth enhancement 

will be achieved due to the surface wave excitation discussed 

in Section III. 

 
Fig. 8. The fabricated reflectarray with the five-dipole element. 

 
The three reflectarrays with the three-, five-, and seven-

dipole elements were fabricated, and the five-dipole case is 

shown in Fig. 8 as an example. As a feeder for all three re-

flectarrays, a conventional circular dual-mode horn antenna 

presented in [20] was used.  

In Figs. 9–11, the radiation patterns of the three reflectar-

rays obtained from full wave simulation and measurement are 

shown at various frequencies. The measured peak gain of the 

three-dipole element reflectarrays at the design frequency f0 

= 15 GHz is G0 = 31.0 dBi, and the corresponding aperture 

efficiency is ηa = 59.1%. In the case of the five-dipole ele-

ment reflectarray, G0 = 31.4 dBi and ηa = 64.1%. In the case 

of the seven-dipole element reflectarray, G0 = 31.0 dBi and  

(a) (b) 

(c) (d) 

Fig. 9. The radiation patterns of the three-dipole reflectarray: (a) 14.0 GHz, (b) 15.0 GHz, (c) 16.5 GHz, and (d) 19.5 GHz. 
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ηa = 59.1%. The detailed radiation characteristics of the 

three reflectarrays at 15 GHz are summarized in Table 2. 

The gains against frequency are shown in Fig. 12. The 

lowest observation frequency is limited to 12.5 GHz due to  

 
the cut-off frequency of the feeder (a circular dual-mode 

horn antenna). The measured 1-dB gain bandwidth of the 

three-dipole element reflectarray is 25.12% (14.13–18.19 

GHz). Meanwhile, the 1-dB gain bandwidths of the five-  

 

(a) (b) 

 

(c) (d) 

Fig. 10. The radiation patterns of the five-dipole reflectarray: (a) 14.0 GHz, (b) 15.0 GHz, (c) 16.5 GHz, and (d) 19.5 GHz. 

 

 

(a) (b) 

 

(c) (d) 

Fig. 11. The radiation patterns of the seven-dipole reflectarray: (a) 14.0 GHz, (b) 15.0 GHz, (c) 16.5 GHz, and (d) 19.5 GHz.
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Fig. 12. The gains of the multi-dipole element reflectarrays against 

frequency. 

 

and seven-dipole element reflectarrays are 33.52% (14.13–

19.82 GHz) and 33.11% (14.16–19.78 GHz), respectively. 

Thus, the gain bandwidth is enhanced by 33.42% and 31.84% 

by using the five- and seven-dipole elements, respectively. It 

is observed that the radiation patterns and gains of the three 

reflectarrays are similar at lower frequencies (f < 17 GHz), 

but the side lobe levels are increased and the gain is reduced 

as frequency increases in the case of the three-dipole element 

reflectarray, as expected. Also note that the gains of the sev-

en-dipole element reflectarray are similar to those of the five-

dipole element reflectarray for the entire frequency range of 

interest, and no further bandwidth enhancement is observed 

with the increased number of dipoles, as predicted. 

V. CONCLUSION 

In this paper, the bandwidth enhancement and limit of a 

single-layer microstrip reflectarray have been analyzed. First, 

by observing the reflection phase characteristics of the multi-

dipole element with different numbers of dipoles, it has been 

shown how the bandwidth can be enhanced by increasing the 

number of the element resonant structures. Second, the limit 

of the bandwidth enhancement by increasing the number of  

 
resonant structures has been analyzed. It has been shown 

that the bandwidth is limited due to the excitation of the 

surface wave at the upper frequency which is dominated by 

the array parameters (such as the element spacing and the 

thickness of the substrate), rather than the shape of the reso-

nant structures. The effects of the surface wave that reduces 

the reflection magnitude and distorts the reflection phase 

near the frequency of the surface wave excitation have been 

observed, which reduces the gain and, thus, limits the gain 

bandwidth.  

The enhancement of the bandwidth and its limit has been 

proved by comparing the radiation characteristics of the 

three-, five-, and seven-dipole element reflectarrays. The 

three reflectarrays were designed with identical dimensions. 

Through full wave simulation and measurement, it has been 

shown that the gain bandwidth is enhanced by increasing the 

number of the dipoles from three to five. However, no fur-

ther enhancement can be achieved, even though the number 

of dipoles is increased to seven due to the surface wave.  

The analysis of the bandwidth limit is expected to give 

guidelines to broadband microstrip reflectarray designs. Alt-

hough the analysis in this paper is limited to the case of sin-

gle-layer microstrip reflectarrays, in the future, the study can 

be extended to the case of multi-layer reflectarrays. 
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Table 2. The radiation characteristics of the multi-dipole reflectarrays at 15 GHz

 
Three-dipole reflectarray Five-dipole reflectarray Seven-dipole reflectarray

Simulation Measurement Simulation Measurement Simulation Measurement

Gain (dBi) 31.2 31.0 31.2 31.4 31.2 31.0

Aperture efficiency (%) 61.5 59.1 61.5 64.1 61.5 59.1

SLL (dB)    

E-plane −21.0 −17.1 (L), −22.7 (R) −22.1 −17.6 (L), −18.1 (R) −22.6 −19.0 (L), −19.5 (R)

H-plane −19.2 −12.6 (L), −13.5 (R) −19.4 −13.4 (L), −12.8 (R) −19.7 −14.5 (L), −13.2 (R)

HPBW (°)    

E-plane 3.8 4.3 3.8 4.1 3.8 4.4

H-plane 3.7 3.9 3.7 3.8 3.7 3.8

SLL = sidelobe level, HPBW = half power beamwidth. 
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I. INTRODUCTION 

The design of wearable devices opens the doors to mecha-

nisms for monitoring a human being’s health condition. Intelli-

gent wearable devices embedded in textile materials will help 

considerably with extracting certain parameters of the body to 

monitor its condition. Medical monitoring is very essential in 

certain conditions for people who are involved in mining, mili-

tary, security operations and other risky environments. These 

people’s health-related data should be transmitted to hospitals 

and doctors to enable medical assistance in critical situations. 

Hence, for all these broad applications of data transmission, 

wearable antennas are an optimal solution [1, 2]. 

The wireless body area networks associated with wearable an-

tennas should provide solutions for different applications with 

low transmission power, less complexity, and minimum interfer-

ence [3–6]. A microstrip patch structure can provide a solution 

for the design of such wearable antennas in conformal and flexi-

ble nature with placement in the clothing [7, 8]. Recently people 

having been trying to design antennas with textile materials 

with conductive coating and, in some cases, with 100% pure 

textiles only [9, 10]. A patient-friendly model can be designed 

with a washable fabric-based antenna system. 

Unlike previous wearable antennas [11, 12], the present an-

tenna design is found to be capable of meeting the requirements 

of wearable electronic devices, such as being robust, consuming  
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a small amount of power, comfortable to wear with flexible ma-

terials. In addition, the current manuscript materials used can 

guarantee washability of the wearable device and, accordingly, its 

reuse. The measured results of the present antenna designs are 

compared with simulations, and good agreement is observed. 

II. ANTENNA GEOMETRY 

A T-shaped coplanar waveguide fed antenna is designed on a 

fabric material-based substrate. The proposed model is present-

ed in Fig. 1; it occupies the dimensions of 50 × 42 × 0.6 mm 

(Table 1). The antenna is constructed based on the coplanar 

waveguide structure using the design equations. 

The characteristic impedance can be calculated from 
 

0

60 1
( ) ( )
( ') ( ')
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Z
K k K kl
K k K kl







               (1) 
 

Here k' and l' are the complementary modules of K and l. 
 

where 
 

k = Wf /g                 (2) 

g = Wf + 2g                      (3) 

 

 
(a) 

 

 
(b) 

Fig. 1. Coplanar waveguide fed T-shaped antenna: (a) simulated model 

and (b) fabricated model. 

Table 1. Antenna dimensions 

Parameter 
Dimension 

(mm)
Parameter 

Dimension 

(mm)

Ws 50 Ls 40

Wp 42 Lp 8

W1 12 L1 24

W2 11 L2 12

Wf 2 L3 12

g 0.5 L4 1

 
 

Wf is the width of the feed line and g is the gap between the 

feed line and the ground plane. 
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where h is the height of the substrate and Ɛeff is the effective die-

lectric constant of the material.   
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III. RESULTS AND DISCUSSION 

The designed model is simulated using a CST Microwave 

Studio and the corresponding results are presented in this sec-

tion. Fig. 2 shows the reflection coefficient of the antenna with 

respect to the frequency. The antenna operates at two bands of 

2–4 GHz and 9–11.5 GHz with a bandwidth of 2 GHz at fun-

damental resonant frequency and 1.5 GHz at second resonant 

frequency, respectively. 

 

 
Fig. 2. Reflection coefficient vs. frequency. 
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A parametric analysis of the antenna with respect to its di-

mensional characteristics was performed. The length of the 

patch is varies from 6 mm to 8 mm and the corresponding re-

flection coefficient is presented in Fig. 3. The bandwidth re-

duced when the length of the patch is decreased from 8 to 6 

mm. The dimension of 8 mm for Lp is fixed after optimized 

results are obtained. The feed width (Wf) is varies from 2 to 3 

mm and the corresponding results with the reflection coefficient 

presented in Fig. 4. 

Similarly, the width of the patch (Wp) is varies from 36 to 42 

mm and is fixed at 42 mm after optimized results were obtained 

for this dimension (Fig. 5). 

 

 
Fig. 3. Parametric analysis with change in length of the patch, Lp. 

 

 
Fig. 4. Parametric analysis with change in feed width, Wf. 

 

 
Fig. 5. Parametric analysis with change in feed width, Wp. 

The radiation characteristics of the antenna are presented in 

Fig. 6 for two different frequencies, 2.5 GHz and 3.6 GHz in 

E-plane and H-plane. In H-plane, an omnidirectional pattern 

can be observed. 

The simulated surface current distribution of the antenna at 

three operating frequencies presented in Fig. 7. The current dis-

tribution is more at the feed line and on the lower part of the 

antenna at three resonant frequencies. The upper edges of the 

ground plane are also showing some significance distribution 

from the obtained results. 

A time domain analysis of the antenna is presented in Fig. 8. 

The input signal and the corresponding impulse response can be 
 

 
(a) 

 
(b) 

Fig. 6. Measured radiation pattern of the antenna: (a) 2.5 GHz and (b) 

3.6 GHz. 

 

(a) (b) 

 
(c) 

Fig. 7. Surface current distribution: (a) 2.5 GHz, (b) 3.6 GHz, and (c) 

11 GHz. 
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Fig. 8. Time domain analysis of the proposed antenna. 

 

observed from the result. A small distortion in the response is 

due to a mismatch in timing. Fig. 9 shows the testing of the 

antenna with an Anritsu combinational analyzer. 

IV. STUDY OF OTHER TEXTILE SUBSTRATE MATERIALS 

This work is extended to encompass a study of the antenna 

performance characteristics of other textile substrate materials. 

A list of materials selected for the study is presented in Table 2. 

The reflection coefficient and the gain plots for the proposed 

antenna of different textile materials are analyzed and presented 

in Figs. 10 and 11, respectively. It can be observed that the an-

tenna impedance bandwidth changes for each fabric from Fig. 

10. There is a shift in the operating frequencies of the antenna 

with respect to the change in the fabric material. A peak realized 

gain of 4.5 dB is attained for jeans cotton and 4.2 dB for polyes-

ter. 

 

 
Fig. 9. Measurement on Anritsu combinational analyzer. 

 

Table 2. Textile materials parameters 

Textile substrate 

material 

Dielectric constant Effective dielectric 

constant

Polycot 1.3 1.8

Polyester 1.4 1.39

Jeans cotton 1.6 1.59

Wash cotton 1.61 1.45

Bed sheet 1.8 1.4

 
Fig. 10. Reflection coefficient vs. frequency for different substrate ma-

terials. 

 

 
Fig. 11. Gain vs. frequency for different substrate materials. 

V. CONFORMAL TESTING BY PLACING ON BODY 

After we observed the performance characteristics of the an-

tenna with different fabric materials and we placed the model 

on the human body. Fig. 12 shows the placement of the antenna 

on the hand and on the chest and the electric field distribution 

around and inside at 2.5 GHz. From Fig. 12(b) we can observe 

that the electric field levels at the back of the body are very low 

and the radiation efficiency is 65%. Except at the transmitting 

antenna, many ripples are generated all over the body. 

The conformal behavior of the antenna at different bending 

angles are presented in Fig. 13. Three bending angles (60º, 90º 

and 120º) were selected for the experimentation and the per-

formance of the antenna was analyzed. The reflection coefficient 

of the antenna at different bending angles is presented in Fig. 14. 

The reflection coefficient of the antenna with different bend-

ing angles is presented here. Except for 120º bending, the re-

maining cases show dual-band operation. For the 120º bend, a 

notch band occurred at 10 GHz, and in this case, it is behaving 

like triple-band antenna. Due to low bandwidth, the notching 

band can be neglected in this case. The performance characteris-

tics are almost the same with respect to the antenna in the pla-

nar condition, except for minor bandwidth variation. 

The designed antenna is placed on the human hand phantom 
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(a) (b) (c) 

Fig. 12. Placement of the antenna and electric field distribution: (a) 

placement on hand, (b) placement on chest, and (c) electric 

field distribution. 

 

   

(a) (b) (c) 

Fig. 13. Conformal testing: (a) 60º, (b) 90º, and (c) 120º. 

 

 
Fig. 14. Performance of the antenna with conformal behavior. 

 

model as shown in Fig. 15(a) and a radiation analysis of the 

model is performed at different bending angles of 60º, 90º and 

120º. Fig. 15(b)–(d) show the direction of the pattern in a three-

dimensional view at the specified bending angles. 

The radiation characteristics of the antenna in the XY, YZ 

and ZX planes are shown in Figs. 16–18 at three bending angles. 

In Fig. 16, at 60º bending placement on the human body, the 

radiation pattern is like a dipole pattern in the XY plane and 

quasi-omnidirectional in the XZ plane. At 90º and 120º, the 

pattern is monopole-like in the XY plane. An omnidirectional 

pattern in the XZ plane for 90º bending and a quasi-omni-

directional pattern in the XZ plane for 120º can be observed in 

Figs. 17 and 18. 

The gain of the antenna when it is placed on the human body 

is calculated and presented in Fig. 19. The gain variation with 

(a) 

 
(b) (c) (d) 

Fig. 15. Antenna placement on hand with bending angles: (a) place-

ment on hand, (b) 60º, (c) 90º, and (d) 120º. 

 

 

Fig. 16. Radiation pattern in XY, YZ, and XZ planes for bending an-

gle of 60º. 

 

 

Fig. 17. Radiation pattern in XY, YZ, and XZ planes for bending an-

gle of 90º. 

 

 

Fig. 18. Radiation pattern in XY, YZ, and XZ planes for bending an-

gle of 120º. 
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Fig. 19. Frequency vs. gain for different bending angles. 

 

respect to the frequency of operation at the three bending angles 

is similar to each other, except for 0.2 to 0.3 dB variation. 

VI. CONCLUSION 

A low-profile coplanar waveguide fed antenna is designed for 

ISM band (2.4–2.5 GHz), Wi-Fi, WLAN (2.4–2.48 GHz), 

WiMAX (3.4–3.6), fixed satellite service (3.6–3.7 GHz and 9–

11.5 GHz) communication applications. The proposed antenna 

is constructed on textile substrate material of jeans cloth for 

wearable applications. Other fabric substrate materials like poly-

ester, polycot, bedsheet, and wash cotton are also examined for 

their applicability, and their performance characteristics are pre-

sented in this work. The radiation characteristics and gain pa-

rameters with respect to the bending angles on the human body 

are also presented. According to these results, future antenna 

designers need to ensure that wearable telecommunication de-

vices operate properly near the human body. 
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